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PREFACE 


In the short span of twenty five years, the fiekl of analog integrated circuits and 
systems has developed and matured. During this same period, much has been made 
of the competition between analog and digital system design strategies, Advances 
in digital VLSI has enabled microprocessors and digital-signal processors to aysume 
roles largely filled in the past by analog systems. However, there are three facts that 
render analog integrated circuits and systems increasingly important. First, the natural 
world is analog. Thus, analog systems are needed in information acquisition systems 
in order to prepare analog information for conversion to digital format, Second, there 


remain many important applications that are best addressed by mixed ar 


VLSI systems. That is, analog and digital VLSI circuits coexist on the same die. Third, 
demanding digital systems can exhibit analog circuit qualities. Thus, a good grasp of 
analog IC design techniques is a valuable asset in the design and debugging of digital 
systems. The advances in both analog and digital VLSI has profoundly changed the 
way systems are partitioned to optimize integration and cost. 459, qh Ak, 

Much of the analog design diiring the 1960s and 1970s wae déne in bipolar and 
hybrid technologies. During this time, the operational amplifier emerged as an impor- 
tant subsystem, During subsequent years, the operational amplifier has been optimized 
and scaled to the degree that it is now considered a common component. like a resis 
tor or capacitor. The 1980s was an era of rapid evolution of MOS analog integrated 
circuits, in particular CMOS, During the 1990s. we have seen the BICMOS technol- 
ogy (incorporating both bipolar and CMOS devices on the same die) emerge as a 
serious contender to the original technologies. Although somewhat more expensive 
to fabricate (e.g., more mask levels) than CMOS, BICMOS allows the designer to 
use both bipolar and MOS devices to their best advantage. At the same time, we 
have seen a proliferation of mixed analog/tigital VLSI integrated circuits realized in 

cet 
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state-of-the-art digital CMOS technologies to optimize cost and power dissipation in 
consumer products, many of which are pocket size and battery powei 
high performance applications, BICMOS offers the opportu og cite 
on the same die with high-speed ECL digital circuits and dense CMOS logic. 

Ithas become increasingly important for analog circuit designers to have a thorough 
appreciation of the similarities and differences between MOS and bipolar devices, 
and to be able to design with either, where appropriate. The same argument can be 
‘made for sampled-data and continuous-time design techniques. Thus, in this book, we 
combine the consideration of CMOS and bipolar circuits into a unified treatment. We 
also include combined CMOS-bipolar circuit realizations made possible by BICMOS 
echnology, The text progresses smoothly from MOS and bipolar device modeling, 10 
mple one- and two-transistor building block circuits (e ive loads, 
and sources). We then follow with a thorough treatment of the design of operational 
and wansconductance amplifiers. The final two chapters present « unitied coverage 
of sample-data and continuous-time signal processing systems. Earlier in the text, w 
thoroughly cover the concepts of feedback and sensitivity. ‘These impor 
along with noise, nonlinear distortion, and power supply rejection are in 
néeded, throughout the text. i ren ‘ 

The design of analog circuits relies heavily on insight gained from hand calcula 
tions based on ft ever, many important deals of eireuit behavior, 
such as precise g: 
characteristics that cannot be included in hand calculations. We use computer anal- 
ysis the way it is most commonly employed in the engineering design process: as a 
tool to verify detailed circuit behavior beyond the scope of hand analysis. The circuit 
simulator called SPICE is the standard CAD tool for verifying integrated circuit pe 
formance, SPICE is available ety of forms on UNIX-based wozkstations and 
all popular PC platforms. With these thoughts. in mind, we focits much of the text 
‘on the development of design intuition through hand calculations. Extensive use of 
SPICE is included thoughout the text, particularly as part of examples in the proble: 
sets. The problem sets also include several open-ended design problems that expose 
the reader to practical situations. 

Both authors have had extensive industrial experience in integrated-circuit (IC) 
design, as well as in the teaching of academic courses on this subject. The choice of 
the material covered in the body of the text and the problem sets is a reflection of our 
collective experience. We believe it to be a valuable resource for both IC designers 
and users. An understanding of the IC structure is extremely useful in evaluating the 
relative desirability of different designs. In addition, the IC user is in a much better 
position to interpret « manufacturer's data if he or she has a working knowledge of 
the internal operation of the integrated circuit in question. 

This text was written to be used both as a text for students and as a reference 
book for practicing engineers. For class use, there are numerous worked problems 
in each chapter; the problem sets at the end of each chapter illustrate the practical 
applications of the material in the text. The contents of this book originated largely 
for the purpose of serving two courses on analog integrated circuit design offered at 
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the University of Pennsylvania and the Katholieke Universiteit Leuven. ‘The first of 
these is a senior level elective and the second is a first year sourse. The book 
is structured so that it can be used as the basic text for such a two-course sequence 
‘An outline of each chapter will follow shortly. together with suggestions for material 
to be covered in each course. We assume that each course consists of three hours of 
lecture per week over a 15-week semester. The users of this text are assumed to hi 


We also assume that the readers have had an introductory course 
as that based on the text Micrn 
Thus, we expect readers to be far 
with the functioning of simple analog circuits. We also expect that readers have an 
introductory knowledge of probability and statistics. We tike advantage of the fact 
that an increasing number of students are exposed to sampled-data systems and the 
z-transform in their undergraduate curriculum. For, those readers who have not been 
eqpceed io is meseral, and for inowe wc eT, ealiza hte Kneleige a 
introduction to sampled-data signals and systems is included in Appendix 7-1 at the 
end of Chapter 7. AL 

‘The outline of the text is as follow: 

Chapters I and 2 contain summaries of MOS and bipolar transistor models, re- 
spectively. This material is quite important in IC design because there is significant 
interaction between circuit and device design, as will be seen in later chapters. The 
apart ty sl peas eae SPICE simulation are the 
device models. Thus, a thorough*undérstanding of the influence of de rt 
‘on device characteristics and their models is essential. Both chapters in their entirety 
are required reading for both the undergraduate and graduate courses. We suggest 
‘spending one to two wecks on selected topics from these chapters, with the choice of 
topics depending on the background of the students. 

Chapter 3 introduces the reader to the important concepts of feedback and sen- 
sitivity. Also included are the effects of feedback on transient response of second- 
and third-order systems. Some of this material will be review for some students. par- 
ticularly at the graduate level. Particularly novel in this chapter is the inclusion of 
two powerful tools for designing feedback circuits, namely, Blackman’ impedance 
relation and the asymptotic gajp,relation. In the undergraduate course, this chapter 
should’be covered in full. IC iif fequire no more than two weeks to cover. For the 
graduate course, selected topics can be treated in class and the balance of the chapter 
as home reading. One week is allowed for this chapter in the graduate course, 

Chapter 4 involves the use of transistors to construct elementary amplifier stages, 
buffers, impedance converter, active loads, and current sources. AC, DC, and transient 
performances are considered. Capacitances (both intentional and parasitic) give rise 
to poles and zeros that modify the input, output. and transfer relationships. versus 
frequency. In all sections, the parallel between MOS and bipolar transistor stages is 
maintained; and the differences are highlighted. The configurations in this chapter 
represent the basic building blocks of modern analog IC design. Thus, in both courses 
this material should be covered in full with the exception of the appendices. A thorough 
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of the 
te course, 


treatment of this chapter will require three weeks. We recommend cover 
full chapter for the undergraduate course and selected topics for the gradua 
For the graduate course, coverage is reduced to two weeks. 

Chapter 5 is concerned with the modeling of operational and transconductance 
amplifier-based circuits from a behavioral point of view. A strong behavioral under- 
standing is « prerequisite to undertaking the transistor level design of these amplifiers 
and/or the synthesis of higher level circuits that use them as components. The de- 
signer can greatly simplify the analysis and design of complex analog systems by 
using models for the amplifiers derived from behavioral descriptions rather than cir- 
cuit schematics. Behavioral models developed in this chapter are used extensively 
in the analysis and design of analog signal processing systems in Chapters 7 and 8, 
Moreover, they are used in Chapter 6 to map detailed specifications to the atribu 
of transistor level circuit schematics. We recommend full coverage of this chapter in 
both courses, requiring two weeks. 

Chapter 6 considers the transistor level analysis and design of several operational 
(op amp) and transconductance (OTA) amplifier schemes. They are developed by 
first considering the differential amplifier with active load, the simplest complete 
OTA. Succeeding schemes for CMOS, bipolar, and BICMOS, are developed with this 
basic OTA ay kernel, Fully differential or balanced schemes are also considered. 
lans are applied to all schemes, paying considerable altention to symmetry 
and also to other second-order effects (e.g.. transient response, noise, 
nonlinearities. power supply rejection, offsets, common mode rejection, temperature 
effects), leading to a full set of specifications. Several design examples are worked 
in detail and important design tradeoffs are discussed. A thorough treatment of this 
chapter will require three weeks. We recommend coverage of the full chapter for both 
the undergraduate and graduate courses. 

Chapter 7 is devoted 10 reviewing the fundamentals of linear active filtering in 
the continuous-time and sampled-data domains. For those readers who need 10 re- 
fresh their understanding of sampled-data systems, and z-transform, a brief review of 
these subjects is provided in Appendix 7-1. The fundamental schemes for integrated 
analog filters are introduced. Various performance requirements and methods for syn- 


thesizing efficient numerical transfer functions are considered. ace developed in 


Chapter 3 ae usd to estimate sensitivity and vel. A hybrid ghglzeec-time and 
analog circuit concepts are developed to facilitate the ynibotis Walpats and design of 
jacitor circuits. A thorough treatment of this chapter requires three weeks. 
IF Appendix 7-1 is reviewed in class, it ean be adequately covered in to lectures. For 
the undergraduate course we recommend emphasizing continuous-time filters, provid- 
ing an introduction to switched-capacitor filters. This involves all of Sections 7-}, 7-2, 
‘and 7-4, and parts of Sections 7-3, 7-5, and 7-6, ‘This entire chapter is to be covered 
in the graduate course. 

Chapter 8 builds on the materials in Chapters 5-7 to design and implement practi- 
cal continuous-time and sampled-data integrated active filters, We consider concepts, 
circuit designs, circuit schematics, and design lore that have been found to resuilt 
in robust integrated filters. Continuous-time and sampled-data realizations are con- 
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sidered with equivalent emphasis, Design and implementation is based on modular 
structures, where op amps, OTAs, and the passive structures are the building blocks. 
All schemes are analyzed, paying considerable attention to parasities and matching, 
and also to other second-order effects (e.g., transient response, noise, nonlinearities, 
power supply rejection, and DC offsets). A thorough treatment of this chapter requires 
three weeks. There remains one week in the undergraduate course to cover selected 
sections. We recommend the coverage of Sections 8-1-8-3. The entire chapter is to 
be covered in the graduate course 
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MOS TRANSISTOR 
MODELS 


INTRODUCTION 


The design of analog circuits relies on an understanding of the transistor models 
used. For hand calculations, only first-order models can be used to evaluate circuit 
performance, However, many small details of circuit behavior, such as precise gain, 
distortion, and noise, depend on second-order transistor characteristics. Therefore 
second-order characteristics must be included in the circuit verification, A full model 
will always be used to verify the circuit performance by means of a circuit simulator, 
such as SPICE. This book begins by discussing transistor modeling, and presents 
plified models and full models. 

We cannot lear circuit behavior just by running SPICE. Insight is obtained pri- 
marily by performing simple hand calculations. Thus, simple models must be used 
for qualitative results, SPICE can then be used to verify the assumptions made and to 
verify the circuit performance, if more complicated models are used. This book is in- 
tended to provide insight into analog performance, Therefore, hand calculations 
and first-order models are emphasized, 

Models of transistors are derived from semiconductor physics. It is difficult 10 de 
termine where to start the discussion of model derivation. Although an understanding 
of basic physics is not necessary in ortler to use devices in analog circuits, 100 lit 
tle knowledge of physics may not allow for an understanding of some second-order 
phenomena. 

In this book we do not discuss device physics. If readers are not familiar with device 
physics they are encouraged to review this topic before continuing. (See Bibliography.) 

For each device described, two models are given: the first-order model for hand 
calculations and the full model to be used in SPICE, Models are first given for the most 
important transistor, the MOS Transistor. JFET models are added next, The bipolar 


1 


2 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTE"'S 


transistor is covered in Chap. 2, along with resistors and capacitances. Integrated or 
monolithic devices are discussed, as well as some compatible thin film devices. Thick 
film and discrete devices are omitted altogether. 


1-1 MOSFET AND JUNCTION FET 


4-1-1 JFET 


For Field Effect Transistors (FETs), conductivity is controlled by a capacitance. The 
voltage across the capacitance contro!s the conductivity of the channel. If the control- 
ling capacitance consists of a depletion layer capacitance, it gives rise to a Junction 
FET (SET). If the controlling capacitance consists of an oxide layer, it gives rise 
to a MOSFET (MOST). These are depicted in Fig. 1-la and 1-1b (Grove 1967; Tsi- 
vidis 1988). 


In Fig. I-la, a JFET cross section is portrayed. The degree of arcing (darkening) 
corresponds to each layes’s degree of conductivity. A conductive channel connects two 
regions of high conductivity, source (S) and drain (D). Current can flow through the 
conducting channel between S and D. provided a voltage vps is applied across them, 

In Fig. I-1a. the JPET is of the m type. Thus. conduction is carried out by electrons. 
Both D and $ must be biased positively relative to the substrate. The region that is 
most positively biased is the drain: the other is the source. For an n-channel JFET, 
the current flows from the drain through the channel to the source, 

‘The channel is sandwiched between two depletion layers that isolate the channel 
from a top conductive layer (top gate) and a bottom conductive layer (substrate). These 
two depletion layers form junction capacitances between the channel to the top gate 
Coe and to the bottom laye: Cgc. The voltage across each capicitance controls the 
‘width of the depletion layer and hence, the width of the residual channel between both 
depletion layers. The voltages across Cgc and Cac control the conductivity of the 
channel as well as its charge, and, as a result, the current through the channel. Either 
voltage across Cgc (at the gate) or across Cyc (at the substrate) can independently 
control the current through the channel 


In Fig, 1-16 the cross section of an n-channel MOST (nMOST) is shown. It contains 
two highly conductive regions connected by a conducting channel. Current can flow 
through this channel, provided a positive voltage is applied to one end (which begomes 
the drain); and the other end becomes the source. Then the current again flows from 
drain to source. 

In this structuce, however, the channel is sandwiched between an oxide layer and 
a depletion layer. They isolate the channel from a top conductive layer (gate) and a 
bottom conductive layer (substrate). These isolation layers again form capacitances 
between the channel to the top gate Cgc and between the channel to the bottom 
layer Cac. 
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FIGURE 1-1 (a) n-channel JFET, (b) nMOST. and (c) layout nMOST. 
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In this case, however, Cec is an oxide capacitance and Cyc is a depletion layei 
capacitance. Oxide capacitances are less efficient because the dielectric constant of 
icon oxide (Eo. = 0.34 pF/em) is three times smaller than that of silicon (ej = 
1,06 pF/cm). On the other hand, an oxide capacitance is independent of the volt- 
age that is applied across it; this is not true for a depletion layer capacitance, which 
depends heavily on the voltage that is applied across it. 

The voltages across the capacitances Cgc and Cyc control the charge in the residual 
channel. As a result, these voltages control the current through the channel. Indepen- 
dently, either voltage across Cgc (at the gate) or across Cyc (at the substrate) can 
control the current through the channel 

If the substrate (or bulk) voltage vgs is kept constant with respect to the source, the 
current in the channel is only controlled by the gate voltage vgs. The current in the 
channel between drain and source can only flow if the gate voltage vcs is larger than 
a so-called threshold voltage Vr. Similarly, a substrate (or bulk) threshold voltage 
Vira is found for a constant gate-source voltage vgs, below which current cannot flow 
between drain and source. Since both the gate and substrate voltages vgs and vps act 
‘on the same conducting channel, both values of Vj> and Vrg depend upon each other. 
This is evidently the case for both structures in Fig. 1-1. The threshold voltages for 
these structures will be calculated in Sec. 1-2 and are calculated first for the nMOST 
of Fig. 1-1b. 


3. nMOST and pMOsT 


Holes can be used for conduction instead of electrons. If we exchange all n regions in 
Fig. 1-1 by p regions, and vice versa, a pJFET and a pMOST are obtained, For instance, 
n complementary MOS (CMOS) technology, both pMOST and nMOST devices are 

used (see Fig. 1-2). Since the pMOST and MOST devices require substrate material of 
opposite type of doping, at least two different CMOS technologies occur, In Fig. 1-2a 
the cross section of a p-well CMOS technology is shown, The nMOST is located in 
a deep, lowly doped p-well that serves as its bulk. The pMOST, on the contrary, 
located directly on the n substrate material. The opposite is true for n-well CMOS 
technology. In a twin-well process both transistors are located in separate wells, 

Differences between p-well and n-well CMOS technologies will be discussed later. 
However, an important difference can be made clear now. Typical doping levels for 
the substrate material are approximately 2 x 10'* to 10! em~*. Since the wells are 
realized by means of diffusion, they are always doped at a higher level than the 
Substrate itself, Typical doping lévels of the wells are about 10'° cm~?. As a result, 
the bulk doping level of an nMOST in a p-well CMOS technology is mucly higher 
than in an n-well CMOS technology. Typically, this ratio is a factor of 10 10 50. These 
two values of bulk doping levels will give different values of transistor parameters. 

‘The reader must not be confused by the terms substrate, bulk, and well. The sub- 
sirate is always the material just underneath the gate. For an n-well CMOS technology, 
the p-substrate is the substrate for the xMOST; on the other hand, the n-well is also 
the substrate for the pMOST (see Fig. 1-26). The term bulk (B) is used instead of 
substrate to avoid confusion with the use of S to denote source. 


CHAPTER 1: MOS TRANSISTOR MODELS 5 


55 
tess 


polysilicon gate 
gate oxide 


o 
FIGURE 1-2 (a) p-well CMOS technology, (b) n-well CMOS technology, and (c) n-well CMOS technology. 


1-2 CAPACITANCES AND MOST THRESHOLD VOLTAGES 


1-2-1 MOS Capacitance 
In order to calculate threshold voltages, the values of the controlling capacitances 
must first be calculated (Grove 1967; Sze 1981; Muller and Kamins 1986). For the 
nMOST of Fig. 1-1h, the actual layout is shown in Fig. I-Ic. The width of the gate 
is denoted by W and its length by L. The total gate channel capacitance is thus given 
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by 

Cac = WLC (ta) 
in which e. 

Cons (1-1) 


isthe oxide capacitance per unit area, For example, fora gate oxide thickness of 50 nm 
(1 = nano = 10°), the value of Cox = 6.8 x 10° Fjem?, For gate dimensions of 
50%5 jum (yt 10 = 10°), Cac = 0.17 pF or 170 fF (p = pico = 10~ 
femto = 1075), 


nce 


In a similar way, the total bulk channel capacitance is given by 


Cac = WLC; (1-2a) 

i eu 
with G=3 (1-26) 
in which 14 is the thickness of the depletion layer between channel and bulk (substrate), 


‘This thickness depends on the voltage across the depletion 
level Nsup of the substrate, 

For a one-sided abrupt junction, a 
given by 


fer gc and on the doping, 


approximate expression can be used for fay as 


1-34) 
qNsup a 


h vac is the bulk to channel potential, We normally take its value at the source 
ich that vac = vps. gy is the bulk-channel junction built-in voltage. For an 
abrupt junction it is given by 


AT Ne 
Tin lc Nsup 


Oo 7 1 


(1-36) 


1,5 « 10" cm at room temperature (27°C). 
nple, for Noun = 3 x 104 cm~ and an estimated channel doping of 
2x10! cm~', 4; = 0.68 V. For zero applied voltage (vgs = 0 V), ty = 1.73 wm. As 
a result, C; = 0.67 x 10-* F/cm? and the total junction capacitance Cgc = 15 fF only. 
It is worth noting that the value of Cg¢ is proportional to the square root of the 
substrate doping level (for an’ abrupt junction). For low capacitance, a low doping 
level is thus preferred. On the other hand, even for a high doping level, the value of 
Cac is still much less than the value of Cgc. This is caused mainly by the thinner 
oxide thickness (50 nm), compared to the depletion layer thickness (1730 nm). 


in which 7, 
Fe 
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1-2-3 MOST and JFET 
In the JFET structure of Fig. I-Ia, both controlling capacitances Coc and Cnc 
depletion layer capacitances. By definition, a FET device with channel conduc 
ity controlled by the width of a junction depletion layer or by a junction depletion 
layer capacitance is called a Junction Field Effect Transistor (IFET), The structure of 
Fig. I-Ia is a double JFET. 

By definition, a FET device with cl 


wnnel conductivity controlled by an oxide ca- 
pacitance, is called a Meral Oxide Semiconductor Transistor (MOST). The structure of 
Fig. |-1b is a parallel connection of a MOST and a JFET. The drain-source current can 
be controlled by the top (MOST) gate, by the bulk JFET) gate or by both in parallel, 

However, if several MOST transistor structures are realized on the same substrate 
they share the same bottom (JFET) gate. Therefore, this bottom gate is not useful as 
fan input gate to control the current of the device. On the other hand, the top (MOST) 
ate is well isolated from device to device resulting in only the top MOST gate being 
used. The device in Fig. 1-1 is a MOS Transistor. lis top MOST gate is the only 
gate used; its bottom JFET gate is handled as a parasitic effect. 

‘The effect of the parasitic JFET in a MOST is represented in the threshold value 
Vp of the MOST by means of factor y (gamma). ‘This factor is the body factor or 
bulk polarization factor. It 


(4a) 


which has as adimension V'2, By use of the expressions of Cac and Cgc. this factor 
is also given by 


(Lab) 


Body factor y is directly proportional to the ratio of both controlling capacitances 
Cac and Cgc (see Fig. 1-1). The proportionality factor is the voltage dependence of 
the bulk junction capacitance Cyc. 

‘We will review the ratio of both controlling capa 
now, however, the ratio is represented by a specific parameter 1, whic! 


inces later in this book. For 
defined by 


Coc 
Coc 


(Su) 


a-1 


2/6) — vas 
* Note that 1 depends on the applied voltage vgs. 'whereas y does not. Parameters 
+ y-and n are the first two parameters of the MOST model. 

In circuit simulators, the best known of which is SPICE, MOS transistor parameters, 
must be used (Antognetti and Massobrio 1988). They are obtained from measurements 
and are normally provided by the silicon foundry that produced the circuit simulators. 
Representative values for a standard 3 zm p-well CMOS process are listed in Ta- 
ble 1-1. For each parameter the expression in which this parameter has occurred firs 


is added. 
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TABLE 1-1 NOMINAL SPICE PARAMETERS FOR A MOST (p: WELL CMOS) 


Equation 
or Table, 
Tyee nMOS pMOS Dimension __Name ‘number 
Level 1 

vo 06 om” Vv Zero bias threshold voltage Eq. 16a 
KP 40E5 1565 AN? ‘Transconductance parameter Eq. 1-90 
GAMMA 0.92 054 viz Bulk threshold parameter Eq. 14a 
LAMBDA 0.022.047 ‘Channel length modulation 

parameter Eq. 1-24a 
caso 52510 40610 Fim GS overtap capacitance 

per meter channel width Table 1-6 
capo 52610 40510 Fim GD overiap capacitance 

‘per meter channel width 
ceo Fim GB overiap capacitance 

pper meter channel width 
(on 45E4 365-4 Zero bias junction capacitance 
Md 05 05 = Grading coefficient 
usw 6E10 © 6E10.— Fim Zero bias junction 

sidewall capacitance 
musw oss 0.93 = Grading coefficient 
PB 06 06 v Buk junction potential Eq. 1-3b 
Fo 05 05 - Cootficient forward bias depletion Table 2-4 

capacitance 
3s 163 163 Am? ‘Bulk junction saturation current Eq. 1-35. 
TPG 10 =1.0 - ‘Type of gate Eq. 1-66 
ie) 3267 326-7 Lateral diftusion Eq. 1212 
ASH 20 50 ‘Sheet resistance diffusion of 

Dand S Eq. 1-35 
RS 18 20 a ‘Ohmic source resistance Eq. 1-36 
RD 15 20 2 ‘Ohmic drain resistance Eq. 1-96 

Process parameters 
TOX 5268 5268 om ‘Oxide thickness Eq. 1-41 
PHI 0.60 0.60 v ‘Surface potential (24) Eq. 1-60 
NSUB 46E15  25E14 omS Substrate doping Eq. 1-30 
NSS 5E10 5E10 om? Effect of surface charge (Qox) Eq. 1-62 
Added for Level 2 

NFS. 5E10 9E10 om? Effect of fast surtace states Eq. 1-5b 
uo 500 200 m/v ‘Surface mobility Eq. 1-384 
ucRIT 166 5264 = Viem CCitical field for mobility Eq. 1-38a 

degradation 
UEXP 1 017 - Critical field exponent Eq. 1-382 
UTRA Os 05 = ‘Transverse field coefficient Eq. 1-984 


VMAX, 1.065 «1.065 ems ‘Maximum drift velocity Eq. 1-38a 
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TABLE 1-1 (cont'd) 
Equation 
or Table 
Type nMOS pMos Name number 
NEFF 0.01 0.01 = Total channel charge coefficient Eg, 1-382 
XI 40E7 40E-7 Metallurgical junction depth Eq. 1-212 
DELTA 1.6 19 — ‘Channel width factor (WW) Eq. 1-44 
‘Added for Level 3 
ETA 004008 Static feedback effective Eq. 1-45: 
parameter (L) 
THETA 0.05 0.12 Empirical mobility Eq. 1-41 
modulation factor 
KAPPA 1 6 - Field correlation factor Eq. 1-38a 
OL 0 0 am Change in L due to Eq.12ta 
photolithography 
ow -04 0.4 am ‘Change in W due Eq. 1-210 
{0 photolithography 
KE 2E15 SENZA Flicker noise coetficient Eq. 1-68a 
AF 1 1 Flicker noise exponent Eq. 1-880 


The first MOST parameter introduced here is GAMMA (y). The other parameter 
is n. In SPICE, parameter 1 also includes the effect of fast surface-states, denoted by 
NFS (in.cm-?V-'). Its full expression is then given by 


Cae 
Con 


QNFS 


Ce 


nel+ 


There are few surface states in state-of-the-art processing. Therefore the NF 
Eq, (1-5h) is usually negligibic. 

For the example, with Co, = 6.8 x 107% Ffem? and sys = 3 x 10" em, the 
value of y is readily calculated to be 0.15 V'/?. For zero volts vgs. the value of n is 
1.09. However, for nsya = 10! em™3, y = 0.86 VY? and n = 1.49, 


1-2-4 MOST Threshold Voltage 


The expression of the threshold voltage of a MOST Vrq is obtained from semicon- 
ductor physics. For zero bulk-source polariz: 


ion vas. Vro is give 


ae ee 


Vio = (1-64) 


with + for an nMOST and — for a pMOST. 
It is independent of the voltages applied. In SPICE it is denoted by V3» (see 
Table 1-1). The four terms in Vo are discussed below 
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Parameter dcp is the difference in work-function potential between the ga 
terial and the bulk material. It depends on the type of gate doping. In. present 
processing, an n-+ polysilicon gate is used with doping level Nc. The resulting ex- 
pressions of du are then 

for an nMOST (with p-bulk doping Ni): 


AT NoNo 
n 


¢cu=——In (TPG = | in SPICE) (1-66) 
q 
for a pMOST (with n-bulk doping Np): 
don —1 in SPICE) (1-60) 


‘Charge Qo. represents the pos ‘Com™) at the silicon-oxic 
Proper processing techniques try to reduce these charges as much as possible because 
they cause drift in Vo, In the circuit simulator SPICE, Qoy is represented by NSS (in 
em), Its value is then given by gNSS (in Cem 

Together, the first two terms in Eq. (1-6a) of Vro form the flat-band voltage Vea. 
I is the gate-source potential that causes no band bending in the silicon and is thus 
given by Ven = G65 — Qox/Cor- : 

‘The surface potential at the source side of the channel under strong-inversion 
conditions is 2¢¢ (PHI in SPICE). Its value is obtained from the distance between the 
Fermi level (in the bulk) and the middle of the energy bandgap of the semiconductor 
‘material, It also represents the band bending in strong inversion, It is given by 


AT Ns 
deme n ue (1-6d) 


ny 


wi 


‘Thus, parameter ge is a me 
in the semiconductor mat 
‘The depleti ge Op is contained in 
charge depends on the depletion layer thickness ‘, as given by Qp 


ure for the doping level, as well as for the conductivity 


last term of Vro in Eq. (1-6a), This 
Nats. There- 


(1-60) 


, 
aas derived from Eqs. (1-32) and (1-4a). Note that the built-in junction potential ¢y 
now equals 2 

Bulk polarization vs causes an increase in the depletion layer width as given by 
Eq. (1-3a). As a result, charge Qp increases as well, as given by 


£22 ay V2ibel — ves (1-Ta) 


TABLE 1-2 
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Note that vas is negative such that 2j@-| and vps add up in absolute value, The 
threshold voltage Vr can now be written as 


Vr = Vro = v6 2IGF| = Yas — 


with + for an nMOST and — for a pMOST. 
Qo is the charge in the JFETs depletion layer. The term Qp/Cyy or the term in y 
in Vp thus represents the body effect or the effect of the parasitic JFET. 


Noe) (1-7) 


Example 1-1 

Plot Vro for values of Qox 
Nsup varies between 10" and 10'° em 
used: Cox = 6.8107 F/em?, 


5 x 10" gem=? and Ng = 2 x 10! em” at 27°C: 
. Note that $0 nm gate oxide thickness is 


Solution. The values of Vy» are plotted versus Nsuq in Fig. 1-34. Note that all 
terms of Vro are also given in Table 1-2. They are negative for the pMOS' 
the nMOST two terms are positive, ic.. 2] and y/214rT. 


Increasing the bulk doping level also makes the value of the MOST threshold 
voltage more positive, but makes the pMOST more negative. This is mainly a result 
of the body factor y. It is clearly seen that for a low-bulk doping level, the threshold 
voltages of both transistors are negative. For increasing values of the bulk doping level, 
the value of the nMOST threshold voltage goes through zero to become positive, 

A similar variation in threshold voltage can be obtained by variation of the bulk 
source polarization vps. Indeed, Eq. (1-76) shows how Vy changes, ‘The curves are 
shown in Fig. 1-3b. The variation of Vr with vgs is much weaker than with bulk 
doping Np. As a result, both techniques, i.e., the variation of the bulk doping level 
Np and the variation of the back gate-biasing vjs. can be used to set the value of 
the threshold voltage to a desired value. Obviously. once the MOST devices have 
been realized in a specific technology, only the second technique is available to the 
designer: only vas can be used to modify Vr. 


COMPONENTS OF V3, 


Na(em-*) cg —Oox/Cox 2 =——*O/Cor V0 


mMOST 3x 10% =0.118 0.512 0.107 0.298 
10° 0.18 0.694 0.717 0.403 
pMOsT 3x 10% 0.118 0.512 0.107, 1.024 
10° “0.118 0.694 0.717 1.725 


tyr = 50 rem, Ogg = 5 x 10" q em-2, n+ gato Ng =2 x 10" em? 
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FIGURE 1-3 (2) Vro versus Ns (vas 0), and (b) Vr versus back gate biasing, 


1-2-5 Enhancement and Depletion MOST U 


‘An important question arises from an inspection of Fig. 1-3. What is the meat 
1a positive or negative threshold voltage for an nMOST and pMOST? 

In an nMOST, a drain-source current ips can flow provided the drain is made 
positive with respect to the source. The substrate is connected to the source. The 
drain then must be made positive. Otherwise the n+ drain would be forward biased 
with respect to the substrate, and would not be isolated from the substrate. 


FIGURE 1-4 
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‘The drain-source voltage in an nMOST is always positive. Assume now that a 
positive gate-source voltage vgs is required before drain-source current ips can flow. 
This gate-source voltage vgs is the threshold voltage and is positive. The nMOST is 
an enhancement type. Its ips versus vgs characteristic is shown in Fig. 1-4a. 

Similarly for a pMOST the drain is now made negative with respect to the source. 
If the threshold voltage is negative, a pMOST of the enhancement type results (see 
1-46). The value of vgs must be made larger (in absolute value, or more negative 
in real value) than Vz in order to allow current ips to flow. 

However, if the threshold voltage of an nMOST is now negative, current ips already 
flows for zero ugs as shown in Fig. I-4c. This transistor is a depletion type. Despite 
its positive ups, its Vr is negative. Since the values of ups are always positive, the 
transistor can never be switched off. 


(a) Transfer characteristic enhancement nMfOST, (b) transfer characteristic enhancement pMOST. 
(0) transfer characteristic depletion nMOST, and (d) transfer characteristic depletion pMOST, 


‘ns fos) 
Ov) Tost) 0) Tos(-) 
‘AMOST enhancement MOST enhancement 

@ i) 
ins(*) ins) 


4) woo 


Y=) 0 
MOST depletion pMOST depletion 
© (@ 
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Similarly, a positive value of Vp gives rise to a pMOST of the depletion type 

However, it is noted in Fig, 1-3 that positive values of Vp never occur for pMOSTS. 

Contrarily, nMOSTS can be of both the enhancement and depletion type, depending 

on their fabrication and substrate biasing, This is a result of the negative values of 

the threshold voltages at low substrate doping levels, caused by the presence of the 
sitic JPET represented by parameter y. 


1-3 MOST LINEAR REGION AND SATURATION REGION 


In order to fully understand what happens to all the charges in the MOST when 
voltages such as ves voy and vas are applied, it is important to understand value 
of the charge, electric field, and potential distributions in a MOS transistor structure, 
These values can be obtained by first-order calculations, 


1-3-1 Large ves, Small vps, and Zero Vas 


Under these conditions a large value of v¢s is applied, which is higher than Vro. 
‘The other voltage vgs is kept at zero and vps at nearly zero. An inversion channel 
is created underneath the gate oxide, The channel consists of mobile electrons with 
charge Qn. 

This charge Q,, is a result of the definition of the threshold voltage. It is given by 


Om = Coxlves ~ Vr) (1-8), 


‘The mobile charge Q,, actually connects drain and source, It acts as a resistane 
connecting drain and source and is given by the sheet resistance under the gate. This 
sheet resistance is expressed in Ohms Its value is inversely proportional to this 
charge, as given by 


1 
—_— (19a) 
Qn : 


Rosa 


For the actual value of the resistance, its dimensions W and L (see Fig. 1-1e) must 


be considered, ‘This yields, 
L 1 
Ros = Rosas = 4 = 1-90) 
os = Rost = Baa, = Vn) #1-9b) 
Ww 
b= Tk (1-90) 
and KP = 1Cox (1-9d) 


in which j2 is the mobility in the channel, 
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Example 1-2 
For Co: = 6.8 x 10-8 F/em?, pe = 500 cm?/Vs and W/L = 10, calculate Rps for 
5 and 5.5 V if Vr = 0.9 V. 


Vos = 


Solution. From Eq. (1-92) KP = 34 A/V". If W/L = 10 then 10.°s are present: 
hence B = 0.34 mA/V?. For Ves = 3.5 V the value of Rosa = 11.36 k2/O and 
Rps is 10 times smaller or Rps = 1.136 k2. 

‘A small voltage Vps across that resistance, 
flow of Ips = Vos/Ros = 88 A. For Ves 
and Ips = 156 HA. 


of 0.1 V allows a current to 
V the value of Ris is 0.64 KO 


For larger values of vps, this resistance Rps becomes a function of vps as well 
‘The current is then a nonlinear function of vps. A different calculation of the current 
is then necessary. As long as resistance Rps does not depend on vps. the MOST 
js said to be in its linear region. The MOST can rightly be represented by a simple 
resistance Rps, as given by Eq. (1-9). 

‘Note that an important transistor parameter has been defined in Eq. (1-9d). ie 
transconductance parameter KP, which equals /1Co.. It is thus present in the list of 
SPICE parameters of Table 1-1. Some confusion may arise from the presence of jt 
(as U0) in the same list of parameters. It is sufficient to specify KP; parameter U0 is 
used to model mobility degradation effects (see higher-order models in Sec. 1-9). 


4-3-2. Large vas, Large vps, and Zero Ves 
For larger values of vps. the value of Q,, is now given by 


Qn = Coslves — Vr(vvs) — vos} (1-10) 


Note that the value of V now changes from source to drain because the depletion 


layer charge Qp increases from source to drain, At the source side itis still given by 


Eq. (1-6e), but at the drain side it is given by Eq. (1-7a) with vps instead of vas. 


Example 1-3 

‘Take the nMOST with Cox = 6.8 x 10-*C/cr such that Vj 
0.4 V (Gee Table 1-2) and y = 0.86 V"/2. Its W/L = 10 and e = 500 em?/Vs. Its 
Ves = 5 V. Calculate the change of threshold voltage along the cl 
charges Qp and Qn for Vos = 1 V- 


innel-and the 


‘ Solution. The value of Qp increases from 4.85 x 10% C/em* at the source to 
758 x 10-8 C/em? at the drain. As a result, Vz increases from 0.4 V at the 
source to 0.45 V at the drain. On the other hand, the value of Q», decreases from 
Qm = —1.16 x 10-7 C/em? at the source to —8.07 x 10-* C/em? at the drain. 


‘The most important effect of raising the drain voltage is the reduction of the mobile 
charve Q,, at the drain side. The value of Q,, thus decreases from the source toward 


FIGURE 1-5 
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the drain. The resistance connecting drain and source is nonlinear. It can no longer 
be calculated by the simple Eq. (1-10). The technique consists of taking the integral 
of the resistance along the channel. This is discussed in Sec. 1-4. 

Eventually the voltage vps can be increased to the extent that the mobile charge 
Qm disappears altogether (see Fig. 1-5 at the drain side). At this point, the MOST is 
said to be in saturation. The value of vps at which saturation occurs is called vos. 
It can be extracted from Eq. (1-10) by putting Q,, to zero. Note, however, that Vy 
also depends on Vps and hence changes along the channel. This calculation will be 
discussed later. An approximate or first-order value is obtained if the dependence of 
Vr on Vos is neglected. This means that the value of Vr is then taken at the source 
side. The value of vps is simply given by 


vost = vas — Vr a-) 

At this point, the potential in the channel has become independent of ups. Raising 
the value of vps even further does not change the potential. The end point of the 
channel is separated from the drain by a depletion layer, across which a voltage of 
vps —vnsun is present (see Fig. 1-5). The width of this depletion layer xpcau is easily 
calculated in first-order by means of Eq. (1-32), because the substrate doping and the 
voltage across the layer are known. This result cannot be expected to be accurate 
however, because of two-dimensional effects. 

Finally, since the potential at the end of the channel is fixed, the voltage along the 
channel resistance is fixed as well, given by vgs — Vr (see Fig. 1-5). As a result, the 
current flowing between drain and source is constant. It has become independent of 
ups. The current is saturated. Therefore this region of values of vps where vos is 
greater than vps. is called the “saturation region.” 


(a) nMOST in saturation, and (b) longitudinal potential distribution. 


-m 


pesubstrate 


) 
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1-3-3 Large Ves, Small vps and Large ves 
Raising the bulk to source voltage by tgs increases the voltage drop across the bulk 10 
channel depletion region by the same amount. However, the potential in the channel 
itself is fixed by the fixed zero potentials of drain and source. Therefore it does not 
change. 

The value of Qq can also be derived from Eq, (1-8). 


s given by 


Om = Cox(ves — Vr(ens)) (1-12) 


Let us stress that the value of Vr in Eq. (1-12) also depends on vgs. Indeed. 
Vy depends on vgs as given by Eq. (1-7) because the depletion layer charge has 


increased. 
For example, for Vas = —2 V, the value of Vr is now increased from 0.4 V 
to 0.45 V. The value of Qn is decreased from Qn, = —1.76 x 10-7 C/cm? to 


=1.28 x 1077 C/em?. 

‘Actually, the voltage vgs could be increased so much that the mobile charge Qy, 
disappears completely when the MOST is said to be pinched off. The value of Vis 
at which saturation occurs is the pinchoff voltage of the bulk JFET. This value could 
be extracted from Eq. (I-12) by putting Q,, to zero. Note. however, that Vz also 
depends on Vas. Therefore, the exact calculation is not easily carried out. It would 
be found that large values of Vss are required to pinch off the channel. Also, this 
value obviously depends on the value of Vs used. Because this calculation concerns 
device physics, we will not consider it. 


4-4 MOST CURRENT-VOLTAGE CHARACTERISTICS 
In this section, the relation between the drain-source current ips and any combination 
of voltages vgs, vos, and vas that can be applied is examined. For each case, the 
value of the mobile charge Q,, must be calculated as a function of these voltages. 
Integration of this charge between drain and source allows us to calculate the current. 
This value is first calculated for the linear region of the MOST, where the value of 
vps is small. An nMOST is taken for the derivation. 


1-4-1 Linear Region 


The value of the mobile charge for stro 
the previous section. For an nMOST, it 


inversion has already been calculated in 
given by 


Qnl¥) = Coxlves — Vr(ves(y)) = ves(y (1-13), 


in which vcs(y) is the channel potential with respect to the source and is a function 
of ups and vgs. The y direction is the longitudinal direction along the channel from 
source to drain. 

The current ips through the channel is directly proportional to the incremental 
yoltage drop ducs(y) across the incremental channel resistance dRps. Obviously. 
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this resistance depends on the mobile channel charge Q», as seen in Eq, (1-9) and as 
given by 


dy lay 

dRos = Rosny = 4 

os = Rosaw = 1.0.0) W (1-14) 

‘The current is simply given by ips = dvcs(y)/dRos. After substitution of Qn (y) 
from Eq, (1-13), and after separation of the variables, we obtain the expression 


ipsdy = WuCoves — Vrives(y)] — ves(y)dves(y) (1-15) 


‘The channel mobility j« also depends on the channel potential. Indeed, the mobility 
decreases slightly from source to drain. In first approximation, the mobility is given 
an average or effective value jeg, which is then independent of the position along 
the channel. Typical values are 500 cm?/Vs for an nMOST and 200 cm?/Vs for a 
pMOST. 

In this expression, the dependence of the threshold voltage Vy(vcs(y)) must be 
made explicit before integration can be carried out. It is obtained from Eq. (1-7), in 
which vps is to be replaced by vys — ues(y). This substitution and the integration of 
the left side of Eq. (I-15) from 0 to L and the right side from 0 10 vps. yields an 
expression that can be simplified to 


ios = B [ (vas — Vro— “3*) vos F2/3)] (1-164) 


in which factor F(2/3) always reduces the current in absolute value. It is given by 


. 2 a ais 
Ne 2ibe)'?ups + Zl (vos + 21661 — vas) 2 — 2igel—vas)7] (1-166), 


‘The MOST model of Eq, (1-16) has been implemented in several circuit simulators, 
such as SPICE, While the model is too complicated for hand calculations, it can be 
simplified as follows. 


1-4-2. Linear Region: First-Order Model 


In order to simplify the full model, it is assumed that the depletion layer charge is 
kept constant along the channel. The charge keeps the same value as at the source 
side. Hence, it does not depend on the variation of the channel potential, As g result, 
the depletion layer charge Qp and threshold voltage Vr do not depend on the channel 
potential either. Their values are the same as they would be at the source side. The 
threshold voltage is simply Vro. The expression of the current is again obtained by 
integration of both sides of Eq. (1-15), but after the replacement of Vr(ucs(y)) by 
Vyo. It is also given by the first term of Eq. (1-16) 


ins = B (ves — Vro— “B) vos a7) 
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‘This is the most commonly used expression for hand calculations. Let us now 
investigate the circumstances under which both expressions Eq. (1-16) and Eq. (1-17) 
can provide nearly equal values for the current. This occurs in three caves: 


1 When the depletion layer charge (and the threshold voltage) is kept constant 
and keeps the same value along the channel as at the source. In this case, Ei. (1-17) 
has been found. 

2 When factor +y is small. This can only be the case when the substrate doping 
level is low (see Eq, (1-Sa)), or when Cy. is high, i.e., when the oxide is quite thin. 

3 When the drain-source voltage vps is very small with respect to 2\de|, the 
second and the third term of the (2/3) factor can be developed in a series (for 
vps = 0). Truncation after the second term of the series again yields Eq, (1-17) 


This means that for values of Vpy ~ 10 mV, Eq, (1-17) provides an exact value 
of the current. Therefore, this condition can be used to extract the value of Vy and 
A from measurements. 

If vgs is not zero, then thi 
than only 2i¢r| — vas 

Finally, for small values of vps. the term vps/2 is negligible with respect to 
vgs — Vro in Eq. (1-17). As a result, the same expression is obtained as that in 
Eq. (1-9b), which had been derived for nearly zero vps, The value of the drain source 
resistance, as calculated by Eq. (1-95) is accurate, provided |vps| is much smaller 
than 2|Gr| — vas. 


requirement is less severe. Indeed, |vps| must be smaller 


1-4-3 MOST in Saturation: First-Order Model 


For large values of vps, the saturation condition is reached. This means that vps has 
reached the value where the mobile charge Q,, has been reduced to zero at the drain 
side. This value of vps is called vsqq and is obtained by putting Q», equal 10 zero in 
Eq. (1-10), then solving with respect to vps. If the threshold voltage is kept constant 
and equal to Vro, Eq. (1-11) results. If, on the other hand, the expression of Vp is taken 
from Eq. (1-76), with vps substituted by vps. — vs, then a quadratic equation results 
in ps. This equation is solved exactly in SPICE. For hand calculations, however, it 
is never used: normally, the first-order Eq, (I-11) is used with Vro. 

The value of the current ips that is reached at vps = Yosw iS fps It is obtained 
by substituting the actual value of vpsoy by the actual current in Eg. (1-16). 

For hand calculations it is easier, however, to substitute the first-order expression 
of Up ssa given by Eq, (I-11), into the first-order expression of /)»5 in Eq. (1-17) 
yields, after simpli 


Fos = 5 (vgs = Vr? (18a) 


wie 


in which Vy still depends on vgs as given by Eq. (1-7h). This simple expression will 
be used for all hand calculations on MOST’s in saturation, Thus it is important to 
know how accurate itis. This is:demonstrated in-the following example: 
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Example 1-4 
Take the nMOST with Vio 0.4 V and y = 0.86 V'? from Example 1-3, where 


W/L = 10 and fp = 500 cm?/Vs, Calculate its current exactly and in first-order 
(also in saturation) for Vos =3 V, Vas = 0 V and Vos = 1 V. 


Solution, This nMOST $f = 0.34 mA/V*. Its DC current is given by 
Eq, (1-16) and equals 0.64 mA. Its first-order value is given by Eq, (1-17) and 
equals 0.713 mA, which is larger than the actual value (0.64 mA), ‘The actual 
value is about 10 percent smaller than the first-order value, For that reason factor 
B in Eq, (1-17) could be reduced to take this difference into account. This reduction 
will be included in a new parameter K’, introduced later 


‘The first-order value Vpsai = 2.6 V. The exact value, however, can be calculated 
as just explained (or from SPICE) and equals 1.92 V, This exact value is considerably 
smaller thin the first-order value, The exact value of /ps,, = 0.82 mA. The first-order 
Bq. (1-11) yields Zpssau = 1.146 mA, The actual value is thus smaller than the first- 
order value by as much as 23 percent. Again, factor # in Eq. (1-17) could be reduced 
to take this difference into account and carried out by introducing a new parameter 
K’, or by using factor n. 


1-4-4 Parameters K’ and n 


In order to calculate the actual current by means of the simple Eq. (1-182), a correction 
factor must be added to the /2 factor in Eq. (1-18a), ‘This factor is replaced by a 
factor K’, out of which the ratio W/Z, is separated, The current is then given by 


w 2 
isa = K'7-(vas = Vy (1-186) 


Note that the factor K/W/L is always sm: Her than factor 8/2. For small values of 
y, however, their values are very close, 

In general, the value of K’ is obtained from measurements in the saturation region, 
It provides a parabolic characteristic as shown in Fig. 1-6a. It can be extracted from 
the slope of the linear curve of (/pssu)!/? versus vgs as shown later in Fig. 1-9b. The 
intercept gives the value of Vp itself. For different 195, the curve shifts to the right 
(see Fig. 1-62), corresponding to larger values of Vy as given by Eq. (1-7). 

This value of Vr (extracted from Fig. 1-95) may be different from the value ob- 
tained for the MOST in the linear region for very small vps. This is the same as 
the difference between K’W/L and f. ‘The value of KP used in the circuitpsimulator 
SPICE (see Table 1-1) equals Cox such that 6 = KPW/L. It is thus different from 
K’. A list of different K's appears in Table 1 


An alternate way to reduce the current ips is to add n as a correction factor, as 
given by 
W B ,_ KP W 4 
pat = 5-(UGs — Vr)? = —— (ves — Vi 1-18 
inss (ues = Vr) ay 1 108 ~ Vr) (-18¢), 
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ips 
as=0 gs. (1-18 with 1-7) 
Vin Vr 
@ 
ios 
1 Eq. (1-19) 
linear saturation sped 
Bg. (1-18) 
Ros 
Eq. (1-9) 


Tsun 


Dy 


FIGURE 1-8 (a) ios/Vas and (b) los/Yos (tor vas = 0) characteristics of nMOST 


TABLE 1-3. K VALUES OF A MOST 


Parameter Expression Expression for current ios. Equation number = Comment 
Be 

p nou —|os - Valves = “BE| a (1-17) linear region 

B ze 
é » Eves - vr Eq, (1-180) saturation 
KP bos eM was - veP Eq, (1-180) saturation SPICE parameter 
KP, Bin Coe = = KP for nMOST 
Kee Wistar - = KP for pMOST 
ie C= ves Vii? Eq, (1-186) saturation parameter 
Kh = = K’ for nMOST 
Kf = = K for phtOST 


a 


1-4-5. Plots of los 
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in which n is always larger than unity as given by Eq, (1-56). This expression may 
be used for hand calculations as well. SPICE users prefer this expression because KP 
can be used in the transistor model. 

In this case, the first-order expressions of the current in the linear region Eq. (1-17) 
Eq. (1-11) must be corrected as well, as given by 


and vss 


ins = B (vas — Vr — 5¥0s) vos (1-180) 


vas — Vr 
and Up ssat = 


(1-182) 


ver 


Ss Vos and Yes 


Now that the current-voltage characteristics are known, they can be plotted as 
in Fig. 1-6, The first is the ips versus ugs characteristic, with vps as a variable 
called the transfer characteristic. It is given by Eq, (1-18c), along with Eq, (1-76), 
for the dependence on vas. It always forms a parabola, starting at vgs = Vr. For 
larger values of vgs, the curve shifts to the right, giving smaller values of ips for the 
same vgs. 

In the second curve (Fig. 1-65), the /ps versus vps characteristics are shown with 
igs aS a variable. They are also called the ouput characteristics. For low values 
of vps, the characteristics are linear and well-approximated by Eq. (1-9). For larger 
values of vps, the full expressions must be used, given in first-order by Eq. (1-17). 
This is an inverted parabola, with its top on the onset of the saturation 1 
portion of the para 
thus not valicl 

‘The saturation region is reached at vp ssa in firs 
regions are separated by the curve obtained from Eq. (I-18c) and 
described by 


q. (I-11) and 


i KP W ee nists 
Esse nL ves ry on L Vossen) be 


which is another parabola, but with its top in the origin of the axes (represented by a 
dashed line in Fig. 1-66). 

Once the saturation region is reached, vps has no more influence on the‘eurrent. 
‘Thus the current stays constant for increasing values of vps. Actually, the current 
increases slightly as a result of the extension of the depletion layer charge at the drain 
into the channel toward the source (see Fig. 1-5) over a distance AL. The voltdge drop 
over AL is about (vps — Usa). Thus the channel length is reduced over a distance 
AL from L to Log. This reduction in L in Eq. (1-18c) causes a slight increase in 
current. Therefore, the current in the saturation region is better represented by 


KPW setae 
inser = 5, 7 es — Vr" + Av0s) (1-20) 
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in which 4 is a fit parameter. This parameter determines the slope of the output 
characteristic, For short channel lengths this parameter is larger than for long channel 
lengths, because the channel shortening is relatively more important. Parameter 4 thus 
depends on L. It is an important parameter for all small-signal gain calculations and 
it will be discussed in more detail in Sec. 1-5. 


4-4-6 Effective Channel Length and Width 
Since the current is very sensitive to changes in channel length £., exact knowledge 


of Lis important, 
The effective channel length Les is given by 


Low = Ly —2LD — DL (21a) 


where Lyy is the channel length drawn in the layout (on the mask), 
LD is the underdiffus 
DL is a reduction because of photolit 


nm and 


ography and etching, 


‘This latter reduction is not considered by SPICE and must be subtracted by hand. 
See Table 1-1 (Antognetti and Massobrio 1988). 

‘The underdiffusion LD is a result of underdiffusion of the source and drain istands 
underneath the gate as seen in Fig. 1-5. It occurs on both the source and drain side 
of the.channel. Typically it is about 80 percent of the source/drain junction depth 
XJ. Usually the value of LD is given directly in the parameter list (see Table 1-1). 
Note, however, that only parameter LD must be specified in the model, Parametet XJ 
js used only for the calculation of second-order effects, such as channel shortening 
(parameter DELTA) as seen in Sec. 1-9. 

Similarly, the gate width W is reduced by DW as given by 


Wey = Wu + DW (1-216) 


This reduction is also listed in Table 1-1 
For very low and very high currents, the quadratic model Eq, (1-20) breaks down, 
‘At low currents, weak inversion occurs and a different model is required. On the 
other hand, velocity saturation does occur at very high currents, which also requires 
» — adifferent model, These models are discussed later in this chapter 


4-5 SMALL-SIGNAL MODEL IN SATURATION 


In order to evaluate the response of gain stages to actual small 
models must be used. Small signals are considered to be small variations on DC or 


nals, small-signal 


FIGURE 1-7 
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biasing signals, For example, the total gate-source voltage ugs can vary with time. Its 
DC component is then represented by Ves and its variation by Avgs. The variations 
can have any nature, In this text, we use signals of sinusoidal or quasi-sinusoid 
nature, So that vgs can be expressed as a Fourier series of sinusoidal signals (see 
Chap. 7). 

The variations always have a small amplitude; thus they are called small signals 
mall signals are represented by vg, and their amplitude by Avgs or, preferably, Ves 
Depending on what actual amplitude is meant, the peak value is represented by Vesp. 
its RMS value by Vasrats, etc. Remember that Vesrys = Vesp/¥2- The full notation 
of symbols used is given in App. 1-1 

Let us now take an nMOST in the saturation region, that is biased by voltage source 
Vaso (see Fig. 1-7); Its ips versus vgs characteristic (which represents Eq. (1-18¢)) 
shows what the current is, It is given by the quiescent operating point Q. This current 
i the biasing current Zpso. 

‘A small variation on the biasing voltage versus time causes a small variation 
in current as well, ‘The peak amplitudes of these small signals are Vesy and Lisp 
respectively. The time dependent amplitudes of these small signals ate, respectively, 
Vj, and 1y,. Their values can be obtained from Eq, (1-18c). However, it is easier to 
have a direct relationship between the small-signal amplitudes. This is given by the 
small-signal model, Let us now derive this model for the MOST in the saturation 
region. 


Transter charactoristics showing OC voltage ampillication, 
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4-8-1 Transconductance gm 


The relationship between iz, and vg, is given by the slope of the ips versus vas 
characteristic at point Q. It is called the transconductance gq. Indeed, it has the 
dimension of a conductance and it gives the ratio between the signal output current 
to the signal input voltage, i.e., the signal transfer. 

‘This slope is actually the derivative of ips to vgs in that point (Eq. (1-18¢)), which 
yields 


(1-224) 
‘Alternative expressions are obtained by substitution, such as 

KPW 
FIs 1-225) 
om Tse (1-22b) 

2lpso 
or ga = (1-22c) 
Vosq — Vr 


Remember that KP/2n can always be replaced by K’. All these expressions will be 
used later during the design procedures, so the reader must be familiar with them all. 
Two out of the three variables Ips. Vesq — Vr. and W/L are sufficient to determine 
‘gn. This will later be exploited in the design procedures for amplifiers. 

The transconductance is thus proportional to the square root of the current in 
Eq, (1-226). Quadrupling the current only doubles the transconductance 

Tt is worth noting that comparison of Eq. (1-22a) and Eq. (1-9b) shows that the 
‘on resistance Rpg, in the linear region, is approximately the inverse of the transcon- 
ductance gq in the saturation region. It is difficult to find an intuitive reason for this, 
and yet it is worth considering. Insight into FET operation may be gained from this 
observation. 

‘The small-signal model of the MOST in saturation is depicted in Fig. 1-8a. The 
input node at the gate is isolated. Its small-signal or AC voltage ve, controls the 
current from drain to source iz, by means of a voltage-controlled current source with 
value 2m U¢5- 


AGURE 19 Sral-sgnal or AC ecient cee, 
G eee: G B les 
— . ca 


(a) o) 
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1-5-2 Bulk Transconductance Gimp 


In the simple small-signal model, the bulk is connecied to the source. If this is not 
$0, a bulk node must be added. This is done in Fig. 1-8b, in which gn, represents 
the transconductance from the bulk input-node voltage ty, to the output current ‘aj 
‘This is called the bulk transconductance, but actually is the transconductance of the 
parasitic JFET. Its value can be obtained from differentiation of ips to ups as given 
by Eq, (I-18c) and Eq. (1-76). Ii 


Sn = (1 = 18m (1-23) 


in which parameter y has been implemented by means of Eq. (I-Sa). Any of the 
above expressions can be used to calculate gus. The last expression is evidently the 
simplest, as the ratio Of gnis 10 gm is simply n —1. 


4-5-3 Output Resistance ro 
‘One more parameter must be added to the small-signal model consisting of gm and 
{gno- It is the output resistance r,, or output conductance gps = o = I/ry. It is a result 
Of the channel-shortening effect by vps. This causes the current to increase slowly for 
increasing values of vps. as shown in Fig. 1-6 and given by Eq, (1-20). The value of 
parameter r, can be derived from Eq, (1-20). Its value is the inverse of the derivative 
Of psu 10 vos. It is given by 


(24a) 


[A first-order value of A can be obtained by calculating the extension of the depletion 
layer (pcr in Fig. 1-5) in the channel. This value can be erroneous, however, because 
of several two-dimensional effects. Therefore, an empirical expression is preferred. 

Obviously, parameter 2 depends on the channel length L, yet is assumed to be 
constant in SPICE. The model used in SPICE for Eq. (1-20) is only a very crude 
‘one. Therefore, another parameter is chosen, taking into account the dependence on 
channel length L. Equation (1-24a) is rewritten, as given by 


Tate 
-. (1-24) 


gos Ips 


Comparison of Eq. (1-24a) and Eq. (1-245) shows that the voltage Vi gan’ be 
derived from 4, as given by 


(1-240) 


Parameter Ve is the Early voltage per unit-channel length in analogy with the Early 
voltage of a bipolar transistor (see Sec. 2-3). It is different for the nMOST and the 
MOST because of the difference in substrate doping level. The extension of the 
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depletion layer into the channel is inversely proportional to the substrate doping level 
(Gee Eq, (1-3a)). The larger the substrate doping, the larger the Early voltage. 

Representative values for an n-well CMOS process are Vi, = 4 V/uml. and 
Vep =7 V/pmL.. For the same channel length the output resistance of the n MOST 
is thus smaller than of the pMOST, in an n-well CMOS process. It is the opposite 
for a p-well CMOS process: Vp =4 V/jumb and Ven = 7 V/jume. 

In SPICE, parameter 2. is listed as LAMBDA (see Table 1-1). Thus we must convert 
Eq, (1-24) by hand. For each different channel length used, a different model card 
must be used. 

In order to gain some familiarity with the small-signal model, a few simple exam- 
ples are presented later in this chapter. But first we must verify the validity of this 
model at the low and high current ends, 


4-6 WEAK INVERSION AND VELOCITY SATURATION 


1-6-1 MOST In Weak Inversion 
The characteristics previously given are all related to strong inversion (si) operation 
the values of ips and of vgs are large and the surface potential is larger than 29, 
However, for small values of the current ips, Vey is barely larger than Vy (see 
Fig. 1-9a). For very small values of the current, vgs can even be slightly smaller than 
Vr. This is the weak inversion region (Tsividis 1988). 

Indeed, let us look at the ips versus ugs characteristic in a plot of log(ips) versus 
gs (see Fig. 1-9c). Below the threshold voltage, the current decreases exponentially 
towards zero. This is called the subthreshold region. 

In this region of operation vgs is less than Vr, so the mobile charge Qy, is already 
zero and the depletion charge Qp is now larger. Previously considered to be the onset 
of strong inversion, the surface potential drop now is smaller than 2p. This region 
is now properly called the weak-inversion (ww) region, 

Actually the current still lows at the surface underneath the gate of the MOST, but 
it now flows in the depletion layer. Again, the current depends on both controlling 
capacitances Cox and Cac 

In the saturation region, vps must be larger than vpssa. This value is now about 
zer0, however, because vps ~ ves — Vp is about zero. Therefore it is sulicient that 
vps be larger than a few times kT/g or about 200 mY. The current is then given by 


w ves 
pswi = Ino exp ( = 25a 
insu = 7 tooern (785-) (25a) 


in which coefficient 1 is given by Eq. (1-56). This is the third occurrence of para 
eter n. 

This expression clearly illustrates the exponential behavior of the subthreshold or 
weak inversion characteristic. The inverse slope (see Fig. 1-9c) is now larger than 
kT /q, (corresponding with 60 mV/decade); it is kT /y. Therefore, factor 1 is also 
called the subthreshold slope factor. As a result the easiest way to extract values of 
nis from the slope of the weak inversion characteristic. 
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FIGURE 1-9 _ jips/vas characteristic with a (a) linear, (b) square root, and (c) logarithmic current scale. 
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In order to provide the full expression in the saturation region, Eq. (1-25a) must 
‘be multiplied by the same factor (1 + Avps) as in Eq. (1-20). The same parameter 4 
can be used in strong and weak inversion. 

For the weak inversion region, the transconductance 8m is again obtained by taking 
the detivative of ips versus vgs in Eq. (1-25a), which yields 


W Ip0 vGso Ls@wi 
Swi = a 1-25b 
& Binkt fq (ee RT /q (25p) 


‘The transconductance is now directly proportional to the current. The transconduc- 
tance is sketched on a bilogarithmic scale versus the current in Fig. 1-10a. The change 
in slope from I to 1/2, going from weak to strong inversion, is clearly seen. 


1-6-2. Transconductance-Current Ratio 


FIGURE 1-10 


The transconductance is the most important parameter of the MOST because it re- 
flects the transfer efficiency from input to output. A better criterion, however, is its 
transconductance to current ratio gq//ips. This ratio shows how efficiently the current 
is used to generate transconductance. 


(2) gm and, (b) gm/los of MOST in saturation. 
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In strong inversion this ratio is obtained from Eq, (1-18) and Eq, (1-22), and is 
given by 


(1-26a) 


It is inversely proportional to the square root of the current, as shown in Fig. 1-10b. 
‘The smaller the current, the more efficiently it is used to generate transconductance, 
In weak inversion this ratio is obtained from Eq. (1-25) and is given by 


ene F 
=— ~-26b) 
Tose ~ WETT4 oa 


which is independent of the current (see Fig. 1-10). Moreover this is the highest ratio 
that-can be achieved. For high gain this region is preferred. 


1-6-3 Transition Weak-Strong Inversion 


‘The transition from weak (w) to strong (3) inversion occurs when the currents meet 
a current /pses in Figs. 1-9 and 1-10, or when the transconductances meet a kos 
in Fig, 1-10a. In order to find these values, the expressions of the current Zps, the 


transconductance gq and the ratio w/o: 
is given twice, once expressed as a function of 


the current Ips itself. 


are collected in 


TABLE 1-4 EXPRESSIONS OF los. dm AND gm/los FOR MOST 


ible 1-4. The ratio gn /Los 
Vp and on 


function of 


a 


Jos 90 FE =Mes-V2) 
ms Wars loo W ves 1 1 a 
oir e(anr) aig (aera) mRTa waa 
(1-25a) (1-250) (1-26) (1-266) 
AT KP WwW AT)? 
ws (08 ~ Vibe = 20° fosm = Se (ent) 
KP W 2 KP 2 ww 
eM vas— ve OEE Aves - V0) maw alate ' 
(1-180) (1-224) (1268) (1-262) 
nk CoxVeat AWLOS. Vint 
sv (Vas — Vr)sv KP lose wen 
WCosVex 
vs WCoxMeatl¥as Vr) Wox¥eat eave = 


(1-286) 


(1-39) 
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The transition current ys, is now easily found by equating gy//py in weak 
inversion t0 gq //ys in strong inversion, both as functions of fpy (see Table 1-4), 
This yields 
(1.274 


los a) 


KP W (2 Ar 
ra ar 


This expression can also be obtained by the equation of the expression of gn.//ns 
as a function of vos — Vr. which yields 
KT 
(os — Vedic = 20 ae 
9 


Substitution of this (Vos — Vn. in Eq. (1-18c) yields Eq. (1 

The transition is very smooth, provided KP, 11, and ,) have been given the ap 
propriate values, Parameter KP is extracted from measured data in the linear region 
Parameter 7 is extracted from the slope in weak inversion. Coefficient /py is the 
least known and depends exponentially on Vj and vgs. It is normally obtained from 
measured data in weak inversion and adjusted to ensure continuity in the transition 
region, Often used values are In) = 15 10 20 nA. 

There is no guarantee that the values of g,, undergo a continuous transition from the 
weak to the strong inversion region at the transition current [ps,,, given by Eq, (1-274 
This is not the case in SPICE, which results in a major deficiency and may create 
convergence problems. For hand calculations, however, we are not bothered by this 
discontinuity in gm since, as designers, we know beforehand in what region we want 
the transistor to operate. In some other circuit simulators, more complicated models 
are used to ensure a continuous transition, but such models cannot be used for hand 
calculations. 

In order to ensure that the transistor is working in the weuk-inversion (or subthzesh- 
old) region, it must operate at a factor of at least eight to ten below the transition 
‘current. The same applies to the strong inversion (or quadratic) region. ‘Thus first-order 
models can be used only at a distance from this weak-strong inversion transition cur= 
tent Ipsus 

‘The weak-inversion region is preferred for high gain. However, the current has 
become quite small in this region, The resulting high-frequency performance is poor 
‘Therefore, a better biasing point is the strong inversion region close to the weak- 
inversion region, For example, at Vs ~ Vr ¥ 0.2 V. 2mn/lps * 10. which is about a 
factor of seven above the transition current /ps,. We suggest this choice for the input 
transistors of an operationalamplifier for which a high value of gy,/Ips is required 
(see Chiap. 6). 

Note that in SPICE, subthreshold conduction is considered to be @ second-order 
effect. It cannot be described in the first-order (level 1) model, It is only included in 
the level 2 model provided NFS (see Eq. (1-5h)) is specified, whatever low value it 
may have. 
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Example 1-5 
For the example of the nMOST with Vro = 0.4 V, y = 0.86 V" and n = 1.49 
at zero vgs (see Table 1-2), the W/L = 10 and KP = 0.34 mA/V?. Calculate the 


transconductance at [ps = 0.1 jx after you have determined if the transistor is in 
weak inversion. 


Solution. Current Ips, from Eq. (1-272) is about 7 4A. which is about 70 times 
higher than the current given. Thus, the transistor is clearly in weak inversion. 
Its gm/Ips, obtained from Eq. (1-26), is 26, which is quite high. Thus its g», is 
2.6 uS. 


4-6-4 MOST in Velocity Saturation 


Athigh currents, the ips versus vgs characteristic becomes linear rather than quadratic, 
as shown in Fig. 1-9a. This is a result of mobility degradation (see Sec. 1-9). The 
electrons are now moving at the highest possible velocity, ie., the saturation velocity 
Yat. Its value is about vx: © 10’ cm (Muller and Kamins 1986). 

As a result, the transconductance has reached a constant value ginax a8 shown in 
Fig. 1-102. Also, the ratio gq versus Ips now decreases linearly with Ips as shown 
in Fig. 1-105. 

‘The model for this region will be developed only in Sec. 1-9. It is already clear, 
however, that another transition current Jps,. is present, going from strong inversion 
(s) to velocity saturation (v) (see Table 1-4). 

‘There is no reason to use currents with values as high as Ips.y. Indeed, the transcon- 
ductance does not increase with more current. If high currents are to be used to push 
high-frequency performance to its limits, we suggest that the transconductance stays 
in the strong-inversion region, at a factor of eight to ten below Ipsy. 


1-7. EXAMPLES OF SMALL-SIGNAL ANALYSIS. 


In order to gain familiarity with the use of small-signal models, we present some 
examples here. 


4-7-1 Example of Transconductance Amplifier 
Let us first take an nMOST in a simple amplifier configuration (Fig. 1-11a), At the 
input a voltage source is applied with DC value Viy and a small-signal component vn. 
Its amplitude is Viq. The output is the small-signal transistor current itself fgy.. The ratio 
os:/tin i8 @ transconductance. Therefore, the zmplifier is called a rranscondudiance 
amplifier. The substrate is connected to ground. 


Example 1-6 

‘The transistor parameters are Vro © 0.7 V, y = 0.86 V'?, n = 1.49 (Vas = 0) and 
its K’ = 30 wA/V?. What is the current output for 10 mVauts Signal input-voltage 
superimposed on Vin = 1.4 V if W/L = 50/5 um = 10? 
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@ wo fm 
FIGURE 1-11 (a) AC gain in MOST with (b) resistive and (c) active load. 


Solution. For Vix = 1.4 V the current is given by Eq. (1-18c) to be four = 
0.147 mA. The values of the transconductances are obtained from Eq, (1-22a) and 
Are {mq = 0.42 mS (S = Siemens or mhos) and gu, = 0.206 mS. 

If at the gate a small-signal input voltage of Vip = 10 mVgus. is applied, the 


small-signal output current is [ag = 4.2 ARMs. Its peak value is. then 
4.2./2 = 5.94 Ay. The maximum variation of the current is approximately 
6/147 or 4 percent 


4 -V/pml, and thus Veut 


For an n-well CMOS process, the value Vz» 
20 V. Hence, the output resistance r, = 136 k2 


Note the design procedure. Except for technological parameters, the input voltage 
Vos and W/L are given. It is then a trivial task to calculate the current [ps and the 
transconductance gq from Eqs. (1-185) and (1-22a). We could have given as input 
parameters W/L and fps. or even gq, and Ips. For each case it is possible to find the 
other two parameters by means of Eqs. (1-18) and (1-22). 

There are four variables to be determined for each MOST: Ves. W/L. lps, and gy 
There are two equations, (1-18) and (1-22), so two parameters must be determined 
by the designer. This is the real design decision to be taken for each MOST in the 
circuit. The procedure to be followed is either a design procedure or a design plan 
(Gielen and Sansen 1991). 

In the analog circuits Chaps. 4 and 6, the de 
what two MOST parameters we will determine beforehand, We 
freely, but prefer to add constraints (such as speed, noise, etc.), until all parameters 
‘are determined automatically. A design procedure in which the number of variables 
equals the number of constraints can be solved in a numerical or analytic way. Such 
examples are given in Chap. 4. 


procedure consists of deciding 
choose them 


1-7-2 Example of Voltage Amplifier with Active Load 
Let us now take the same nMOST example used for voltage gain. The output current 
can be converted to an output voltage by means of a resistance or an active load (such 
‘as a current source). Both circuits are shown in Fig. 1-1 1h and c, respectiv 
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Example 1-7 
We take the same transistor: Vro * 0.7 V. y = 0.86 V', n = 1.49 (Vas =0) and 


its K’ = 30 wA/V*. A resistive load is taken (see Fig. 1-116). It is connected 10 
a positive power supply with value of Vpp = 8 V. Choose a resistor such that the 
output voltage is half the supply voltage. This provides a maximum output voltage 
swing. 


Solution. An output voltage of Vour = 4 V is obtained if the resistor has a 
value of R, = Vour/los = 4/0.15 x 10-? = 27.2 k®. The total resistance R', 
at the output is thus Ry in parailel with r,, or Ry frp. Its value is 27.2/ 136 
27.2 x 136/(27.2 + 136) = 22.7 kQ or about 23 k@. The voltage gain is then 
ven by 


=8nRy (1-284) 


In this example A, = —9.5. This value is quite low. Much higher values of gain 
can be obtained if the resistor is omitted and only r, is left-as a load. A current source 
is then required to allow the drain current to flow (see Fig. I-I1c). The value of the 
small-signal voltage gain is again given by Eq. (1-28) with r, instead of R,, as given 
by 


To (1-28h) 


has now increased to —S7. 
) and Eq. (1-24) in Eq. (1-28c) yields 


The value of the gai 
Substitution of g,, and r, from Eq. (1-2: 


2lps _ Ven Weak 


Ves—Vr Ins Ves — Vr 


(1-29) 


which is a useful expression to calcula 
procedure. 

‘The voltage gain is set by Vos and L only (in strong inversion). We choose the 
smallest Vos — Vr possible, ie.. Vos — Vr ~ 0.2 V. On the other hand, L must be 
taken as large as possible, e.g., L = 10 um. Ve, =4 V/jmL, thus the voltage gain 
is now 400 or 52 dB. 

However, we still must determine the W of the MOST. The larger the W, the larger 
the current /ps and the transconductance gq, but the smaller the output resistor 7, 
We have no reason to drain more current than necessary. This could change later?e.g.; 
high frequency performance does require larger currents. Now we limit W to a small 
value close to the minimum one: W = 5 zm and hence Ips = 6 1A, gm = 60 4S 
and ry = 6,7 MQ. 

Its difficult, however, to set the current source [pp at the correct value. The current 
in the transistor is determined only by the gate-source voltage Vgs. The values of Vis 
and [pp must be precisely tuned. This can be 
corresponds with a horizontal line. It must intersect the trans 


in as explained in the following design 


stor character 
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saturation region, i.e, such that Vins is greater than Vis... Special biasing techniques 
that ensure such operation in saturation are developed in Chap. 4 


1-7-3 Example of a MOST Diode 
The same transistor can also be used ay a diode and its drain is then connected to 
its gate (Fig. 1-12a). This transistor is now always in saturation because Vey = Vis 
(Gee Eq. (1-11)). Its current-voltage characteristic is quadratic, as given by Eq. (1-18) 
for positive values of Vps. There is no conduction for negative values, Therefore, the 
transistor is said to be used as a diode. 

First, let us assume that both the source and bulk are grounded, The DC voltage 
rop across the diode is easily derived from Eq, (1-18), and given by 


(1-30) 


Vos =V 
os Vel ene 
‘Thus its value can be set by both the current /psy. and W/L. Often, this configu- 
ration will be used in DC level shifter stages to provide hiasing to consecutive MOST 


stages 

If an input AC current iy is superimposed on the DC current, an AC voltage 
is generated across the diode. By analysis of the small-signal equivalent circuit of 
Fig, 1-12b, this voltage is easily found to be fin/g. 


FIGURE 1-12 (a), (c), and (a) MOST diode examples; (6) small signal equivalent circuit. 
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It is important to keep in mind that the small-signal or AC resistance of the diode 
equals 1/gn; which is normally of the order of magnitude of k@'s. Actually, this 
resistance is shunted by the output resistance r,, which is much larger. This reduces 
only slightly the resistance 1/2. 

If the diode now operates at a different voltage level somewhere in the middle of a 
circuit, for instance by addition of a constant voltage source in series (see Fig. 1-12c), 
the bulk is still connected to the ground. As a result, a value of Vgs must be included 
in the calculation of Vr in Eq. (1-185) and Eq. (1-22), as indicated by Eq. (1-76). 
Inclusion of Vgs increases the value of Vr hence’ increasing the value of the diode 
voltage drop Vas. The value of gx. however, is still the same because the current is 
the same due to the current 


Example 1-8 

For the same transistor: Vp © 0.7 V. y = 0.86 V'?,n = 1.49 (Vas = 0) 
and its K’ = 30 4A/V?, calculate the DC and AC voltages for a current drive of 
(0.2 mA. The AC current swing is 10 percent. Repeat the calculation 


Solution. The voltage drop is Vos = Ves = 0.7 + ¥0.667 = 1.52 V. At this 
current, 2 = 0.49 mS. Hence, 1/gm = 2.04 k@. With a peak ampli 
percent in current, the AC voltage is 40.8 mV, or 29 mVaus- Resistance ro, which 
is 100 k@, only slightly reduces the resistance to a value of about 2 kQ. 

For Vs =3 V, the value of Vz increases from 0.7 V to 1.66 V (for 2¢r = 0.6 V). 
As a result, the total DC voltage drop becomes 2.48 V. 

In a p-well CMOS process, the bulk of the nMOST is the p-well, It is isolated 
from the substrate and thus can be connected to the source as in Fig. 1-12d. The 
body effect then does not apply. As a result, the value of the diode voltage drop is 
then the same, ie., 1.52 V. 


4-7-4 Example of Source Follower 


A source follower is a unity-gain stage with high input resistance. It is as an ideal 
source follower if it is biased by a current source /ss, as seen in Fig. 1-13. The current 
through the transistor cannot change because it has only a DC component (with value 
Iss). Thus its Ves cannot change either. 

Let us assume that the n MOST is realized in a p-well CMOS process and that its 
bulk is connected to the source as in Fig. 1-13a. The body effect does not apply” The 
‘output voltage vour is simply given by 


Uy — Your = Yes (31a) 


in which vgs is given by Eq. (1-30). This is valid for both DC and AC. The small- 
signal voltage gain thus is unity. The output resistance equals 1/gm = 2.04 kQ the 
‘same as for a MOST diode, because the gate is at AC ground, 
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FIGURE 1-13 Gain and output rasistance of source follower. 


If, however, the bulk is connected to ground as seen in Fig. 1-13), the values of 
Vz and of vgs in Eq. (1-30) depend on the output voltage vps. which equals vour. A 
quadratic equation results, given by 


— V0 — vO/216F1 + Your — 


(31h) 


Again this expression is valid for both DC and AC. It can be solved exactly for 
Your by calculation of the roots or by itera 

However, the small-signal voltage gain is no longer at unity. It can, in principle, 
be extracted from Eq, (1-314). Some additional insight is gained. however, when the 
parasitic JFET is drawn explicitly (see Fig. 1-13c). Its drain and source are common 
with the MOST, but its gate goes to ground. It presents a small-signal resistance of 
1/gnp to the output. Since the MOST itself exhibits an output resistance of 1/@n. i 
voltage division occurs at the output. This is illustrated by the small-signal equivalent 
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citcuit of Fig. 1-130. The small-signal voltage gain is given by 


Ay = — Se 
al 


es 
int 8m 


(1-32) 


in whieh 1 is given by Eg, (1-5b), The 1 is now used as the attenuation of an emitter 
follower, the bulk of which is connected to ground. 
The Output resistance Rou #8 now given by 


L 
Rou = —— (1-33) 
Sn + 8h + Bo 


which is actually the parallel combination of all three resistances 1/gm, 1/gmne and 
‘ry. In most eases, the effect of the ouput resistance 1;, is negligible 

Connecting the bulk to ground not only increases the value of Vey but also de- 
creases the small-signal gain, Both are a result of the body effect or the parasitic JFET 
between the channel and the bulk 


Example 1-9 

For this example, Nun = 10° em~'. Coy = 6.8 x 10" F/em?, Vip = 0.7 V, 
¥ = 0.86 V'? and n = 1.49; find the DC output voltage and voltage gain for 
Viy = 3 V and fs5 = 0.2 mA, if the source is connected to the source and to the 
ground, respectively. 


Solution. For a bulk-to-source connection, Voyr = 2.3 V but for a bulk-to-ground 
connection Vouy = 1.046 V and Vp = 1.137 V. The value of gq is the same as 
before because it is only determined by the current Jy, Its value is thus gy 
0.49 MS. Also, gn = 0.24 mS. The gain is now only 0.67, The resultant output 
resistince is 1.37 k®, 


1-7-5 Example of MOST as a Switch with Resistive Load 


A MOST can be used as a switch as well. This is a particularly important use of MOS 
transistors, For example, switched capacitor networks, discussed in Chap, 7, use such 
switches. e 

A configuration with an nMOST and a resistive load is shown in Fig. 1-14. The 
gate voltage is so high that the transistor behaves as a resistor. A resistive divider is 
then formed by the MOST and the resistive load Rz. If an AC component is added to 
the input signal source, attenuation occurs. Note that two configurations can occur. In 
Fig. 1-I4a the substrate is connected to ground, whereas in Fig. 1-14, the substrate 
is connected to the source. The second configuration is obviously only possible in a 
‘p-well CMOS technology. Also note that the drain is located on the left side because 
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FIGURE 1-14 MOST as a switch with (a) B to ground or (b) 6 to source. 


it is the more positive end. The source is located on the right side, je., al the output 
resistor. 

The transistor is now intended to operate in the linear region. To ensure this, voltage 
Ve is usually made quite high, Since the MOST functions as a small resistance. the 
voltage drop across the transistor is very small. The output voltage Your will then be 
only slightly smaller than the input voltage viv. 

The resistance represented by the transistor is then given by Eg. (1-9), in whieh 1 
still depends on. Vas, as given by Eq. (1-7h). However, this, latter voltage equals the 
output voltage itself (in the case of grounded bulk). A nonlinear equation thus results, 
that is valid for both DC and AC. It is obtained by the combination of Eq. (1-9) and 
Eq, (1-76), as given by 


(1-34) 


with 


Ros = > — — 
B [Va — vour — Vin — v (V21Ge1 + our ~— V2ie rl), 


It is clear that for small values of my, Your will be small ay well, Since Vy is 
very large, the denominator of the expression of Ry is also large and Rs is small 
‘The output voltage is then very close (© the input voltage. Ax a itst approximation 
Your can be replaced by viy in the expression of Rpy above and anew value of Yocr 
can be calculated from the expression of Eq. (1-34). Such an iteration leads rapidly 
to a solution for vout. Actually, for convergence, it is safer to rewrite Eq. (1-34) for 
UN — Your as a Variable rather than vour itself: 

The resultant values of Rs and vour are plotted versus vy In Fig, I-I5a. The 
curves have been generated for an nMOST with Vip = 0.7 V, y = 0.86 V!? 
KP = 34 wA/V2, and 297 = 0.6 V. The gate voltage Vi; = 10 V and Ry = 10 k2. 
‘The curves are piven for four different values of W/L. 
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FIGURE 1-15 (a) MOST resistance; (0) output voltage when used as a switch; and (c) the threshold voltage. 


‘The larger the transistor, the smaller the resistance and the more closely vour 
follows vjx. Also, the lower the input voltage, the smaller the resistance. For zero Vix 
(and for W/L = 10), its value is easily found to be 316 . For larger values of vw 
however, the value of Ves becomes too low: the resistance increases drastically and 
the output voltage reaches a maximum. This occurs first for W/L = | (see Fig. 1-15b). 


4-7-6 Example with a MOST 


FIGURE 1-16 
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It is barely noticeable for W/L = 1000. Finally note that the value of Vj- increases 
with upy as shown in Fig. 1-15c. 

For larger values of viy however, the full Eq. (1-17) or maybe even Eq, (1-16), 
‘must be used rather than Eq. (1-9). Although an iterative solution is still possible, it 
is easier to use SPICE to obtain the output voltage. The obtained values of Rps and 
Your obtained, are added as Fig. 1-15 as dashed lines. For large values of W/L, they 
cannot be distinguished from the first-order results. For W/L = 1, however, the exact 
value of Rps is always smaller (and Your follows my less closely (see Fig, 1-150). 
For example, at Vix = 5 V, and for W/L = 1, they are 12.4 kQ and 0.62 kQ: for 
W/L = 10 they are 1.24 k@ and | KO; for W/L = 100, they are 124 @ and 120.9; 
finally for W/L = 1000, they are about the same, ie., 12.4 2. 

All calculations can now be repeated for the case where the substrate is connected 
to the source. In this case, the term in y in Eq. (1-34) can be neglected, which con- 
siderably simplifies the calculations, The results are added as dotted lines in Fig, 1-15 
for W/L = 10. 

It is worth noting that resistance Rs is smaller in this case, especially for larger 
values of yy. Moreover, the input voltage range, over which the switch can be used, 
is greatly extended. This configuration is preferred wherever possible. 

The small-signal model for the switch arrangement of Fig. 1-14 is the same as for 
DC, at least as long as the transistor can be represented by a resistance. Indeed, the 
same resistive division factor R,/(Rps +x) applies as much to the AC input voltage 
source as it does to the DC input voltage source, The AC attenuation is thus given by 
this factor itself. 

If the MOST resistance becomes nonlinear, complicated calculations result, SPICE 
is thus used to find the exact value of the small-signal attenuation, ‘The calculation 
are simpler in the case of Fig. 1-15). 


‘Switch with Capacitive Load 
‘An even more important switch arrangement in CMOS circuits is the one with a 
capacitive load of Fi is the arrangement that is always used in CMOS 
logic and switched-capacitor circuits. It is a good appl 


calculations above, 


MOST as a switch with capacitance load; (a) B to ground, and (6) B to source. 
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Vine 


@ wo 


FIGURE 1-17 
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As soon as the 


fe voltage drive is switched on (see Fig. 1-17a), current starts 
flowing, charging up capacitance C,.. In the beginning the output voltage is still low. 
‘The value of vgs is thus high, as is the current flow. The output voltage vouy thus 
rises rapidly (see Fig. 1-17h) and at this point, the value of Rps is quite small (see 
Fig. L170). 

When vour has become large and close to vy. tgs and the current have decreased 
considerably. The output voltage only increases very slowly and Ros has become 
large. Ultimately, the output voltage equals the input voltage. The current has become 
zero and Rps has become large. 

‘The value of Rps increases continuously along the charging cycle, as shown in 
Fig. -17c. The output waveform cannot be characterized by a single time constant. 
‘An attempt could be made by taking the initial value of Rps where vour is still zero, 
but this underestimates the delay time. A better approach consists of taking Ros at the 
point where vour bas reached half of its ultimate value (as shown in Fig. 1-17). This 


‘Switching output voltage for: 


B to ground: Bw Ss; 


{Ros = constant 
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value of Rps is then kept constant during the full charging cycle, The time constant 
is then approximately RpsCz. This still underestimates the delay time and the effect 
of the very long tail. If, however, five or seven time constants are taken, the effect of 
this long tail is more or less accounted for. 

Tf the bulk is connected to the source, the value of Ryys is smaller and Your increases 
faster, denoted by dotted lines in Fig. 1-17) and c. Remember, however, that this is 
only possible in a p-well CMOS process. 


4-8 CAPACITANCES 


At higher frequencies, capacitances become important as well, and they must be added 
in the small-signal model. They will be used to calculate the Bode diagrams in Chap. 4. 
Some of them have been mentioned in the beginning of this section and now all of 
them will be described in detail. 

The capacitances can be subdivided in two categories: those belonging to the MOST 
device and those belonging to the interconnect circuitry between wo devices. The 
capacitances of the MOST are discussed first, They are shown in the three dimensional 
drawing of Fig. 1-18 and listed in Table 1-5. For each capacitance, the contribution 
to the terminal capacitances Cos, Cap, Coa, and Cyn must to be determined, as 
shown in Fig. 1-19. The terminal capacitances ar¢ listed in Table 1-6. Moreover, this 
is repeated for a MOST in the regions of operation, i.e.. the linear region and the 
saturation region. 


‘Capacitances in a MOST. 


pesuistrate 


TABLE 1-5 


FIGURE 1-19 


TABLE 1-6 
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MOST CAPACITANCES 


Cog = Cox Who 
Cect = Gac Wer 


Goer = AsGss + Ps Cus 


Goer = Ao Goa + PoGeans 


Gon = 2 = 


Gwett = (Ap + As + Ac)Gant 

4 Is the builtin junction 
potential (PB) 

As Is the source area 

‘Ap is the drain area 

Pp is the drain perimeter 


Terminal capacitances in a MOST. 


‘TERMINAL CAPACITANCES 


In saturation 
Ges = Caso +2/3Con Ose = Gs +2/8Cacx 
Ceo = Ge00 Cos = Goer 

In linear region 


650+ 2G Csa = Gort 1/2Cocr 
Ge00+1/2Gxi Cos = Goa + 1/2Cect 
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4-8-1 MOST: Oxide Capacitance Cox 
‘This capacitance is the controlling capacitance of the MOST device. It gives rise 10 
three capacitances: 

‘¢ an overlap capacitance between gate and source Cosy 
¢ a gate to channel capacitance C,ic 
@ an overlap capacitance between gate and drain C90 


The overlap capacitances are a fesult of the gate overlapping source and drain by 
an amount LD (see Fig. 1-5). The corresponding capacitances Cgsy and Cosy could 
easily calculated by WLpCox. However, the overlap Lp is never known precisely and 
therefore, in the list of MOST SPICE parameters (Table 1-1), the capacitances C¢si 
and Cgpo are given in Farad per meter channel width W 

It is obvious that Cgsq is directly added to terminal capacitance Ces 
is added to Cep (see Table 1-6). 

The contribution of the gate-fo-channel capacitance Coe to the terminal capac 
itances depends on the operation region of the device. Its total value Cyy equals 
CoxW Lest (as listed in Table 1-5). 

In the linear region, this capa te and the channel, which 
connects source and drain and its value is evenly split between the terminal capaci- 
tances Cgs and Ceo (see Table 1-6), In the saturation region, however, the channel is 
discontinued at the drain end, as sketched in Fig. 1-5. Most of the capacitance (factor 
23) is therefore added to the source terminal capacitance Cgs and nothing is added 
to Cgp (see Table 1-6). This factor of 2/3 is a result of field calculations 

The contribution of Cy. to the terminal capacitances is also shown for the regions 
of operation in Fig. 1-20. In Fig. 1-20a, voltage Vos is taken as a variable, whereas 
Vps is as a constant. The linear and saturation regions are clearly distinguished. A 
similar plot is added in Fig, 1-205 with voltage Vps as a variable and Vers as @ 
constant. The same results are obtained. 


nd that Gen 


ince occurs between the 


4-8-2 MOST Junction Capacitances 
‘The source-channel-drain structure is isolated from the substrate by junction space 
charge depletion layers (see Fig, 1-18). Therefore, three jimierion capacitances must 
be added. They are 


the channel bulk (or substrate) junction capacitance Cac 
© the source-bulk junction capacitance C)s5, 


the drain-bulk junction capacitance Cj 


If the MOST is in a well, a well-to-bulk junction capa 

The channel-bulk junction capacitance Coc: is the controlling capacitance of the 
parasitic JFET, Its total value Cyc) equals Cac W Ler, where Cac was calculated in 
Eq, (1-2). It is also listed in Table 1-5, Its value is calculated with Vis as bulk-channel 
voltage in order to obtain a worst case value. 


INCE Coir is added. 


(a 


oy 


FIGURE 1-20 
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bins i CasCow 


Nos is 
Soar Gn. 
Vos is constant "bs V Ves 
r 
ios CasCous 
: Canton 
- 28 
saturation iy —§$<<— 


Vas ts constant os 


Capacitances Cas and Oyo caused by oxide capacitance, 


This capacitance Cyc is divided over the terminal capa 
very much the same Way as Cine is divided over Cos and C 

‘The source-bulk and drain-bulk junction capacitances consist of a bottom plate 
capacitance and a side wall capacitance. Their expressions are repeated in Table 1-5. 

The well-bulk junction capacitance, Cjyeiy depends on the voltage applied. It is 
loosely calculated, depending on how it is specified by the silicon foundry. It is also 
given in Table 1 

All values depend on the respective junction voltages. Note that in SPICE, the 
exponent m, can be different for the bottom plate capacitance (e., MJ) than it is 
for the side-wall capacitance (MJSW). Normally, 0.5 is taken for an abrupt junction 
(such as the bottom plate capacitance) and 0.333 for a linear junction (such as for the 
side-wall capacitance). These values are indicated in the list of MOST parameters in 
Table 1-1. 

Finally, a factor FC is present to limit the value of a junction capacitance in forward 
bias. It acts on both the bottom and the side-wall capacitances. Its effect is shown 
later in Fig. 2-10 and is given in Table 2-4. 

‘These junction capacitances are added to the respective terminal capacitances, 


indicated in Table 1-6.” ae 


tances Cyn and Cyy in 
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4-8-3 MOST Junction Leakage Currents and Capacitances 
Note that in SPICE (see Table 1-1), the values of the several capacitances are all 
calculated provided the values are given of the drain area AD (in m*), the source area 
AS (in m2), the drain perimeter PD (in m), and the source perimeter PS (in m) on each 
transistor card. The same parameters AD and AS are used. to calculate the junction 
leakage currents. The total drain and source leakage currents are then, respectively 
given by 


Isp = AD JS (1-35) 
and 
Iss = AS SS 


area. It is 


in which JS is the reverse current of the drain or source junetions per m 
given in the SPICE parameter list (Table 1-1). The total junction leakage current can 
be specified as well. It is then specified by 1S for any junction and it overrides the 
calculation of Eq, (1-35), 


1-8-4 Interconnect Capacitances 
Devices are always embedded in circuit and thus they must be connected to form 
circuit. Moreover, they must be connected to input and output pads. Interconnections 
are discussed first. 

Both metal lines and highly doped polysilicon lines can be used to realize intercon- 
nect lines. However, these lines create capacitances to the substrate and 10 each other 
at their crossing points. For large circuits, these interconnection lines can be quite 
long, and they give large capacitances that are often larger than MOST capacitances. 

‘A metal interconnect line of width W; and length L, causes a capacitance to the 
substrate, shown in Fig. 1-21a, The dielectric is the field oxide with thickness fy.» 
This is made quite thick to avoid MOST operation under these lines. Indeed, the 
corresponding field oxide capacitance Coxe = fox/toxr in Eq. (1-6a) is then quite 
small, which results in a large value of field threshold voltage Virp. This value must 
be much larger than the supply voltage to avoid the creation of an inversion layer 
(leading to MOST operation) under the interconnect lines. 


Example 1-10 
Take a metal line of 5 jem width connecting two transistors | mm apart on the same 
chip. The field oxide thickness is | jam. What is the interconnect capacitance? 


Solution. Since &. = 0.34 pF/em, Coxe = 3400 pF/em*; the area of the line 
equals 5x 10-5 cm, which yields a total capacitance of Cyxr; = 0.17 pF. Compared 
to normal MOST capacitances, which only have F's, Coser is quite large indeed, 
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Field oxide 


oO 
bonding wire 


bonding pad 


FIGURE 1-21 (a) Field oxide capacitance and interconnection capacitance; (b) bonding-pad capacitance 


Polysilicon lines are used for interconnect as well, They are commonly used as 
gale material «ind can therefore easily be extended for use as an interconnect material, 
despite their higher sheet resistance (typically 50 2/2). They create capacitance to 
the substraie in exactly the same way as a metal fine. Depending on the process, the 
field oxide underneath the polyline may be somewhat less thick than under the metal 
Therefore, the metal-to-substrate and the poly-to-substrate capacitances per unit area 
are usually specified by the silicon foundry and added to the SPICE parameters. An 
example of such data for the same process in Table 1-1 is given in Table 1-7. 

If more polysiticon layers or metal layers are used, different isolation layers, with 
different thickn must be used between them, Therefore, the capacitances between 
all layers must be specified separately. An example can be found in Table 1-7 for a 
double-poly double-metal proces 

In SPICE, « transistor parameter can be added to take into account the capacitance 
caused by the extension of the polyline beyond the gate itself. It is the gate-bulk 
overlap capacitance per meter channel length CGBO (see Table 1-1). It is also a field 
oxide capacitance and is therefore quite small, For this reason, it is either omitted 
altogether or included as part of the interconnect capacitance. 

‘Two parallel interconnect lines in metal or in polysilicon have an interconnection 
capacitance to each other as well (see Fig. 1-212) This capacitance Cig is smaller than 
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TABLE 1-7 VALUES OF PARASITIC CAPACITANCES 
Double-poly n-well CMOS process of Table 1-1 
Coxm Crt ta substrate 5.2 nF/om? 


Cup Spay een ee nrjem? 
Cmp ‘Crmatal to poly 12. nF/em? 


Double-metal double-poly n-well CMOS process: 
mm — Cinta 0 et 2.5 nFyer 
Coun Croat abenolo = 5.2 NF /er 
Corp poly to sudstate = = «8S NF/om? 


Yank Jem? 


Cp Cmeta poly 


the capacitance to the bulk but it plays an important role in that it calculates cross-talk 
between clock lines, power supply lines, ete, This iy why, in the hayout of a mixed 
analog-digital chip, the digital signal lines are kept apart from the analog signal lines, 
from the ground lines, etc 

For example, the value of Cy between two metal lines of 1 mm tong at a distance 
‘of Win = 5 jem is 34 fF if the metal is 1 gam thick (Coy = 3400 pF/cm?), which is 
about one-fifth of the capacitance of each line to ground. 


1-85 Bonding Pad Capacitance 

In order for signals to go out of the chip, a bonding pad is required on which a bonding 
wire can be bonded (sce Fig. 1-216). This bonding pad is usually of the same metal 
as the interconnect line toward that pad and it rests on the same field oxide, It thus 
creates a capacitance towards the substrate, as calculated above 

A typical size of a bonding pad is 100 jum x 100 jum, resulting in a bonding pad 
capacitance of Cy = 0.34 pF ze capacitance, which must be taken 
info account as a load in the design of off-chip driver circuits, 


1-8-6 Package Pin Capacitance 


‘The chip is normally packaged in a dual-in-line (DIL) or a chip-carrier package, For a 
DIL package, each pin has a capacitance of about 0.3 pF to adjacent pins and of about 

+ 0.7 pF to any other pin. This’ capacitance must be added to the pad capacitance once 
a signal is taken off-chip in a package. It is also clear that tow pin capacitance is an 
important criterion in the design of new chip-carrier packages. Microwave pack 
easily achieve less than 0.1 pF pin capacitance. 

These capacitors must also be taken into account in the desig 

If testing devices are added to perform production tests, their 
taken into account as well. 


of off-chip drivers. 
pacitances must be 
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4-8-7 Protection Network Capacitance 


A static discharge on the input gate of a MOST can destroy that gate, The gate oxide 
can only withstand about 800 V/jum, which is about 40 V for a gate oxide thickness 
of 50 nm, Static discharge voltages in dry environments can reach values of up to 
6000 V, and thus a gate, which is connected to an input pad, must be protected during 
handling. 

A simple protection network is shown in Fig. 1-22. It consists of a series resistance 
Rs and a parallel diode. It is reverse biased and breaks down at, say, 20 V. The diode 
has a series resistance as well, Rp. When the input voltage exceeds the breakdown 
Voltage of the diode, the input gate is clamped at a voltage that is determined by 
the resistive divider Rs, Re. If Rs is sufficiently large and/or Ry is sufficiently 
smalll, the voltage at the gate can be limited to 30 V, which is well below 40 V. 
However, requirements lead to large capacitance to the substrate, The more efficient 
the protection network, the more parallel capacitance it causes at the input. Again, 
these capacitors must be taken into account in the design of the off-chip drivers. 


1-8-8 Total Capacitance Configurations. 


FIGURE 1-22 


In order to show how all these capacitances add up in simple circuit configuration 
few examples are provided in Fig. 1-23. Figure 1-23a shows the terminal capacitances 
given by Fig. 1-19 and Table 1-6. Parasitic capacitance Cy, has been added to the 
input and C) to the output to take into account interconnect, etc. 

If the MOST is used as a simple amplifier. the capacitances around the transistor 
are easily found. They are added 1-23h. Since the substrate is grounded, Cy 
is shorted out. 

A source follower is shown in Fig. 1-23c. Because the bulk is grounded, capacitance 
Cpa is also shorted out. : 

Note that these cireuits contain two nodes and, as a consequence, three capacitances 
jways connect these two nodes. This is always the case for a two-node circuit. 
The values of the capacitances, however, depend on the actual configuration of the 
transistor in that circuit. 


MOST input gate protection network. 


bonding pad 


Re 


AN 
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FIGURE 1-23 
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C= Cos 


Determination of the (a) terminal capacitances for (b) an ampliier and (c) a source follower. 


1-9 HIGHER-ORDER MODELS 


Most of the important MOST parameters have already been discussed in previous 
sections. They describe the / versus V characteristics and capacitances of the MOS 
transistors with moderate and long channel lengths, For short channel lengths. how- 
ever, deviations occur and additional model parameters must be introduced, These 
parameters cannot be used for hand calculations but they can be included in models 
used by circuit simulators, such as SPICE. Hand calculations are then used to predict 
first-order performance, whereas SPICE is used to verify actual performance and to 
weigh the importance of second-order effects (Antognetti and Massobrio 1988). 

In this text, a limited number of parameters are added to cover higher-order effects, 
They closely correspond with the parameters added in the level 2 model of SPICE, 
For each, the physical reasoning is given along with the way they appear in the calcu- 
lations. These additional parameters are also added in the list of MOST parameters of 


ND SYSTEMS 


‘Table 1-1. In this section, suggestions are given on how to use the MOST parameters 
in SPICE. 


\T0-KP-GAMMA-LAMBDA or TOX-PHI-NSUB-NSS? 


In SPICE, both electrical parameters and processing parameters can be specified, ‘The 
first-order (level 1) electrical parameters are VT, KP, GAMMA, and LAMBDA (see 
Table 1-1). They can all be derived from the processing parameters TOX, PHI, etc. 
However, it is much safer from the point of predictability to specify these electrical 
parameters directly. The processing parameters are then not used by SPICE for these 
calculations and can be omitted. The only exception is TOX, which is required to 
calculate Cy. for the values of Ces and Coo. 


1-9-2 Parasitic Resistances 


in and source regions are realized by means of diffusion and therefore represent 
s, which can play an important role. They are calculated first and their effect 
on the operation of a MOST used in the saturation region or as a switch is examined 
next. 
‘These effects can be described in both the level 1 and level 2 models of SPICE, 
They were not discussed earlier because they are of less importance for most circuils, 
For a given sheet resistance RSH (2/0) of the drain and source diffusions, the 
series drain and source resistances are respectively given by 


Rp = RSH x NRD (1-36) 
Rs = RSH x NRS. 


in which NRD and NRS afe the number of squares of the drain and the source. An 
example is given in Sec. 1-1. The values of Rp and Rs can also be specified directly 
{as RD and RS), overriding the values calculated above (see Table 1-1). 

The values of Ry and Rs are not always important. Let us investigate under what 
operating conditions they are to be included. 

When the MOST is used as a switch, the values of Rp and Rs simply appear in 
series with the ON resistance (Ros) of that transistor. Their values are added to the: 
value of Rps, given by Eq. (1-9). They are thus equally important and can neyer be 
left out if the value of Rps is very small. 

‘When the transistor is used as an amplifier in the saturation region, it is modeled as 
fa current source, Resistance Rp is then too small relative to the large output resistance 
7 of that current source and is thus negli 

The source resistance, however, plays a significant role. If included in a simple 
amplifying stage, as shown in Fig. 1-24, it reduces the transconductance gq of the 
MOST to a value ¢7,, as given by 


Sm 
1+gnRs 


a 


(137) 
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es 


Ry 


@ 
FIGURE 1-24 Reduction of gm by source resistance As 


For large transistors with large values of g4», this reduction can be considerable 
Therefore, the source resistance must be made as small as possible, For example, a 
source metal contact must be applied to the full length of the source region (see design 
example). 


1-9-3. Mobility Degradation due to Longitudinal Electric Field 


Channel lengths have now been decreased to reach submicron values. However, the 
supply voltages used do not decrease that much, ‘The transition from 5 V supply 
voltage to 3.3 V is carried out very slowly. Many systems operate at 5 V despite the 
small channel lengths used. As a result, the longitudinal electrical field has increased, 
which reduces mobility. Models are required in which the mobility is not @ constant 
but is reduced with the voltage applied (Muller and Kamins 1986). 

Mobility is a measure of the velocity acquired by the carriers as a result of the 
electric field applied, i., the velocity per unit electric field, For low values of electric 
field, the velocity increases proportionally. The slope is the mobility jt» (see Fig. 1-25), 
When the electric field becomes large, the velocity does not increase proportionally: 
it reaches a maximum or saturation velocity value gq (not to be confused with the 
saturation region for which we have used vps.x). Carriers at these velocities are called 
hot carriers. This occurs at a value of electric field called the critical electric field, 
represented by Zr. From Fig. 1-25, it is seen that the value of @oyy is approximately 
vai/Ho. The value of the saturation velocity tha is about 10° m/s. 

Several new parameters are introduced in SPICE to describe the reduction in mo- 

+ bility. They are UO (40), UCRIT ( 4), UEXP, UTRA, and VMAX (0). They are 
listed in Table 1-1. Their values are obtained from fitting measured data, Do not try 
to change only one of them as they all belong together! 

For small channel lengths, the model with constant mobility is no lon: 
saturation, the current can then be derived from Bq. (1-18) after substitution of the 
electric field & by v,s)/410. It is given by the simple expression 


er valid. In 


ipsa = W On Vso 


FIGURE 1-25 
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hot carvers 


Mobility, velocity, and electric field for hot 
carers, described by factor 7. 0 


in which Q» is given by Eq, (1-10) and W is the gate width. It ean be approximated 
by omitting the term in vps. The current is thus also given by 


Ipssr = WCoxtsa(ves — Vr) (1-38) 


‘This expression means that saturation is no longer defined at the point where the 
mobile charge Q,, becomes zero, but at the point where the mobile carriers reach 
their saturation velocity. It is the maximum current that can ever flow for the voltages 
applied. 

‘The maximum value of transconductance gma is now found by differentiation of 
iswa 10 ves and is given by 


Smt = WCoxsar (1-39) 


This is the highest transconductance that can be achieved with a MOST. However, 
Gm alone is not a good figure of merit, Another figure of merit that we have used 
hecore iS ger VEFSUS ipsy. At high frequencies, another figure of merit is better 
used, ie. gma Versus Cas. Which has the dimension of a frequency. It is actually the 
cutoff frequency or maximum frequency fnax Of the operation of the device. Since 
Cos © W LauCox- this frequency is obtained from Eq, (1-18a) and Eq, (1-95). yielding 


(1-40a) 


which increases for shorter channel lengths. For very short channel lengths, this fre- 
quency is now limited by velocity saturation, given by 


gga em ee (1-406) 


‘This maximum frequency only depends on vsq and the effective channel length. 
It does not depend on the gate width W of the transistor nor on the capacitances 
involved, It is thus truly an upper limit that can be achieved in silicon. 
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Example 1-11 
What is the maximum value of current, transconductance, frequency, and figures 
of merit of an nMOST with vgs — Vr = V? 


Solution. The value of Cy, (for 50 nm) is 6.8 x 10-* F/em*. The value of Qn is 
3.4 x 10-7C/em? and the value of the maximum current is 34 mA per em width 
(or 3.4 A per jum width). The maximum transconductance is then 6.8 mS per cm 
width. The ratio gmsai/ipsis is simply the inverse of (vGs— Vr}, which is 0.2 | 
in this case. This ratio is quite low in comparison with what can be obtained in 
weak inversion (* 20 V~!). However, the absolute value of the transconductance 
obtained is the largest that can be obtained in silicon, 

The maximum frequency is about 16 GHz for an effective channel length of 
1 am. 


‘At small channel lengths, the value of 4 and of the output resistance r), must be 
modified as well. Parameter NEFF is used in model level 2 and KAPPA in model 
evel 3 (see Table 1-1). It is easier, however, to use the empirical value of V¢ instead, 
as given in Eq, (1-24), 

Itis important to know the current level at which the model in strong inversion (s) 
should be substituted for a model in velocity saturation (v). This transition current is 
Tose. The relevant expressions are added in Table 1-4 on the bottom line. Equating 
the @n/Los ratio in strong inversion to the one in velocity saturation (last column in 
Table 1-4) yields psy. Substitution of this value in Eq. (1-18c) then provides a value 
of (ves — Vr)sv- 


4-9-4 Mobllity Degradation due to Transverse Electric Field 
A transverse electrical field reduces the mobility in the channel as well. A transverse 
electrical field is caused by the gate voltage across the oxide-depletion layer structure 
In order to model this, a parameter @ (Greek letter THETA) is introduced in model 
level 3. The mobility is then described by 


in _to (4b 


The value of @ depends on the oxide thickness and can be approximated by 
2.3/fox(nm). 
It is to be noted that the reduction of the mobility has the same effect on the 
+ transconductance as a series resistance Rs in the source. Indeed, this resistance reduces 
the transconductance gm by a factor (1+gm Rs) as given in Eq, (1-37), Factor @ reduces 
the gm by a factor (1+ 6 (vgs — Vr)) or (1 + gn/(2K" x W/L). As a result, the 
effect of factor 6 is exactly the same as series resistance Rs» with a value given by 


Roo = Sei (1-42, 
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For example. for @ = 0.05, K’ = 34 wA/V?, and W/L = 10, the value of the 
ance is Roe = 73 2. 

Parameter @ can also be used to some extent to model the onset of the velocity- 
saturation region. Indeed. a large value of @ causes the current to level off. Substitution 


of 4 of Eq. (1-41) in Eq. (1-18e) with KP = Cox, yields 


res 


BoC W (wes — Vr? 


ips = (a 
: Qn L 1+ 8wes— Vr) 
which becomes. for large values of @ 
oC WA A 
ings = “Sees — Vi) (43h) 


an LO 


which is linear in (vgs — Vr) exactly as in Eq. (1-385). Care must be exercised, 
however, to use Eq. (1-430) since the mobility also depends on vps. This effect is 
not included in parameter @. A more general expression of the mobility is 


Bo 
2) + OnVas +O 


K (430) 


140s 


in which @% is another constant and 8p = sto/ LV 
Even more complex models, not discussed here, are used to achieve precise values 
of current transconductance. 


4-9-5 Channel Width Factor DELTA 


‘The depletion layer charge Op, which contributes to the threshold voltage Vr through 
factor y as given by Eqs. (I-62) and (1-76), is not limited to the gate area itself. On 
both ends, additional charges Qpy are required to terminate the depletion charge at 
the surface (see Fig. 1-262). These additional charges are relatively unimportant for 
large values of gate width W and therefore they have been omitted in the calculation 
of Vr. 

For small values of W, however, they cannot be neglected. The effective value 
of Vp will be larger than the value given by Eq. (1-62) if the charges Qow are 
included. The threshold voltage is increased by a factor AVy that equals twice the 
value of Opw/Cow- The value of Qpw can be derived from Qp by comparison of 
their respective geometries (see Fig. 1-26a). Charge Qn is easily calculated for an 
‘abrupt junction, 

In the level 2 model of SPICE, the value of A Vr calculated in this way, is multiplied 
by 4/4 (4 is parameter DELTA) in order to take into account higher-order deviations 


CHAPTER 1: MOS TRANSISTOR MODELS 57 


vr 
i ee 
é oe eh 
%o ‘ W 
ow 
2 
40 s» 
@ w 


FIGURE 1-26 (a) Edge depletion charges; (b) threshold voltage Vy versus width W 


and to fit measured data, The value of AV; in SPICE is given by 


(1-44) 


It is clear that the threshold voltage increases for small values of W, as sketched 
in Fig, 1-26b. Note that this increase is only important when W becomes comparable 
in size to the depletion layer width xp. 


1-9-6 Static Feedback Effect Parameter ETA 
The depletion layer charge underneath the gate Qp includes all the charge from source 
to drain. However, at both the drain and the source side, part of Qpy is not controlled by 
the gate voltage but by the drain and source voltages, respectively. These charges are 
denoted by Opz, in Fig. 1-27a. These charges cannot be included in the calculation 
of Vp. They must be subtracted from Qpp to calculate Vr. The value of Vp must 
be decreased by AVr, the value of which can be calculated in a very similar way 
as above. The value of AVz is described in SPICE (model level 3) by a different 
expression given by 


any YDS 
AVp = 8.15 x 10-n 1-45) 
r x0 ne ( 
Parameter 7 (ETA) is introduced for fitting purposes. The expression clearly shows 
that the threshold voltage decreases for smaller values of channel length, as sketched 
in Fig, 1-276. 


FIGURE 1-27 
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(a) Charge sharing charge; (b) threshold voltage V> versus length L 


1-9-7. Onset of Short-Channel Effects 


Rather than knowing how to calculate the short-channel effects described by 3 and 7, 
itis important to know whether they occur at all. It is also important to know whether 
.an be avoided by layout or use of supply voltages. For this purpose, Brews et 
al, (1980) use an expression in which all depletion layer effects are combined. It gives 
‘4 minimum value of channel length Lyin, above which the threshold voltage can stil 
te considered to be independent of L. It is given by 


Lain = 4 nV aS 


(1-46) 


in which xp and ay are the thicknesses of the depletion layers’ at the drain and the 
respectively, calculated as for abrupt junctions (see Eq. (1-34))s fox is the 
x, is the junction depth. All dimensions are micrometers. 


source sid 
oxide thickn 


Example 1-12 
1-2 with § V at the drain and 
10!’em~*, xy = 1 am, 


Calculate the value Of Lyin for the "MOST of Sei 
zero bulk biasing (source at ground); foy = 50 nm, Ny 
and 2) = 0.694 V. 


Solution. ‘The values of xp and xs are, respectively, 0.87 em and 0.30 jum and 


Linn = 1.3 jem. For all effective channel lengths larger than 1 jam. no short channel 
effects are taken into account, 


1-9-8 Punchthrough and Substrate Currents 


Short channel effects are not the only limitations that prevent the realization of MOST 
devices with short channel lengths. A more severe limitation is punchthrough from 
drain to source, illustrated in first-order in Fig. 1-28 (Sze 1981). 
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FIGURE 1-28 


@ 
(a) Channel fength L is larger than the sum of depletion widths: (6) punchthrough in nMOST 


In Fig. 1-282, the cross section is given of an MOST on ann substrate, A small 
voltage Vps is applied to the drain. All other terminals are at ground potential. The 
distribution of the fixed ion charges of the depletion layers is sketched underneath. It 
corresponds with the electric field and potential distributions as shown. 

The width of the depletion layer at the drain is wider than the one at the source 
because of the larger voltage across it. Its value is given by Eq. (1-30), The built-in 
Junction potential of the drain-bulk and source-bulk junctions is denoted by 

For this small value of Vps, the channel length £ is still larger than the sum 
of the depletion layer widths (see Fig, .1-28a). However, if the drain voltage Vy 
inereases, the corresponding depletion layer width increases as well. For a certain 
value of Vps, the depletion layers touch each other as shown in Fig. 1-28h. At this 
point, a large current starts to flow from the source to the bulk and on to the drain, 
This is punchthrough. 

‘This current is simply a result of lateral bipolar transistor operation. Indeed, this 
device is as much a lateral bipolar npr transistor as a pMOST, although it is never 
biased as a bipolar transistor as both junctions are always reverse biased, Nevertheless, 
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if both depletion regions touch as in Fig, 1-28h, the drain voltage pulls down the 
potential across the source-bulk junction, forward biasing that junction. As a result 
this source-bulk junction acts as an emitter and injects current into both the bulk, 
which now acts as a base, and into the drain, which now acts as a collector. 

The value of this punchthrough current is difficult to calculate because the Poisson 
equations must be solved in two dimensions. The value of the voltage at which 
punchthrough occurs, however, is easy to calculate, Indeed, it is sufficient to equate 
the channel length £. to the sum of the two depletion layer widths, The value of Vy at 
which this occurs is the punchthrough voltage Vy, For this calculation, the depletion 
layer at the source side is usually negligible. By use of Eq. (1-3a) the punchthrough 
voltage can be approximated by 


qNol? 
Vers oy (1-47) 


ple 1-13 


What is the punchthrough voltage for 


an nMOST with L = 3 um on a substrate of Np = 10! cm 
an MOST with L = 1,25 jum on the same substrate? 


Solution, For this junetion, #; is about 0.7 V. For the first transistor, Vpy = 68.6 Vs 
for the second transistor, Vir = 12.5 V. 


It is important to note that the punchthrough voltage strongly depends on the value 
of the channel length. For small channel lengths, the value of the punchthrough voltage 
is very small, Hence, it establishes the real lower limit of the values of channel length 
that can be used, 
saleulation is ca 


‘ied out only for abrupt junetions. For linear junctions, 
s somewhat higher, On the other hand, the supply voltage can never 
be larger than about half of the value calculated in Eq, (1-47) to ensure that substrate 
currents cannot flow. 

Note that the value of the punchthrough voltage is nearly independent of tem- 
perature. Indeed, if 4) is negligible in Eq. (1-47), no temperature dependent factor 
is found, This property allows us to distinguish punchthrough from breakdown. The 
breakdown voltage always strongly depends on temperature. ‘The temperature effects 
in a MOST are described in App. 2-1 alter models for the bipolar transistor have been 
discussed. 


440 DESIGN EXAMPLE 


In order to gain insight into MOST parameters, a design example is now worked out 
In Fig, 1-29, the cross section and the layout of an nMOST are shown in a p-well 
CMOS process. The parameters are given in Table 1-1. The field oxide thickness fox 
is) jini: 
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powell 


iS substrate 
FIGURE 1-29 Layout and cross section of MOST in p-well process (8 connected to S), including some inter- 
‘connect lines. All dimensions are in jm. 
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‘The transistor is biased at Ves = 3 V. Vos = 5 V and Vas = 0. The followin 
parameters must be calculated: 


© the current Ips 

© the transconductances gq and gui 
the output resistance r,, 

all capacitances Cas, Cps, and Con. 
© the series resistances at the source 


The resulting values are given in Table 1-8, which indicates the data taken from 
. 1-29 and which expressions are used in what succession. 


4-11 JUNCTION FETS 


Junction field effect transistors are the oldest semiconductor devices. Their operation 
is based on the modulation of a conductive channel by means of depletion layers. 
While models have been developed specifically for JFETS, MOS field effect transistors 
have become much more important. Therefore, a JFET model is now derived from 
MOST model. In this section, several models are compared but only the JFET 
derived from a MOST model will be used tater in the book (Sze 1981; Das and 
Sansen 1980). 

A p-channel JFET is shown in Fig, 1-30. The channel is isolated trom the top gate 
G by a depletion layer with width /i. The channel is also isolated from the substrate 
or bulk B by another depletion layer. Both depletion layers modulate the channel 
conductivity or pinch off the channel entirely. This can be done by reverse biasing 
the voltages across these depletion layers 

In CMOS only the top gate is used to control the transistor current, The bulk is 
either biased at @ constant negative voltage or connected to the source. ‘The depletion 
layer at the top gate G can then fully pinch off the channel, provided its thickness ft 
is made equal to the thickness of the channei ac. This can be done by reverse biasing 
the top gate G with respect to the source. The voltage vgs required to fully pinch off 
the channel (for zero vps) is called the pinchoff voltage Vp. 

The reverse bias of the bulk with respect to the source determines the value of the 
channel width ac. The value of the pinchoff voltage thus depends on the bulk reverse 
bias. This is the bulk polarization effect. It plays exactly the same role in a MOST. It 
will be neglected here because the bulk is assumed to be connected to the source, 


111-1, JFET Pinchoff Voltage 


‘The pinchoff voltage Vp can be calculated in very much the same way as the 
punchthrough voltage of a MOST (see Eq. (1-47)). The thickness hic of the depletion 


TABLE 1-8 VALUES OF nMOST PARAMETERS (SEC. 1-11) 
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Input data Parameter Expression Table or Result 
Equation number 
loa Ta=tn-ALD-DL (1-214) 3.36 jem 
Woe Wer = War - OW 13.4 4m 
Wnt 4 
a n=1+y/(2vPB) (15a) 16 
‘sea KP/2n W/L (vas ~ Vz)? (1-180) 0.287 ma 
On KP/n W/L (vos Vr) (1-224) 0.239 mS 
Doe (2-190 (1-23) 0.143 mS 
to Wtsiosex) (1-24) 158k 
G80 = 18 um Coso Coso=CGS0xGS0 Table 15 6aiF 
G00 = 13 jum Ce00 G00 = CGDO x GDO 6amF 
ae tor/lon = 2% 10-7 fom? (1-10) 
Ag=13x3.4 um? — Cont 2/3 Cox Worlan corr 
Caer 2/3 G Wontar 13.21F 
Ag = 13% 9 um? 
Ps = 44 um Gea ‘AsGo+ Ps Gano Table 1-1 73.01 
Ap = 13 x9 pm? 
Po = 44 4m Goer'SV) ASG + Ps Gr 25.91F 
tufts =6 x 10-7F/om? (1-20) 
Aygt =17%31 pm? — Gansu Gu * Anat 31.3 1F 
Ayo = 7x18 um? — Goo Apo «5.2 nF fem? Table 1-7 5.5 IF 
Aya =10x4um? — Goa Apo 8.5 nF fem? 2.6 um 
Aye = 7x11 um? — Gos Ago x 8.2 nF fem? air 
(Fig, 1-286) Gy Gr = Goa Table 1-8 2.61F 
Ga Ga = Goo 5.51 
Cos Cas = Caso +2/3 Cox 66.8 1F 
¢0 6.8mF 
Coe Coe = Gos 25.9 fF 
Ose se = Gs +2/3Cecr 87.8 1F 
o Ci = Cas + Go 69.4 1F 
& G2 = Co + Gre 31.4 fF 
& C= Cao barr 
Ase = 4/19 um Rs Rg =15 9/0 Age 460 
FIGURE 1-30 pchannel JFET. 
s G Seg wD: 
ae SE 
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layer is obtained from Eq, (1-34), for a channel with homogeneous doping level Nx, 
if the junction is assumed to be abrupt, At a reverse bias of Vp, the channel is pinched 
off, At this point, the thickness of the depletion layer equals the full channel thickness 
ac. Substitution of Vac by Vp and of ts; by ac in Eq, (1-32) yields: 


(1-48) 


in which @j is the gate-channel diode built-in voltage, given by Eq. (1-3). This 
pinchoff voltage Vp consists of two terms that normally subtract from each other 


Example 1-14 
Oy 10" cm-*, calculate the 
Vp = 3 


If the top gate doping level equals 10! em~? and Na 
pinchoff voltage for ac = 0.2 jum. What value of ae: is required 10 mi 
and Vp = 1 V? 


Solution, For the doping levels given, @j = 0.932 V (see Eq. (1-3h)); the first term 
in Eq, (1-48) equals 3.019 V and hence Vp = 2.087 V. A reverse bias or positive 
voltage Vos of about 2 V is thus required to pinch off the channel. In a similar 
way, for a channel thickness ae = 0,228 wm, Vp = 3 V and ae = 0.16 jan for 
Vo =v. 


‘The p-channel JFE’ 30 is normally of the depletion type. The conductin 
channel already exists for zero applied Vas. Its Vp must be positive, analogous with 
the Vp of a depletion pMOST. For this reason, the sign of Ve was changed from 
Eq, (1-3a) to Eq, (1-47), In SPICE, the pinchoff voltage is denoted by VTO (see 
‘Table 1-9). For a depletion pJFET the pincholf voltage is positive. 

By means of ion-implantation technology, even thinner channels than 0.2 jem can 
be realized, A value of Vp of about one volt is reached for a thickness a of about 
ETS with different 
pinchoff voltages are shown i 31. The pinchoff voltage can take values down 
to 0 V. However, the gate can only be forward biased over a few hundred mvolts, 
at which point a gate-source diode current starts to flow. This is gate leakage current 
and is to be avoided. This is actually the main disadvantage of the JFET. Additional 
circuitry is required to make sure the gate is never forward biased. 

‘The characteristics of Fig. 1-31 are shown as a dashed line to indicate forward 
biasing. As a consequence, for small ac or for small Vp, the input voltage range has 
become quite small (see curve 3 in Fig. 1-31). The most common value of Vp 
about 1 V for JFETs with an implanted channel and 2 to 5 V for JFETs with channels 
realized by means of epitaxial layers. 

For positive gate voltages larger than the pinchoff voltage, punchthrough may 
occur. A large current then starts flowing from gate to bulk. Obviously, this region of 
operation must be avoided as well and, again, the surrounding circuitry must ensure 
that punchineenn Gee 


0.16 jum and zero Vp for 0.11 jm, Transfer characteristics of JFI 


‘occurs. 
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FIGURE 1-31 igs versus vgs curves of JFET's with 
Gilerent Vo OF oso- 

TABLE 1-9 NOMINAL SPICE PARAMETERS FOR A JFET 
Type TFET puFET Dimension Name Equation 
vio a 1 v Zero bis threshold volage 148 
BETA 44 2E4 ANP ‘Transconductance parameter 1-490 
LAMBDA 0.001 0.001 V+ Channel length moduiation parameter veda 
ces se12 SEI2F Zero bias G-S junction capactance 1890 
ceo e120 1E12 OF Zero bias G-D junction capacitance 
PB 06 oO Buk junction potential +96 
Fo 0s os = Coetficient forward bias junction capacitance T.2-4 
's 1613 1613 A Bulk junction saturation current 
RS 20 50 0 ‘Sheet resistance difusion of S 136 
RD 20 50 90 ‘Sheet resistance diffusion of D 138 
KF 2E15 SEIT A Fricker noise coeticient 1-682 
AF 4 1 Foker noise exponent 1-682 


411-2 JFET DC Model 


|A JFET behaves in very much the same way as a MOST. The current-voltage char- 
acteristics of a pIFET are sketched in Fi The ips versus vgs characteristic (in 
Fig. 1-32a) is quadratic, as for a depletion MOST. It crosses the current axis at Ips 
and cannot be used for negative values of vcs. as explained above. 

The ips versus vps characteristic (in Fig. 1-32) looks like the characteristic of a 
depletion MOS transistor. For small values of vps (e-g., when it is used as a switch) 
the JFET is in the linear region. For large values of vps. the JFET is in the saturation 
region. The current is then nearly independent of the drain voltage. The model of the 
JEET in the linear region is given first 

‘All expressions of the current that have been derived for a MOST can be directly 
applied to a JFET, provided the top oxide capacitance Cy. is replaced by the top 
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(a) 


0 Von \p Ys 
@ O) 
FIGURE 1-32 Characteristics /og versus vas (a) and /ag versus vos (b). 


junction capacitance Coe. This is intuitively acceptable, The narrower the channel, 
the more the channel charge resembles the very narrow inversion layer charge spike 
of a MOST. ‘Thus, the same model can be used for both devices 

This is certainly true for JFETS realized by means of fon-implantation. ‘The channel 
and gate depth are only a few tenths of a micron and their pinchoff voltage is usually 
1 V or less (type 3 in Fig, 1-31). This is not the case, however, for diffused JFETS. 
Their gate and channel depths can extend over several microns. AS a result, their 
pinchoff voltages can be as high as 5 V (type 1 in Fig, 1-31), They can have two 
different models, If they are biased around vgs = Vp, their channel is very thin 
as well and they can be modeled by means of MOST models in the same way as 
ion-implanted devices. If they are biased around 0 V, their channel is wide open and 
4 different model applies. 

For this reason we introduce two models; the narrow-channel model and the wide- 
channel model, ‘The narrow-channel model is copied from the MOST model. It applies 
to ion-implanted JFETs and diffused JFETs biased at their pinchoff voltage. The wide- 
channel model is not derived from the MOST model and applies to diffused FET 
biased at Jps0 or at vgs © 0 V. The narrow-channel model applies to most modem 
devices and is therefore taken frst 

For narrow-channel devices biased around 0 V, either model can be used. The 
MOST model, however, is preferred because it is well known. 


1-11-3 JFET: DC Model in Linear Region 


For a narrow-channel JFET, the channel charge Q,, is almost fully taken up by the 
depletion layer charge of the top gate diode. The width of this depletion layer is ac 
and hence the corresponding junction. capacitance of the top gate diode is Cgs. In 
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analogy with a MOST (see Eq. (1-9)), the resistance Rps of the JFET is given by 


Ros = ———__ (1-49) 

Os Blogs — Ve) 
with (1-49) 
and Cos = (1-490) 


Example 1-15 
Calculate Rps for Vp = 1 V (ac = 0.15 jum) and vgs =0 V; note that W/L = 10 
= 200 cm*/Vs; Nx = 10'7 cm™* and g = 0.932 V (for 10!" cm=* gate 


doping). 


Solution. Capacitance Cgs = 6.6 x 10-* pF/cm? and the model of Eq. (1-49) 
gives 8 = 0.13 mA/V? and Rps = 7547 Q. For a homogeneous resistor, the 
resistivity p = (quNa)"! 31 Qem. The length is L and the cross section is 
cW; the resultant Rps = 1953 2, which is much larger than expected. 


In SPICE (see Table 1-9) the value of f (BETA) is listed directly, For each W/L 
ratio, a different model is taken, Also, the value of Cos is listed at zero-volt bias. 


4-11-4  JFET DC Model: Onset of Saturation 
For very small values of vps, the width of the depletion layer of the top gate diode 
is the same on.both the drain and source side. This is the case in Fig. 1-30, which 
has been repeated in Fig. 1-332. For larger values of vps, the width of the depletion 
layer increases on the drain side, as shown in Fig. 1-33. The voltage drop across 
this depletion region increases from ves on the source side t0 Yap = 
the drain side, The value of qn is larger than vs because vs is positive and vs 
negative for a pIFET. 

Even for larger values of vps, the depletion layer pinches off the channel (see 
Fig. 1-33c) and saturation occurs. At this point, the voltage drop vp evidently equals 
Vp. The value of vps at the onset of saturation is denoted by tipsy and it is approx 
ihately given by 


Yas = Vos On 


Upser = ves — Ve (1-50) 


in analogy to a MOST (see Eq. (1-11)). 

Consider a pJFET with Vp = 3 V: Ves = 1 V and Voss; = 2 V. Note that for 
Vp = 1 V, and Ves = 1 V, Vpsex = 0 V but the current ips is also zero. 
illustrated in Fig. 1-32h, in which the points of operation of Fig. 1-33 are i 
For very small ups. the operating point is (2). The onset of saturation is indicated by 
point (c). This point shifts towards the zero of the axis if x¢s = Vp. 
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FIGURE 1-33 Channel depletion layers for constant Ves and increasing Vos (a) JFET as a switch (b) in linear 
‘egion (c) at onset of saturation (d) in deep saturation. 
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For values of vps larger than vpssa. the channel is pinched off before it reaches 
the drain side (see Fig. 1-33d). The pinchoff point occurs where the voltaze drop 
across the depletion layer equals Vp. Hence, the lateral voltage drop between the 
drain and the end point of the channel is given by vps — rosa. This voltage drop 
causes a reduction in channel length trom £ 10 Ley. This reduction L— Lei: can be 
approximated by means of Eq. (1-34) for one-sided abrupt junctions, in which Np is 
substituted by channel doping level Ny 

The current ips in saturation is then approximately constant becauise i is determined 
by the lateral voltage drop between the end point of the channel and the source. 
This voltage drop is fixed at a value vps. independent of vps itself. The current 
increases slightly. however, because of the reduction in channel length (see point (i) 
in Fig, 1-325). 

‘The saturation mechanism described above is very similar to the same mechanism 
found in a MOST and will thus be derived from the MOST model, 


1-11-5 JFET DC Model in Saturation 
This model is quadratic and the current equals Josv at ves = 0 V. Ih is described by 


(sty 


This model has the disadvantage that the parameters Js and Vp» depend on each 


other. Therefore. we prefer to convert this model of Eq, (1-51) into ). given 
by 
B , bs 
insur = 5 (vas — Vp) (1-520) 
in which £ is given by (1-49h). ‘This model closely’ resembles the MOS model in 


saturation (see Eq. (1-18a)). Comparison with Eg. (1-51) shows that fs. can also 
be described by (Das and Sansen 1980) 


(1-52) 


Indeed, Zys9 and Vp are correlated, as clearly seen in Fig. 1-31, We can then use 
B and Vp rather than /pso and Vp 
The characteristic of Eq. (1-52) is also shown in Fig, 1-32a 


|-11-6 Model for Wide-Channel JFETS 
If a JFET is built up by means of epitaxial layers, it has a wide channel (large ae). In 
this case, the JFET in its linear region behaves as a resistor with length Land cross 
section Wac. It is more interesting, however, to see the difference in the model if the 
JPET is used as an amplifier in the saturation region, 


FIGURE 1-24 
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For the calculation of the current in saturation, the depletion layer width is always, 
assumed to be given by Eq. (I-32) as for a one-sided abrupt junction, The current ips 
is obtained by integrating the channel charge Q,, between source and drain. If this 
is carried out at the onset of saturation (see Fig. 1-33), where vps = vas — Vp, the 
resultant current ips is ipsax (1981 Sze). 


32 


ins Joss sharon) (153) 
: |W @Nie 
with toss = ( 
o; + Gs 
and oe MMs 
7 fos = EVp 


The integration of an expression with a square root gives rise to a 3/2 power and 
easily recognizable. The same 3/2 power has already occurred in the derivation of 
ips for a MOST. It is the coefficient of y in Eq. (1-16). 

It is clear from Eq, (1-53) that Zpss is different from so and the current at zero 
vgs from Eq, (1-53) is different from /pso or (B/2)Vp. We must keep in mind, though, 
that pss is derived from first-order considerations. Therefore, we change the value 
of Ipss such that Ipsq is the same in both Eq. (1-53) and Eq. (1-52). 


Even if the currents at zero are the same for both models, there is still 
difference in curvature. Eq. (1-52b) has a quadratic relationship, whereas Eq, (1-53) 
contains a linear term and a 3/2 power term. Both are shown in Fig. (1-34) for the 


Same current at zero vgs. It is clear that the curve of Eq. (1-52) is slighty more 
curved. 


fog versus Vas characteristics in saturation. 


ins 


268 A 


pe 


asta (64.153) 


(Eq, 1-53) with reduced Iss 


iS 


(Eq. 1-52) 


CHAPTER 1: MOS TRANSISTOR MODELS 71 


Example 1-16 


Calculate the currents for both models for a~ = 0.2 um, Vp 2.087 V (¢) = 
0.932 V), W/L = 10 and pe 200 cm?/Vs. What value of Zysy is required to. 
ensure that both models provide the same Iso? 


Solution. From Eq. (1-49¢), Cos = 5:3 % 10-* pF/em? and trom (Eg. (1-49), 
B = 0.106 mA/V2, Hence, from Eq. (1-52), psy = (B/2)Vj = 0.231 mA. From 
Eq. (1-53) Loss = 0.644 mA and the current at zero-volt Ug is ip sar = 0.268 mA. 
We multiply [pss by a factor 0.231/0.268 = 0.862 to obtain the same fy. This 


situation is diagrammed in Fig. 1-34. 


Because of its similarity with a MOST, the model of Eq, (1-52h) will be used from 
now on. If fabrication data is available, such as channel thickness ac and channel 
doping level Na, parameters Vp, Cas, and fi are easily calculated, On the other hand 
if only measured data is available, Vp and ps0 are easily extracted, and fis derived 
from Eq, (1-52c). 

Note that there is still an important difference between the models of a MOST and 
a JFET because of the difference in nature between Coy and Cos. The first one is 
constant whereas the second one is a depletion layer capacitance, and thus depends 


on ves. 


1-11-7 JFET DC Model In Saturation: Subthreshold Region 


For very low current values, a subthreshold region occurs in very much the same way 
as it does for a MOST. The ipso versus ves characteristic is exponential. The slope 
of the semilogarithmic curve is again given by nkT/q in which n (= 1 +Cgs/Cas) 
indicates the relative value of the controlling capacitance 

If both the top gate and the bottom gate (or bulk) are shorted together, then 1 = 1 
and the same slope is achieved as for a bipolar transistor, ie., 60 mVjlecadle. In 
‘general, the JFET does not have an isolated bulk and hence n has a typical value of 
15 to 7. 

In SPICE, the model of Eq, (1-52a) is used. Parameter f oceurs in both Eq, (1-49) 
and Eq. (1-52a) and is listed as BETA in Table 1-9, 


4-11-8 _ JFET Small-Signal Models 
In saturation, the small-signal model is derived from the DC model of Eq. (1-52a) in 
exactly the same way as it was derived for a MOST, It consists of transconductance 
8m Which, in the quadratic region, is found by taking the derivative of Eq. (1-520). 
The transconductance per unit current at zero vgs is then given by 


ipsaheseo Ve 


72 _ DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


‘This is a well-known result for JFETs: the smaller the pinchoff voltage, the larger 
the transconductance per unit current at zero vgs (at Ipso). In general, however, the 
JFET can be biased at any current between zero and Js and hence gn /ipsyx can be 
made much larger than given by Eq. (1-54). As for a MOST, the smaller the current 
the larger the q)/ipsix ratio (see Fig. 1-10h). In the subthreshold region, however, 
the ratio of gm/Zpssat Teaches its maximum value and equals q/nkT. 


‘The second small-signal model parameter is the output resistance ry oF rps. It 
depends on the current in exactly the same way as a MOST. In SPICE, it is also 
characterized by LAMBDA (2). Hence, the relation between r,, and 2. is again given 


by Eq, (1-24). 

In addition to the transconductance and the output resistance, the capacitances 
must be added in the small-signal model. Again, the picture is very similar to a 
MOST except that Cox is replaced by Cos (see Fig. 1-30), Also, the gate overlap 
capacitances are feplaced by the gate source and gate drain capacitances Cosy and 
po respectively. These capacitances are much larger than the overlap capacitances 
in a MOST because their corresponding depletion regions are very thin as a result of 
the high doping levels on both sides. 

For example, if the top gate is 0.2 am deep and the doping level of both the 
gate and the drain (source) is 10! cm~*, then the depletion layer width is only about 
0.024 jam ( = 1.05 V) and the overlap capacitance Cy = Caso = Conn = 8.8 pF 
per cm width W, which is enormous. 

In SPICE, the overlap capacitance Cosy is included in CGS itself. The othr cap- 
itance Cepo is denoted by CGD at zero bias. Note that both capacitances in SPICE 
‘ire total capacitances, not capacitances per unit area 


Example 1-17 
Calculate the maximum frequency of operation fins = m/22Ces, in which Cosy 
is the total gate capacitance. The pJFET has L = 5 jum, jp 100 em? /Vs 
Vas — Vp = 1 V. Repeat the calculation first with only an oxide capacitance of 
5.3 x 10-* F/cm? and then, after the addition of gate-source overlap 
ance, with value Cyy = 8.8 pF/em. 


Solution. The gate capacitance is Cos; = WLCgs and the overlap capacitance 
Cosroe = 2W Cov. The frequency fax is given by 


(1-55) 


This provides fnax = 127 MHz without overlap capacitance but only 48 MHz 
with overlap capacitance 

Note that this fax is maximized for an nJFET with small channel length and 
biased at vcs = 0. However, the reduction of the channel length is limited by 
punchthrough. 
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4-11-9 JFET Example: MESFET 


FIGURE 1-95 


‘A good example of a JFET with a small channel length L is a MESFET (see 
It consists of a thin epitaxial channel that can be pinched off by the depletion layer of 
a top gate Schottky diode. Source and drain diffusions are not required and as a result, 
the lateral dimensions can be made quite small. A typical gate length is L = 0.5 jum, 
Usually GaAs is used instead of silicon, as it provides electron mobilities up t0 1500 
em?/Vs. As a result, the value of the maximum frequency (for Vp = | V and zero 
vg) is 95 GHz, which is a very high value indeed. This value can only be reached! 
if the overlap capacitances are neglected 

‘A few more sophisticated realizations of silicon JFETs are shown in Fig, 1-36. 
‘The meander structure (Fig. 1-36a) uses only a small area for a resistance with a 
large value, whereas the round structure (Fig. 1-36h) provides minimum drain gate 
capacitance. 


(a) nMESFET and (b) Pinch resistance as pJFET. 
s 
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G 


= 1 


FIGURE 1-36 (a) Meander and (b) round JFET. 


4-11-10 JFET Design Example: 
A pJFET has been reali 
channel profiles as sketched in 


resulting in gate and 
1-37a. The depths are indicated, as are the average 
doping levels. The mobility in the channel is 275 em?/Vs. In Fig. 1-37, the layout 
is given, All SPICE parameters (see also Fig. 1-7) are calculated at Ves = 0. 

"At the biasing point Vs = 0. the following specifications are obtained: Ips (Vos = 
10. V), ms 8m/Tosee 8nd fran: 

‘The results are collected in Table 1-10. 


1-12 NOISE SOURCES IN FET 


A JPET is used mainly to replace a MOST for low-noise applications. Therefore, the 
noise performance is investigated for both of them. However, since this is the first time 
that noise is discussed, elementary considerations of noise are provided (Ott 1988). 

Noise is a signal with random amplitude versus time (see Fig. 1-38a), It is genet 
sted by all passive and active devices. Its average value over a certain period of time 
is zero and therefore its power is measured by the noise voltage vy squared to vy 
and averaged over that time period (Fig. 1-385). 

The frequency spectrum of noise extends from nearly zero to frequencies up to 
10" Hz. In some cases, more noise is generated at low frequencies (see Fig. 1:39). At 
these low frequencies, the power decreases linearly with the frequency and is called 
1/F (or pink) noise. At higher frequencies, all frequencies are equally present and 
it is called white noise. In order to be able to take into account frequency spectra 
with variable amplitude, an elementary small frequency band df is taken. The noise 
power in this band is then denoted by dv; (see Fig. 1-39). The total noise in a given 
bandwidth from frequency fi t0 fis given by 


w= | i af (1-56a) 
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FIGURE 1-37 (a) Profile of doping level, for p-JFET; (b) Layout JFET: Note that the source stripes are connected 
together, and also the gate stripes. 


‘This integration is easily carried out for white noise (see Fig, 1-39), given by 


56b) 


via 


Note that for large frequency bands, the lower frequency /\ is negligible with 
respect to fs. Taking a value of zero for f; makes the calculation easier in Eys, (1-56) 
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TABLE 1-10 VALUES OF JFET PARAMETERS (SEC. 1-11) 


input data Parameter Exprossion Equation Number Fssult 
Fig. 1-378 4 F ininanorn) (1-30) 0.861 
ag =0.2 um Vp (QNaa®)/20i ~ (1-48) wav 
Fig. 1-370 
@ jum bn typ = by ~ 20D. (1-21) +4 um 
Wy = 300 yum Won Wo = 2x14, 600 jm 
Won/ Low 43 
Cos at =5.3%10°° Fyem? — (1-490) 
Cas WarterCas 4.45 pF 
j= 275 cm?/Vs. B (W/Lenu Cas (1-496) 627 wA/V® 
1080. ay2Vve (4-520) 380 eA 
9m/ oso 2/Vp (1-54) 1,82 
Om Ve 691 pS 
d (1-248) 0.001 
Fig. 1-976 Cas 2/9Cos (1-490) 2.97 pF 
Caso Gggo = Cos x 0.26 um 1.38 pF/em 
Fig, 1-378 Capo Capo = Caso 
Capiov Capi = Wen Coo 0,08 pF+ 
Fig. 1-376 Coe TE = 2.23% 10-F/em? (1-490) 
Apa = 90% 300 wm? — Copy Cos = Avs Cos 2 pF 


Gm/l2x Gast) (1:55) 96 MHz 
* bocomas 0.686 pF I tho n+ and pp rogiane touch; tho capacitance Capo is then 11.44 pFlem indood 


FIGURE 1-38 Noiso versus time. 


@ 


() 


FIGURE 1-39 Noise signal versus frequency. 


CHAPTER 1: MOS TRANSISTOR MODELS 77 


white nose 


Calculations for noise signals other than white noise will be carried out later. 
Several noise sources are examined first. 


1-121 Thermal or Johnson Noise 


FIGURE 1-40 


This kind of noise depends on temperature but not on current flow. It is white. A 
resistance R generates thermal noise, given by (Fig. 1-40) 


dvy = 4kTR df (57) 


in which & is Boltzmann’s constant and 7 the absolute temperature. F: 
easily calculated by kT = kT /q x q = 25.86 mV x 1.6% 107 C= 41.4x 107? VC 
or V?/2 Hz. 


Example 1-18 


Calculate the noise voltage generated by a resistance of 1 k@ and its total noise 
voltage between 100 Hz and 10 kHz. 


Solution. duz = 16 x 10-'* V2/Hz or 4 nVeuus/VHZ. This is an easy result to 
obtain and is worth remembering. 


‘Thermal noise. 


@ 0 
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The total noise between 100 Hz and 10 kHz is then Tig = 398 nVews. The 
approximate result (for f, = 0) is then 400 Vis, which is sufficiently close to 
the exact result, 


In Fig, 1-40q, thermal noise is represented by a voltage source in series, Its exact 
polavity is not important because its value will be squared anyway. The polarity is 
only indicated to apply the laws of Ohm and Kirchhoff, which are applicable only to 
voltages and currents, not to powers. 

In some circuit configurations, it is advantageous to represent the thermal noise by 
a parallel current source, with value dig. It is obviously related to dug as indicated 
in Fig. 1-40. Again, the polarity is indicated to carry out circuit calculations and it 
can be freely chose 

Note that the higher the temperature of the resistor, the more thermal noise it 
generates, so cooling down the resistor reduces its noise contribution. This is not the 
case for shot noise, discussed next. 


4-12-2. Shot Noise 
Shot noise does not depend on temperature but on the current flow. It is also white 


noise. A junction diode always generates shot noise. Its value is given by (see 
Fig. 1-41a); 


Ip af (1-58) 


a, 


and again, its polarity can be chosen. 

Note that Eq. (1-58) is valid for forward bias current as well as for reverse bias 
current. In Fig, 1-41), the diode is reverse biased and a small leakage current Ip 
flows, to which Eq, (1-58) is fully applicable, 


FIGURE 1-41 Shot noise. @ o 
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Example 1-19 
Calculate the noise generated by a diode that is 


1 forward biased at a current of /y = 50 2A: how is the noise related to the 
small-signal resistance 1/g», of that diode? 

2 reverse biased with a leakage current (for example, under influence of light 
or radiation) of Ip = 0.5 pA. 


24 A2/Hz or 4 pAgus/ Hz. This too 


Solution, In forward bias, dis, = 16 x 10~ 
is a useful result to remember. 
‘At50 jtA, the small-signal re: 


nce 1/gq is q/p/kT = 517 2. Comparison 
of Eq. (1-57), in which dij, = dvjz/R? with R = 1/gm, shows that the diode 
generates only half of the noise power calculated from Eq. (1-57) with 1/gn) 8s 
resistance. Nevertheless, remember that gq, is small-signal parameter that does 
not generate noise anyway, 

In reverse bias, dviz = 16 x 10" A2/Hz or 0.4 fAus/V/Hz. 


Note that this kind of noise can be reduced only by reducing the current, not by. 
cooling down the device. 


4-123 1/f Nolse or Flicker Noise 
‘To any of the noise sources described above, a 1//' noise source must be added, This 
kind of noise describes the quality of the conductive medium, The more homogeneous 
the material, the lower the 1// noise. Also, the larger the conductive volume, the lower 
the 1/f noise. For planar devices, the 1/f noise is always inversely proportional to 
the size of the device. 

The I/f noise does not depend on temperature but rather is proportional to the 
current, It is not white but pink noise. Thus, the noise source dv of & resistor in 
Fig. 1-42 consists of a white noise component dijzy and a 1/f noise component 
dvr, given by 


(1-59) 


in which Ag is the size or area of the resistor; Vp is the DC voltage across the 
resistor and KF is a technological 1/f noise constant. The resistor has been real- 
ized with sheet resistance Ro. For a diffused or ion-implanted resistor, KFe ~ 5 
10-4 S$? cm? (Das and Sansen 1980). For thick-film resistors, KF is about 10 times 
larger. 


FIGURE 1-42 


80 DESIGN OF ANALOG INTEGRAT 


CIRCUMTS AND SYSTEMS 


Tp 
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2 dige 


1 AViats n Lt n 2 
n 10 100 fe 1k 10k oS 
Uf comer frequency 


Noise voltage of 1 KS? resistor. 


Example 1-20 


Draw the noise volt sistor of 1 k@ realized in drain resistance (50 @/0) 
that is 5 jam wide and in the frequency range 1 Hz to 100 kHz, The applied voltage 
is 1 V. At what frequency does the transition occur from 1/f to white noise? 


Solution, With 50 2/0, wenty squares are needed to realize 1 k&. The length of 
the resistor is thus 20 x 5 um = 100 am and its area is Ay = 100 x 5 ym = 
500 jum? or 5 x 10-® em? a 

Atl Hz, dig = 25 x 107'6 V2/Hz or 50 nVans/VHz. At 100 Hz dup = 25 x 
107'* V2/Hz or 5 nVaus/¥/Hz. The white noise level for 1 kis at 4 nVews/V Hz. 
Both characteristics intersect at about 160 Hz. This frequency is called the 1/f 
noise corner frequency fp (see Fig. 1-42). 


A 1/f noise source is also added to shot noise, ie., to dif, in Fig. 1-41. Its value 
is given by 


KFily df 
Ap f 


in which Ap is the size of the diode, [p the current through it, and KF), another 
technological noise constant. In general, KF; + 10-*! Acm?, Experimental data has 
indicated that the exponent of Zp can differ from unity, but is normally at unity. 


(1-60) 


Example 1-21 


Draw the noise current in the frequency range 1 Hz to 100 kHz of a diode biased 
at 50 WA. The size of the diode is 30 x 30 um. What is the comer frequency? 
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‘Add curves for biasing currents of 0.5 mA and 5 mA, What happens to the comer 


frequency? 


Solution. At 1 Hz, dipy is/V Hz. At 100 Hz, 
id, = 96 x 10% A2/Hz oF 7.5 pAgyys/VHz. The white noise level is only 4 
PAgats/VHz. These characteristics intersect at a comer frequency of about 350 Hz. 
For a biasing current of 0.5 mA, which is 10 times higher than 50 j1A, the white 
noise current decreases /10x but the 1/f noise current does not. The comer 
frequency thus increases by a factor of V10. The higher the DC current through 
the diode, the higher the comer frequency. 


4-12-4 Other Noise Sources 
A few more noise sources exist, which we mention here only in passing. The first is 
popcom noise. It has a distinct behavior in the sense that on an oscilloscope it looks 
like regular noise except for a number of sudden pops at a low repetition rate, Its 
power has a 1/f* spectrum. It is an indication of distinct recombination processes in 
the material, and a sign of bad quality processing. It should be avoided altogether 

‘The other noise source that occurs is associated with breakdown. Breakdown itself 
is a random phenomenom. Just before breakdown, excessive noise is generated and 
breakdown can be avoided by staying away from the breakdown voltage. 


1-12:5 Total Noise 
‘Assume that the bandwidth of the output noise of a resistor is limited by means of a 
‘capacitance (see Fig. 1-432). The total output noise can then be calculated as given by 
Eq, (1-56a), provided its transfer function #(f) is included. For a simple RC circuit, 
H(f) is given by 


(61) 


H(f) 


7 


iy 


in which f. = 1/2 RC is the bandwidth. The total noise is obtained from Eq. (1-S6a) 
and is given by 


[famosa GRAN PAF (1-620) 


Substitution of dv and of H(f) allows integration. Noting that 


f —* dx =arctanx and that ip 
ee Io 


Pee} 


FIGURE 1-43 
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s 

® R 

Mv 

1 
ag ‘oe Proume Tie ie! 
je ® 
Ouiput noise of resistor n with capacitance ¢, (a) without and (b) with switch S: 
Eg. (1-622) yields 
fT 
V cal (1-62h 


‘This result could have been obtained from Eq. (1-56b) as well by working out thy 
integral on H(f) only. This yields 


(6: 


in which f.:/2 is called the noise bandwidth. It is the bandwidth necessary to calcula 
the total white noise with the simplified Eq. (1-56). Note that it is $7 percent larg: 
than the bandwidth f. itself, in order to include the effects of the finite slope of 2 
dBidecade of a first-order filter. For higher-order filters (of order > 5), the noi: 
bandwidth evidently equals f- itself. . 

‘The result of Eq. (1-626) is remarkable. It shows that the noise generated by 
resistor depends only on its shunt capacitance. This is also true for very large R. 

For charge amplifiers, where the input source is a capacitance, the noise is express 
as a noise charge or as a number of electrons. The noise charge is Cuc, with vc givi 
by Eq, (1-626). It is also given by qNe, in which Ne is the number of electro: 
Equating both yields 


ng 


(ae 


which equals 400/C if C is in pF. A charge amplifier with 2 pF input capacitar 
will thus exhibit about 456 electrons input noise. 

Equation (1-62b) is valid if a switch is added in series with the resistor, as shown 
Fig. 1-43b. The switch opens and closes periodically as in switched-capacitor circt 
(see Chap. 7). It thus functions as a periodical sample-and-hold. Each time the sw 
‘opens, the output voltage is held. Because of the noise, the voltages held are sligh 
different. The random variation or the variance again equals /T7C. For a | pF it 
‘capacitance, the expected variation is thus as high as 64 Vgus. The only way 
decrease this variance is to increase hold capacitance C. 
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1-126 FET Noise Models 


FIGURE 1-44 


Noise signals are small and can thus be added in the fs small-signal model. This is 
shown in Fig. 1-44a for a FET in saturation, ‘Two noise sources are included: thermal 
noise in the channel and gate leakage noise. 

Channel resistance Ry generates thermal noise dips. shown in Fig. 1-40b. It is 
‘given by 


didy = Ra (1-65a) 


Resistor Roy is actually the drain-source resistance in the linear region, given by 
Ros in Eq, (1-9). However, the drain-source resistance Rs in the linear region 
approximately equals the inverse transconductance 1/¢., in the saturation region, Be- 
cause of field effects in the channel, the noise is reduced by a factor of 0.6 0 0.7, oF 
about 2/3. The resistive channel noise di},, can thus be described by 


ax _ BAT 
digg = ran (1-656) 


This is a truly important expression and detinitely worth memorizing, 
Th order to be able to compare the noise generated by the FET to the input signal 
applied, the noise is referred to the input, It is then called the equivalent input noise 


voltage and is represented by dif. Its value is obtained by division of dips of 
Eq, (1-65b) by g?, and is given by 


i 
BED df (1-66) 


Cos Coy Cos 
G ey _—» 
Do me On 
di | ais 
2 ay Cas = Con. Cys 5 
DF te 
ding Ratios 


by 


1/f noise source is added. Referred to the input, it is given by an expression derived 
from Eq. (1-60). The current dependence disappears after division by g>. and given by 


KFr df 
ol — WECE f 


(1-67) 


in which W and £ are in em, and Cy, is in F/em?, Constant K Fy depends on the 
FET used. Empirical values are (Chang and Sansen 1991): 
pIFET KF © 10-°C?/em? (and Cos = Cox) 
pMOST —-K Fy © 10 C2/emr 


C/em? 


nMOST = KF © 4x 107 


‘These are obviously approximate values. Depending on the actual technology they 
can easily differ by more than a factor of two. Nevertheless these averages will be 
used in the remainder of this text. 

Note that « JFET is about ten times higher in noise power (a factor of /T0 in 
‘equivalent input voltage) than a pMOST of the same size. Also note that an nMOST 
is considerably worse than a pMOST. 


Example 1-22 


Derive the characteristic of dvj,, versus frequency (as in Fig. 1-42 for a resistor) 
for a pMOST and a pJFET with gq = (1 k2)-! and a gate area of 200 x 5 jam, 
The controlling capacitance Coy = Cos = 6.8 x 10° F/cm’. 


Solution. The white noise level is somewhat lower than for a resistor of 1 kQ 
because of the 2/3 factor in Eq. (1-66). It is dvjgg = 3.26 nV/VHz instead of 
4 nVeys/VHz. The 1/f noise is easily calculated to be 0.15 jeVems/VHz for 
a pIFET and 0.5 2Vays/VHz for a pMOST at 1 Hz. Both characteristics are 
sketched in Fig. 1-45. It is evident that a pMOST generates more n 
frequencies. It has a comer frequency that is a factor of 10 larger than a 
the same gate size. 

in Fig. 1-45, a noise curve is added for the same MOST biased at 10 times 
lower current. Note that its comer frequency is even lower than before, by a factor 


of V10. 


se at low 
JFET of 


142-7 1/f Noise in SPICE 


In SPICE, two parameters are added to characterize the 1/f noise. They are KF 
and AF (see Tables 1-1 and 1-9). The expression used is given by (Antognetti and 
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thermal noise 
MOST at low fy 


thermal noise MOST 


IFET 
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FIGURE 1-45 Equivalent input noise voltages of FETS with same dm 


Massobrio 1988): 


(1-68«) 


in which AF © 1 and KF plays the same role as K Fr in Eq, (1-67) but has a different 
value. It includes, however, the influence of the gate area, 
Equating Eqs. (1-67) and (1-68) shows that the relation between the technological 


constants K Fy and Ki 


(1-685) 


in strong inversion and for AF = 1, For a pMOST with Co, = 6.8 x 10-* F/em’ 
KP/n = 15x 10-6 A/V2, and L = 5x 10 cm, the coefficient of K Fy in Eq, (1-68) 
is 5.2 x 10" and KF = 5.2 x 10°! A. Note that for each channel length £ another 
value of KF must be taken 


4-12-8 Equivalent input Noise Current 


‘The capacitances in the small-signal circuit cause an equivalent input noise current to 
flow, as indicated in Fig. 1-44b. It is caused by the thermal channel noise and so it 
can be derived from Eq, (1-66) and is given by 
8kT 1 7 
—(wCosPdf (1-69) 
3 Bn 


It is heavily frequency dependent, and thus it only becomes important at high 
frequencies, in applications of receivers or detectors, ete. 


86 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


412-9 Gate Leakage Noise 


SUMMARY 


EXERCISES 


‘The second noise source in the small-signal circuit of Fig. 1-44a is diz, . lis shot noise 
caused by the gate leakage current. It is given by Eq. (1-58) where Zp is substituted by 
the leakage current ic, For MOSTS, this current is quite small and its corresponding 
noise is negligible. If a protection network is added, however, the protection diode 
leakage current causes noise. This is also the case for a JFET in which the input gate 
diode leakage current causes noise, For MOSTS, however, it will be neglected in the 
remainder of this text 

Noise models will he developed further in the next chapter, after the introduction 
of the bipolar transistor, 


In this chapter, detailed attention has been paid to the model of a MOS Transis- 
tor, from which a JFET model has been derived, Emphasis was placed on first-order 


necessary {0 verily circuit performance, Finally, the concept of a design 
plan or procedure was introduced for single-transistor amplifiers without capac 
Such design plans with capacitances will be given in Chap. 4 
‘Temperature effects have not yet been discussed. They are collected in App. 2-1 
‘The next chapter is very similar in goal, where models of bipolar transistors will 
be discussed. : 


1-1 Design an nMOST with equal controlling capacitances ge and Eyer = 2). Wh 
is its y in this case (j= 0.6 V)? Plot the required substrate doping Nsun versus, 
the oxide thickness fox if vgs = 0, What value of Nsuw is reached at fox = 50 nm? 

1-2 We want to realize a pMOST in an n-well of 10! cm~* with an oxide thickness 

» = 50 nm, Calculate y and the required Vex to reach Vro = —1 V, What is the 
equired substrate bias gs to compensate for an overly small n-well doping? Ptot 
tgs versus Nun and give its value for a reduction in Nsyp of a factor of two. 

1-3 Plot the ips versus vgs and ips versus vps characteristics of an nMOST with 
Vin = 0.8 V, fy = 200 WA/V2, and A = 0.03, for Vos = 1, 2.3, and 4 V and for 
Vps from 0.10 5 Y. t 

1-4 Plot the ips versus vgs characteristic of an n MOST in both strong and weak inversion 
with Vy = IV, KP, = 50 WA/V?, W/L = 10 and n = 1,5. Choose Ino for a best 
fit. Also take the derivative (or £m). 

1-5 A fit formula for gq that ensures a continuous transition from weak to strong 


y(t +05Vi+i), in which i = Ips/2np(kT/q)* and 

Gli) = gnnkT /q Ips. Plot this expression and indicate the asymptotic lines for 
weak and strong inversion, 

1-6 Plot gm and gy versus current for an nMOST with Vin = 1 V, KPy 
W/L = 10, and 4 = 0.02, for currents from 1 nA to 1 mA. Also n = 1.5, Add 
ratios, such as @m/Ips and gn/ Bo. 


inversion is GC) 


FIGURE EX1-11 
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4.7 Take an nMOST with Vy = 1V, KP) = 50 WA/V? (n= 1.5). b= 1 am, and 
Cox = 1077F/om?, Plot the W/L versus Ins: 
fa for constant Ves — Vr 
b for constant gn 
going from weak to strong inversion and velocity saturation 

1-8 Develop a design procedure for « single-transistor amplifier with a resistive load R 
if Vourne does not have 0 be half the supply voltage (5 V). The variables are thus 
Avs Rs 8ns Ls. Vos ~Vre W/L and Youre. We want a gain of 5,4 Vouroe = 3V 
and minimized Ips. (KP, = 50 1A/V? and n = 115) 

1.9 Take a source follower consisting of a pMOST in an n-well process. Its dss = 
0.1 mA, and its Viy = —4 V. The pMOST parameters are Vip = —0.8 V, KP) 
20 wA/V? (n = 1.5), W/L = 5, y = 0.9 VI, and 2b = -0.6 V. What is the 
‘output voltage, the output resistance and the gain if 
a the bulk is connected to the source, and 
b the bulk is connected to the positive power supply (5 V). 

1-10 Take an nMOST as a switch with a load resistor of 10 K@ and Ve = 5 V 
(Fig, 1-14a). Plot Rps and vps as a function of the output voltage: Vi, = 0.8 V. 

50 wA/V2, W/L = 100, y = 0.4 V', and 2p = 0.6 V, Repeat for fpy 

us vps (0 t0 1 V), 

1-LL A transmission gate consists of two transistors in parallel, ie., an MOST and a 
pMOST (see Fig. EX1-11), Plot the drain-source resistance for both transistors and 
for the total transmission gate, as @ function of the applied input voltage Viy if 
a bulk polarization can be neglected 
'b an n-well process is used and only the pMOST bulk is connected to its source, Take 

Bp = Pn = 400 HA/V2, Vin = [rp] = 1 V. yy = 0.4 VIP and 2\e| = 0.6 V. 

1-12 Sketch vour/viy obtained by SPICE for Fig. 1-17. Use the nMOST of Exercise 1-10 

and Vin = 1V, Vo = 5 V, and Cy, = 10 pF. 


‘Transmission Gate 
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1-16 


117 


118 


19 


1.26 


1.27 


3 Plot finas versus Loge for Leer between 0.1 jum and 100 jem, 


TEGHATED CIRCUITS AND SYSTEI 


aking into account 
velocity saturation, Use a bilogarithmic scale and take KP, = 50 WA/V2, Coy = 
1O-7F/em? and Vos ~ Vr = 1. 

Forthe of 6 and 7 given in Table 1-1, determine the W of an n MOST transistor 
with L 4m to compensate for its AV;'s at Vps = 3 V and Vps = 0 V. 
Indicate on a map, with scales in Nsyp and fox, where short-channel effects can be 
expected for an i MOST with L = 5, 24, 1.2, and 0.8 xm, Take Vos = 3 V and 
Vas =0 V, Also dy = 0.6 Vand 15 =0.6 L. 

Plot the punchthrough voltage Ver of anu MOST versus its effective channel length 
L for Np = 10! em: NG = 10! om~*, What values of £ are required to limit 
Ver 10 10V? 

Repeat the design example of Sec, 1-10 for an n MOST with larger W such that three 
contaets ean be accommodated 

Calculate Kms Smbs for nd the three terminal capacitances for the source follower of 
Fig, 1-23¢, The current ss = 100 A. The same nMOST is taken as in See, 1-10. 
What is the total output resistance and capacitance if the gate is AC shorted 10 
ground? 

Calculate the small-signal resistance 1/ynui and the parallel capacitance Cy of an 
MOST connected as a diode as shown in Fig. 1-132, Calculate its maximum fre 
uency. fix = Ymai/2m Cui. Take the MOST with two drain contuets as given in 
ec, 1-10, 

Repeat for three drain contacts andl derive the coefficients of the linear approximation 
of the capacitance as a function of widkh W, given by Cy) = Cain + kur W, in which 
Ag is in (F/jam, PIOL gop, Cyis and fngy, versus. W 

Repeat Exercise 1-19 for the larger capacitances only: neglect all capacitances smaller 
than 10 percent of the total capacitance Cy). Find analytic expressions for gy. Cy 
and fiyax versus W 

Compate the jn/27Cgs frequency of a finger nMOST with that of « waffle nMOST 
with the same W/L, as shown in Fig. EX1-21a and b, Take the data from Table 1-1 
‘and Table 1-7 and use Véis ~ Vp = 0.25 V for both. (DW = DL = 0). 

Plot the fps versus vey and ips versus vps characteristics of a pIFET with Vp = 3 V 
and Lys = 0.25 mA for Ves =0, 1, 2, and 3, V anki for Vos from 0 to 5 V. 
Plot the ips versus vps characteristics of a pinch resistor FET) with channel d 
10! cm and 0.2 pum thickness (all V 
4, = 09V. 

Plot the ips versus vgs and gy versus Yas ol 
PFET with Vp = 1 Vand fysy = 1 mA () 
Plot the difference versus vgs. 
An ion-implanted resistor of 100 k&2 is realized in 2.5 K2/CL Its width is 10 yum and 
hence its length is 0.4 mm. Calculate its total integrated noise between 10 Hz and 
50 kHz; 1 V is applied to it 

AJFET has a 1/f comer frequency of 350 Hz for a current of 0.25 mA and a gy = 
1 mS. In order to reduce the 1/// noise, four such JFETs are connected in parallel, 
which now draws 1 mA. What value of comer frequency do you expect now? 

A radiation detector is shown in Fig, EX1-27. The diode has a capacitance of 10 pF. 
‘The light generates i = 10 A at 10 MHz in the diode, Calculate the gain vour/ip, 
the total output noise and the S/N ratio at the output. The transistor has gq = 12 mS 
and Cos = 2 pF input capacitance, 


mn 
pe ts W/L = 100; = 200 em2/Vs and 


aracteristics for both models of a 
0.6 V). What are the differences? 
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Contact hole (3-3 pny Metal 


Active region powell 


Polyigate (4 jam) 


| ie 


FIGURE EX1-21 Finger (a) and wattle (b) structures. 


FIGURE EX1-27 Radiation detector. 


1-28 In order to realize optimum noise matching for the radiation detector of Exercise 
1-27, we want to 
a modify its Cgs for minimum output noise (V2/Hz) and 
b modify its W. also modifying its Cos and its g), for minimum output noise. 


Appendix 1-1 
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1-29 Calculate the equivalent input noise voltage of the "MOST of the design example 
of Sec, 1-10 (Table 1-8). What is the total equivalent input noise voltage between 
20 Hz and 20 kHz? 

1-30 Calculate the equivalent input noise voltage of the JFET of Sec. 1-1! (Table 1-10). 
Also calculate the total input noise for frequencies from 20 Hz 10 20 kHz. Change the 
‘current or the width W of the JFET such that its gw is the same as for the n MO: 
of Exercise 1-29 and compare them. 

1-31 ATLO72 op amp has an input FET with a transconductance of gy = 34 1S (obtained 
from its GBW). Its total equivalent input noise from 10 Hz 10 20 kHz is 4 ;2Vaus. 
What is the thermal noise, its 1// noise, and its comer frequency? 


‘The currents, voltages, etc., in the electronic components can have DC values, AC values, 
total values, average values, quiescent values, RMS values, etc. Subscripts are used 10 
indicate which ones are meant. The following notations are used. 

As an example of « symbol, the output current four is taken. Note that the quiescent 
lue coincides with the DC rage value if no distortion is present. 


four four 


total instantaneous value jour ‘ 
= continuous time — —jourt)  — 
= discrete time — —igur(kT)* — 
DC or average value four — = = 
iescent value Joura — = = 
instantaneous value of AC component fe — — 
~ continuous time = = - fa (#) 
= discrete time = - - fgat(AT) 
amplitude of AC component Tot 
= peak value = — hue — 
~ RMS value - = ous — 
= Fourier (jo) transform Se ual io) — 
= Laplace (s) transform - - Foul) = 
transform - = Tout(2) 


Also note that only continuous time values are represented in the figure, whereas discrete 
time values are not. (See Fig. Al-1.) 


FIGURE At-1 
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BIPOLAR 
TRANSISTOR 


MODELS 


2-1 BIPOLAR TRAI 


24-1 Structure 


NSISTOR OPERATION. 


While bipolar transistors are no longer the main component of microelectronic circuils, 
they are still as important for present-day circuitry as MOSTS. MOSTs can provide 
higher density (1.e., the number of transistors per cm?) and allow low-power logic, 
but bipolar transistors offer better output current capability at high speed and provide 
less noise than MOST at low frequencies. 

In this chapter, models of bipolar transistors are derived (Getreu 1976; Sze 1981; 
Muller-Kamins 1986). Their current versus voltage characteristics are derived first, 
followed by their small-signal characteristics and noise sources. Most of the model 
development presented in this chapter is focused on vertical devices. At the end 
of this chapter, the differences between lateral and vertical devices are dis- 
cussed. 

Also, MOSTS and bipol 
view. Finally, passive compor 


transistors are compared from the designers point of 
ents (¢.g., resistors and capacitors) are discussed. 


‘A bipolar transistor consists of two diodes connected back to back, such that the region 
in the middie is narrow. In this way. an npn transistor is formed by the connection of 
two short np diodes, as in Fig. 2-1a. The short middle region is cailed the base, The 
base width Wy is small, typically 0.5 to 0.8 jum, and its doping level Ny is medium 
(eg.. 2 x 10"” em~), Normally, the left diode is forward biased. Its n+ region is 
called the emitter. It is heavily doped (e.g., Ne = 10!° cm”) and has a width We 
of several zm. The right diode is normally reverse biased. Its n region, the collector, 
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FIGURE 2-1 
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is only lightly doped (e.g., Nc = 10'° cm™). In order to ensure an ohmic conta 
between the contact metal and the collector, an intermediate 1+ layer is added that is 
doped almost as high as the emitter. 

‘A realistic cross section of a bipolar transistor is shown in Fig. 2-2, The structure 
illustrated in Fig. 2-1 is easily recognized undemeath the emitter. This illustration 
represents the intrinsic part of the bipolar transistor. The other parts are needed to 
allow all the currents to flow out from the transistor at the same surface, In this way 
the collector consists of an n+ buried layer, an n epitaxial layer that has a constant 
doping level, and an n-+ contact at the surface. Finally, the substrate is doped p. 
or 7 and serves as an isolator of the several transistors that are on the same chip. 
‘Therefore, the substrate-collector junction must always be reverse biased and the 
substrate potential is always the most negative voltage of the whole circuit, which is 
ground if there is no negative power supply. 

‘The sketch of Fig. 2-2a is repeated in Fig. 2-2b. All doping levels and dimensions 
fare collected in Table 2-1. The same transistor will be used in the design example at 
the end of this chapte 

In order to develop a first-order model, only the intrinsic part of the bipolar tr 
sistor is examined. The other parts will be added in Sec. 2-4, which discusses 
resistances. 


nic 


FIGURE 2-2 


Vertical npn bipolar transistor. 
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Layout 


EB np transistor 


FIGURE 2-26 Gross section and layout of an non transistor. 


TABLE 2-1 BIPOLAR TRANSISTOR DATA OF FIG. 2-26, 


Mooilty 
Doping _(em?/Vs)_ Dimensions 
fem) a Pp (micrometers) 

Emitter 10°? 140 73 
Base 2x107 500 225 
Collector 2x10 1210 470) ey = 12 


Buried Layer 5x10" 175115 
Isolated Layer i = = 
Substrate to = — 400 
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24-2 Depletion Layers 
In Fig. 2-2a, several regions are hatched according to their conductivity. The con- 
ductive regions of the bipolar transistors are separated by depletion layers. The fixed 
ion charges are sketched in Fig. 2-1b, the corresponding electric fields in Fig. 2-Ic, 
and the potential diagram in Fig. 2-Id. Their values can all be calculated as for a 
conventional one-sided abrupt diode. 
The junction potentials are thus easily derived from 


AT NEN, 
co = —In—* (1a) 
CPaS (Sp 
AT Nev 
and $cc = — int (2-1b) 
q No 


Note that éca is found from Eq. (2-1a) after the substitution of E by C. Also note 
that the sum of the potential drops equals des = dcx + dcc- 


Example 2-1 


Calculate all potential drops for the doping levels indicated in Fig. 2-1e. Note that 
1? = 2.25 x 10” cm” and kT /q = 25.86 mV at room temperature (27°C). 


Solution. From the above equations, des = 0.950 V, dca = 0.729 V, bcc = 
0.202 V and ¢eu = 0.009 V. 


244-3. Base Doping 
‘The conductive base region is bounded by the fixed changes of the EB and CB deple- 
tion layers. Its width is Wa. Its number of holes pps (majority carriers) in equilibrium 
(without biasing) is Nj. Hence, its number of electrons 7p» (minority carriers) is given 
by 


(2-2) 


‘This is illustrated in Fig. 2-1e for Ng = 2x 10"? em? and n? = 2.25 x 10" em>®, 
the number of electrons is only p> = 1125 cm™ or about 10° cm~>. 

‘The same reasoning can be applied to the other regions. The doping levels are 
given in Fig. 2-12. 


24-4 Forward Biasing 


The doping levels are sketched in Fig. 2-Le with no biasing applied. If the emitter 
and collector were then biased, the minority carrier distributions would visibly change. 
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They are redrawn for forward operation in Fig. 2-1 /, for reverse operation in Fig. 2-1y 


and for saturation in Fig. 2-1. 

In forward operation the EA junction is forward biased, ie, the (1-4) emitter is 
biased negatively with respect to the () base. 

‘The EB diode is forward biased and hence 
emitter are injected in the hase and holes from the base are injected in the emitter 
This gives rise to an excess charge of electrons in the base Oy (F of Forward) and 
an excess charge of holes in the emitter Oye. The excess electron concentration in 
the base on the side of the emitter is denoted by 1. It is related to the equilibrium, 
concentration 11). by Boltzmann’s factor exp (qVee/AT) as given by 


injection occurs, Electrons from the 


\ 
= Myo (expe 4 (23a 
toate (atte —!) ma 


This equally applies to the excess hole concentration jy, in the emitter on the side 
of the base, It is thus given by 


(23h) 


Tn Eqs. (2-34 and h), the second term of minus unity can be omitted because itis 
so small, For example, for Veg = 0.7 V. the term exp(q Vp /ET) is approximately 
10", which is much larger than unity indeed, Also, a’, = 2 = 10!° em whieh is 
much larger than ip) = 2x 10° em-. Moreover, pl, = 2 x 10!" cm 

As for a diode, the excess carrier distribution decreases exponentially. However 
since the base and emitter widths are so small, first-order approximation is taken of 
this exponential. This is a straight line. Hence, the excess carrier concentration decays 
linearly away from the EB junction. As a result, triangular charge distributions are 
found in both the base and emitter (see Fig. 2-1/). In the base, the excess (electron) 
charge is Q¢ and in the emitter it is Qrz. Obviously, Oy is much larger than Qy 
because ry is much larger than p,,. In other words, Or is much larger than Qy 
because the emitter is doped much more heavily than the base. 

‘The injection of electrons from the emitter to the base cau 
of electrons in the base. However, the collector is biased positive. and the electrons 
arriving at the CB junction see a positive collector. Thus, they are subject to a negative 
electric field (see Fig. 2-1c) in the CB depletion layer. As a result, they are swept 
from B to C through the CB depletion layer. Once in the collector. they flow to the 
collector contact. In the base, a dynamic excess electron charge Qr is established 
This charge is continuously refilled from the emitter and emptied to the collector. 
causing an electron current to flow from the emitter to the collector through the base. 
Since by convention the current flow of holes is positive, a (positive) current flows 
from the collector through the base to the emitter, This is the collector current ic 

Due to the above process, the electron concentration in the base is quite high on 
the left (w,) but is zero on the right, and a large gradient occurs. The electrons tlow 
or diffuse from left to right as a result of this gradient and the resulting current i, is 


uses an excess charge 
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thus a diffusion current, given by 


dn, 
in =qAceDi 7 


(2-4a) 


in which Agcy is the EB junction area and D,, is the diffusion constant for electrons. 
It is related to mobility by Einstein's relation, given by Dy = ji,kT /q. 

However, the slope of n, in the base is simply 77, /W». After substitution of the 
differential in Eq. (2-4a), and by use of Eqs. (2-32) and (2-2), the electron current is 
given by 


qAgn Dan Yep s 
jy = Ea oy 2-4 
"Nowe, P\RT/g eA) 


in which Ap is the emitter area. Note that this current 
the lower the base doping the higher the current. 

In fact, the hole injection from the base to the emitter creates a dynamic emitter 
charge Ore, as well. It also contributes to the emitter-base current. This hole current 
i, is derived in the same manner as before, and is given by 


, (ee 
PET Ia) 


It is, however, proportional to 1/Np and therefore'i, is negligible with respect to 
in, The total collector current ic is actually the sum of iy and ip, and is thus virtually 
equal to i,. The collection current is thus given by 


's proportional to 1/Ng, ie 


(40) 


2 
ic = Isexp ( (25a) 
. I /q 
qArsDan? 
with {i (2-5b) 
On z 
in which Qg = Ng We is the integrated charge (per cin? emitter area) in the base. 


This result has been derived for a constant doping level Nj in the base. However, 
it can be shown that Eq. (2-5) is valid for any arbitrary base doping distribution 
with a total integrated base charge Qp. As a consequence, this charge Qp is by far 
the most important parameter of the bipolar transistor as nearly all other parameters 
depend on it, It is called the Gummel number. Typical values are 10!" to 10! cm7?. 

In SPICE, parameter Is is denoted by IS. It is listed in Table 2-2, along with all 
other transistor parameters (Getreu 1976; Antognetti and Massobrio 1988). Also, a fit 
factor NF is added in front of kT /q in Eq. (2-5a). 
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TABLE 22 NOMINAL SPICE PARAMETERS FOR A BIPOLAR TRANSISTOR 
Name Value Dimension Name Ea, No. 
is 1.3646 Saturation current 250 
8F 200 = Maximum current gain (lorward current) 27 
NE 1.0 = Emission coefficient (torward current) 25 
VAF 50 v Early voltage (forward current) 218 
KF 1E4 A Corner current (forward current) 2.388 
iE 1E13 A BE leakage saturation current — 
NE 2 = BE emission coeticient 243 
BR - Maximum current gain reverse current) = 
NR 1.0 - Emission cooticient (reverse current) = 
VAR 50 v Early voltage (reverse current) = 
KR 164 A ‘Corner current (reverse current) = 
iso 119A B.C leakage saturation current = 
NC 2 - B.C emission cooticient - 
RB 940 a Base resistance at low current 232 
IRB 0t A Current of half base resistance 232 
REM 50 a Minimum base resistance at high current 232 
RE 1 a Emitter resistance - 
RC 600 a Collector resistance 233 
TF 2.5E10 8 Transit timo (forward current) 260 
xTF 0 = Blas dependence of TF - 
VIF v Voltage dependence of TF - 
ITF A High current pararametor on TF = 
PIF 0.5 rad. Excess phase al fr ~ 
TR O1EB Transit time (reverse current) - 
Ce | E2 Zero bias B-E junction capacitance 1.24 
WE 08 v BE junction potential - 
ME 033 = BE junction grading cooticient = 
cic | SEIS Zero bias B-C junction capacitance - 
We 06 v B.C junction potential = 
MWC 05 = 8G junction grading coeticient = 
xcc 1 = Fraction of CJC to internal base = 
OS = S6E12F Zero bias C-S junction capacitance = 
WS 06 v ¢-S junction potential = 
MS 05 - G-S junction grading coefficient - 
Fo OS = Coefficient forward bias depletion capacitance = — 
xB 7E30K BETA's temperature coeticient = 
Ee 1 v Bandgap eneray a2tb 
ae Saturation current temperature exponent A2-1b 
KF ENG A Flicker noise coefficient 2.496 
Flicker noise exponent 2.486 
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24-5 Base Transit Time 


Note that the current can also be written as 


= (6a) 
te 

‘ W2 

in which 7a an (2-6) 


This leads to the physical interpretation that tr is the average time in which the 
electrons diffuse through the base from the emitter side to the collector side, i.e., the 
base transit time. It is thus a measure of the maximum frequency frima(= 1/2xtp) 
of the transistor, given by 


Srmax = 


= (2-60) 
ia 


In SPICE, ty is denoted by TF (see Table 2 

Indeed, the base transit time fey is given by the average electron velocity vy, in 
the base, which is given by We /va.- Here. vay =ic/qAcan,,, and 1,9, =1,,/2 for 
a triangular distribution, which yields fay = Tay and hence, v,, = Wa/Tr. 

Note that the dynamic charge Q» is not the same as the total integrated charge in 
the base Qp. Indeed, Or depends on the forward bias vax, whereas Op is the charge 
that is physically present in the base. They are related by Eqs. (2-5) and (2-6a). 

Note that Oy and Qy do not have the same dimensions: Oy is the number of 
carriers per em? whereas Q is the total charge in Coulombs. 


i levels given in Fig. 2-1 or Fig. 2-2h and a base width of 0.8 gem 
(see Table 2-2), calculate the current in the transistor for Aeg = 15 x 30 pm 
.5 x 10-6 cm? and Vs¢ = 0.72 V (at room temperature), Also calculate the 
base transit time and the ayerage velocity through the base. The mobility in the 
base is about 4g = 500 cm*/Vs. 


upkT Jy = 500x0.026 = 12.93 cm/s. 
From Eq. (2-5) fs = 1.31 x 107! A, The 
4x 107 Coulombs and the total collector current 


Solution. From the mobility we find D, 
‘The base charge Qs = 1.6 10" cm 
injected charge is then Q- 
is Ic = 0.162 mA. 

The base transit time is obtained from Eq. (2-66) and becomes 7} 
‘The maximum value of fy is thus 643 MHz. Finally, the average vel 
km/s or 11520 km/h, which is about ten times faster than the velocity of sound. 
However, it is only about 3.2 percent of the saturation velocity, which is 10° m/s. 

All numerical values of this example are collected in Table 2-3, both per unit 
emitter area and in total. 
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TABLE 2-3. CHARGES AND CURRENTS FOR THE BIPOLAR TRANSISTOR, 


OF FIG, 2-26 WITH Vee = 0.72 V 
Parameter Eq. No. Per unit area Total 

5 (25d) 1.6 x 10'9/om? 72% 107 

925 256x108 C/em? 1.18 10 
Is (256) 291.108 Afom® §— 1.31 10-19 A 
ie (25a) 95.9 Ajem? 0.162, mA 
Or (26a) 89x10 C/em? 4x 10-4 
OF/a ; 5.56 x 1019 cm 25 x 108 


‘The injection of dynamic charges QO and Oy in the base and emitter, respectively, 
is a nonequilibrium process. These charges violate the charge equilibrium condition, 
More electrons are present in the base than what is given by Eq. (2-2), In order to 
compensate for this extra charge of electrons Qy, an equal amount of holes must 
be added to the holes pp) or Nj, already present in the base, This extra quantity 
of holes (2.5 x 105; see Table 2-3) is nevertheless negligible with respect to Op 
(1.6 x 10"), Therefore, they are not visible in Fig. 2-1, If the emitter base forward 
bias Vag becomes very large, then 1, becomes very large as well, IP it becomes as 
large as the equilibrium doping level Np, high injection conditions are met. This will 
be discussed later in Sec. 2-5. 


2:2 THE TRANSISTOR BETA (3) 


In contrast to a MOST, where the gate current is zero, the nt i not zero 
in a bipolar transistor. Therefore, in its symbol, the base lead is connected to the 
collector-emitter pathline, whereas the opposite is true ina MOS transistor, This base 
current is proportional to the collector current. ‘The ratio of the collector current to the 
base current, ic/in, is virtually constant. It is the beta of the transistor (Getreu 1976). 

For an npn transistor, the collector current flows from the positive collector bias, 
voltage through the transistor to the emitter. ‘The base current then flows into the tran- 
sistor base to the emitter. The emitter current is thus slightly lurger than the collector 
current by the amount of the base current. As a result, the emitter current i is given by 


2 ct 


te Bett 
BeBe 


ictin lic) = aric 


c 


which defines the alpha (cr) of the transistor, The indices F have been added 10 
indicate the forward operation (see Fig, 2-2/). The value of A is determined by three 
phenomena, now brielly discussed (Grove 1967). 


224 
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Beta Caused by Injection in the Emitter je 


As shown by Eq. (2-4c), the collector current is accompanied by the injection of holes 
from the base to the emitter, giving rise to current i. These holes are provided by 
the base terminal and thus constitute base current. The resulting beta Bye is given by 
iclip or, after substitution, by 


NeWe (Ds 
= 28 
oun Ree (G4) es) 


Since Q¢ is much larger than Qs, the value of fre is large. For the values of 
the example of Fig. 2-2b above, B;¢ = 342. Note that the beta is very sensitive to 
the integrated base charge Qg = NgW. The slightest change in emitter diffusion 
changes the Qz drastically and hence the beta. 


2:22 Beta Caused by Recombination in the Base fra 


As the excess electrons Qy are passing from the emitter to the collector through 
the base, they recombine to some extent with the large number of holes Pp. in the 
base. The recombination time constant is tyr. Holes are thus attracted from the base 
terminal, giving rise to another base current igeg. given by Q¢/tay. The resultant 
beta is then given by ic/isge or, after substitution, by 


Pre = PE 2-9) 
Tr 


in the base is quite limited, as the base is so thin. The electrons 
only spend a short time (rr) in the base. A typical value of tay is about 1 js. Hence. 
for the values of Example 2-2 (tp ~ 0.25 ns) the Bre ~ 4000. 

It is obvious that Bye is smailer than Bgg and is hence the dominant beta. ‘This is 
usually the case in vertical mpn transistors. In SPICE, the dominant beta is denoted 
by BF, the beta in forward direction (see Table 2-2). 

Note that both kinds of base currents are proportional to the collector current, 
‘They thus depend exponentially on vge, i.e., they both contain the Boltzmann factor 
exp(que/KT), just as the collector current does. This is not the case for the third and 
last kind of base current now described. 


22-3 Beta Caused by Recombination in the EB Space Charge Layer 


As the electrons are passing from the emitter to the collector through the base, they pass 
through the EB depletion fayer. In this narrow region, they recombine and generate 
base currents. The electrons recombine with holes, attracted from the base terminal, 
and this base current igxee again flows into the base. 

‘This time, however, the recombination occurs in a region with high electric field. 
This region is nonresistive, in contrast to the base. The recombination mechanism is 
therefore different, governed by recombination centers that are most effective in the 
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middle of the bandgap. Thus, a non-Boltzmann coefficient appears in its current, I 
has the form exp(qupr:/2KT) rather than exp(qvny /AT). As a result, the heta depends 
on exp(quaz/2KT) and hence on the current itself, This dependence of the bela is a 
consequence of recombination in the EB spi 

‘Also, the base current is different at the surface than in the bulk, It is given by 


: Au at os (2 " 
innen = Wen (2 + Peasn) on (srt) (10) 
nee 2 ary 


charge layer, 


charge layer. 


where Wep is the average width of the emitter base spac 


Ago is the emitter area, 


Pep is the emitter perimeter, 


taee (ins) is the recombination time constant in the bulk EB space 
charge layer 


sp (in cm/s) is the surface recombination velocity 


ined by the summation of all three terms. It is 
plotted versus vz, together with the collector current ic, in Fig. 2-34. For moderate 
and high values of ving, both ic and iy are Boltzmannian. The stope is k77/q, or about 
60 mV/decade in current at room temperature, Their ratio is 6 and is thus constant, 
as shown in Fig. 2-3b. 

However, for low values of ve. the b 
EB space charge layer dominates. ‘The tea 
smaller than Vag, the beta decreases (see 


‘The total base current ig is now obi 


we current due to recombination in the 
ition point is at Vier. For values of vp 
ig, 2-30), 


2-2-4 AC Beta Bac 


‘An important consequence of the beta rolling off at low values of ae (or fe), is that 
an AC beta ac must be distinguished that differs from f itself 

The definition of ac is taken from Fig. 2-4. It shows the ic versus vey charact 
istics of a bipolar transistor for several values of base current j. The collector emitter 
voltage Vee is kept constant, The beta at collector current ics is given by ics/ins 
+ Now we define an AC beta, denoted by Bac. which is the ratio of the variations 
(rather than the absolute values) in current at a particular current, Henee, at current 


» tes 
Aics ies ~ica 


hema 1) 
PS Rs times 


‘These two beta’s, while different, are still related. Their relationship is obtained 
by the differentiation of ic = fip to ip. Substitution of dic¢/dix by Bac 
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FIGURE 2-3. Asymptotic values ol (a) ic. /s and 
(2) resulting bota’s, Dy 


FIGURE 2-4 Deli 


n of DC f and AC fiac- 


CHAPTER 2: BIPOLAR TRANSISTOR MODELS 105 


yields (Grove 1967) 


Bre (2-12) 


‘This shows that if 6 depends on ic, the differential in the denominator is not zero. 
The denominator is smaller than unity and Bac = fp. The asymptotic values of fc 
are plotted in Fig. 

In modern devices, the region with explvge/2kT) anly occurs at low values of 
current and is thus not easily distinguished. Therefore. two fit parameters are intro 
duced. The first one is ny or ve = 1 — L/ng (v is the Greek letter nu), which allows 
exp(quee/2KT) to be replaced by exp(quae/nekT). The other one is Cy 

‘The expression for in SPICE is then given by 


Pu 
ae (2-13; 
Gir: ! 


in which fy, (BF in Table 2-2) is the maximum value of f (see Fig. 2-3). 
For large values of ic, the second term in the denominator becomes neglig 
B = Bm as expected. For low values of ic, the second term in the denominator is 
dominant. The slope of B versus ic equals parameter ve (or 1 ~ 1/ire). The transition 
current Jer = Cf!"*, 
From Eq, (2-13), the value of Bac is now easily calculated by the ap 
Eq. (2-12). Itis given by 


le and 


Bu 
Hl veACie 


(2-14) 


Bac = 


Itcan be clearly seen that fac is larger than f for low values of ic, but always smaller 
than Bn. The ratio Bac/B is then 1/(1 — ve) or ig. In SPICE, ng is represented by 
NE (Table 2-2). 


Example 2-3 

For By, = 100, and v = 0.35. the current corresponding to Viner is ler = 1 0A 
if C, =7.0 x 10°, Caleulate the ratio Ayc/A at the transition current Jey and at 
the currents 10 times lower and higher. 


Solution. At 1 nA the value of f is 50 and of Pac, 60.6. As a result, the ratio 
Bac/f is 1.21. For 0.1 nA, the beta values are, respectively, 31 and 41 and their 
ratio is 1.32. For 10 nA, the beta values are, respectively, 69 and 77.5 and their 
ratio is 1.12. 


The above equations model the bipolar transistor in the normal or forward mode 
diaperdiion thie! means: thatethe;emiltercbase: junciion iz. fonuard hineed) adie 
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collector-base junction is reverse biased. The electron current then flows from emitter 
to collector—the positive current flows from collector to emitter—in the case of an 
npn transistor. Since there are two junctions, there are three additional modes of 
operation, depending on which junction is forward or reverse biased. 

In reverse (R) bias, the collector is forward biased and acts as an emitter, The 
emitter is then reverse biased. The same parameters can then be found as in the 
forward (F) mode (see Table 2-2). In the off mode, none of the junctions are forward 
biased and, in saturation, both junctions are forward biased. There is a third junction, 
the collector-substrate junction, which is always reverse biased in order to isolate the 
collector from the substrate. 

‘A modified version of the Ebers-Moll model describes all four modes of operation. 
It allows the calculation of DC currents, regardless of the voltage appliéd. In analog 
design, only the forward mode is used, and thus this model is not presemted. The 
reader is referred to Getreu (1976) and Sze (1981). 


23 THE HYBRID-r SMALL-SIGNAL MODEL 


‘Small-signal variations in vae cause small-signal variations in collector current ic. 
Their relationship is given by a small-signal or AC model. Moreover, AC base cur- 
rent flows, which can also be represented in the AC model. Several other parasitic 
tances, as well as capacitances, must also be included in the AC model. For the 
bipolar transistor, the most frequently used AC model has traditionally been called 
the hybrid-7 model. Its parameters are now derived. 


2-3-1 Transconductance gm 


‘Transconductance is the ratio of the variations of the collector current to the variations 
of the base-emitter voltage. It is obtained by taking the derivative of ic 10 upg. Using 
Eq, (2-5), the transconductance gq is given by 


dic ic 
KT/q 


Miley 2 
ae (2-15) 
It is directly proportional to the current itself, i-e., doubling the current doubles the 
transconductance. It is represented in the hybrid-x model by the voltage-controlled 
‘current generator gm in Fig. 2-5. 

‘The ratio gm/ic is always equal to g/KT or 1/26 mY at room temperature. This 
ratio is larger than its MOST counterpart. It is the maximum value that can be achieved 
with any kind of transistor. 


2-3-2. Input Resistance Fr, 


Since AC collector current flows, AC base current flows as well, if a variation in Ype 
is applied. The ratio of the AC vge and the AC ig is the AC input resistance. It is 
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FIGURE 2-5 Hybrid-r model of bipolar transistor. 


called rz and is calculated as 


dune 


the 


dic dig 


dip 


2-16) 
&m 

Its value decreases if the collector current increases. It is also represented in the 
hybrid-z model of Fig. 2-5. Its relationship with f and gy, is depicted in the diagram 
of Fig, 2-6, This diagram will be expanded upon later in the text. 


2-3-3 Output Resistance ro 


In the hybrid-z model of Fig. 2-5, an output resistance r, is present as well. It is the 
ratio of the AC variation of veg to the variation of ic. It thus corresponds with the 
slope of the output characteristics shown in Fig. 2-4, The resi 


nee r, is given by 


duce 


dic 


2-174) 


It is found that this resistance is inversely proportional to the collector current. There- 
fore, all curves of the output characteristics of Fig. 2-4 coincide at one point on the 


fi 


FIGURE 2-6 


ir 


Relationships between hybrid- parameters. 
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FIGURE 2-7 


0 Ye 


Output characteristics with finite output resistance. 


Uce axis, as shown in Fi 
value of collector current c. the output resistance 


‘This point is the Early voltage Ve. For a specific 
is also given by 


(2-17) 


It can be calculated as follows. The variations in vce can be decomposed, as given by 
Avcr = Anca + Avge ¥ —Avge, since the base-emitter voltage is about constant. 
Equation (2-17a) can then be rewritten as 


dvgc __ dvsc (eZ as 
dic dQe \ dic a 


Increasing the base-collector voltage by an amount Avge increases the width of 
the depletion layer, as shown in Fig. 2-8. The depletion layer charge increases by an 
amount AQ». AS a result, less base charge Oz (present in Fig. 2-5) is left. The base 
charge is decreased by the same amount, AQz. Also, the variation of the' depletion 
layer charge AQz is linked to the depletion capacitance Cjc (in F/em?), as given by 
qQn/Avsc = —Cye- 

‘The second factor of Eq. (2-17e) is easily derived from Eq. (2-5). It is given by 
AQp/Aic = Qa/ic. Substitution in Eq. (2-17e) and equating to rp of Eq. (2-17) 
yields 


jpn 120 An 


(2-18) 
Ge Ger : 


in which Agc is the total base-collector area and Cc; the total base-collector junction 
capacitance undemeath the emitter. 


FIGURE 2.8 


FIGURE 2.9 
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On 0p 
Relation between AQ and Avac through Go. 


Note that the Early voltage depends on the integrated base charge Qy, Increasing 
the base charge increases the Early voltage. Remember that the beta is then decreased 
(see Eq. (2-8)), For two different values of beta, different values of Early voltage can 
be expected. This is illustrated in Fig. 2-9. In the first case the base charge is quite 
small, The beta is high but the Early voltage is quite small, leading to small values of 
rp as well. In the other case (Fig. 2-9h). the base charge is much larger and thus the 
beta is much smaller. The Early voltage is much larger and so is the output resistance 
ro. Large-beta transistors always have small Vp. values. 

In SPICE, the Early voltage is denoted by VAF in the forward direction and VAR 
in the reverse direction (see Table 2- 


Dependence of Early voltage on Og. 


Vee Yer 
(@) Op small; 8 high () Qy | 


4 small 
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Example 2-4 


Calculate the values of gm, fx» and ry for a transistor with 6 = 
V, which is biased at 0.01 mA, 0.1 mA and 1 mA. 


100 and Vz = 50 


Solution. The gq values are, respectively, 0.38 mmhos, 3.8 mmhos, and 38.4 
minhos. The values of r are 260 k®, 26 k® and 2.6 kQ, and the values of 7, are 
5 MQ, 500 kQ and 50 k2. 


2-3-4 Voltage Gain of Small 
Now that we know the small-signal parameters, we can use them to calculate the gain 
of a gain stage. Such a stage has been studied with a MOST (see Fig. 1-1 1c). Now, 
a bipolar transistor is used, anid the gain is given by 


ignal Gain Stage 


(2-194) 


(2-19) 


This gain is qui ge. For Ve 50 V, it is about 2000, or 66 dB. Also, it is 
independent of the current, in contrast to a MOST. 


2:35 Junction Capacitances 


{All regions of the bipolar transistor are separated by depletion layers, as shown in 
Fig. 2-22. With each depletion layer there is a corresponding depletion-layer junction 
capacitance. They are added in the hybrid-7 model of Fig. 2-5. 

‘The junction capacitances are specified in Table 2-4, Note that only bottom junetion 
‘capacitances are used and that the side-wall capacitances are neglected (compare with 
Table 1-5). In SPICE, the parameters are listed in Table 2-2. The base-emitter junction 
ince is denoted by Cjxy. It is normally forward biased. Therefore, mje = 1/3 
ally taken for its voltage dependence. The base-collector junction capacitance, 
jer, is usually called C,, in the hybrid-7 model. It is normally reverse biased. A 
square root (mjc = 1/2) is therefore taken for its voltage dependence. 

‘The third junction capacitance is the collector-substrate junction capacitance Cey 
It is generally the largest junction capacitance because it covers the largest area and 
includes a side-wall capacitance. It is always reverse biased. A square root dependence 
(mys = 1/2) is taken for its voltage dependence. 

In SPICE, there is one additional parameter, i.e., XCJC. This parameter indicates 
the fraction of C,, that is connected to the internal base node (see Fig. 2-5). The rest 
is then connected to the external base node (shown by the dashed line in Fig. 2-5). 

Finally, note that the value of Cj goes to infinity when the applied voltage V 
approaches @j (see Table 2-4), as shown in Fig. 2-10, However, at forward voltages 
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TABLE 2-4 JUNCTION CAPACITANCES. 


Parameter Dimension Name Eq. No. 
= Junction capacitance (12) 
F Gu: Tota junction capitance 
F Cio: Total junction capactance at 0 V 
Vd: Buin junction potential 
MM: Exponent 
forvercw  cj=—O9 | 
Vv 
(-w) 
cso v 
>FOW Ol (1 Font eM 
for V>FC a (1-Fom+1 ua) 
Gecio = AseGoco F GJEO: Total base-emitter junction 
capacitance at 207 V 
Gecio = AacGaco F CACO: Total base-collecter junction 
‘capacitance at zero V 
Gosio = AcsCjeso F 80: Total collector substrate 


junction capacitance at zero V 


Spr 


FIGURE 2-10 Capacitances Ger and Co versus vac. 


close to ¢j, the value of C; cannot actually reach infinity but rather is limited to 
about two to three times Cjp. Another fit expression is then used. This allows the 
capacitance to increase only in a linear way in forward bias, as shown by the dashed 
line in Fig. 2-10. For this purpose, a new parameter is introduced, FC (see Table 2-4), 
tural -wahar or IX. OS. 
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2-3-6 Diffusion Capacitance Co 


A variation in base-emitter voltage Avge causes a variation in injected charge AQy 

‘This is the charge of minority carriers, It is always in equilibrium with a charge of 

majority carriers of the same size. The variation in vg thus causes a variation in 

majority carrier charge. The ratio of the variation in charge AQy to the variation 

Ange, has the dimensions of a capacitance, and is called the diffusion capacitance. 
This kind of capacitance Cp can be derived as given by 


dQr _ dr dic 


Cc 
OS dene dic dune 


FS (2:20) 


which the first factor is obtained from Eq. (2-6a), which yields 1/x». The diffusion 
pacitance is thus proportional to the current through gi». It increases exponentially 
with une, whereas Cje, increases only with the square root of var (see Fig. 2-10), 
‘Therefore, ance Cp is much larger than the junction capacitance Cj¢, for values 
of uae. which are generally larger than 0.5 V. Thus, for all normal biasing currents, 
the diffusion capacitance is much larger than the base-emitter junction capacitance, 

‘The diffusion capacitance Cp is put in parallel with Cj, in the hybrid-7 model 
(see Fig. 2-5) to form capacitance C,. The relationship of Eq, (2-20) is depicted in 
Fig. 2-6 

‘The active region of the bipolar transistor is located directly underneath the emitter. 
This region is contacted by means of ohmic regions that add series resistance as well 
as additional capacitance. 
base resistance rp is present between the base contact metal 
and the active base. It is the most important parasitic series resistance and is therefore 
included in the hybrid-x model (see Fig. 2-5). Also, emit 
can be added (although they are usually omitted). The actual values of these resistances 
will be calculated in Sec. 2-4. 


example. as 


2-3-7 Common-Emitter Configuration with Current Drive 


Several important parameters and characteristics can be derived by use of the hybrid-7. 
model. They are all related to the operation of the bipolar transistor in common-emitter 
configuration, for which the hybrid-z model has actually been derived. 

In the first example, we want to realize a current-gain amplifier. For this purpose 
we take a bipolar transistor amplifier, which has a large input source resistor Rs. The 
voltage source (in Fig. 2-114), in series with Rs, has both a DC component Viv and 
an AC component vq. The AC input voltage is amplified and then short-circuited by 
‘means of a large capacitance C.. to ground, through which we can measure the output 
current oq. Since the output is short-circuited, resistance ry can be left out, as can 
capacitance Ces. A current ic = fox flows in the output skort circuit 

‘The source resistance Rs is (much) larger than the input resistance (rg ++ rx) of 
the transistor (see Fig. 2-Ila). As a result, the transistor is current driven, Its input 
current is approximately fin = via/Rs. Thus, in the hybrid-z model (see Fig. 2-11), 
the input source vjq is replaced by current source jin and Rs = 00. 
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(@) 
FIGURE 2-11 


© 


Bipolar transistor in CE configuration: (a) circuit schematic, (b) small-signal equivalent circuit (large 
As), and (c), idem as (b) but for small As. 


all capacitances can be omitted. The current gain Ay is then 


At low frequencie 
Bac. At high frequencies, however, the ca 


obviously given by fow/in 
must be kept in the model, 

The application of Kirchhoff's laws allows the calculation of the current gain at 
any arbitrary frequency. It is approximately given by 


jw _ Bac eet 


A= 


Ib) 


(Q221e) 


The corresponding Bode diagrams are shown in Fig, 2-12. The top diagram shows 
the magnitude of the currént gain, the bottom diagram its phase behavior, The fre- 
quency and magnitude scales are logarithmic and the phase scale is linea. 

‘At low frequencies, the current gain equals yc and the phase difference is zero, 
At frequencies above fy, however, the slope becomes minus unity, or —20 dB per 
decade in frequency (4B = 20 log). The phase is then shified over —90° At frequency 
fp the magnitude is decreased by ~3 dB (originating from |1/(1 + f)| = 1/¥2). The 
phase shift is halfway, ive., 45°. 


FIGURE 2-12 
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Bode diagrams of current drivan CE bipolar transistor with shorted output, 


At high frequencies, the line intercepts the axis of |A;| = 1 at frequency fr, the 
unity-gain frequeney. It is an important transistor parameter, at least for a current 
driven transistor. It is a maximum frequency of usefulness and is therefore always 
used as a measure of high-frequency capability. 

Note the similarity of this expression with the expression of a MOST in Ec 
Indeed, capacitances C, + C,, form the input capacitance. 

Frequency fr depends on the biasing current Jc, as shown in Fig, 2-13a. Indeed, 
both gq and the diffusion capacitance in C, depend on Ic. After substitution of C,, 
an expression is found that can be written as i 


(1-404). 


1 Te 


—__—. (2-21d' 
irene 221d) 
kT, 
‘with Ter Gat oye 


‘The maximum value of fr is reached at medium and high currents. It is uniquely 
determined by the base transit time tp, as already given by Eq. (2-6c). At low cur- 
rents, fr starts decreasing, This is mainly caused by the presence of the two junction 
capacitances. The transition current at.which this occurs is denoted by Icyr- 
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slope (CixCi0 AE 


0 ign ie o Vi 
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FIGURE 2-13 Unity-gain frequency fr versus current fc 


In order to separate rr from the junction capacitances, fr is written as 


1 AT /q 
r+ (Gert Gd (2-216) 
Qafr 


This expression provides a linear relationship versus 1//c, as shown in 
The extrapolated value for zero 1/Zc provides the value of rx. The slope itself contains 
both junction capacitances (remember that C,, = Cjc,)- Note that the value of the 
‘emitter-base junction capacitance Cj, in Eqs. (2-21d) and (2-21e) is its value in 
forward bias. Therefore, the plot of Fig. 2-13) is by far the easiest method to extract 
the value of Cje; in forward bias. 

Finally, fr is specified for a bipolar transistor with a short-circuited (for AC signals) 
collector. If an ohmic series resistance re is present, the output can be shorted but 
there is still some collector resistance that remains. In this case. the expression of fy 
must be slightly modified. A constant term reC,, is added to ty in Eq, (2-2le), given 
by 


Kk 


at Gate) 7 


infr lc trey Q21f) 


Example 2-5 

Calculate the values of fs and of fr for a transistor with f = 100, tp = 0.25 us, 

yer =5 pF and C,, = 1 pF. at the currents of 0.01 mA. 0.1 mA, and | mA, What 
f influence does a collector resistance of 30 @ have on frm? Also. caleulate the 

value of the transition current fcyr. 


Solution. The values are calculated to be 10 MHz, 88 MHz, and 393 MHz. The 
maximum frequency frmax equals 636 MHz. The addition of rc = 30 @ reduces 
this to 568 MHz. The current fcyr = 0.62 mA. For all currents larger than this 
value, the maximum frequency fy ma is obtained. 


116 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


cr fy is doubtlessly an important parameter, However, it has been specified 
for « bipolar transistor with an input current drive. Current drive conditions provide a 
ow frequency gain of fise. This transistor parameter is highly unreproducible because 
itis so sensitive to processing conditions. Therefore, as well as for other reasons (se 
Chap. 4), voltage drive conditions are preferred. 


2-3-8 Common-Emitter Configuration with Voltage Drive 


‘This configuration is the same as in Fig. 2-L1a, but now the source resisiance Ry is 
much smaller than the input resistance r,. The corresponding small-signal equivalent 
circuit (lor zero Ry) is given in Fig, 2-11. 
At low frequencies, all capacitances can be neglected, The transconductance fy / tn 
(ior zero Rs) as then given by gin, provided rq <rg, Which is generally the case 
I trequencies, the transconductance Ag rolls off with « slope of unity again 
as given by 


ee ie 
Aa in 
Ua 1 If TIn 
1 1 tepr 
wit r= = ce 
Ny fo = Farg(Ca FG) Ie le + lepr 
und tH = ra(Cjey + Cu) + re€y 


where, again, ry < ry 

The comparison of Eq, (2-22) with Eq. (2-206) shows that the cutoff frequene, 
J is much larger than fy. The ratio is approximately a factor of 1 /ra, which is 
obviously much larger than unity, Note that the time constant re, has been aclded 
again. 

Frequency. fg can even be larger than fp, provided ry is smaller than 1/gq). This 
can be the ease when the collector biasing current fe is small. 
fv are equal at the cusrent where gra = 1, oF at the current 


requencies. fi, and 


kT Iq 
tern = 
% 


The maximum value of fy is now reached for currents smaller than Joy. This 
inaximum depends only on the base resistance and both jut 
independent of the base transit time te 

In general, it can be concluded that only the presence of rg limits high frequency 
performance, For zevo rp. infinite bandwidth can be achieved, This clearly illustrates 
the importance of ry in the bipolar transistor model. Considerable attention will be 
paid to its calculation in Secs 2-4 


ction capacitances and is 
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Example 2-6 

Calculate the frequencies fr and fa for a bipolar transistor with = 100, ty 
0.25 ns, Cjer + Cicr = 6 pF and ra = 100 2 at the currents of 0.01 mA, 0.1 mA. 
and 1 mA. Also, calculate the value of the current fer 


is 10, $8, and 393 MHz, 
26 ma. 


Solution. The fr values have been given in Example 2. 
‘The fa values are, respectively. 261, 228, and 102 MHz, Current fern = 


Note that parameters fy. fr.and fe are the most important parameters of a bipolar 
transistor. They all depend on the same fundamental parameters. shown in the dia- 
gram of Fig. 2-6. This diagram has been simplified witli the omission of all junction 
capacitances. It is worth memorizing this schema to gain insight 

‘The fundamental parameters are B. £m. Tr, and rp. Two of them are determined 
by the technology used, i.e.. 8 and rp. The other 1W0, gq and ra, are design variables. 
Parameter gq can be varied continuously by varying the current ic. Resistor ry can 
be varied only by taking different (and especi as explained in 
Sec. 2-4. The only true design parameter left is gq. This result is in sharp contrast 
with a MOST, for which W/L is a true design parameter together with fw 


Targer) layouts. 


2-3-9 Common-Collector and Common-Base Configurations 
‘Asa final example of the usefulness of the hybrid- model, alternative configurations 
are discussed. The first one is the common-collector configuration or emitter follower. 
Its schematic is shown in Fig. 2-I4a and closely resembles the schematic of Fig. 1-134 
for a MOST source follower. 

‘Two biasing sources are required. The first is a voltage source Viy at the base. 
‘The second is a current source /¢ at the emitter. This latter source determines the 
collector current within a small margin of error (equal to 1/f). The first volta 
source determines the output DC level Vour- lis value is approximately Vie ~ 0.7 
-V lower than Viy. An exact value for Ve can be obtained from Eq. (2-54) because 
the collector current is known. In this way, all DC voltages and currents are easily 
determined. 

If an AC input voltage vj, is added, the current cannot change because it is deter- 
mined by current source /;:. The AC current is thus zero and so is the AC base-emitter 

__ voltage ge. AS a result, the AC input voltage vig appears unattenvated at the output: 
Yous = Ug. Thus, the AC gain of this source follower is unity. Also. the AC input 
current is zero because it is 1/f of the collector current. As a result, the input re~ 
sistance is quasi-infinity. In Chap. 4, we will show that the input resistance is not 
infinity at all. For now, we will simply assume this in order to examine the effect of 
the capacitances. 

‘The main purpose of this configuration is to convert the impedance level from high 
to low values. The input impedance is high, as shown above, and the output impedance 
is low. In order to calculate the output impedance. the AC equivalent circuit is drawn, 
It is shown in Fig. 2-14b. 


FIGURE 2-14 
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(a) Emiter follower. (6) Small signal equivalent circuit. (c) Equivalent circuit to calculate Zou. at 
low frequencies. (¢) Common base coviguration. 


At low frequencies the capacitances can be omitted. The output resistance is then 
found by application of an output current source i and calculation of the output 


voltage vou (See Fig. 2-14c). The resultant output resistance at low frequencies (LF) 
is given by 
Rs tra tts 
Re ———— 2-24 
ouTLE 1+ Pac (2-24a) 


in which Rs is the source resistor. Usually, Bac > 1, and Eq. (2-14a) can then be 
simplified to 

Rs+re 
Sm Bac 


Rounr = 


(2-24b) 


“The second term is quite small if Rs is small and is therefore usually negligible. 
However, if Rs is large, this second term is dominant. 
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The first term, 1/gn, is also present in the output resistance of a MOST source 
follower (see Eq. (1-33)). However, for a source follower, there is no term for the 
source resistor Rs as there is for an emitter follower. A source follower thus always 
ives 1/gm as an output resistance. regardless of the value of source resistor Rs. Thus. 
the impedance reduction from gate to source is nearly infinity. An emitter follower. 
‘on the other hand, is only capable of an impedance reduction from the base to the 
ter of a factor Bac. 

‘Athigh frequencies the capacitances start playing a role as well, The full expression 
of the output impedance is then given by 


l+ififa 


Zour = Roun 


V+ Gf /fr 


provided gm(ra + Rs)Cu < Cx. 

All parameters Rounir. fa. and fr are already known from Eq. (2-244), (2-22h), 
and (2-21a), respectively. Since they all depend on the current, the values of Zour 
are plotted versus current in Fig. 2-15. 

In Fig. 2-15a, the asymptotic values of fs and fr are plotted versus current 
‘These frequencies are the zero and pole frequencies of Eq. (2-15). This plot gives the 
positions of the zero and pole with current ic as a variable and is therefore called 
the pole-zero position plot. The Bode diagrams for several values of the current are 
easily derived from the pole-zero position plot and are given in Fig. 2-15b. Only the 
amplitudes are shown; the phases are omitted. 

‘At current Icrs, Snra = |. as given by Eq. (2-23). The values of fa and fr are 
equal, A pure output resistance results. Its value is rg itself. At lower currents, fy is 
lower and the output impedance then rolls off versus frequency 

Athigher currents, fy occurs first. A region appears in which the output imped 
increases with frequency. This region is called an inductive region. The larger the cur- 
rent the wider the inductive region. This inductance can cause instability if combined 
with parasitic capacitance at the output terminal, so it is safer to avoid it altogether 
by decreasing the source resistance or by decreasing the biasing current. This will be 
studied in more detail in Chap. 4. 

‘The previous analysis has been conducted under the assumption that an AC ot 
small-signal input has been applied to the base terminal in Fig. 2-I4a. It was 
voltage source superimposed on vx. The AC input can also be applied to the 
by superimposing an AC emitter current on fy (see Fig. 2-I4d). The base is th 
a fixed voltage Vj. This guration and the output i 
taken from the collector. - 

Obviously, all AC current that goes into the emitter also comes out at the collector 
(within a margin of error of 1/Bsc). The current gain is thus uni 

The input impedance seen by the input current source is exactly the same as the 
-output impedance of the emitter follower, shown in Fig. 2-I4a, provided the source 
resistances are the same. As a result, the same diagrams can be used in Fig. 2-15. All 
conclusions drawn about the emitter follower output impedance are equally valid for 
the common-base stage input impedance. 


called the common-base cony 
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FIGURE 2-15 (a) Position of pole and zero, (b) Bode diagram of Zn of emitter follower for = 100, re = 100, 
tr =0.25 ns, Ger + C, =6 pF. 


It can be concluded that the high frequency performance of a bipolar transistor 
stage is governed by the parameters f and fr, and especially by ra. Remember, 
however, that the collector has always been short-circuited for AC signals. Voltage gain 
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has never been realized. As a consequence, the multiplication effect of the feedback 
capacitance C, (called the “Miller effect”) never had to be taken into account, This 
effect will be included in the evaluation of elementary circuits in Chap. 4 

Now, special attention is paid to the calculation and design aspects of the base 
resistance. In addition, the other ohmic resistances will be discussed, 


2-4 THE OHMIC RESISTANCES 
By far the most important ohmic resistance is the base resistance and therefore it is 
discussed first (Grove 1967). 


2-4-1 The Base Resistance 
‘There are two base resistances to be considered (see Fig, 2-16). The first is the 
intrinsic base resistance rg,, It is located in the base region underneath the emitter. 
‘The other one is the extrinsic base resistance rye, It iy the resistance from the edge 
of the emitter to the base contact. The latter one is the easiest one to calculate and is 
therefore treated first. 


2-4-2 Extrinsic Base Resistance 
For a region with sheet resistivity Ry. (in 22/2) and the dimensions given in Fig. 2-164, 
this resistance is given by 


hn 
tae = Rae (2:26) 
: Dy 


For wide base contacts (large by), closely spaced to the emitter region (small /ty), 
the extrinsic base resistance will be small, 


2-4-3 Intrinsic Base Resistance 
in the extrinsic base 


The sheet resistivity Ry; underneath the base is 
region. Indeed, the base is largely compensated by 
depth Wp is left. Its sheet resistivity Rai (in 2/0) is given by 


uch that only a base 


1 
Roi = ——_ 
qn Qe 


7) 


in which Qg is the integrated base doping (in cm™) and j1y the electron mobility in 
the base. Typical values of this sheet resistance are Rp, ~ 3 to 5 k@/O. 

This large resistivity creates a large lateral resistance underneath the emitter. This 
base resistance, which will be calculated as follows. 
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FIGURE 2-16 Base resistance calculation, 


In Fiy, 2-16a, the current lines of the collector are drawn. It is assumed that these 
lines are evenly spaced over the whole emitter contact. Each collector current line 
generates base current. As a consequence, the lateral base current is zevo to the right 
of the emitter contact but reaches its total value ig to the left of the emitter contact. 
Because the collector current is evenly spread over the emitter contact, the base current 
in is a linear function (see Fig. 2-165), as given by 


in()) = tor (@ - 2) (2-284) 
he 
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The lateral voltage drop along the intrinsic base region is given by 


Ray 


is 
vay) [ igdr a, = = indy 
sy be Jo 


in which dra; is a small fraction of the lateral intrinsic base resistance. 
The lateral base resistance ris defined as the ratio of the average lateral voltage 
drop veo to the total base current pr. We have thus to take the average of vp of 
Eq. (2-28b). 
‘Substituting ig from Eq. (2-28a) into Eq, (2-28h) and performing the integral yields 


Roi is 
vat) aie (- =) (2-294) 


This curve is given in Fig. 2-I6c. Its maximum value var is easily found by 
substitution of y by fg in Eq. (2-292). However, we must have its average value Vp. 
The average value of va(y) is found from the following int 


ne 
Upa = 5 vp yydy Oh), 
he = Te I 8 ty 
Rake, 4 
jing = vil 2:20¢ 
or Vaw 3be tar ¢ ) 


Then, the average lateral intrinsic base resistance is given by 


tos _ Rae 


rp = 


inr She 


‘This resistance is one third of the total lateral resistance of the intrinsic base region 
The reduction factor is a result of the nonlinear voltage drop along that region. If two 
base contacts are present, one on each side of the emitter, the reduction factor is 
one-twelfth instead of one-third. 

The voltage drop vg must be subtracted from the applied base-emitter voltage te 
(ee Fig. 2-16d). As a result, the effective base-emitter voltage on the left of the 
emitter is larger than the base-emitter voltage on the right, Since the collector current 
depends-exponentially on the bas e. the collector current on the lett 
i much larger than on the right (see Fig. 2-16e). 7 
Emitter crowding causes all the collector current to flow at the e 
on the side(s) of the base contact(s). This effect becomes important as soon 
Tateral voltage drop is large with respect to AT'/q. Thus, the onset of emitter crowding 
occurs at the current Ice, given by 


emitter volta 


called emitter crowding. 
ge of the emitter 
s the 


lem pet @31a) 


FIGURE 2-17 
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or, after substitution of raj, by 


(2-310) 


Note that this current does not depend on the base charge Qj. It does, however, 
‘depend on the dimensions of the emitter, In order to avoid emitter crowding, current 
Tcee must be made as large as possible. Therefore, long and narrow emitter contact 
stripes must be used, along with two base contacts, one on each side of the emitter. 

Even lower intrinsic base resistances can be obtained by using more emitter stripes, 
always paralleled by base contact stripes. In this way. values down to Q's can be 
reached. However, the emitter-base junction area can become very large, leading to & 
large emitter-base junction capacitance. This limits performance of such a device at 
h frequencies and necessitates a compromise. 

‘The total base resistance consists of the sum of the extrinsic and intrinsic base 
resistances. However, this is the case only for low currents, At higher currents, all the 
‘current is injected on the left side of the emitter and only the extrinsic base resist 
remains, This is depicted in Fig. 2-17, which clearly shows the current dependence of 
the 


In SPICE (see Table 2-2), 
as a cont 
1988). It is given by 


expression is used that provides the value of the total 
Wwous function of the current (Antognetti and Massobrio 


ry = RBM + (RB — RBM) 


Base resistance versus current (a) without specification of IR 
% 


b) with specification of IRB. 


(RB) rect, 


@ ? roy 
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in which RB = ree +1oi is the limiting value at low currents (see Fig, 2-174) 
and RBM= roe is the limiting value at high currents. Parameter IKF is a high- 
injection parameter. At this value of the collector current, the beta stars rolling off 
(ee Sec. 2-5). Typical values of IKF for a small transistor are 20 to $0 mA, In 
Fig, 2-172, IKF is that value of the collector current where the base resistance falls 
halfway to its minimum value. 

If we prefer to separate the base-resistance roll-off from the high-injection effects 
(beta roll-off), we must specify a value for parameter IRB. As before, this causes a 
complicated expression to generate about the same curve (sce Fig. 2-17), an expres- 
sion that is approximated by Eq. (2-32), but with f,/IRB instead of fc/IKF, Now. 
IRB is the base current where the base resistance falls halfway to its minimum value. 
Both curves (of Fig. 2-17a and h) coincide if IRB = IKF/2. For IKF = 50 mA and 
{B = 200, this value of IRB is 0.125 mA. Normally, IRB is much larger, as sketched in 
Fig. 2-17b (ie., 20 to 50 mA). As a result, IRB is located in the region of the collector 
currents where high-injection effects already play an important role. The effects of 
the base resistance can no longer be distinguished. 


Example 2-7 
Calculate rae for 


10 xm and by = 30 um if Rae = 150 2/0. Also. 
calculate the intrinsic base resistance and the current [cq for a transistor with a 
1.6 x 103 cm~? base charge, 8 = 100, and hole mobility = 225 em?/Vs, The 
emitter dimensions are be = 30 um and hy = 10 xm, What is the total base 
resistance for one and two base contacts? 


Solution. from Eq. (2-26). rae = 50 2. The value of Rai = 1.736 k2/O. From 
Eq, (2-30), rg; = 289 @. The value of Icec is then 8.95 mA. The total base 
resistance is 339 @ for one base contact and 122 & for two base contacts. 


2-4-4 The Collector Resistances 


before it arr 
* the epitaxial region. This region is homogeneously doped and is thus ¢ 
1 bulk resistivity pep: in Scm or a doping level Ney such that Pep 
+ typical value is epi = 1 cm (see also Table 2-1). 

‘The third region is the buried layer. It is included to reduce the resistivity of the 
collector region as much as possible. It is a result of a diffusion process step and is 
therefore characterized by a sheet resistivity Raz in 2/0. or a doping level Naz, (such 
that Nox = 1/decqitaz Nox). A typical value is 10 92/0. (see also Table 2-1). 

‘The resultant resistances depend on the geometries of the collector region. They 
are given in Fig. 2-2b. The total resistance is then rc = rei + Fc2 + Fes. It is found 


Iq Htep Nepis A 


2-4-5 The Emitter 


126 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


by inspection and given by 


epi = te = dou /2 hee Sei = Xe — dow 
Te = Pepi wa) +R, + Pepi 2-33) 
Matis ( hebe ): Ue ( Be ee hebc ey. 


‘These are obviously first-order calculations. The current is assumed not to spread 
out nor to be subject to crowding. Also, the underdiffusions are neglected so a large 


relative error can be expected. On the other hand, an exact value of collector resistance 
is usually not required, 
In SPICE, the total collector resistance is denoted by RC (see Table 2-2). 


Example 2-8 


Find the collector re 
and Pep; = 2.6 Sem. 


nces of the transistor of Fig. 2-2b with Ra, = 12 9/0 


Solution. hg = 15 um, be = 30 um and Xepi — Xp — dou = 7-2 jem, hence 
Tey = 413 &. Also, lice = 20 yum and be = 50 um; thus rc2 = 4.7 ®. Finally, 
hic = 20 pm and ei — xe — dexye = 8 wm, hence rey = 206 2. The sum is 
re = 624.2. 

We clearly notice that the resistance due to the buried layer is negligible. The 
value of re obtained is an upper limit, It will usually be smaller because of the 
second-order effects mentioned above. 


Resistance 


‘The emitter series resistance is the smallest re 
doped. A typical values is Ry 
directly degrades the transcondi 
included as wel 
If a similar calculation is tried for the emitter resistance as was tried for the collector 
resistances, the emitter resistance re is about 0.2 &. Usually, much larger values 
are measured—about 2 to 5 Q. This difference is caused by the presence of metal 
contact resistance. Yet this resistance plays a role only if the product gmre becomes 
comparable to unity, ie, at large collector currents. For this range of currents, high- 
injection effects and other second-order effects have become much more important. 
In SPICE, the emitter resistance re is denoted by RE (see Table 2-2). 


ance because the emitter is highly 
10 2/0. On the other hand, the emitter resistance 
ctance, as shown in Eq, (1-37), and therefore must be 


2-5 HIGHINJECTION AND OTHER SECOND-ORDER EFFECTS 


At high collector currents, some important phenomena occur, especially as a result of 
emitter crowding, which in turn is due to the large current density. All of this leads 
to drastic reduction in f and in fr. 

It is not easy to distinguish the several phenomena from one another, as they all 
‘occur at akout the same current levels. Nevertheless, models can be devised for them. 
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and high-injection effects 


They can be separated in high-injection effects in the basé 
in the collector (Muller and Kamins 1986). 


2-5-1 High-Injection Effects in the Base 
The onset of high injection occurs by definition at that value of va where the injected 
minority carrier concentration in the basen’, (see Fig. 2-1) becomes equal to the 
majority carrier concentration in equilibrium pp (see Fig. 2-18a). This value is de- 
noted by Vaexi. At that point, the actual majority carrier concentration p,, is doubled 
(Gee Fig. 2-18) because of the charge neutrality condition in the base. 
The value of Vagxi is obtained by equating ppg to 1, (given by Eq. (2-34), After the 
substitution of pyo by Nz and of stp, by n?/Nq, the value of Vara; is approximately 
given by 


For example, for a base doping of 2 x 10"? cm~*. Vaew is approximately 0.84 V, 
which is quite a high value indeed. 

‘As a consequence, the majority carrier (holes for an npn transistor) concentration 
is not homogeneous throughout the base. The concentration is higher on the emitter 
side than on the collector side (see Fig. 2-185). As a result, the holes diffuse in the 


base from the emitter to the collector side. 


FIGURE 2-18 (2) Low injection and (b) high injection conditions in the base. 


2100 


10 


128 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


‘The holes cannot flow to the collector because the collector is positive, repelling 
holes. The hole current through the base must therefore be zero. An electric field 
is created in the base to prohibit the diffusion of holes toward the collector side (st 
ig. 2-185), 

‘The value of this electric field is calcuiated from the equation of the hole current 
pi, to zero. Indeed this hole current density jp (= ip/Aga) would result from drift 
current and diffusion current as given by 


d 
ip = Uktp Pots ~p, (#2) 0 (2-35) 


From this expression, the value of the electric fiekl @, is extracted. An appro» 
expression is then obtained by use of Einstein's relationship (D/ = kT'/q) and, 
after substitution of the derivative, dpp/dx by pp/Wn. The electric field @ is then 
approximately given by 


(2-36) 


For a linear hole distribution in the base (see Fig. 2-18), the electric field is constant, 
Under low-level injection conditions (Fig. 2-184), the electron current that is in~ 
jected by the emitter and flows toward the collector is a result only of the diffusion 
in the base. For high-injection conditions (Fig. 2-18), however, that electric field 
is present as well, causing additional drift. The current increases and an additional 
voltage drop appears across the base-emitter junction, 
‘The collector current is given by 


any 12 
lei exp (,) (2-37a) 
aAenDan, _ (Ni 

with (pepe ic es eal (2:37) 
We ny 


in which fs is given by Eq. (2-56). 

‘This is an important result. It shows that the characteristic of collector current versus 
base-emitter voltage no longer contains the Boltzmann factor under. high-injection 
conditions. Indeed, the coefficient in the denominator of the exponential is now 2kT'/q 
instead of kT /q, as shown in Fig. 2-194. 

‘At low currents, represented in Fig. 2-19a, the graph is identical to Fig. 2-3. At 
high currents, the slope of the ic characteristic is changed but not the slope of the ip 
characteristic. As a result, the beta starts falling off at these high currents. The current 
where the slope changes is called the knee current Ick. Its value is found by equating 
ic from Eq. (2-5) to the one in Eq. (2-37). It is given by. 


(2-38a) 


CHAPTER 2; BIPOLAR TRANSISTOR MODELS 129 


log ice 


(KP lex 


Joy 


@ 


slope ¥¢ 


wer ne oT 
wo 
FIGURE 2-19 (a) Asymptotic values of i and i with (b) resulting beta's. 


and the corresponding value of Vaex is given by 


Vex (2-38) 
This value is obviously very close to the one of Eq. (2-34). 
: Note that Eq. (2-374) can now be rewritten as 
SUIS vEB 2 
ic = V/Islex exp (=) (2370) 


In SPICE, parameter /cx is called IKF (see Table 2-2). It is the knee or corner 
‘current in forward direction. In reverse direction it is called IKR. 
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25-2 High-Injection Model of Beta 


Since the beta depends on the current, an AC beta can be distinguished that is now 
smaller than the DC beta. (see Fig. 2-195). Indeed, another fit formula is used that 
again includes two fit parameters. At high currents, the region with exp(quae /2KT) is, 
better described by exp(yvgr/ackT). The second fit parameter is C3, The complete 
expression for f in SPICE is given by 


Bu 


B (2-39) 


1+ Gig 


in which Ye = 1 —1/ne. In comparison with Eq, (2-13), an extra term has been added 
to account for the drop in beta at high currents, The knee current fe, is given by 


Nene Gas (2-380) 


As before, the AC beta is easily derived from Eq, (2-39) by application of Eq, (2: 
It is plotted in Fig, 1-62 as well, It is clear that the AC beta stars falling off a 
(J-+ve) lower collector current than the DC beta. Power transistors suffer considerably 
from this effect, Exponent ve can be as high as 3 t0 4. As a result, the AC beta drops 
to unexpectedly low v 

Exponent ve can be so high because several effects are combined, Some of them 
are briefly discussed next. They include the effects of base resistance, the spreading 
of the collector current, high-injection effects in the collector, etc 


2), 


ues, 


Example 2-9 


For the transistor of Table 2-3, calculate the high-current fe. versus vpe char 
teristics (calculate the knee current). Also calculate the AC beta at two times that 
knee current if we assume that ve = 2. 


Solution. ‘That transistor has parameter fy = 1.3 x 107! A. Factor Nig/nj equals 
1.3 x 10? and hence, from Eq, (2-376), the value Isp 1.75 x 10°" A. The knee 
current is given by Eq, (2-384) and is about Icx = 93 mA. The corresponding 
value of Var is Vary = 0.884 V. The approximate value of the electric field is 
given by Eq. (2-36) and is only 323 V/em, J 

From Eq. (2-38c), the constant Cp is found to be /¢," or about 11 
the AC beta at 0.4 A can be obtained by application of Eg. (2-12) to 
which yields 


In this expression, C2i¢° equals 1 at 93 mA and equals 4 at twice that current 
(remember that ve = 2). The AC beta is thus reduced to about 1/13 of the maximum 
vallie’oF Ba. 
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We also lear from this equation that the AC beta is always smaller than By 
and that its difference with the DC beta is larger if the slope vc is larger (see 
Fig. (2-195). 


2-5-3 Base Resistance Effects 


ses a lateral voltage 
This 


At high collector currents, the base current is high as well, Itc: 
drop AVae in the base region as a result of the presence of base resistance ry. 
resistance has been discussed in detail in Sec. 2-4. 

‘This voltage drop must obviously be subtracted from the applied base-emitter volt- 
age (see Fig. 2-20). As a result, the ic versus vge characteristic flattens out and the 
beta is reduced. The expression of the collector current is then given by 


une —rnic/B ts 
ic inex ( ie ) 41) 


with Is given by Eq. (2-56). 


25-4 Graded Base 


In the discussions above, it has been assumed that the base is homogeneously doped, 
with doping level Ng. This is actually not the case, because the base is the result of 
two diffusions. For most of the base region, the doping level decreases toward the 
collector side. As a result, there is an aiding electric field that slightly increases the 
current and shortens the base transit time t}. 


2-5-5 Collector Current Spreading 


FIGURE 2-20 


When the collector current becomes large, severe emitter crowding occurs. All collec 
tor current is then concentrated on the side of the base contact. The current path on the 
extreme side, denoted by Ws. is now much longer than underneath the emitter (see 
Fig. 2-21), where it is Wa. For that portion of the collector current, the recombination 


Beta reduction by base resistance. 
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FIGURE 2-21 Collector current spreading. 


in the base has increased considerably. For that portion, the beta is determined by 
recombination in the base and no longer by injection in the emitter. As a result, the 
beta drops considerably, the base transit time zp increases, and parameter fy thus 
drops as well. 


25-6 High-Injection Effects in the Collector 


‘The collector of a bipolar transistor is separated from the base by a wide depletion 
layer. Its width is easily calculated if an abrupt junction can be assumed. For this 
purpose, Eq. (1.32) can be used. 

Moreover, it has been assumed that the depletion layer approximation holds, i.e., 
that the depletion layer only contains fixed ion charges (see Fig. 2-1) and no mabile 
carriers (see Fig. 2-1 f). For high currents, this no longer holds true. A large number 
of electrons flow continuously through the base-collector depletion layer, and this flow 
represents a negative charge in that collector-base depletion layer. The doping levels 
in the depletion layers on both sides of that junction must therefore be modified by a 
quantity Nj, given by 


N (2-42) 


GAE RVs 


in which vay is the maximum carrier velocity (~ 10° mys), which has been introduced 
for FETs as well (see Eq. (1-384). 

For a transistor of 30 x 15 um and a current of 13 mA, Ny is about 1.8 x 
10'S cm->. This doping level is comparable indeed to the doping level of the collector 
itself (2 x 10'S cm-3). Thus, high-injection effects occur in the collector. The result is 
that for high currents, the effective base width W, increases, leading to considerable 
reductions in beta (due to recombination) and frequency fr (Sze 1981). 


2-8-7 Bipolar Transistors for VLSI 


‘The bipolar transistor diagrammed in Fig. 2-2 with fr values of about 500 to 700 
Mhz, is the most conventional one. The base diffusion is 2 to 3 zm deep (Ws = 0.5 to 
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0.8 zm) and the epitaxial layer is 6 to 10 jum, depending on the required breakdown 
voltage. Its main disadvantage is the enormous area lost for the isolation diffusion, 

Recent devices are fully realized by means of ion-implantation. All vertical di- 
mensions decrease by a factor of ten, Base widths of less than 0,1 jim are obtained, 
resulting in fr's of over 30 GHz. Both the base and the collector are contacted by 
highly doped plugs (see Fig. 2-22) in order to reduce the parasitic resistances rg and 
re as much as possible, 

‘An even further decrease in lateral dimensions is obtained by use of local oxidation. 
Oxides are used to isolate the devices instead of the depletion layers of isolation 
diffusions (see Fig. 2-22h), Moreover, the emitter is contacted through a polysilicon 
ayer that boosts the beta and makes it temperature insensitive, The base is contacted 
through a polysilicon layer as well. This slows more spacing between the emitter and 
base contacts, resulting in smaller devices, 

For these high-frequency transistors, several second-order effects play a role. They 
ean be modeled by additional parameters in SPICE (see Table 2-2), which act on 


FIGURE 2-22 Recent bipolar transistor structures, 
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the base transit time t-. For example, rp can be made 
dependent, etc. 

(One parameter in particular is worth mentioning here—the excess phase parameter 
PTF, This parameter indicates how many degrees phase shift must be added to current 
source gy (in the hybrid-7 model) at frequency fr(= 1/2tp). This extra phase shift 
‘can be used to fit measured phase shifts at frequency fr. 


1g dependent, voltage 


2:6 LATERAL pnp TRANSISTORS 


Bipolar devices of opposite polarity can be realized together with the vertical npn 
transistors of Fig. 2-2 (Muller and Kamins 1986). Two kinds of pnp transistors can be 
distinguished, namely, vertical and lateral pnp devices. We will first discuss vertical 


Vertical pnp transistors are hampered by the fact that the collector is always the 
substrate and are thus also called substrate pnp. ‘This is caused by the fact that the 
epitaxial n-region, which is the collector for a normal vertical npr transistor, is now 
(sce Fig. 2-23a). It is contacted through a 7+ diffusion, which 
corresponds to the emitter of the vertical npn. 

‘The underlying p-substrate then acts as the collector. It is a common collector for 
all the vertical pnp devices on the same chip. As a consequence, the vertical pnp 
transistor can only be used in the common-collector configuration, i.e., it can only be 
used as an emitter follower in an output stage or a buffer sta 

‘The lateral pnp transistor . 2-23). Again, the epitaxial region is the 
base. Both the emitter and collector are realized in the same p-region of the base of 
the vertical npn transistor, Note that a buried layer is now present as well and that the 
lateral device is circular, The reasons for these changes will be made clear later on. 

In some present-day technologies, an extra diffusion or ion-implaniation is often 
carried out, such that vertical pnp’s can be realized. The advantage of such technology 
that the vertical pnp’s characteristics are considerably improved upon. Their firs. 
especially, are close to the fr’s of vertical npn’s. In this text, such devices are not 
discussed as they are not commonly available. 

For both kinds of pnp devices, the most important characteristics are now derived, 
‘These characteris include the parameters /s, beta, and fy, The hybrid- model, 
however, is exactly the same for a pnp transistor as for an npn transistor and. is 
therefore not repeated. Applications and second-order effects will be considered, The 
simplest device, substrate pnp, is discussed fi 


2-6-1 Substrate pnp Transistors 
‘The substrate or vertical pnp behaves as a conventional bipolar transistor. Only its 
base is quite wide (d, in Fig. 2-232) and the base doping is quite low. Its doping level 
is determined by the collector vertical npn, for which a typical value is Ng = 10!8 
‘em (see Table 2-1). As a result, the integrated base charge Qa (per em?) is of the 
same order of magnitude as for a vértical npn transistor. 
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Parameter Js. which determines the ic versus ge relation (see Eq, (2-5b)), is also 
given by Eq. (2-55). with the exception of D, now substituted by Dp. It is also of 
the same order of magnitude. 

‘The picture is different for the beta value. Because the base width is so much 
larger compared to a vertical npn, base recombination in the base dominates, rather 
than injection into the emitter. Its expression is given by Eq. (2-9). It depends on the 
base transit time rp. given by Eq. (2-65), after again substituting D, by Dp. The 
recombination time constant is again approximately tz¢ ~ 1 4s. The beta value is 
isually somewhat lower for a vertical pnp transistor than for a vertical npn transistor. 

‘At both low and high currents, the beta falls off in very much the same way as 
before (see Eq. (2-39), such that the AC betas are different from the DC betas. 

‘The maximum value of fr is again determined by the base transit time tp, given 
by Eq. (2-2le). The junction capacitances determine the fr values at low current, 

Here, we consider the effect of adding a buried layer in the vertical pup transistor. 
Indeed, the buried layer, not present in Fig. 2-23a, is added in Fig. 2-23b. This buried 
layer is highly doped (10'S to 10 cm™, see Table 2-1) and extends over a few 
micrometers. It thus represents a charge of about 10!° cm™? 

‘This charge must be added to the base charge Qp, which then becomes at least 
two orders of magnitude larger than before. As a result, the value of /s decreases by 
more than two orders of magnitude. On the other hand, the injected charge OQ now 
has a rectangular rather than a triangular distribution (see Fig. 2-1). The injected 
charge is thus doubled and the net effect is that, for the same value of vpe. the 
collector current is two orders of magnitude smaller. Moreover, the base recombination 
increases. reducing the beta value of that transistor. For these reasons, a buried layer 
is not used in a substrate pap transistor. 


Example 2-10 


A vertical pnp transistor has a circular emitter with a 30 jam diameter. Its dimen- 
sions are d, = 6 pm and Agg = 706 pm? The doping level of the emitter is 
2x 10!7 cm- and of the base (epitaxial layer) 2 x 10'5 em™. Mobilities of holes 
‘and electrons are, respectively, 470 and 500 cm?/Vs. What is the current at 0.66 V 
emitter-base voltage? Calculate the base transit time, the betas. (tar = 1 4s), and 
the maximum value of fr. 


Solution. The base charge is Qg = 1.2 x 10'? em. The value of D, is derived 
from the mobility; its value is Dy = 12.1 cm/s. The value of fs is then 2.6 x 10" '$ 
A. For a base-emitter voltage of 0.66 V, the current is 320 A. The base transit 
time is ty = 14.8 ns, resulting in a maximum fy of 10.7 MHz. The beta, as a 
result of the recombination, is Bx = 67. The beta as a result of injection in the 
emitter is only about f; = 47, comparable in size to Bg. The net resulting beta 
can be obtained from 


= (2-43) 
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which is about 28. While this is a low value, it is nevertheless higher than what 
we can obtain from lateral devices. as explained next. 


2-6-2. Lateral pnp Transistors 


A lateral pnp transistor is shown in Fig. 2-23. The emitter is cireular and completely 
surrounded by the collector. This is necessary to collect as much of the emitted 
current as possible and to keep the injection around the emitter as evenly distributed 
fas possible. The base width is denoted by d). This parameter is not imposed by 
technology, as it is for a vertical npn, it is in fact a design parameter. 

‘Three pnp transistors can be distinguished in the same structure. A vertical pp is 
present from each p region to the substrate and also between the two p regions. All 
three transistors are shown in Fig. The vertical pnp from the collector is always 
off and can thus be left out, but the other vertical pnp, from the emitter, is al 
fon. As a result the lateral pnp transistor always operates in parallel with a vertical 
pnp transistor, which injects current icy in the substrate. This parasitic effect ean be 
minimized by the addition of a buried layer, but it can never be avoided altogether. 
As previously explained, the buried layer merely decreases the vertical current icy by 
1 few orders of magnitude. 

Currents will now be calculated. 

The ic versus vge characteristic is determined by parameter /s and is given by 
Eq. (2-5a) after the substitution of D, by Dy. Note that the injection area Arp is 
now the perimeter of the emitter. For the circular emitter shown, the emitter is given 
by xdgdp. The resultant value of /s is usually of the same order of magnitude as the 
resultant value for a vertical npn transistor. 

‘The beta of the lateral pup is also dominated by base recombination with time 
constant tap. Indeed, its base width dy is quite large. Moreover, two base current 
‘components are present (see Fig. 2-23c) as both the lateral pnp transistor and the 
parasitic vertical pnp transistor draw base current. The total base current is given by 


ip = iy + iny = iai(1 + Kut) (24a) 
e _ 2Aemde _ ded 


with 24h 
‘Ageidy  2dydh be) 
and ty = 25 (2-440) 
2 Tor 
+ A reduction factor Ky has been introduced to account for the parasitic pup. 


the vertical 


factor of two is added to take into account that the injected charge Q¢ 
transistor is rectangular rather than triangular. 
The resultant beta is taken from Eq. (2-9), and is given by 


terp__t 


— 2.45) 
tr Teka Ges) 
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@ 
SD; 


with tr 


and tpfp is the recombination time constant in the epitaxial region (about 1 js). The 
base transit time tp is obtained from Eq. (2-6b). It is striking to see that the beta 
Of the lateral transistor is seriously degraded by the presence of the parasitic vertical 
transistor by means of factor Ky. 

‘The actual base transit time of the lateral pup is not rr but rather tp(1 + Kis). 
is injected in both the lateral and vertical bases, the total majority 
rge to be displaced by vgr is the sum of the Or charges of both transistors. 
‘The diffusion capacitance includes the effect of both charges us does the base transit 
time. Thus. the jr also suffers seriously from the presence of the parasitic vertical pnp, 


Example 2-11 
Consider a 


lateral pp with a round emitter, as pictured in Fig. 1-23b. The dimen- 
sions are dy = 6 jem, dj = 8 yum, de = dc = 30 um and dy =3 um. The doping 
Jevel of the emitter is 2x 107 cm™> and for the base (epitaxial layer), it is 2x 10'> 
em, Mobilities of holes and electrons are, respectively, 470 and 500 cm?/Vs. 
What is the current at 0.66 V emitter-base voltage? Calculate the base transit time, 
the betas (zap = I jes). and the maximum value of fr. 


Solution. For the lateral pnp, Ags = 283 jam? and for the vertical pnp. Ace = 
707 pum, Factor K,y thus equals 3.75. : 

‘The lateral base charge Og = 1.6 x 10"? em and the vertical base charge is 
1,2 x 10 cm~?. The value of D, is again D, = 12.1 cm?/s. The value of fs is 
then 7.7 x 10" A. For a base-emitter voltage of 0.66 V. the current is 95.5 1A. 
‘The values of the injected charge Or are, for the lateral pnp, 9.5 x 10? em- and, 
for the vertical pnp, 8.3 x 10! cm~®. The tatcral base transit time without parasitic 
pnp would be 26.3 ns, but its actual value is as large as 125 ns. The resulting value 
of maximum fr is therefore only 1.3 MHz. 

‘The beta as a result of the recombination is 38 and the presence of the vertical 
pnp reduces this value to a mere 8. The beta as a result of injection in thé emitter is 
approximately 35. This latter beta value is indeed higher and can thus be neglected 


We conclude that the performance of a lateral pnp transistor is quite poor. Both 
beta and fr values are two orders of magnitude lower compared to the vertical npn 
transistor. Note, however, that reduction of the base width can improve performance. 
‘Actually, all parameters in factor Ky can be worked on to improve performance. 
From the technological point of view, deep p diffusions (d,) should be used, along 
with a shallow epitaxial layer (d,). From the designers point of view, the emitter (dz) 
and the base width (d)) should both be small. 
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26-3 Base Width, Early Voltage, and Punchthrough 


From the above analysis, it is clear that the base width d; should be made as small as 
possible. However, two phenomena limit this: Early voltage and punchthrough. 

‘The lateral pnp is a lateral device, very similar to a MOST. Most conside! 
concerning Early voltage and punchthrough made for a MOST apply here as well 
For instance, the reduction in base width for a MOST is also limited by punchthrough 
(see Eq, (1-47)). Both the beta (from Eq, (2-45), and the punchthrough voltage (from 
Eq. (1-47)), are sketched versus the base width in Fig, 2-24. The smaller the base width, 
the smaller the punchthrough voltage and the Early voltage. and the smaller the output 
resistance rp. For a lateral pup Viz © 6 V/jum base width d) is a representative value. 

‘A compromise must be made. Lateral pnp devices with large output resistances r 
and large breakdown voltage will thus have Tow betas. 


ations 


26-4 Base Resistance and Emitter Crowding 


For the substrate pnp transistor of Fig. 2-23a, previous discussion on the vertical npr 
is equatly valid. For the lateral transistor, however, the base contact is located on the 
collector side (see Fig. 2-234). As a result, the base resistance is quite high and emitter 
crowding already occurs at low values of the collector current, A rule of thumb: the 
‘maximum collector current that can be allowed before beta and fr start to fall off is 
about 2A per jzm emitter perimeter. For the transistor with an emitter diameter of 
30 jm in Example 2-10, the maximum current allowed is about 200 A. Lateral pup 
transistors that must deliver mA’s will thus take up an exceedingly large area, 


2-6-5 Applications with pnp's 


FIGURE 2-24 


‘The applications of pnp transistors are very limited (Gray and Meyer 1984). The 
substrate transistor is the best pap, but it can only be used as an emitter follower. It 
is found quite often as such at the end of an output stage 


BV er 


0 4d 
Beta and punchthrough voltage versus base width for a lateral pnp, 
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On the other hand, the lateral pnp has very low values of beta and fy and yet 
it cannot be missed in analog IC design because it may be the only complementary 
device available, Its most important application is a current mirror, shown in Fig, 2-25. 

‘The layout is shown in Fig, 2-25a, The collector is subdivided into four regi 
Since the current is evenly emitted from the perimeter of the emitter, each collector 
collects a current that is proportional 10 its relative fraction of the total circle, Currents 
ie, and ic2 as icy is proportionally larger and ies smaller, 

“Two symbolic representations of such current mirrors are given in Fig, 2-25b and ¢ 
respectively, These representations are equivalent, The transistor structure is conn 
as a current mirror in Fig, 2-25d and e, For this purpose, one of the transistors (the 
first one in the figure) is connected as a diode. Since the base-emitter voltages are 
all the same, the relative collector currents are determined only by the relative length 
of their collector regions. In other words, their relative fs values are scaled to their 
relative lengths. 

Since the current in the diode is now set by the current source Zcs, all other currents 
are defined, The output resistance at each collector is the resistance r,, determined by 
the Early effect. tts value is high and thus each transistor acts as a controlled current 
source. Moreover, the output capacitance is quite low. Indeed, the most important 
capacitance is normally the collector-substrate capacitance. This does not exist ina 
lateral pup transistor because the collector is screened from the substrate by the base 
(epitaxial) region. Thus, the high value of output impedance can be maintained until 
it reaches high frequencies. Such a current mirror will be used to bias other stages 
(see Chap. 6), 

‘The main shortcoming of the current mirror of Fig. 2-25d is that all the base 
current Eic/f flows together with the collector current of the first (diode connected) 
transi generates an error of the order of magnitude 1/B. Since the f is very 
low, the error is large. It is better to divide this base current by another pup transistor 
as shown in Fig. 2-25e. This latter transistor is obviously chosen to be a substrate 
pup because of its high beta, The error current j, then equalls the sum of the collector 
currents, divided by the lateral pap beta and the vertical pnp beta, Brrors of less than 
‘one percent can be obtained in this w: 
in Chap. 4. 

Of course, lateral pnp transistors of squi shape can be laid out 
ais well. However, the injection of the current in the comers is not as reproducible, 
The error in the distribution of the current over the several collectors is larger and the 
matching between the respective current sources is worse. 

Lateral pup transistors are normally available in a bipolar process because the same 
diffusions are used that were employed for vertical npn transistors. However, they are 
also available in a conventional CMOS process. The well acts as a base and the emitter 
the normal source and drain region. For the vertical transistor, the substrate acts as 
a collector. For the lateral device, both collector and emitter are realized in the source 
and drain diffusion. 

Usually, the vertical device has high beta values but only moderate fr’s, because 
of its wide base. Again, the lateral device has too low a beta to be useful here. This 


ns, 


re about equal, wher 


or. 


@ 
ral pnp as a controlled current source. 
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is the result of the parasitic vertical device, no longer inactivated by a buried layer. 
In addition, the source and drain regions are too shallow to yield useful betas. 


27 NOISE 


tor can be added in its small-signal or hybrid-re 
shown in Fig. 2-26a. One thermal noise source and two shot noise sources are 
present (Ott 1988; Chang and Sansen 1991). 


2-7-1 Input Noise Sources 


‘The thermal noise source is associated with the only ohmic resistance in the model, 
resistance rg. The associated thermal noise source is derived from Eq. (1-57) 


dey =4kT radf (2-46) 


Since a bipolar transistor consists of two junctions, it contains two sources of shot 
noise, There are several ways to represent them and the most appropriate way is shown 


in Fig. 2-26a. The }0t noise source is associated with the DC base current Jy. 
It is derived from Eq. (1-58) and given by 
diy = 2qIndf (2-47) 


FIGURE 2-26 (a) Noise sources in a bipolar transistor and (b) equivalent noise sources in bipolar transistor. 
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In the same way, a shot noise source is associated with the collector current Jc. This 
is given by 


ad (2-48) 


The I/f noise is normally added to the base shot noise, as given by 


ay _ KF gle df 
dipy = Aaa F 


(49a) 


in which Age is the injecting emitter area. Constant Ky depends on the technolog 
For a conventional vertical npn transistor, an approximate value is KF © 10™* Acm?, 


In SPICE, a somewhat simpler expression is used (see Table 2-2), given by 
ors aa d, 
dijy = KF Ig" (4) (2-49b) 


Parameter KF plays the same role as KFy in Eq, (2-494), except that it does not 
include the size of the emitter. For each transistor size, a different value of KF is 
required. Parameter AF is approximately equal to unity and is taken to be unity for 
practical purposes. 


2-7-2 Equivalent Input Noise Sources 


In order to compare the magnitude of the noise to that of the incoming input s 
equivalent noise sources are defined. All three noise sources of Fig. 2-26a can be 


replaced by an equivalent input noise voltage source du3,, and an equivalent input 


noise current source diz, shown in Fig. 2-265. 


In order to calculate the equivalent input noise voltage dv3.,, the input must be 
shorted. In practice, a large capacitance can be connected between the input terminal 
and ground. In this case, the equivalent input noise current is shorted to ground and 
can thus be left out of the circuit. The output is shorted as well and the output noise 
current is calculated through that short. This current must be equal to the current in 
the shorted output of the total circuit of Fig. 2-26a, with shorted input. The resultant 
equivalent’ input noise voltage is given by 


2) af a) 


where the beta is assumed to be much larger than unity and the base resistance rg is 
assumed to be much smaller than r, 

‘The base resistance clearly appears in this expression. It is Followed by a term that 
originates from the collector shot noise and it dominates for low collector currents. It 
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is very similar to the term in gq. in the equivalent input noise voltage of a MOST (see 
Eq. (1-66)). The difference between two-thirds and one-half is quasi-negligible. It ca 
be concluded for low currents that the equivalent input noise voltage of a MOST and 
a bipolar transistor are nearly the same and inversely proportional t0 gn. 

At currents larger than £T /2grg, the base resistance limits the noise performane 
It is the lowest value of equivalent input noise voltage that can be achieved with a 
bipolar transistor. 

‘The equivalent input noise current can be calculated by leaving the base open. The 
equivalent input noise voltage source can then be left out. Equation of the currents 
through the shorted outputs of both configurations of Fig, 


KFelp Te 
2q (16+ +o) 2-506) 
(19+ art Boor)! HS 


The term /c/|8(jol? contains the frequency dependent beta of that transistor. The 
beta starts decreasing at frequency fy or fr/B. At high frequencies, this term becomes 
the most important term but at low frequencies the base current J is the dominant 
noise source. 

With two noise sources, namely, the equivalent input noise voltage source dv}. 
and the equivalent input noise current source diz, the question of which source is 
dominant depends on the value of the source resistance Rs used. For small source 
resistance, the input is nearly shorted and the equivalent input noise voltage source 
is dominant. [f the transistor is current driven, then the equivalent input noise current 
source is dominant. 

However, several reasons have already been mentioned to prefer a voltage drive 
for a bipolar transistor. As a recult, the equivalent input noise voltage source dv}., is 
usually the most important. The influence of Rs is better expressed by means of the 
noise figure. 


2-7-3 Noise Figure 
For an arbitrary source resistance Rs. the noise figure NF compares the combined 
noise of the amplifier and the source resistance to the noise of the source resistance 
alone. It is defined as the ratio of the signal-to-noise ratio before the amplifier to the 

after the amplifier. This indicates how far the signal-to-noise ratio of the 

source S has been degraded by the addition of the amplifier A. 

‘The noise figure is given by 


(S/N)s+(S/N)a _ Ns+Na Na : 


NF 
Ms Ws TNs 


Note that all symbols represent powers. They must all be taken either at the input 
‘tcarminnl Gr al’ the Guineas texmunal! 
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The noise power of the amplifier Ny is expressed in terms of the equivalent input 
signal noise sources. The resultant expression of the noise figure NF is given by 


NF = 1+ duien 
NE Nb aRTR Af 


The noise figure is usually expressed in dB, Since it only con 
obtained by taking 10 log), 


sains powers, it is 


2-7-4 Optimum Rs 
‘The noise figure is obviously # function of the sour 
dy}., dominates and the noise figure is inversely proportic 


resistance, For a voltage drive, 


to that source resistance. 


For a current drive, dif 
Fig, 2-27. 

‘A minimum occurs where both terms of the numerator in Eq, (2-51) are equal 
., the derivative of NF to Rs is zero), The optimum value of the source resistance 
given by 


dominates and NF increase with Ry, This is shown in 


Gj 


(00 $2 and fi = 100, and FET at 10 yA. 


6 oar ma, 
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Rs 
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At low currents ower than k7/2grg),. substitu 

sources by Eq, (2-50) yields Rsvp 

is given by Rsopns = Vara. It equals 
Note that the optimum 


in of the equivalent input noise 
VBi/tn- For large currents, source re: 
Rsopio multiplied by JZgnra- 

uc of source resistance depends on the current, The larger 
the current, the lower the optimum source resistance, and the higher the noise figure. 
‘This is illustrated clearly in Fig. 2-27, 

In the same figure, the noise figure is sketched for a MOST, with the same transcon- 
ductance gm as a bipolar transistor at 10 4A. Since a MOST does not exhibit any 
equivalent input current noise, no minimum oceurs. The noise figure is inversely pro- 
portional to the source resistance. ‘Thus, for large source resistances, a FET is always 
a better choice than a bipolar transistor. 

‘This in fact is one of the pecularities of the noise figure. Since the noise of the 
amplifier is compared to the noise of the source resistance, the noise figure improves 
as the source resistance becomes larger. It appears as if the amplifier is better the 
larger the source resistance. This is why the noise figure is used only in systems with 
a standardized source resistance, Examples are a cable TV with Ry = 50 9 and a 
telephony with Rs = 600 2. In all other applications, equivalent input noise sources 
are better used to describe the noise behavior of a circuit. 


ance 


2-7-5 Optimum NF 


Optimum NF is the smallest noise figure that can be reached with a bipolar transistor 


at large currents (see Fig, 2 on of Rsopehi in Eq. (2-51) 
PPemrn 
are 


‘This yields 
-_ 
ont = UF 2 + {2 (2-53) 


‘This value is clearly limited by the base resistance, repeated several times in the 
above equation. Transistors with very low base resistance are required 10 #chieve 
ultimate noise performance 


2-7-6 Optimum ie 

For a given value of source resistance, the optimum collector current can be calculated 
well. It is obtained by solving /c out of Eq. (2-52) with Eq. (2-50a). This yields 
quadratic equation out of which {coq can be calculated. It is given by 


with 


CHAPTER 2: BIPOLAR TRANSISTOR MODELS 147 


Example 2-12 

Take a bipolar transistor with # = 100 and ry = 200 @. The transition current 
KT /2gra is 64.6 A. Calculate the values of the equivalent input noise sources 
at a current of 0.5 mA, followed by the optimum source resistance and the noise 
figure. Finally, calculate the noise figure for a source re 
the optimum collector current. 


tance Rs of 600 & and 


9.3 mS and rz = 5.17 k@ . The equivalent 
input noise volta ed from Eq, (2-50a) and equals duj,, = 3.7 
107! V2/Hz or dvjcg = 1.93 nVevts/VHz. The equivalent input noise current 
(without 1/f noise) is obtained from Eq. (2-50b) and equals diz, = 1.610 
A2Hz or dieg = 1.26 pAgys/VHZ. The optimum source resistance is then given 
by Eq, (2-152) and is 1.53 k. The noise figure is then 1.278 k or 5.65 dB. For a 
source resistance of Rs = 600 Q, however, the noise figure is larger. It is 1.43 k2 
or 8.3 dB. The optimum collector current would be 2.9 mA. 


2-8 DESIGN EXAMPLE 
Lay out a vertical npn with two base contacts us 
base contacts of Fig. 2-26. vertical npn transistors 
transistor. 

{All SPICE parameters must be calculated at Vez = 0 V (for Vee = 5 V) and in 
the biasing point of 0.16 mA (for Vz = 0.72 V). Also, the hybrid-7 mode! must be 
derived and fg, fr, and fx calculated. 

‘The results are collected in Table 2-5. The reader should repeat this design example 
for other processing conditions in order to gain familiarity with such calculations. 


the dimensions of the emitter and 
and a lateral and a substrate pnp 


2:9 OTHER COMPONENTS 
In addition to MOSTs, JFETs, and bipolar transistors, integrated circuits use other 
components as well. The most common ones are resistors and capacitors, Inductors 
hhave also been used but they fail to reatize high quality factors and will therefore be 
discussed only briefly. 

In bipolar technolo; 


/. resistors of various types are commonly available but it is 
in that 


difficult to find a good capacitor. The opposite is true for CMOS technol 
capacitors of high precision are available but the only resistors available have low 


resistivity. A CMOS process to which resistors with high resistivity have been added 
is often called an analog CMOS process. These components are now described in 
detail. 


2-9-1 Base Diffusion Resistors 


Resistors are characterized by their sheet resistivity (in /0). For example, the sheet 
resistivity of a base diffusion in a conventional bipolar process is about py = 150 2/0. 


148 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


TABLE 25 VALUES OF BIPOLAR TRANSISTOR PARAMETERS WITH ONE (81) AND TWO (62) 
BASE CONTACTS IN FORWARD OPERATION (SEC, 2-8) 


input data Parameter EqorTableNo. Bt 82 Dimension 
Are =90% 15 um? 1S (250) 013 ots 
BF (27) 342 342 
KF (2-382) 2 22 mA 
See Example 2.7 RB (2-32) 338 146 2 
REM 50 23 2 
RE 0.2 02 9 
See Example AO(%/3) (2-33) 208 208 2 
TF (260) 0.247 0.247 ns 
See Fig. 241 WE=620 (24a) os 0.95 v 
Cie(0) T.24 134 134 niFlem? 
4zg=90% 15pm? CJE = Cuef0) oe © 0.60 pF 
Cse(0.72) 42200 1.22 pF 
WIC = hep (2-1) om 073 Vv 
Cec) 24 49 
Asc =80%50 um? CIC = Cyc) 1.235 
GxcK-8) 0.44 
Asc =70%«50ym® CJC = Cun(0) 
Gucd-8) 
Only Bt WS =tes (21a) 0.85 
is0) T24 315 
Ags =80%50 um? CJS =Cya0) 4.26 
Cisd-5) 0.48 
Asis =100x50pm? — CIS = Cyg(0) 
Exs-5) 
Ve (2-18) 146 
KF (2-490) 02 022 A 
At Vag = 0.72 V le (25a) 162 162 HA 
Go (215) 62 6.25 mS 
re 2.46) B46 586K 
fo (2-176) 901 01 12 
Co (2-20) 1551.85 pF 
100 si 127 ps 
2210) 258 234 Miz 
A 2210) 0.75 0.68 MHz 
fe (2-226) 125 220 te 
leer (2220) 174 196 HA 


A resistor that uses this layer is shown in Fig. 2-28. Its resistance is approximately 
given by 


L 
Ra= oa (2-55) 


In Fig. 2-28, the resistor counts about five squares, Its value is thus 5 x 15 


750 2. 
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substrate 
contact 


FIGURE 2-28 
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Resistor in base diftusion 


ist 
istor with absolute accuracy 


Note that several sources of inaccuracy are present. ase diffusion resistivity 
is known only within, at best, 10 percent accuracy, A r 
is hard to realize, 

Second, only the m 
Way because of underdiffusion (which is about 0.8 times the jun 
larger the width of the mask, the less relative the error, 

The exact length L is not known either, because of the contact areas. About half 
4 square resistance must be added to take the contact areas into account (Glaser and 
‘Subak-Sharpe 1977). 

Finally, note that the resistor is embedded in an n-epi well for isolation, The well 
must be connected to the positive power supply or to the most positive side of the 
resistor, as shown in Fig, 2-28. In this way, reverse biasing is always achieved, 


dimensions are known, The actual width W is larger than 
tion depth), The 


29:2 Other Resistors 


Resistance can be realized in all resistive layers of a bipolar process, Various resistors 
are listed in Table 2-6, Small resistors can be more easily realized in the emitter 
diffusion layer. Large resistors ean be realized with the pinch-resistor structure in 
Fig, 2-29. It uses the base diffusion underneath the emitter, which results in much 
larger resistivity values, 

Actually, such a structure is a JFET: the p channel corresponds with the base and 
the top gate corresponds with the emitter. ‘The cross section and layout are similar 
to their counterparts in a bipolar transistor. The difference is that the gate (emitter) 
laterally overlaps the p-regidn (base). Also, the gate and source are normally connected 
together and the drain voltage is low, and thus the JFET operates in the linear region. 
Sheet resistances of 3 t0 5 kQ/0 are normally obtained. 

The absolute accuracy of a pinch-resistor is much less, as is its breakdown voltage 
(which is actually the emitier-base breakdown voltage, about 7 V). The resistor of 
Fig, 2-29 corresponds with about 9 k®. This would require 60 squares in a base 
diffusion layer. This can be done in a serpentine layout, shown in Fig, 2-30. Additional 
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TABLE 2.6 RESISTORS 


Process Type (EL absolute temperature voltage breakdown 
2/2 accuracy covfliient coeticient  volage 
pereont peicent"C percent V 
Bipolar base ius 150.10 022 50 
emitter fusion 10 20 002 as 7 
Pinch resistance Sk 0 03 5 7 
opi layer 1k 10 03 1 60 
Stumm som 20 oor 0.02 30 
jonimplantaton 2k 1 oo 02 20 
‘onimplantaion 200 03 0020s 20 
CMOS SD ditusion © 205020 o2 os 20 
ot 25k 10 03 1 20 
poy gate 50 20 02 005 40 
poly resistence «15k 4 00s =e 20 
aiuminam som 20 oor 0.2 0 
Thin fim icra) 200 1 0.005 0.008 a0 
2uminum som 20 001 002 90 
al a 
i a 
ee 
= y TN KX 
4 << 
conse Piso 


FIGURE 2-29 Pinch-resistor. 


errors then occur in the comers, which add about 0.6 squares. Note that in this layout, 
the substrate of the resistor (the epi-layer) is connected to the positive power supply. 
The epitaxial layer itself can be used as well, as can the aluminum metallization 
for very small resistors. 
In some bipolar processes, additional ion-implants are ava 


able as resistances. This 


provides very attractive resistors because of their high resistivity and high absolute 
accuracy. 

2-9-3 Temperature Coefficient 
Most resistors of Table 2-6 are realized in semiconducting material. Thus, the resis- 


tance depends on temperature as does the mobility (see App. 2-1). The higher the 
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06 


= a 


FIGURE 2-30 Serpentine resistor. 


resistivity, the higher the temperature coefficient (see Table 2-6). The ion-implamted 
resistor is an exception because of its special annealing step. In this case, the temper- 
ature coefficient very much depends on the actual annealing performed. The values 
of Table 2-6 are thus only approximate. The exact values must be obtained from the 
‘manufacturer. Moreover, the metal resistor has a very low temperature coefficient. 


2.9-4 Voltage Coefficient 
Resistors that are isolated from their substrate by means of a depletion layer have 
a large voltage coefficient. In this sense they behave as JFETs with a large pinchoff 
voltage (and hence with small transconductance or voltage sensitivity). Typical values 
are given in Table 2-6. 


2-9-5 Frequency Dependence 
For each resistor, a parallel capacitance is associated with its substrate. As a result, a 
«resistor forms a lowpass filter. The cutoff frequency can be obtained from distributed 
line considerations (Glaser and Subak-Sharpe 1977) and is approximately given by 


2.43 


= 2-56 
2 ReCa(L]WE eg) 


fre 


in which Rp is the sheet resistance (2/0), Cx is the capacitance (per ) and L/W 
is the number of squares. In order to reach a high cutoff frequency, the number of 
squares must be small. 
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Example 2-13 

What is the cutoff frequency for a 1 k@ resistor, realized in p-base diffusion with 
Rg = 130 2/D and Cp = 0.2 pF/ Calculate the frequency at which the parasitic 
capacitance causes a phase shift of 10° with respect to low frequencies, 


Solution. For | kQ, 8 squares are needed. As a result, fre = 15 GH2/(L/W)* or 
15 GHz/64 = 230 MHz. A phase shift of 10° is reached at the frequency fy where 
1g(10°) = fio/ fixe oF at about 40 MHz. 


2:96 Absolute and Relative Accuracy 


FIGURE 2-31 


‘To realize a resistor with absolute accuracy is difficult, but layout tricks can be applied 
to reduce the uncertainties, For example, the contact and corer areas ean be covered 
with p+ islands. Nevertheless, good design must never be based on absolute values, 
Relative values such as resistor ratios must be used. The relative errors obtained are 
about one-tenth of the absolute accuracies given in Table 2-6. Obviously, the larger 
the dimensions, the better the relative accuracy that can be achieved. 

This is illustrated in Fig. 2-31 for both diffused (base diffusion: 150 2/2) resistors, 
The relative accuracy improves more or less proportionally to the resistor width. 
Moreover, the relative error is approximately a factor of three smaller for ion-implanted 
devices than for diffused ones, In order to reach a relative error of 0,1 percent, ion- 
implanted resistances must be taken with about 40 jem width, 

Many other layout tricks (see Sec. 6-7) can be applied to improve matching, 


Mate! ing of resistors with width W. 


diffused (1502/0) 
3 lath 


1 {on-implanted (500 91/3) 


on 
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28-7 Resistors in a CMOS Process 


In a conventional n-well CMOS process, several resistances are available. They are 
the source/drain resistance, the polysilicon gate and the 1-well region. However, none 
of these are intended to be used as a resistor. The control on the accuracy of the 
resistivity is very poor (see Table 2-6). An analog CMOS process quite often includes 
an additional polysilicon resistor with excellent properties. Its temperature and voltage 
coefficient are then low as well, 


29-8 Thin Film Resistors 


2-99 Capacitors 


On top of a chip, a thin-film resistor can be easily deposited. Actually, the aluminium 
metallization layer is such a resistor, albeit with very low resistivity. A higher resistiv- 
ity is obtained with NiCr or Ta, which yield values from 100 to 4 k 2/0. The control on 
its resistivity is excellent and so are its temperature and voltage coefficient. This is why 
they are used for very high precision circuits and for circuits at very high frequencies, 


In a bipolar process, junction capacitance is availabl 
is the collector-base junction capacitance (see Table 2-7), shown in 
very accurate, however, and it is very voltage dependent (see Table | 
to all other junction capacitances as well. 

Note that the capacitance on the bottom side is always connected by a parasit 
capacitance C, to the substrate. Thi itance is always a fixed fraction of the 
useful capacitance and cannot be avoided. 

Much more accuracy can be obtained with a MOS capacitance in a CMOS process 
(see Fig. 2-33). Not only is its value larger, but its accuracy is much higher, especially 
for the poly-to-poly capacitance. Also, the temperature and voltage coefficients are 
quasi-nihil. Its parasitic capacitance from the bottom plate to ground is decreased to 


each junction. The most useful 
ig. 2-32, It is not 


). This applies 


TABLE 2-7 CAPACITORS 


Process Type © absolte temperature vollage breakdown 
nFiem? accuracy coefficient coefficient voltage 
percent percent"C percent V v 
Bipolar Coe 16 10 0.02 2 50 
Ces 50 10 0.02 1 7 
Cos 8 2 . oot 05 80 
cmos ‘Cox(50 nm) 70 5 0.002 0.005 40 
Cass 2 10 0.002 0.005 40 
Carey 56 2 0.002 0.008 40 
Cycom ES to 0.01 0.05 20 
Casa 52 10 oot 0.05 20 


Cooly substrate 65 10 0.01 0.05 20 
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FIGURE 2-32 —Collector-base junction capacitance. 
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2-9-10 Inductors 


FIGURE 2-34 
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one-sixth. Its relative error or matching is about 0.2 percent. with capacitor sizes of 
only 30 x 30 pam. It improves with the square root of the capacitor side ratio (see 
Fig, 2-34), 

Care must be taken to avoid the creation of a parasitic MOST operation under 
the capacitance areas. This is the reason why an r+ layer is present under the oxide 
capacitance Cox (see Fig. 2-33). Additional biasing tricks may be necessary in some 


jum matching, all capacitors must have equal 
perimeter ratio (see Sec. 6-7). This is illustrated in Fig. 2-35 for a capacitance ratio of 
7/2.=3.5. Note that tabs are used to either connect or disconnect the unit capacitances 
They are always present, however, to make sure that each unit capacitance is exactly 
the same and constantly presents the same parasitic capacitance, 


e and an equal area to 


All structures discussed until now have been planar, i.e., two-dimensional, In order to 
realize coils, which are inherently three-dimensional, a thick metal layer is required. 
Also, the coil wires or layers must be closely paced (small dz, in Fig. 2-36a). In this 
way, inductors can be realized of the order of magnitude of a few tens of nHl's (Glaser 
and Subak-Sharpe 1977). 

The main problem is the quality factor Q. The equivalent circuit of such a coil 
is shown in Fig. 2-36. A parasitic parallel capacitance C, causes self-resonance. 
Moreover, the parasitic impedances to the substrate consist of a series capacitance Cy 
in series with a resistance due to the substrate R,. This resistance prevents reaching 
Q factors much higher than 10 (since Q = Le»/R). Thus, only low-@ filters can be 
realized. 


Matching of capacitors with side S. 


ac 
c 


3% 


03 


on 
1 3 10 30 10 um 
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dummy 


FIGURE 2-35 Example of matched C ratio of 35, 


oO) O 
FIGURE 2-36 (a) Spiral inductor; (b) model. 


240 COMPARISON BETWEEN MOSTS AND BIPOLAR TRANSISTORS 


‘The technology of the future is probably BICMOS, which ‘combines both bipolar and 
CMOS technologies on the same chip. Most companies offer such processes. A good 
example of such BICMOS technology is shown in Fig. 2-37. It is the LinBICMOS 
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FIGURE 2-37 Linear BICMOS process. 


process of Texas Instruments. Besides conventional nMOS, pMOS, and vertical npn 
transistors, it also offers poly-poly capacitors for linear applications, Other companies 
tuse twin-tub isolation or trench isolation for their BICMOS processes. The exact pro- 
‘cess is of no importance here. It is important only to realize that both CMOS and 
bipolar technologies are available on the same chip, and hence it is important for a 


designer to understand which transistor to use in which position. For this purpose, 


comparison is now given between a MOST and a bipolar transistor from the design- 
ers point of view. We will look at DC and AC characteristics, noise, and at design 
difficulties. The results are summarized in Table 2-8. DC aspects will be discussed 
first. 


210-1 Input Current 
Both devices carry current under control of a gate (base) voltage, However, the gate 
does not draw current whereas the base does. The input base current is the collector 
current divided by beta. This is true for both DC and AC currents. As a result, the 
input resistance of a bipolar transistor is small compared to that of a MOST, 


2-10-2 DC Saturation Voltage 


In saturation, each device behaves as a voltage-controlled current source. The mini- 

> mum output voltage has béen denoted by Vosux (Vee). This voltage is only a few 

times kT/q for a bipolar transistor. For a MOST, it depends on the size W/L and 
current Ips and in first-order it is given by 


Jos 
ea 


Ves — Vr 


Vos 


TABLE 2-8 
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COMPARISON OF MOSTS AND BIPOLAR TRANSISTORS, 


‘Specitication Most Bipolar transistor 
4 Ine ° leis 
Fins ~ nthe 


2 Vosex few KT/a 
3. ae wi silos 
7 ita 
i 
i AT/q 
- 1 
ia 
4 Design planning AT/q 
5. f-range 2 decades 
6 Max fr tow! GenGe 
high / Veai/We 
- 12 
7 Noise Thor. sur (2 + Re) 
ut 
Offset 


This voltage can be made quite small provided the size W/L is quite large (see 
jg. 2-38). In this instance, a bipolar transistor is certainly smaller in area than a 
Most. 
Given such a large W/L, the MOST is already operating close to the weak inversion 
region. This point is reached when the value of W is larger than Wi, given by 


W Lips 


(2-58) 


KT /qP 


At this value of W, the value of Vox simply becomes £T /q. 

As an example, for Ips = 0.1 mA, K’ = 30 zA/V? and L = 3 um, Wei = 15 
em, at which vate Vpsax = 26 mV. For Vpsux = 260 mV, the value of W can be 
one hundred times smaller, or about 150 ym (W/L = 50). 

It can thus be concluded that the range of values of Vps in which a MOST is in 
saturation can be increased by increasing W. This region is always at its maximum. 
range for a bipolar transistor. 


FIGURE 2.38 
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‘ceins Bipolar 
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Comparison of saturation voltages. 


210-3 Transconductance-Current Ratio 


FIGURE 2-39 


This ratio gn/Zps has been discussed in detail for a MOST and the ratios for both 
transistors are repeated in Fig. 2-39. The maximum value is always reached for a 
bipolar transistor where it is (kT /q)-'. For a MOST, it is only (nkT/q)-!, but this 
value is only reached at very small currents, ic. in weak inversion. At higher currents, 
this ratio decreases with the square root of the current. 

‘Thus, at intermediate currents, the bipolar transistor offers a better current drive 
capability. Less input voltage is required to drive a larger output current, 


9m/1 for bipolar transistor and MOST. 


Bipolar transistor 
H 


drive elpabitiy 
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2:10-4 Design Planning 
A bipolar transistor is much easier to include in a design plan because it has less param- 
eters to consider. In Fig. 2-40, these parameters are displayed. For a bipolar transistor, 
the gq and current Ice are linked through kT /q, which is a constant. For a MOST, 
the gq and current /ce are linked through two parameters, W/L and Vs — Vp, which 
can both be changed by the designer. The design planning for a MOST is thus much 
more complicated as it requires a judicious planning stage as part of the design task 


210-5 Current Range 


A bipolar transistor exhibits an exponential ice versus vse characteristic, that can be 
maintained over many decades. For example, this is the case from 0.1 nA to 1 mA, 
which is 7 decades. If we want to stay away from these limiting currents by a factor 
of ten, we stil! have 5 decades left. 

In a MOST, it is important to stay in strong inversion for reasons of current 
predictability. The limiting currents of the weak-inversion and the velocity-saturation 
region are only about four decades apart. Indeed, both currents Ipsys and [psu are 
given in Table 1-4, Their ratio is approximately 


Foses ( 2h } 
2-59) 
Tosex \ukT/q ae 


which is only about four decades. If we want to stay away from these limiting currents 
by a factor of ten, we have only about 2 decades left, which is much less than with a 
bipolar transistor: Also note that the smaller L becomes, the less operating region is 
left. 


210-6 Maximum Frequency of Operation 


The maximum frequency of operation is fr, but it could also be the unity-gain fre- 
quency of an amplifier. Let us now assume fr, as amplifiers will be discussed later. 


FIGURE 2-40 Relationship between design variables. 


(@MosT (©) Bipolar 


240-7 Noise 


FIGURE 2-41 
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‘At low currents, this frequency is determined by gate oxide for a MOST and by june 
tion capacitances for a bipolar transistor. The MOST ean be made smaller in area and 
therefore has less capacitance and its fr would then be larger at low currents. 

‘At high currents, the channel (base) transit time tp is given by 


We 


which is likely to be smaller for a bipolar transistor than for a MOST because the 
vertical We is easier to make smaller than the lateral Ley. For 0.1 jm, this time 
constant is about | ps and the corresponding maximum frequency is about 160 GH. 

‘This maximum frequency fy can be plotted versus current as shown in Fig. 2-41 
“At some current Iyzp, the bipolar transistor takes over in fr. This current is normally 
about 10 to 100 2A. 


For thermal noise, both devices have about the same expression (see Table 2-8). This 
is especially the case at low currents. At higher currents, the bipolar transistor has & 
base resistor but the MOST has a gate resistor and thus they are equivalent. 

The 1/f noise, on the other hand, is about ten times worse for a MOST, depending, 
of course, on the area. The MOST can be made larger to compensate for this but the 
capacitances would then inerease and the maximum frequency would go down. For 
equal areas, the bipolar transistor performs better. 

Note that a JFET performs as well in this respect as a bipolar transistor. Tt is not 
in Table 2-8 because it is an addition to a conventional process. 


Maximum frequency versus current 


Bipokie Transistor 


ti 


SUMMARY 


EXERCISES 
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Finally, note that offset is added in the table as well and is also ten times worse for 
4 MOST as for a bipolar transistor. Offset is actually the difference between the gate 
(base) voltage between two “equal” devices, The devices are actually not quite equal 
the difference being expressed by their offset. This is explained in greater detail in 
Chap. 6, 

This concludes our comparison of MOST and bipolar transistor devices. It is ¢ 
that neither device on its own can fully satisfy the range of each priority specification, 
and thus other devices may have to be selected, This is a challenge that is currently 
met only by BICMOS and is thus certainly a challenge for designers in the future. 


In this chapter, the model of a bipolar transistor has been derived. Most of the emphas 
on the ice versus vg characteristics, the transconductanee, the capacitances, and 
the noise, First-order expressions were given priority in order for hand calculations 
10 be used, On the other hand, a full list of the parameters to be used in SPICE is 
provided. ‘The temperature effects are given in the appendix. 

Also, other passive components were discussed, such as resistors, capacitors, and 
briefly inductors, These components are necessary to build circuits of larger complexity 
and better linearity. 

‘This chapter concluded with a short comparison of the capabilities of a MOS 
versus a bipola of the upcoming BICMOS proc design 
must have a clear insight into the advantages of both, 

Before we engage ysis and design of elementary circuits, a chapter is 
devoted 10 the analysis techniques of circuits, both in time and in frequeney. 


ses 


2-1 Plot both betas A) and Ay versus base width Wy for values of the base width 
from 0.1 jum to 10 jum. Use the missing data from Table 2-1 (rg = 1 es). Which 
beta is dominant in each region? 

2-2 Plot the DC and AC beta versus current for a bipolar transistor with Ay = 400 and 
ve = 0.35. Cy is such that the beta drops to 1/2 at fe = 1 nA; Take a log-log plot 
for the current from 0.1 nA to 1A. Repeat for ve = 4 and C2 such that the be 
drops to 1/2 at fe =0.1 A. 

2-3 A plot of ic and in versus une is given in Fig. EX2-3. 
Ci, and vp 

2-4 Plot the small-signal parameters gq). x, ro, and Cy versus collector current from 1 
1A 10 0.1 A. Use bilogarithmic scales. 

signal parameters fp. fo. 
to 10 mA. Other parameters are B = 100, ty = 0.25 ns, Cjzr 
ra = 100 & and re = 0. Use bilogarithmic scales. 

2-6 Repeat Exercise 50, tr = 0.10 ns, Cyey = 0.08 pF, and Cy 
0.04 pF. 

2-7 Develop a design procedure for a single-transistor amplifier with a resistive load R 
if Vouroc = 2 V. The possible variables are Ay, R. gor. and Ice. We want to 
qHinimneet tee 


Extract the values of fy. 


id fr versus collector current from 1 4A 
PF, Cu = 1 pF 


FIGURE EX2-3 


10-2 


10-10 


10-2. 
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Plot of currents fe and Vg vorsus vee (see Exercise 2:9) 


2-8 


29 


2-10 


21 


212 


213 


214 


Give the pole-zero position and Bode diagrams of the output impedance of an emitter 
follower with B= 100, ry = 100 2, Ry = 10K, rp = 0.25 ms, Cjpy + Cy = 6 pF 
with Ice as a variable, 

Take an emitter follower with f = 100, rx = 100 Q re = 0.25 ns, Cer + Cu = 
6 pF at fc = 0.2 mA, Give the pole-zero position plot and the corresponding Bode 
diagram for the source resistor Rs as a variable, 

Plot ra and Cjzy and the product ryCjey versus m, which is the number of emitter 


=, 10, For n = 1, there is one emitter stripe and 2 base contact 
stripes; for n = 2, there are 2 emitter stripes and 3 base contact stripes, etc, The 
stripes are all 100 yern long, i.e. be = be = 100 jum (Fig. 2-16). Use also hig = 
hog = he = 10 um and take the necessary capacitance data from Table 2-5. 
Repeat the calculations of Table 2-5 for the bipolar transistor of Fig. 2-2 but with « 
base depth of x9 = 1.5 yum (see Table 2-1). What are the base transit time rp and 
fr ax OW? 

Derive a vertical pnp transistor from the npn transistor of Fig. 2-2, by simple 
omission of the emitter area and buried layer. Assume an additional collector contact 
all around the transistor, Calculate the SPICE parameters as in Table 2-5. 

For the lateral pnp transistor of Example 2-11, plot its beta f. frm. and punch- 
through voltage Ver versus base width dy (see Fig, 2-230) for dy going from | to 
30 wm. 

Plot the equivalent vol 
equivalent current noise versus current fc with frequency as a param 
data from Table 2- 


stripes for n = 1, 


¢ noise of a bipolar transistor versus current. Plot the 
Take the 


APPENDIX 2-1 
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2-15 Plot the noise figure versus current Jc for a constant Rs = 1 k®. Calculate all 
characteristic values. Take the necessary data from Table 2-5. Omit 1/f noise, 
2-16 At what current do we have to bias a bipolar transistor amplifier with Rs 
minimum noise figure? Use 8 = 50, ra = 202, rr = 50 ps, and Cire} Cy 
What are the equivalent input noise sources and what is the resultant noise figure? 

Omit 1/f noise. 

2-17 Calculate the transition current Lire 1 for a MOST of W/L = 20 with 
L = 1.2 jem and fox = 25 nm. The bipolar transistor has a frm of 12 GHz. and 
jer + Cx © 2 pF. 

2-18 Compare a MOST with a bipolar transistor of exactly the same area, Make first-order 
estimates of the capacitances and use the data from Tables 1-8 and 2. 


tions, ete. For this reason, the collected in this appendix for all three devices. 
‘The reverse current of a junction is dominated by a generation-recombination current 
that depends on temperature through 1,. Its f i 


88 x 10°72 


ny (A2-ta) 


which is (1.5-+23.32)/300 = 0.0827/K at 300 K. It is largely dominated by the exponential 
in Eq. (A2-1) or by the term with Ego in Eq. (A2-2). This shows that 1, doubles every 
8.4 K around 300 K. Also, n; increases (decreases) by a factor of 10 at 30°C above (25°C 
below) the room temperature of 300 K. As a result, the reverse leakage current Ip, is a 
very sensitive function of temperature. 

In SPICE, the value of Eg (not Exo) must be put in as EG. Also, the factor T° 
replaced by T*7"/? such that the temperature coefficient can be made to fit experimental 
data. 

The junction built-in potential depends on temperature as well. From Eq. (1-30) i 


found 10 be 
dg; _ 9 kT (A dnj\_1 41 _ Ep 
Sree BU (alk 2 Faces Yi 
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tion of the temperature coefficient of 1; from Eg. (A2-2). The buill-in potential 
usually decreases with increasing temperature because the influence of 17; is dominant. 


Example A2-1 
Calculate the variation in temperature of for a diode with doping levels of 10!* and 
10!® cm around room temperature (300 K). Repeat this for 30 K higher and lower 


Solution, At room temperature Eq. (1-3) gives @) = 0.813 V. The first term of 
Eq. (A2-3) gives 2.71 mV/K, the second, 4.28 mV/K (with the temperature coefficient 
of 1; taken from Eq. (A2-2) to be 0.0827), which yields as a total —1.37 mV/K. At 
30 K higher these values are mV/K; at 30K lower they 
are dj = 0.859 V and ~1.543 mV/K. It can be concluded that the built-in potential 
does indeed decrease with temperature but its change with temperature is approximately 
‘constant and equals —1.5 to -2 mV. 


MOST Threshold Voltage Temperature Coefficient 
In the expression Vz as given in Eq, (1-62). parameter gp occurs several times and 
therefore its temperature dependence plays a dominant role. The expression of by is given 
by Eq. (1-6d). Its temperature dependence is derived as for 4 in Eg, (A2-3) above. In 
this expression, the temperature dependence of n, is more important than the term with 7 
itself. After substitution, the temperature dependence of de is given by 


doe _ 1 BAT | Ex y 
a 7["=G2 =) veel 


in which ~ is used for an nMOST and + for a pMOST. Parameter $p always decreases 
in absolute value when the temperature increases. The term with Eyy is dominant. A 
result, for an nMOST, #¢ is positive and its dép/dT is negative. Since the nMOS 
usually of the enhancement type, its threshold voltage decreases in absolute value. On the 
other hand, for a pMOST, de is negative and dr /dT is positive. The threshold vol 
thus decreases in absolute value as well 

Now the temperature dependence of Vr itself can be calculated, It is derived from 
Eq, (1-6a) and is given by 


Vio dc 
Ui os ua (24 (A25) 


at 


with + for an nMOST and — for a pMOST. 

It is assumed that the oxide charge is temperature independent. 

+ Many authors assume that the work function difference deca is independent of temper: 
ature as well. However, the term dpca/dT can easily be derived from Eq. (1-6c). Since 
it contains kT /q, a dependence on temperature seems to be present. 

On the other hand, for n-+ doped silicon gate transistors, the doping level is actually so 
high that other second-order effects occur. The temperature dependence is then not easily 
determined. Therefore, dgca/dT is assumed to be zero and the temperature dependence 
‘of Vr only depends on the temperature dependence of d¢ 
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Example A2-2 


Calculate the temperature dependence of the threshold voltage of the nMOST on 
10'° cm- substrate doping and of the pMOST on 3 x 104 em~*. 


Solution. From Eqs. (A2-4) and (A2-2), the value of dée/dT = 1.16 - 2.14 = 

=0.98 mV/K. From Eq. (A2-5), then dVz/dT = —2.97 mV/K. In a similar way, for 

the pMOST, dgr/dT = —0.85 +2.14 = 1.29 mV/K and dVr/dT = 2.31 mVKK, 
Note that the values obtained are close to 2 mV/K. 


‘Temperature Coefficient of KP 


‘The transconductance parameter KP depends on temperature because of the mobility, a 
shown by Eq. (1-9d). The mobility can be a strong function of temperature, depending on 
the doping level (see Fig. A2-1) given by = CT", in which Cy is a constant and 7), 
is the slope of the curve of Fig. 1-8. The temperature coefficient itself is then given by 


1 (dp 
w\dT 
For low doping levels, the value of ny is about 1.5. For high doping levels such as in 
drains and sources, the value of ny is about zero. The channel has an average doping level 
that is at least the doping level of the bulk (i.., strong inversion condition), Therefore, the” 


bulk doping level is used to obtain the value of my in Fig. A2-1, This procedure usually 
leads to a value of close to 1.5 as well. 


(A2-6) 


Current Temperature Dopendence 


For a MOST in saturation, the expression of the current in its simplest form is given by 
Eq. (1-18c). The temperature coefficient of the current is then easily derived by taking the 
derivative with respect to temperature, which yields 


dips 2 (4) 
= a (A2-7) 
real ar ) un Vos—Vr aT 


Since the Vr of an nMOST has a negative temperature coefficient, the second term is 
positive, whereas the first term is negative. Thus, a biasing point exists where both terms 
have equal amplitude and hence yield a zero temperature coefficient. This point is obtained 


by equating Eq. (A2-7) to zero. The resultant value of Vesr is given by 
2r (dVr 
age ra oe (a 2-8) 
Vest = Vr 2 (=) (A2-8) 


Example A2-3 


What is the temperature coefficient of KP for an n MOST with mobility 500 cm?/Vs? At 
what Vesr — Vr is the point reached with zero temperature coefficient? 


Solution. ‘The answer is —1.5/300 = ~0.5/K. For an nMOST the second term 
negative. The value of Vesr is thus slightly larger than Vr. For the nMOST 


FIGURE A2-1 
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Vz /dT = =2.97 mV/K, the second term equals Ves7— Vp = 1.188 V. It the nMOS 
is biased at higher values of Ves. the negative temperature coetficient of the mobility 
dominates. The current then decreases with temperature, stabilizing the biasing point. 
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For a JFET the only temperature dependent parameter in Vp is j (see Bq. (1-48)). For 
Jarge values of Vp the relative temperature dependence is negligible. However, for small 
values of Vp, 4; constitutes a large fraction of Vi. The relative temperature dependence is 
higher, the smaller the value of Vp. On the other hand, the absolute temperature coefficient 
AVp/AT is the same as for $j. i... Agj/AT. It has been calculated above and is given 
by Eq. (A2-3) 

Since 4; decreases for increasing temperature, Vp increases with temperature, 

‘This is not the case for Ipso. however. From Eq. (1-52b), it is seen that Iso will 
decrease with increasing temperature as a result of the presence of the mobility. The ips 
Versus ves characteristic rotates 0 become flatter. The value of gm decreases twice for 
increasing temperature: once because of the increasing Vp and once for the decreasing 
pein p. 

‘An even more important effect, however. is the influence of the temperature on the 
fate input current. This is the current of a reverse biased diode and it increases drastically 
‘with temperature. For this reason, JFETs are not desirable at high temperatures and MOST 

are preferred. 
-¢ a bipolar transistor consists of two diodes, all temperature effects discussed con- 
ceming diodes apply to a bipolar transistor as well. This is especially true for all junction 
leakage currents and the saturation current Zs (given by Eq. (2-56). ‘The temperature 
coefficient of /s is denoted by XTI in SPICE (see Table 2-2). 

‘The forward current is given by Eq. (2-5). If the current is maintained ata fixed value. 
the temperature sensitivity of the base-emitter voltage equals about —2 mV/K. Only 1°C 
difference in temperature between two equal transistors causes a difference in voll 
2 mV and a difference in current of § percent. A uifference in current of a factor of two 
is caused by a difference in input voltage of 18 mV, or barely 9°C. 


‘The beta has a positive temperature coefficient as a result of two opposite effects. The first 
one is bandgap narrowing. The emitter is doped very highly and therefore the bandgap 
the emitter has become smaller than the bandgap in the base by an amount Ag. In the 
expression of the beta, as a result of injection in the emitter (see Eq. (2-8)), a term must 
be added such that 


AE.) 
~exp(— A29 
B x0 ( 7) (a2-9) 


‘The beta thus inereases for increasing temperatures. 

‘The reason why beta decreases with temperature is that the ratio of the diffusion. con- 
stants occurs (see Eq. 2-8). This is the same as the ratio of the mobilities. The emitter is 
very highly doped and therefore the mobility of the holes in the emitter hardly changes 
‘with temperature (see Fig. A2-1). This is not true for the base, where the mobility of the 
electrons changes with temperature with an exponent of about —1.4 (for 2 x 10"? em? 
in Fig. A2-1b), The beta would thus decrease with temperature. 

‘The net effect is that the beta increases with temperature with a temperature coefficient 
of about 0.7 %/°C around room temperature. This temperature coefficient is denoted by 
XTB in the SPICE model (see Table 2-2). The bandgap itself is denoted by EG. Its value 
at room temperature is approximately Ey = 1.11 V. 


Base Transit Time 
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FEEDBACK AND 
SENSITIVITY 

IN ANALOG 
INTEGRATED 
CIRCUITS 


INTRODUCTION 


Feedback is a fundamental concept and a means of control in electronic circuits and 
Moreover, feedback appears in most physical systems, inherently or by de- 
s 1 processes, such as 
corporate management, politics and govern ply described, 
feedback is a process that links the current operation of a system (or process) to infor- 
mation about its past performance. In other words, feedback introduces a dependency 
between current behavior and past behavior. Feedback is often used to help a system 
(or process) converge to some particular objective. (See Black 1934; Blackman 1943; 
Bode 1945, 1960; Desoer and Kuh 1969; Geiger, Allen, and Strader 1985; Ghausi 
1985; Rosenstark 1986; S: 
Smith 1991; Waldhauer 1982.) 

Let us assume that we have a process “A”, such that “A” responds to events 
(x) with outcomes {y}. That is, {y) depends on (x} and “A”, but (x) and “A” 
are unaffected by {y}. When we interject a means for outcomes {y) to affect events 
(x) or process “A”, we have introduced feedback between {y) and {x) or “A”. Clearly, 
in a causal situation, the current (x} or “A” can only depend on past {y)- 

For example, a restaurant manager may wish to improve the quality of service 
delivered by the restaurant staff. Let {1x} be the service. “A” be the restaurant staff, 
and {y} be the reactions that customers have to the service {x}. There is a clear 
cause-and-effect relationship that forces {y] to depend on {1x}, but not vice versa. A 
simple way for the manager to introduce feedback so that {x} is affected by {y} is 
to ask all customers to comment on the service they have received and then to share 
these comments with the staff. This feedback can also be used in decisions regarding 
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thus making “A” depend on {y). If well 


the firing and promotion of staff members, 
managed, such feedback will be constructive. Thus, service quality will improve and 
staff satisfaction will be high. When not well managed, feedback can be destructive 
causing service quality and customer satisfaction to de 
feedback provides a similar double-edged sword; a fact of nature that will become 
increasingly evident as the reader progresses through this chapter. 

‘One of the potentially destructive outcomes of Feedback is instability. Stabitiey in 
electronic circuits and systems is « condition in which all bounded excitations (."} yield 
bounded responses (y). Passive RLC cireuits are stable by their very nature, ie.. the 
fundamental conservation of energy principles (Schaumann, Ghausi, and Laker 1990). 
Since these circuits do not contain internal energy sources they cannot have divergent 
responses. Active networks, on the other hand, do contain internal energy sources that 
can combine with the input excitation to cause the output to increase indefinitely or 
sustain oscillations. Circuits and systems that yield an unbounded response to any 
bounded input excitation are unstable. Since 0 or ground is a bounded excitation, 
unstable feedback systems can yield unbounded responses, even in the absence of 
an input, Even if a feedback system is stable, how it responds to transients is very 
important in many applications. Thus, controlling the degree of stability is often an 


ine. In electronic systems, 


important design criterion, particularly in amplifier design. 

The practical realization of precision VLSI analog circuits and systems is com- 
plicated by the fact that physical circuit components (e.g., resistors 
erational amplifiers, etc.) deviate from nominal values, or design intent, due to a 
variety of statistical and deterministic effects. The consequence of these unavoidable 
deviations is that the circuit performance changes in a proportional manner. Some 
changes may in fact cause circuits to no longer meet design requirements. Sensitivity 
is the cause-and-effect relation (or transfer Function) between a component change and 
the resulting change in performance (Geiger, Allen, and Strader 1990; Schaumann, 
Ghausi, and Laker 1990). The consequence of varying components and sensitivity is 
that less than 100 percent of the fabricated circuits will perform in accordance to the 
specifications (specs) or design objectives. The percentage of circuits fabricated that 
meet specs, when tested in their final packages. is called the yield. (Becker and Jensen 
1977; Calahan 1968; Geiger, Allen, and Strader, 1990; Mukherjee and Carley 1991: 
Murphy 1964.) Percent yield is the bottom line measure of suecess in inte 
design and fabrication. As we will soon discover, sensitivity ean be greatly affected 
by feedback. 

In this chapter, our purpose is to review the principles of feedback: the mathematical 
theory and practical ramifications of its use in circuits. Two important consequences 
that we consider in detail afe the impacts on stability and sensitivity, A model will 
be developed that relates yield to sensitivities and thus to controllable feedback pa- 
rameters. In the chapters that follow, we will make sophisticated use of Feedback to 
produce a variety of useful functions and effects. To hecome a proficient analog IC 
designer and to receive maximum benefit from this text, it is important that the reader 
Mnasier boll the peor and applicaficn of feedback. 
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FEEDBACK THEORY 


‘The theory that permits the rigorous study of feedback and the design of feedback 
tems was developed by electronic engineers, who were largely interested in the de~ 
sign of electronic amplifiers and repeaters for telephony (Black 1934, Blackman 1943, 
Bode 1960). In particular, Harold who was an electronies engineer at Bell 
Laboratories, is heralded as inventing the feedback amplifier in 1927 (Black 1934). 
It is reported that he first sketched this revolutionary concept on a copy of the New 
York Times while commuting to work on the Lackawanna Ferry (Waldhauer 1982) 
ince then, feedback has become so widely used that it is an important consideration 
in nearly all analog and digital electronic systems. 
In the subsequent chapters of this text, we will deliberately apply feedback to am- 
plifier circuits in order to produce a variety of interesting functions and effects. For 
example, in Chap. 4 we show how feedback is used to stabilize the DC operation point 
of a transistor amplifier. Feedback is also applied to.tailor the amplifier’s AC perfor- 
mance and two-port characteristics. In many cases, feedback is present due to parasitic 
components, whether it is wanted or not. Such feedback is difficult, if not impractical, 
to control, and it limits performance to some degree. In Chaps. 1 and 2, we have al- 
ready encountered several examples of inherent or parasitic feedback. In one example, 
the source resistance Rs (not to be confused with the signal-source resistance R,) 
ciated with the MOST transistor, introduces feedback in the common-source amplifier 
f Fig. 1-24. As shown in Eq. (1-37) of Chap. 1, this feedback reduces and limits 
the effective transconductance of the MOST. In another example, the base-collector 
junction capacitance C,,, associated with the bipolar transistor, provides feedba 
the common-emitter amplifier of Fig. 2-11. In this case, C,. significantly reduces the 
bandwidth of the amplifier, as described in Sec, 4-1-5. The impact of C,, is magnified 
by the feedback; «an outcome that is referred to as the Miller effect. The resulting 
effective capacitance is called the Miller capacitance. We will say more about these 
parasitic feedback situations later. The Miller effect will reappear on several occasions 
this and subsequent chapters. 
‘As we will see, feedback can take the form of either negative feedback ot positive 
feedback. In the design of linear electronic circuits, negative feedback is used to 
accomplish a variety of important effects. On the other hand, positive feedback often 
enhances tendencies toward unstable behavior. Hence, when positive feedback is used, 
plied with some degree of caution. 

To further motivate the discussion, let us consider the practical example of a MOST 
single-transistor common-source amplifier in Fig. 3-1a. In this circuit, we 
feedback via resistor Rr. To connect this example with the general discussion in the 
previous paragraphs, let (x} = Vj, {y} = V», and “A” = the amplifier with no feedback 
(ie., with Re = 00). We see that feedback via Ry forces (x} to depend on (y), thus 
affecting change in the response observed at the output of “A”. For this example, let 
the small-signal high-frequency operation of the MOST be modeled by the equivalent 
circuit in Fig. 3-1b, In this model, Cg, is the Miller capacitance (analogous to the 
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FIGURE 3-1 (2) A single MOST common-source feedback amplifier, and (6) its small-signal equivalent circuit 


previously mentioned capacitance associated with C,,). Analysis of Fig. 3-1 for the 
voltage gain Ay = Vou/Via yields the following expression: 


L ) b; 
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where RL = Rufro. If we assume that gj, > 1, Ri, < Re. and /gw Rey 
then A, can be rewritten in the following convenient form: 


(3-2) 
where, 
wor 4 
Paes ne 
5 Aolou 
Ga 
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: ag (3-3) 
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The quantity @, or GBW. ic., gain-bandwidth product, is an often used measure of 
quality for amplifier circuits. It is defined as the product of DC (or midband) gain and 
3 dB bandwith. In this text, GBW will always refer to the gain-bandwidth expressed 
in Hz and «, = 2GBW to the gain-bandwidth expressed in rps. 

For our example, observe that when Ry = 00 , then g,, Ry (Rs/Rr) = 0 and there 
is no feedback. Thus, 


Ava = (Avo)or = 8m Ri, (3-4a) 


(3-40) 


up = (@us)or 
and 


GB-4e) 


= (on 


‘When the feedback is reduced to zero, ¢.g., Rr = 00, the circuit is said to be an open- 
loop (i.e., the feedback loop is cpen-circuited). The subscript OL refers to open-loop. 

In contrast to the open-loop condition, let us consider the closed-loop condition 
8m Ri (Rs/Rr) > 1, ie. the feedback is large. Thus, 


Aw = (Aw)en = — 5 (35a) 


and 


‘The subscript CL refers to closed-loop. Since there is a 180° phase difference between 
input and output, this amplifier is referred to as an inverting amplifier. We also note 
that since gm Rj, and Rs/Rp are nonnegative, the quantity 1+ gqRi,(Rs/Rr) > | 

Using Eqs. (3-1) through (3-5), let us highlight some of the more prominent benefits 
of negative feedback: 


‘The Control and Desensitization of Gain The gain of an active device can be 
modified and controlled with negative feedback, as illustrated in Fig. 3-1. Concur 
rently, feedback serves to sender the gain less dependent on (or less sensitive to) 
device parameters that may vary significantly with manufacturing tolerances, temper- 
ature, and aging. To appreciate this effect, let us compare Eqs. (3-4a) and (3-5a). 
In the absence of feedback, i.c., Rr = 00, we find that Ayo is directly proportional 
to the MOST g,,. However, when the feedback is increased such that the quantity 


FIGURE 3-2 
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SmRi(Rs/Rer) > 1, Ayo becomes very nearly independent of gq. This is perhaps 
‘one of the most attractive benefits of negative feedback, and one that will be used 
repeatedly throughout this text. 


‘The Extension of the Bandwidth When using negative feedback, gain can be 
traded for bandwidth and, at the same time, enhance the parametric control of the 
circuit’s frequency response. This trade is demonstrated in Eqs. (3-3) and (3-3). 
We observe that as gm Rx (Rs/Rr) increases. Ay decreases and cy increases, and 
vice versa, Note, however, that in Eqs. (3-3) thru (3-5) the gain-bandwidth product 
remains constant, independent of the applied feedback, i.e., 


1 


(GBW)o1 = (GBW)cr = GBW 


308, 


‘This basic conservation principle is used extensively in the design of active-RC and 
switched-capacitor filters. 


‘The Control Over Input and Output Impedance With feedback, the input and 
output impedances of a circuit can either be increased or decreased as desired. Imped- 
ance control is particularly important in achieving isolation and peak power perfor- 
mance from amplifiers. It is also the basis for the Miller effect, discussed in more 
detail and applied in Chap. 4. 

A general illustration of the Miller effect is given in Fi 
Z, is connected between port-I and port-2 of an arbitrary linear circuit J 
rents and voltages at these terminals are defined as fy, Vj, f2, V3, and V2/V 
In Fig. 3-26, we show an alternative representation where Z, is reflected across bot 
port-1 and port-2, 


3-2. In Fig 3-2a, impedance 
The cur- 


(3-6a) 


‘The Miller effect: (a) general linear circuit with impedance Z, connected between ports -1 and -2; 


and (b) the equivalent with Z, reflected across ports 1 and -2. 
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the effect of Z, as seen at port-I is reduced by a factor of 1+ Ay. At port-2, 
Z,'s impact is reduced by 1 + 1/Ay. Note that when Ay > 1, 


“= ad eZ, (3-6b) 


When Z, is a capacitor, i., Z, = 1/sCy, the effective capacitances at ports-1 
and -2 are 


C=C.U+A) and C 


(ee ( +z) GB-60) 


Thus, in an amplifier, the Miller effect magnifies the influence of particular transis- 
tor parasitic capacitances (e.g., Cp or C, for common-source and common-emitter 
amplifiers, respectively). These capacitances, in particular Cy, are referred to as the 
Miller capacitors. We leave it to the reader to show that Figs. 3-2a and 3-2h are 
completely equivalent. 


‘The Reduction in Nonlinear Distortion The concept of linear active circuits is 
an idealization that can be achieved to a close approximation, particularly at small- 
signal levels. Nonlinear distortion degrades the quality of the output signal and reduces 
the dynamic range of the active circuit. Note that by dynamic range we mean the 
range of input signal levels for which the active circuit will perform according to 
specifications. Noise usually limits the low end of the signal range, and nonlinear 
distortion limits the high end of the signal range. The high-end degradation can be 
directly reduced with the application of feedback. At the low end, feedback systems 
can be designed that lessen the impact of noise under very specific conditions. These 
specific conditions will be explored momentarily. 

In each of the above cases, the price paid for one or more of these desired effects is 
reduced gain. This is ofter a small price to pay, particularly in an operational amplifier 
(ot op amp) circuits where the op amp open-loop voltage gain is usually very large 
(© 60 dB in the frequency range of interest). We have shown that feedback reduces 
gain and increases bandwidth by the common factor 1 + gq Ry, (Rs/Rr) = 1. This 
factor, an important quantity in feedback systems, is referred to as the return difference 
(or the amount of feedback). As we will show, it is also the factor by which nonlinear 
distortion is decreased and gain sensitivity is decreased, etc. 

Gain reduction is a Tundamental characteristic of negative feedback; negative feed- 
back works to reduce gain, i, closed-loop gain is always Iess than the open-loop 
gain. On the other hand, positive feedback works to increase gain. As we will see, 
sufficiently large amounts of positive feedback can lead to a gain that grows uncontrol- 
ably, with output signal amplitude limited only by the supply voltages. This instability 
is useful in the design of oscillators and switching circuits but itis catastrophic when it 
occurs in amplifiers, filters and other linear signal conditioning circuits. Nonetheless, 
small amounts of positive feedback can be useful in linear applications. For example, 
e feedback is employed in the design of many active filters to reduce compo- 
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ent spreads, i.¢., Rno/Rnin and/or Cyuy/Chine Which in turn reduces the chip area 
required for IC implementation. However, positive feedback must alway's be used with 
due caution to the threat of instability and increased sensitivity. The stability issue 
will be covered in detail in the next section, 


3-1-1. Basic Feedback Concepts and Definitions 


FIGURE 3-3, 


In the previous section, we used a restaurant management task and a single MOST 
transistor amplifier as examples to introduce the concept of feedback, Let us now cast 
the subject of feedback into a more general and rigorous framework. Figure 3-3 shows 
the block diagram or signalsflow graph for a basic feedback circuit, The terminal vari 
ables can either be voltages, as shown, or currents, The Laplace transformed functions 
A= Als) and H = H(s) are the open-loop gain and feedback factor, respectively 
Also, the voltage functions Vin(s). Vou (8), Vy (s), and V, (s) are the Laplace transforms 
of the source, output, feedback, and “error” voltage signals (all defined with respect 10 
ground). We note that signal-flow diagrams provide convenient schematic representa: 
tions for circuits, systems, and algorithms that are independent of both technology and 
implementation. In fact, some performance quillties in circuits are largely signal-tlow 
graph dependent, and thus are common to all circuit implementations of the graph. 
Implicit in the signal-flow graph description in Fig, 3-3 is that the source, the 
output, the feedback circuitry #1 and the open-loop circuit A do not interact (depend 
‘on, of load) with each other. With feedback, these seemingly ideal conditions can often 
be arranged in practice (feedback circuits involving op amps are the most celebrued 
examples), Referring to Fig. 3-3, we can write the following basie relations: 


Vou = AV, 


HV and Vs = Vin — Vy (3-7) 


Noting the subtraction in the relation for the signal V,, we observe that the negative 
feedback tends to reduce the “error” at the input to the open-loop eireuit and when 
Vj, the “error” V_ is zero, Solving Eq. (3-7) for Vu, in terms of Vin yields: 


Jas 
Orme . 


Block diagram for a basic feedback circu a 
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or 


ede eet 
Vin 14AH  1+T 


Acx(s) 


(G8) 


Where Ac, is the closed-loop voltage gain, and the quantity (T = AP) is called the 
Joop-gain, a name derived from the flow diagram in Fig. 3-3. Referring to our earlier 
amplifier example, we see that at « = 0, the loop-gain is T(j0) = —e, Ri, (Rs/Ry) 
and a(j0) = (Avon 

Observe that for negative feedback, the loop-gain must be positive (J > 0) such 
that |1 +7] > 1. Hence, the closed-loop gain is smaller than the open-loop gain, 
ie, Acy, <A, In fact, Agr, will be smaller than (A) by the factor (1 +7), which is 
called the rewrn difference or the amount-of-feedback, Recall that mention of these 
terms with reference to the amplifier example was made in the previous section, If 
II +7 | <1, the feedback is positive. It is noted that the quantity |1 + 7) is generally 
frequency dependent; hence, a feedback system can exhibit both negative and positive 
ck for different frequencies. This occurs frequently in active filer circuits. One 
jue for determining the loop-gain is shown in Fig. 3-4, With the loop cut open 
‘the point of feedback and the system source set to zero, the loop-gain is the volt 
transfer function Vaui/V. The reader can verify this result by inspection. An important 
‘equation in the characterization of feedback systems is obtained by equating the return 
difference 10 zero, ic. 


1+ Ay) = 1+ To) 3-9) 


‘The roots of Eq. (3-9), called the characteristic equation, aie the natural frequencies 


of the closed-loop system. Hence, for a stable closed-loop system, the roots must all 
lie in theteft-half s-plane, 
In many cases, in p ar op amp circuits, the loop gain is large, ie., T >> 1. 


Under this condition we can write the following approx: 


te expression for the closed- 


{x} 


y 


FIGURE 3-4 Breaking the loop to measure loop gain. 
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loop gain Ace: ‘ 
Acu(s) = G-10) 
# 


Equation (3-10) implies that the closed-loop gain is virtually independent of open-loop 
gain A and almost entirely determined by the feedback factor H. This is precisely 
the result we obtained in Eq. (3-5) of the previous section. Comparing Eqs. (3-5) 
and (3-10), we determine that 1/2 = (Ao)culz =x = —Re/ Ry. By rearranging the 
terms in Eq. (3-8), g alternative form 


(11) 


Let us define the function ¢,,(s) = 1/AM = 1/T. If Aer (s) = 1/2 is the desired 
gain, then ¢,-(s) represents the error that occurs due to finite loop-gain AH, ic. 
Emr > 0.08 A — 00. Since open-loop gain A is usually a function of transistor 
parameters (¢.8., 8n's) and feedback factor 7 is not, the designer can often define 
‘+H. with somewhat greater precision than A. Thus, using large negative feedback is 
an elegant, yet simple, means of obtaining precision gain functions. We will return to 
Eq. G-11) in Chap. 5, when we consider a variety of different feedback circuits using 
op amps. 

Another useful equation is obtained from Eqs. (3-7) by relating the feedback voltage 
Vj to the system source Vin, ic. 


Vin (3-12a) 


For the condition T >> 1, we observe that Vj * Vig: the negative feedback attenu- 
ates the “error” signal V; © (1/T)Viq. Equation (3-12a), with T > 1. leads to an 
intuitively appealing result: namely 


Vv, 


Vin 


(3-12) 


ive, when T >> 1, €)r(s) is the error transfer function. Let us now consider four 
examples that illustrate several of the concepts and properties of negative feedback 
“that we have discussed. 


Example 3-1 

Consider a feedback amplifier where the open-loop gain A = 100. (a) Determine 
the value of 1 that will produce a closed-loop gain of Ac, = 5. exactly. (b) 
Derive the relation between the fractional change in Acy, (ie. dc, /Acr) and the 
fractional change in A (ie., dA/.A). (c) If A decreases by 20 percent, calculate 
the corresponding percentage change in Aci. 
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Solution. 


a) Let us use the expression for Ac), given in Eq. (3-11), ie. 


Act 


(3-134) 


‘The value for 11 required to reduce the closed-loop gain to Acy = 5 is computed 
by solving Eq. (3-13a) for 11, is 


1 
20 ~0.01 = 0.19 (3-13) 

et 
In Eq. (3-134) we calculated the precise #1 needed to compensate for the finite open- 
loop gain, namely A = 100, Note that when A —+ 00, then H > 1/Acr = 0.20. 


In practice, A will be frequency dependent and highly variable from cireuit to 
circuit and with temperature, Consequently, to be truly effective, compensation 
would necessitaie customizing 71 for each circuit, and perhaps with frequency and 
temperature. In other words, we would like to track the changes that occur 
A. This may seem to be an impossible task. However, with automatic tuning 
techniques and matched components, one can come close to realizing this ideal 
tracking condition. We will say more about these techniques in Chap. 8 (b) 1 
determine the fractional change in Aci, let us start by differentiating the right-hand 
side of Eq, (3-134) with respect to A 


dct 1 1 
An 


[ 


= (3-14) 


dA 


tion 


dA 1 dA 
eee 3-15 
A TET A Gy) 
where 
1 i 
—— = — = 0,0526 
AH 19 


Equation (3-15) shows us that the dAcn/Acz. is smaller than dA/A by a 
equal to the amount of feedback (1-+7). Note that Eq, (3-15) is based on differe 
or small dAcr/Act, and dA/A. For larger variations, which occur frequently in 
tegrated circuits, the analysis requires the use of finite differences rather than 
differentials. That is, if AAcz = Ale, — Act and AA =A’ — A, where At, and 


actor 
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AT represent the changed values and Ac, and A represent the nominal or original 
values, we can use Eq. (3-8) to write 


(3-16) 


Note that Eqs. (3-15) and (3-16) approach equality as AA —~ 0 

(©) Calculating dcr /Act Eq. (3-15), with dA/A = 20 percent (oF 0.2), 
yields dAcy/Act = 0.99 percent (or 0.0099), To use the mor Eq. (3-10), 
‘we must first determine 


A’ = 80 and = 01,0658 


Substituting these values into Eq, (2-16) yields AAgy/Acy, = 1.23 percent (or 
0.0123), It should be pointed out that A4/.A = 20 percent used in this example 
is not an exaggerated figure. We cannot overs 4 that amplifier open-loop 
gains can vary widely with manufacturing tolerances and temperature, Fortunately 
the negative feedback is seen to desensitize Acy, to changes in the open-loop 
gain A, 


Example 3-2 
Consider an open-loop amplifier whose frequency response is eha 
one-pole transfer function 


ueterized by the 


(3-17) 


Als) = 
14— 1 


In the above equation, Ap is the DC open-loop gain and a, is the open-loop 3 dB 
cutoff radian frequency. (a) Assuming a feedback system with a signal-flow graph, 
as in Fig. 3-3, determine the 3 dB cutoff frequency for the closed-loop system in 
terms of Ag and fy. (b) With Ay = 108, 1 = 0.0999, and ay = 22r(100) rps. 
compute the closed-loop 3 dB cutoff frequency Si 
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Solution. (a) Form Act(s) by substituting Eq. (3-17) into Eq. G-8), obtaining 


(3-184) 


where Agcr 
by 


sed-loop 3 dB cutoff frequency expressed 


@p(1 + Ag?) in aps, or Sp + AgH) in Hz (3-180) 


Also note that 


l 
Anct > qq 88 Ao co and exr(s) 


1 
14> 3-19) 
AH ( B) oe) 
Again we see that the negative feedback has served to reduce the DC gain and 
increased the 3 dB cutoff or bandwidth by 1 +7, i.., GBW is once again invariant, 


(b) To compute the closed-loop 3 dB frequency. we simply substitute Ag = 10*, 
‘= 0.0999, and f, = 100 Hz into Eq. (3-185), i. 


fp = 10° Hz 


Note that fj can be adjusted over a wide range of values by simply adjusting 
the feedback 1. It is instructive to examine the effect positive feedback has on 
the closed-loop cutoff f,. With positive feedback. where AgH <0, f,, is seen to 
decrease with decreasing (becoming more negative) loop gain (Ag?) and becomes 
zero when AgH = —I. At this point, the system pole has moved to the origin of 
the s-plane and the output oscillates (at 0 Hz). Any further decrease in loop gain 
will result in instability. 


Example 3-3 


Consider the feedback amplifier in Fig. 3-5 in which a disturbance is introduced 
via the distortion generator vp. We note that the input vpy, the output vour, and the 
disturbance vp are assumed to be total signals, including AC and DC components. 
Also, since vp is usually dependent on some other voltage (or current) in the circuit, 
we show vp in Fig. 3-5 to be a dependent voltage source. This somewhat simple 
model is often used to account for nonlinear distortion in linear amplifiers produced 
by internal nonlinearities. This distortion will appear on the output waveform and 
degrade amplifier performance. For this analysis, let us assume that the distortion 
is sufficiently small for the system to remain approximately linear in operation, 
such that amplifier (A’) can be modeled as a distortionless amplifier (Ag) and an 
additive distortion generator. Derive the relation that characterizes the amount that 
the distortion has been reduced by the feedback and discuss the result. 


FIGURE 3-5, 
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Fa ianie 


A 


Feedback configuration with 
‘nonlinear distortion source for 
Example 3-3. amplifier A’ 


Solution. In the absence of feedback, we can write 


(3-20) 


vour = Aouin + Yo 


Now, analyzing the circuit with feedback, we obtain the relations 


+0 


v’ = Ao(ux — Heour) and vour 


Solving Eqs. (2-21) for vour in terms of viy and vp yields 


% 6 eAdien eo (ee lea 
wour=\ Tack) Sie Aon)? 


In practice, to obtain a quantitative analysis, we note that one must either be 
given or derive a nonlinear model for the distortion signal vp. ic.. vp = A 
A3v? +... + Ayv™. Comparing Eqs. (3-20) and ( we see that the nonlinear 
distortion has been reduced by a factor equal to the amount of feedback (or the 
oop gain, since AgH > 1). Since the distortionless output has also been reduced 
by the same amount, the signal-to-distortion ratio (S/D) has not improved. The 
feedback has, however, improved the linearity of the amplifier system by reducing 
the gain. The positive impact of this operation is that the closed-loop system can 
process a wider range of input signal amplitudes than can the open-loop system, 
before a given distortion level is reached. Without the feedback effect in Eq. (3-22), 
‘op amps (where Ap > 10°) would be of little value in linear circuit applications 
(ee the open-loop op amp transfer characteristic in Fig. 5-5). 


Example 3-4 
‘The signal-to-disturbance ratio can be reduced under certain conditions. Consider 
the case in Fig. 3-6a where an amplifier (Ao) has as inputs the signal mx and 
disturbance vp. This is the typical model when the disturbance is noise, i.e., noise 
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opt. popept. 


amplifier 
@ o 


FIGURE 3-6 (a) Amplifier with distortion source at the input, and (b) feedback configuration with “noise 
free" preamplifier for Example 3-4 


generated by the input differential pair of an op amp, or noise generated by the 
power supply hum in an audio power amplifier, etc, The signal-to-disturbance ratio 
for this configuration is 


How can we increase $/D? 


Solution. Let us consider the insertion of a disturbance fice, or noise free, preamn- 
plifier (Ay) within the feedback loop and in fro>t of the disturbance, as shown 
in Fig. 3-6b. This configuration has been widely used in audio amplifier design, 
where a power amplifier (with low voltage gain) is preceded by a high voltage 
gain, low noise preamplifier (with low power gain) to reduce the annoying power 
supply hum of the power ampiiner. The expression for the output Your, in terms 
Of vi and vp, is readily found (using analysis methods that should be becoming 
rather familiar by now), 


AiAo Ao 5 
ee (ae ee (eee 3.234) 
(ae) Ae) ? naa) 


‘The closed loop gain (Acz) and the signal-to-disturbance ratio (S/D) are then 


AiAg 


T+ Al AgH 


UN 


vp 


and $/D = Ay 


Act b) 


Referring to Eq. (3-23h), itis clear that significant improvement in $/D requires 
a large preamplifier gain Aj. One can use amplifier gain (A,) and feedback 1 
as design parameters to adjust the signal-to-disturbance ratio while mainiaining a 
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constant overall closed-loop system gain, Observe that if Ay = 1 in Eq. (3-230), 
which corresponds to eliminating the noiseless preamplification, then $/D is unat- 
fected by the feedback. Note that the negative feedback tends to reduce nonlinear 
distortion produced by either or both amplifiers. 


3-1-2. Feedback Configurations and Classifications 
In the feedback configuration shown in Fig. 3-3, the open-loop amplifier A(s) and 
the feedback 7(s) blocks are idealized in the sense that both blocks are modeled 
as noninteracting, ideal voltage-controlled voltage sources 
block is usually a passive circuit (for our purposes an RC circuit) that may load or 
interact with the open-loop amplifier, Furthermore, amplifiers are not ideal volt 
controlled voltage sources. The ideal behavior depicted in Fig. 3-3 can be achieved 
approximately when the following basie ransmission assumptions are satisfied 


In practice, the feedback 


1 The forward transmission through the feedback circuit is negligible in compar: 
ison with the forward transmission through the open-loop amplifier. 
2 The reverse transmission through the open-loop amplifier is ne 


parison with the reverse transmission through the feedback circuit, 


gible in com- 


Both assumptions are typically met in practice when the feedback is through a 
passive RC circuit and the open-loop amplifier is an active circuit with gain. Most 
practical feedback circuits will fall into this category. Circuits involving op amps will 
prove to be particularly cooperative subjects in this respect, As we have seen, further 
simplification occurs when the loading of the open-loop amplifier by the feedback 
circuit can be assumed to be negligible. Again, this condition is frequently valid when 


the open-loop amplifier is an op amp. 
Let us now consider the common feedback conn 


tions used in pract 
the series-shunt, shunt-series, series-series, and shunt-shunt feedback configurations 
shown in Fig. 3-7. In each case, the feedback system is represented as a two-port 
network comprised of four interconnected two-ports representing the open-loop am 
plifier circuit, the feedback circuit, the source, and the load. To keep this discussion 
somewhat general, we model the amplifier circuit as a controlled source with gain A 
input impedance Zing. and output impedance Zy,.. In a similar fashion, the feedback 
circuit is modeled as a controlled source with gain F, input impedance Ziq . andl out- 

+ put impedance Zou. The unilateral nature of the models for the open-loop amplifier 
and feedback circuits in Fig. 3-7 is based on the transmission assumptions above. 

2 Since the feedback connections in Fig. 3-7 are covered in many undergraduate 
electronic circuit texts, we assume that the reader has been previously exposed to the 
detailed analysis of these schemes. However, it is useful to take a moment to brielly 
review their salient features. In all cases, increasing the amount of feedback can be 
shown to desensitize the closed-loop gain to the characteristics of the open-loop am- 
plifier (thus increasing precision and control over the closed-loop gain) and to increase 
bandwidth in direct proportion to the reduction in the closed-loop gain. 


namely. 


-seues (9) ‘seues-qunys 


junus-zunus (p) pue “soles 


4186 
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Series-Shunt Connection In the series-shunt configuration shown in Fig. 3-7u. 
the output voltage is sensed by the feedback network, fed back as a voltage V, and 
added in series with the input voltage. With this scheme, (as we will see in Table 3-1 
for all four schemes) the closed-loop input impedance (Zigci.) is magnified and the 
output impedance (Zucz) is reduced by the amount of the applied feedback. ie. 
(+7). Consequently, applying large amounts of feedback in this scheme tends to 
produce a high quality voltage-controlled voltage source. 

Series-shunt feedback is used in applications where electrical isolation and voltage 
amplification are important, such as buffer amplifiers, the output drive for op amps. 
and many kinds of signal processing circuits. The series-shunt scheme, as we will find 
in Chaps. 5, 7, and 8, is widely used in continuous-time active filters and noninvert 
op amp based feedback circuits. 


Shunt-Series Connection In the shunt-series configuration shown in Fig. 3-7h. 
the output current is sensed by the feedback network, fed back as a current Jy. and 
added in parallel with the input current. With this scheme. the closed-loop input 
impedance is reduced and the output impedance is magnified by the factor (1 +7). 
Consequently, applying large amounts of feedback in this scheme tends to produce i 
high quality current-controlled current source. 


Series-Series Configuration _ In the series-series configuration shown in 
the output current is sensed by the feedback network, fed back as a voltage Vj. and 
added in series with the input voltage. In this case. the closed-loop input and output 
impedances are both magnified by (1 +7). Consequently, applying large amounts of 
feedback in this scheme tends to produce a high quality transconductance amplifier or 
a voltage-controlled current source. Transconductance amplifiers are very important 
linear circuit building blocks, and they will receive considerably more attention in 
Sec. 5-5 and in various sections of Chap. 6. 

However, in an amplifier, unintended series-series feedback can degrade perfor- 
mance. In Eq. (1-37) and Fig. 1-24 of Chap. 1, we observed the work of parasitic 
series-seties feedback in a common-source MOST amplifier via the source resistance 
Rs (not to be confused with the signal-source resistance R,). In Eq. (1-37), it was 
shown that the effect of Rs was to reduce, and thus limit, the effective MOST ¢y 


Shunt-Shunt Configuration In the shunt-shunt configuration shown in Fig. 3-7c 
the output voltage is sampled by the feedback network. fed back as a current /), and 
added in parallel with the input current. The closed-loop input and output impedances 
for this scheme are both reduced by (1 +7). Consequently. applying large amounts 
of feedback in this scheme tends to produce a high quality transresistance amplifier 
or current-controlled voltage source. The amplifier in Fig. 3-1 is an example of the 
shunt-shunt connection. Note that in this case, the circuit is voltage driven and the 


188 _ DESIGN OF ANALOG INTEGRATED CI"CUITS AND SYSTEMS 


source resistance 


Rg is in series. One can shift between the current drive with 
parallel Rs and the voltage drive with series Rs, by using Norton and Thé 
transformations. 

Shunt-shunt feedback is widely used in active filters and inverting op amp-based 
feedback circuits, as we will find in Chap. 5, 7, and 8. Perhaps the most celebrated 
example of this scheme is the Miller effect, illustrated in Fi In Chap. 4, we 
will see that in amplifiers the Miller effect magn ain parasitic capacitances, 
thus limiting the available bandwidth. Later in the text, this effect will be turned into 
an advantage in designing op amps that are stable within a wide range of feedback 
schemes. This process is known as frequency compensation, 

It should be evident to the reader that the open-loop amplifiers modeled in Fig. 3-7 
Tepresent arbitrary configurations, e.g., single-stage amplifiers or multistage amplifiers 
or op amps, Although many practical feedback networks can be identified as one of 
the four configurations in Fig, 3-7, there are exceptions that cannot be classified in 
this manner. For example, we have only considered single-loop feedback systems. In 
practice most analog circuits involve multiple feedbacks, some by design and some 
parasitic. In most cases, the feedback loops are nested such that they can be dealt with 
independently, e.g., the open-loop amplifiers in Fig. 3-7 may also use feedback to 
achieve certain properties. The simple common-source feedback amplitier in Fig. 3-1 
has two feedbacks, namely, a designed shunt-shunt feedback via Ry and a parasitic 
shunt-shunt feedback via Cgp (i. the Miller effect). Such multiple-loop feedback 
schemes can be addressed with ordered repetitions of the principles in Fig. 3-7 and 


enin 


3-2 ANALYSIS OF FEEDBACK AMPLIFIER CIRCUITS 


‘Two obvious methods for analyzing feedback circuits are to perform a brute-force 
circuit analysis with pencil-and-paper or to use SPICE. (Vladimirescu, Newton, and 
Pederson 1980) Sirice feedback circuits with seemingly little complexity can lead to 
equations that call for tedious algebraic manipulatisns, brute-force pencil-and-paper 
analysis is all to0 likely to be a frustrating and error-fraught process. A natural remedy 
to this dilemma is to let SPICE and the computer do the work. SPICE is a wonderful, 
proven tool for detailed design verification, but SPICE analysis rarely provides the 
insights that designers get from well-formed equations. An alternative set of software 
are emerging that are based on symbolic simulation, such as Mathematica (Wol- 
fram 1991). Tools such as ISAAC Gielen and Sansen 1991) and Nedal (Nodal 1992) 
provide symbolic expressions rather than tabular or plotted output. At this early stage 
in the development of symbolic circuit simulators, the management of the complexity 
(e.g., truncation and approximation) of the resulting expressions is largely left to the 
user. 

Hence, the approach of this-section is to seek systematic analytical methods that 
lead to the desired insight with reduced labor and opportunity for error. Let us first 
consider an analysis strategy for cases where the feedback circuit can be identified 
as one of the schemes in Fig. 3-7. We will then use Blackman’s impedance relation 


ions 
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FIGURE 3-8 Circuits for separately determining .A and 11 associated with the four feedback schemes in Fig, 9-7: 


(@) series-shunt, (b) shunt-series, (c) series-series and (d) shunt-shunt, 


(Blackman 1943) and Rosenstark’s asymptotic gain relation (Rosenstark 1974) to 
expand this restricted strategy to more general feedback structures. 


3-2-1 Analysis When the Feedback Network is One of the Basic 
Configurations in Fig. 3-7 


Simple and systematic andlysis strategies can be formulated for feedback circuits 
{identified as one of the schemes in Fig. 3-7. The detailed examination of these basic 
schemes is usually accomplished with the theory of two-port networks. As we noted 
earlier, these developments can be found in several popular undergraduate texts on 
electronic circuits, e.g., Murphy (1964, Chap. 12), and Ghausi (1985, Chap. 10), 
Leaving the details of the development to these texts, we conveniently summarize the 
important relations and characteristics for the four feedback schemes in Table 3-1. 


TABLE 34 
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SUMMARY OF RELATIONS FOR THE BASIC FEEDBACK CONFIGURATIONS. 
(WHERE ADMITTANCES Xr = Xia + Xie, Xor = Xon + Xor WITH X =Z OR Y). 


series shunt shunt-shunt shunt-series sores eres 
=Am AG. -A wee 
(Rs + Zire + Yor) (Gs + YrGi + Yor) (Gs + Vir + Zor) (Rs + ZirMAt + Zor) 
F F 
F “ F =s 
Me te Ai JE 
O47) a7 (ea) +7) 
(Ret 2n\t +7) W(Gs + Yir) IMGs + Yir) (Be + 2147) 
ae Sper 
AGL Yen) Ges Yer) (Ret ZoMt +7) (A+ Zerit +7) 


147 147 


‘The entries in Table 3-1 are based on the two-port models . 3-7 and 3-8. In 
addition, we define the parameters Aj», Hi». and (A;.)cr as follows: 


for series-shunt and series-series 


and (G-24a) 
for shunt-series and shunt-shunt 
I 
Sa 
and (3-24) 


where subscripts i, » designate A, H, and Ac, as either current or voltage transfer 
relations. We can easily shift between current- and voltage-based relations using Jay, = 
Vou / Ry, and 1, = V,/Rs as follows: 


A 


R 
Rt and (Ay)eu = — 


(3-254) 


FIGURE 3.9 
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Hence, 1+ AyHy = 1+A;H; = 1-+A7, i., the loop-gain is independent of whether 
the circuit is voltage or current driven, and we can write: 


(3-25h) 


‘The definitions for Aiy and Hi,» in Eqs. (3-24) and (3-25) form the basis for the 
analysis procedure described in (Geiger, Allen, and Strader 1990; Ghausi 1985). This 
process determines Aj, and 1, from a decomposition of the feedback circuit into 
subcircuits that represent the open-loop amplifier and feedback factor, separately. Note 
that setting the feedback to zero, ie., F = 0 in Table 3-1, does not relieve Aj, of the 
loading due to the input and output impedances of the feedback circuit, ie.. 


Zing = Zina + Zing and — Zour = Zoure + Zoury (3-25) 


‘The procedures for determining Ai,» and 7; are illustrated in Fig. 3-8 for all four 
schemes. The closed-loop Acr, Zinex and Zyyxcr, are then determined by making the 
appropriate substitutions for Ai, Hiv, Zints Zoutrs (OF Yin Yourr) into the relations 
in Table 3-1 


Example 3-5 


Consider the feedback circuit in Fig. 3-9a. The open-loop amplifier, with voltage 
gain —Ao, is assumed to have infinite input impedance and zero output impedance. 


R,= 100k 


@ 


(2) Shunt-shunt feedback circuit for 
Example 3-5, and (b) equivalent 
Cirout with open-loop amplifier 
modeled as an ideal VCVS. 
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Let Ay = 100, R, = 100 kQ and C; = 10 pF. (a) Determine Ay, H,, and (Avon. 
(b) use the Miller equivalence to determine the Miller capacitance Ci, and to verity 
the results in (a). (c) Determine input impedance Ri, for the closed-loop circuit. 


Solution. Modeling the open-loop amplifier as a VCVS and replacing the source 
with its Norton equivalent, we can redraw Fig. 3-9a as Fig. 3-9b. 

(a) Let us then decompose Fig. 3-96 to determine A and 1, as indicated in 
Fig. 3-10a and Fig. 3-106, respectively. Analyzing these equivalent circuits yields: 


=A —100 
5 (3-264) 
1st 
=s10-® (3-26b) 
T 
SR.Cy + (1+ SReCy) 
Ao 
=100 3-26c) 


= T4500 00) 


Dividing numerator and denominator by A,H,. and rearranging terms, we express 
(Av)ce in the following insightful manner, i.¢., 


L 1 1 I 
——— |= B21 
5 G =) ae 


where 


(3-27) 


Note that as Ay +> 00. (Ay)ce > —I/sR,Cy, that is, an inverting integrator. 

(b) Using the Miller equivalence in Fig. 3-2, we find that the Miller capacitance 
is Cin = C/(1 + Ao) = 1010 pF and Fig. 3-96 can be redrawn as Fig. 3-10c. We 
leave it to the reader to verify that deriving Voux/Vs, yields the result in Eq. (3-26c). 

(©) The shunt-shunt input impedance Zjgcz, shown in Fig. 3-9a, is then derived 
according to Table 3-1, ie., 


1 
Rd 


Ra ee 10° 
T+ fol + ACR, 1+ jol0-4 


JoCy 


Zioct = TAH, (3-284) 
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FIGURE 340 The feodback circuit in eae 3:5: (a) the circult to determine vly, (b) the circuit to determine 
‘Hy, and (¢) equivalent circuit based on Miller's theorem. 


Note that if AyMy 3 1 (or [1 + Ag]C/ Ry > 1), then Bq. (3-28a) reduces to the 
Miller capacitance, ic, 


Zc © 


joll + AVC 


¢ that Zinc is the impedance looking into 
put impedance looking from the 


Referring to Figs. 3-9a and 3-9b, we s 
the input of the open-loop amp (ie, Vi). Th 


voltage source V; is then 
Ay 
1+ jo( * Jen 
(je (3-294) 


i Ziq = Ri + Lincs = 2Re- 
By ates T+ Jul + ACR 


and for AyMHy > 1, Eq, (3-294) reduces to 


100 kQ (3-29) 
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3-2-2 Blackman's Impedance Relation 


FIGURE 3-11 


It should be clear by this point that by using negative feedback, one can control the 
impedances at various points within the closed loop circuit. More than thirty years 
. R. B. Blackman offered his method for determining the impedances in feed- 
back amplifiers (Blackman 1943). Although his method is simple and general, it has 
unfortunately been ignored in most texts on feedback amplifier design. Many texts 
restrict their consideration to the-four basic schemes in Fig. 3-7 and their specialized 
impedance relations. However, there are times when a feedback circuit does not con- 
form to one of the basi rations, and hence a more general technique is needed 
to derive impedance relatio 

Let us consider a feedback circuit that includes a general controlled source, as 
shown in Fig. 3-i1. In this circuit, X, is the controlled source quantity (either voitaze 
or current), X; is the controlling quantity (either voltage or current), and X;, Xj are 


conti 


related by the parameter k, ie., X) = kX;. The impedance at any two terminals @ and 
of a feedback circuit can be determined by Blackman’s impedance relation, i. 
Vas 14+Te 
ae = 3-30) 


ey 1+ Toe 


where Z,» is the feedback circuit impedance determined between terminals a 
and b, 
Va» is the Laplace transform of the voltage at terminals @ and b, 
Ju, is the Laplace transform of the current at terminals a and 6, 
is impedance Z,» in the reference condition with controlled source 
set to zero (i.e., this is equivalent to setting the open loop 
gain to zero). 
is the loop gain with terminals @ and b short-circuited, 
Toe is the loop gain with terminals a and b open-circuited. 


Recall that Fig. 3-4 illustrates a means for breaking the loop to measure loop gi 
In an analogous fashion. loop gains Tz, and Tye can be determined by replacing & 
controlled source X, = kX; by an independent source of value k, setting all other 
independent sources to zero, and deriving the relation for the voltage (or current) 


E@e 


Circuit for deving Blackmar's ipedance lies 
relation. ran 
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variable X; in the resulting circuit. Note that the dimension of & depends on the 
dimensions of X; and X;. For example, when both X; and X; are voltages (or currents), 
kis dimensionless. The loop gains J... and To. are then expressed by 


Toe = —Xilv. (3-31) 


where terminals a and b are short-circuited and open-circuited, respectively. Note that 
Tre and Toe ate dimensionless, and so is X;. when X; = k. This is equivalent to seiting 
independent voltage source V; in Fig. 3-4 t0 A(s) and determining the voliage V; 
With this assignment, referring to Fig. 3-4, we observe that 


V, = -A(s)(s) = -T(s) (3-32) 
In the case of multistage feedback networks that have several controlled sources, one 
must be selected as the reference for replacement by an independent source of value 
k. The same result will be achieved regardless of the one selected, and hence the 
choice should be made on the basis of convenience. 

‘Since we expect that Blackman’s impedance relation is unfamiliar to many readers, 
Jet us take a moment to derive Eq. (3-30). Referring to Fig. 3-11, let us write a pair 
of two-port relations using J,» and X; as sources, and Vj and X, as outputs, i.e. 


Vay = Alan + BX; 33a) 


Clay + DX; (3-33h) 


relation for Zyy 


the followir 


Solving for the ratio Van/ fap. We ol 


1 MAD = BO) 


7 
3-34) 
=n G34) 


To complete the derivation, we now need to interpret each of the terms in Eq. (3-34). 

First, from Eq. (3-33a), we have A = Vav/Janlx,-0, which corresponds to the 
definition of Z9,. Next, if Vax = 0, which implies that terminals a and b are short 
circuited, and X; =k, then Eqs. (3-33a) and (3-334) can be manipulated to eliminate 
Tay such that 


K(AD — BC) 


ie 3-35 
i T, (3-35) 


Xilven 
Finally, if fa» = 0 and X) = &, then from Eq. (3-335). 
Xilygoo = kD = ~Tre (3-36) 


‘The derivation is complete. 
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Let us verify Blackman’s relation and Eqs. (3-31) by using these new tools 10 
evaluate the series-shunt circuit in Fig. 3-7a. 


Example 3-6 


Determine T,.. Toc, 295. and Zo», where a and b are at the voltage source input. 
for the series-shunt feedback circuit in Fig. 3-7a. Use Blackman’s formula and the 
method advocated in Eq. (3-31). 


Solution. For this choice of ent 
dependent source to be X, 
using the circuit in 


w» = Zigcy: Let us choose the reference 
Vout, Such that Tc, To are determined 


Rs + Zinr (3-37) 


determine that 


AF 


(3:38) 
s+ ZarXGit tour) OY 


Hence, Tc = AM = T and the impedance Z,, equals the series-shunt Zinci. in 
Table 3-1, ie. 


Zan 


Oi + AH) = Zince (3-39) 


It is comforting to find that all roads, which are said to lead to Roms, do indeed 
g0 to Rome! 


Note that one can always determine the impedance at any terminal-pair by employ- 
ing brute-force mesh or nodal analysis to determine the current /4., and voltage Vj). 
However, we submit that Blackman’s relation is a more intuitive approach, clearly 
showing the effect of feedback on impedance. Moreover, it will often be more efficient 


FIGURE 3-12 Series-shunt circuit in Fig. 3-72 
rearranged for determining Tox and 
Tee in Example 3-6. 


FIGURE 3-13 
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and reliable to calculate Z,», using Eq, (3-30). In fact, in many cases either T;, oF T, 
is zero, and the nonzero loop gain corresponds to the system loop gain. Hence. the 
only new quantity required in this method is 2°, As we observed in the previous 
example, this is indeed the case for the input and output impedances associated with 
the basic schemes in Fig, 3-7. 

Let us consider an example involving a tr 
series feedback. 


isistor amplifier and resistive series 


Example 3-7 
Derive the input impedance for the voltage follower circuit in 
equivalent circuit for this configuration is shown in Fig. 3-13). 


3-13a, The 


Solution, Setting controlled source yn Vie 10 7er0, one can readily determine Z') 


to be 


Ry + Rs G40) 


Replacing controlled current source 4», Vie with an independent source of value gy, 
and setting independent voltage source Vy = 0, we may consider the derivation of 
the loop gains Ze and Tre, i 


Tre = =VhelVin20 and =Vheli=t 3-41) 


Clearly, when terminals a and h are open-cireuited such that fy, = 0, then 
Voete = Top = 0 and Toe == 0. To determine 7,., we first convert current source 
BnVbe 10 a voltage source gr Vie. We then find Vpy in Fig, 3-14, with dependent 
SOUFCE Btn Vhe St 10 gun. sind terminals @ and b shorted such that Vy = 0. This, 


{a) The emitter follower for Example 3-7, and (b) its hybrid-7 aquivatent circuit 
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FIGURE 3-14 The rearranged omitier follower equivalent circuit to Zi 
determine Tee in Example 2-7, where the current source gy 
is translormed into an equivalent voltage source nfo. 


process yields: 


Grist 
(RSE rg VRe F(R, + rodRe ok (RE rR 
a Bintata Re 
(RS in FRORL + FF Re) — (Re) 


(3-42) 


Please note that if AH = Jy. were computed using Fig. 3-8¢ and Table 3-1, one 
‘would find that 


Sint'xt 


i eee 
(Rs Hy + RR A 7a F Red 


43) 


The difference between Eqs. (3-42) and 3 due to the reverse transmi 
through Re that is ignored in Eq. (3-43). Finally, substituting these results for Z: 
Toc, amd Tee into Blackman’s relation in Eq. (3-30) yields: 


Mab _ 70 1+ Toe 


Za Tan OTA Tee 


+ Rel 4 Ted (44) 


3-2-3. The Asymptotic Gain Relation 
‘The asymptotic gain relation is a simple relation used to compute the closed-loop 
gain for arbitrary feedback circuits (Rosenstark 1974). Like Blackman’s relation, it 
is particularly useful when the feedback circuit under consideration does not readily 
stand out as one of the basic schemes in Fig, 3-7. The asymptotic gain relation is 
stated as follows 


T Ge 
V4T7 $F 


Act (3-45) 


where Acy, is the closed-loop gain 
Go is the direct transmis 
K is the asymptotic gain, 
T is loop-gain 


FIGURE 3-15 
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To discuss the determination of these quantities, let us use Fig. 3-15, where again the 
feedback network is assumed to consist of at least one controlled source Xj = kX; 
One can derive the asymptot relation in Eq. (3-45) using arguments. similar 
to those used in the derivation of Blackman’s impedance relation. In this case, let 
us consider Vi and Xj as sources and Vs and X; as outputs. Accordingly, we may 
characterize the network with the following relations 


Vy = AV, + BX, (3-460) 
X; = CVi + DX; (3-46) 
where X; = kX. 
Solving for the voltage gain ratio V3/V\, we obtain the following relation: 
BC) kD 
a — 347 
( =) =kD * 1=kD a 


= k, we find from 
X) = -KD. Loop 
mine Ty, and Ty 


Interpreting the terms in Eq. (3-47), we see that if Vi = 0 and X 
Eq, (3-46b) that X; = kD. Consequently, the loop gain is T 
gain is derived in a manner analogous to the method used to det 
for Blackman’s impedance relation. 

The asymptotic gain K is determined by substituting X, = &X, in Eqs. 3-46a) 


and (3-46b), algebraically eliminating X,, solving for the ratio V3/},, and taking the 
limit as & approaches infinity, ic. 
| (AKAD + BC) BC 
ANE Rae (8480) 
Me ( 1=kD ) : 


= Act lis = Actit-+ 


From the relation J = -KD, it should be clear that the condition & — 
equivalent to the condition T — oo. Let us now consider what happens to X, when 
k + 00. This can be readily determined by setting X, = kX; in Eq. (3-46b) and 
solving the result for X; in terms of Vj. ie., X; = [C/(1—kD)]Vj. Hence, for a finite 
Vi, Xile-seo = 0. Note that for large loop gain (i.e., T >> 1), which is usually the case. 
‘Ace, will approximately equal the asymptotic gain K. Referring back to Eq. (3-10), 
it should be clear that the asymptotic gain is K = 1/H. 


Circuit for deriving the asymptotic gain 
relation. 
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Correspondingly. the direct transmission term Go is determined by taking the limit 


fa- Be 
ee ay (G48) 


(3-49) 


“This term is equivalent to the forward transmission though the feedback circuit, which 
is usually a passive network. Remember that in the previous section we assumed 
the forward transmission through the feedback network to be negligible. Typically, 
Go < KT and 


Comparing Eqs. (3-45) and (3-50), one can interpret the first term in the asymp- 
totic gain relation in Eq. (3-46) as being the dominant term, particularly for large 
loop-gain (T > 1). The second term can be interpreted as a corrective term, which 
modifies the relation when the loop-gain (the amount of feedback) is not very large 
‘compared to unity. Under this condition, the basic transmission assumptions expressed 
in Sec. 3-1-2, and the approximations they suggest. are no longer valid. We now see 
that the asymptotic gain relation is a rather general, powerful, and insightful relation 
for computing closed-loop-gain. Its use is not tied to specific feedback configurations, 
and it is applicable when the loop-gain is large or small, 

Remember that in the case of multistage feedback circuits with several controlled 
sources, one controlled source must be selected as a reference source. This controlled 
source is replaced by an independent source of value & in the determination of loop- 
gain T. This source is also set to infinity when determining asymptotic gain K, and 
set to zero for evaluating the direct trarsmission term Go. The same result will be 
achieved no matter which one is selected and hence the choice should be made solely 
on the basis of convenience. 


3-3. STABILITY CONSIDERATIONS IN LINEAR FEEDBACK SYSTEMS 


Stability in electronic circuits and systems occurs when all bounded excitations pro- 
duce bounded responses. In practical terms, the output of a stable circuit cannot diverge 
(ie., to a limit set by the power supply rail(s)) for any input that has limited ampli 
tude (Bode 1945; Daryanani 1976; Desoer and Kuh 1969; Geiger, Allen, and Strader 
1990; Rosenstark 1986; Savant 1964; Schaumann, Ghausi, and Laker 1990; Sedra 
and Smith 1991; Waldhauer 1982). Also, a stable circuit cannot sustain oscillations 
in the absence of an applied source. Passive RLC circuits are stable by their very 
nature, since they do not contain energy sources that might inject additional energy 
into the circuit. Active networks, on the other hand, do contain energy sources that 
can combine constructively to produce unstable behavior. Circuits and systems that 
produce unbounded responses to bounded excitations are said to be unstable. 
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irrence of unw: 


eful analog functions, but the oc nted os 
dation and represents borderline instability 
ck circuits 


Jators are very 
ions is a serious performance i 
year feedback systems. An important objective in the design of feedlba 
used in tinear signal processing applications is to avoid even potential instability. In 
other words, the goal is to design a circuit that is stable under all input signal condi- 
tions and for all ranges of component values. A system that is stable under any and 
all conditions is referred to as unconditionally stable, or absolutely stable. Absolute 
stability occurs only in the simplest of feedback systems and is generally not a realistic 
design objective. Since circuit components can and will change from their nominal 
values due to statistical manufacturing errors, temperature, and aging, it is important 
to employ safety margins when designing for stability, In this context, we will intro- 
duce the concepts of gain margin and phase margin. These margins are either readily 
determined analytically, calculated from computer simulations, or measured experi- 
mentally. They lend significant insight into the current stability condition of a circuit 
and'they can also be helpful in determining the amount of feedback 7, needed to pro- 
duce particular stability objectives. At a minimum, designs must guarantee 
over the full range of allowed circuit components and ambient operating conditions. 
In a feedback system, such as the general structure of Fig. 3-3, the open-loop-gain 
A(s) = Nq(s)/Da(s) is generally a function of frequency and is more accurately 
referred to as the open-loop transfer function. Although in many of our discussions 
we have assumed that the feedback factor 11 is frequency independent, derived from 
an all-resistor feedback network, we know this is also generally not the case. In fact 
we have discussed some very practical yet simple applications of frequency dependent 
feedback, the most notable being the integrator type circuit in Fig. 3-10. In general, 
we will refer to 24(s) = Ny(s)/Dy(s) as the feedback transfer finiction. It then follows 
that the closed-loop transfer function Ac,.(s) is expressed as 


Nos) Aw) Nels) Dpto) 


a = Gs) 
D6) T+ AGH) ~ Dils)D/) + NW)N, 0) 


Aci(s) = 


It should be well known to the reader that the stability of the circuit/system is 
assured if all the poles of Ac; (s), i.e., the roots of the characteristic equation D(s). 
are in the left-half of the s-plane (i.e. ¢ < 0). Otherwise, the circuit/system either 
oscillates or is unstable, This suggests a straightforward way for checking stability 
evaluate the closed-loop transfer function Aci (s) and factor the denominator Dis) 
to determine the locations of its roots. This procedure. although conceptually: simple 
and at times useful, usually requires the factoring of a high-order polynomial—a task 
that can readily be accomplished on a computer used for specific numerical: cases. 
The results of this exercise, iowever, offer little indication as to the margins by which 
stability is achieved and they do not add additional design insight. For design purposes. 
we want symbolic and graphical methods of determining stability that also provide 
insight into the relationship between A? and the degree of stability. 

It should be evident that stability must be guaranteed at all frequencies from DC 
to infinity, not just within the passband or some limited frequency range of operation. 
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In other words, the effect of all nondominant poles and excess phase shifts, deemed 
norable in an approximate frequency response calculation, must be taken into account 
stability is to be guaranteed. This implies that accurate models or experimental data 
‘must be used in stability calculations. In this section, we explore alternative and more 
insightful techniques for examining stability. 

Let us assume that the open-loop circuit A(s) is lowpass, i.e., it passes DC and 
all frequencies «@ < @e with constant gain Ag. The gain |A(s)| then declines with 
frequency as determined by poles and zeros occurring at frequencies « > «ac. To 
simplify matters, let us assume that at low frequencies the feedback 71(s) reduces 10 
@ constant value (Ho). Hence, at low frequencies (» < ae), the loop-gain T(s) = 
A(s)P4(s) = AoMo is also constant, and positive if the feedback is negative. What 
then happens at higher frequencies (i.e., @ > we)? 


For physical or sinusoidal steady state frequencies, i. jo, Eq. (3-51) becomes 
Ajo) 

Ac p) = ————_ (3-52) 
100) = TeTGa) 


‘Thus the loop-gain A(ja)H(jo) is a complex number that can also be represented 
in terms of magnitude and phase, i.c.. 


T(jo) @ AjoyH(jo) = |AjoyH(jo)|e* (3-53) 


‘The stability or instability can then be ascertained by observing the manner in which 
the loop-gain varies with frequency. For example, consider the frequency (0) at 
which the phase angle p(w) becomes equal to x radians or 180°. At this frequency, the 
loop-gain is a negative, real number and the feedback is positive. If |7(jap)] < 1, then 
1+T(jwy) <1 and Aci (joy) > A(ja,). Nevertheless, the feedback system is still 
stable. If, on the other hand, [7 (joy)| = 1, then 147 (jay) = O and Aci (Joy) = 00. 
In this case. the closed-loop system has a nonzero output for a zero input, and the 
system oscillates at the frequency 

What then happens when |7(jo,)| > 12 The answer, though not obvious from 
Eq. (3-52), is that the system will oscillate and the oscillation will grow in magnitude 
until some nonlinearity (by design or inherence) reduces the loop-gain to un 
which time oscillation is sustained. An example of an inherent nonlinearity is the 
saturation that occurs when the output reaches limits set by the power supply rails. We 
point out that this type of limiting has proven to be very effective in the realization of 
sinusoidal oscillators that have very robust start-up properties (Sedra and Smith 1991). 
We will assume for now that oscillations represent intolerable system performance, 
and that they are to be prevented at all cost. 


3-3-1 Effect of Feedback on the System Natural Frequencies 
It is insightful to explore how the poles of the open-loop transfer function shift with 
the application of feedback. Let us assume for simplicity that the open-loop transfer 
function is comprised of only stable, real poles and no finite zeros (that is, all the zeros 
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are at s = 00 and N, is a constant). Let us also assume for now that the feedback is 
resistive, i.e., 1 is real and independent of frequency, These assumptions will simplity 
the symbolic analysis, and permit us to focus on the fundamental concepts. 


yole function, 


One-Pole System Let us consider the case where A(s) is a sing! 


Ao 


i (G-54 
T+ s/o , 


Als) 


Please note that up is a real valued quantity. This type of system was discussed earlier 
in Example 3-2, The corresponding toop-gain and closed-loop transfer functions are 
given, respectively, 


AGH 
T+ sop 
Ag/( + Aol) 
T+ 5/ep(1 + AdH), 


T(s) = Als) 


Acts) = 


inator of the term Ag/(1 + Ag?t) by AoM, yields the 
q. (3-55): 


Dividing numerator and denon 
following useful reformulation of 


i (re) 
HATH AGH, Acto_ (G56) 
1+ s/ep(l + ApH) — 1 +8/mcrp 


Act! 


In many instances, the loop-gain AoH >> 1, which leads to the often used approxi- 


mation 
best) hima) A(~a) 
H\ 1+ AoH, seul Agi H AgH. 3-56) 


T+s/ap(l-+ ApH) 1 -+5/t)AoH T+s/wcip 


We see that increasing the low frequency or DC loop-gain AgM from zero shifts 
the pole along the negative real axis, as illustrated in -16a. The closed-loop 
pole location is then given by «exp = (1+ AH). The closed-loop gain decreases 
correspondingly, approaching the value 1/H, as AgH becomes very large. The Bode 
magnitude plot in Fig. 3-16 (although not shown, a corresponding Bode plot for the 
phase can be drawn) indicates that at low frequencies (i.e., «7 < dp), the difference be- 
tween the open-loop and closed-loop functions is -20log(1 + Ag?) * —20log( Ay) 
for AgH > 1. However, at higher frequencies (ie., @ > wczp) the two characteristics 
coincide, following the same —6 dB/octave (or 20 dB/decade) asymptote. One can 
verify that this is indeed the case by determining the limits of A(s) and Acy(s) in 
Eqs. (3-54) and (3-56b), respectively, as «@ — 00, i.e. 


Agu; oy ‘, 
AG) ® Acu(s) % WP = (3-57) 


FIGURE 3-16 
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@ ® 


Effect of feedback on (a) pole location and (b) closed loop gain for a feedback circuit with a 
single-pole open-loop transfer function. 


Physically, Eq. (3-57) is the consequence of the feedback (1 +A(s)?) being reduced, 
due to the roll off of |A(joo)| with frequency, to the point of being ineffective. 

Note that since the pole never leaves the left-half plane for any value of H, we 
conclude that a single-pole feedback system is absolutely or unconditionally stable. 
‘This result is physically appealing, since the phase lag associated with a single-pole 
response can be no larger than 90°. Consequently, the system never reaches the 180 
degree phase shift needed for the feedback to become positive. 


‘Two-Pole System Let us now consider the application of resistive feedback to a 
two-pole open-loop sy 


+ sJiopi)1 + s/empa 


Where @py and wp are real, and @p) < wpa. We note that for op amps, the pote 
frequencies >, and apo are usually spaced widely apart such that «yo > Agep:. In 
such eases, wpi is said to be the dominant pole (04) and pz the nondominant pole 
(ya); See Apps. 3-1 and 3-2. 

‘The corresponding loop-gain transfer function is T(s) = A(s)H, such that 


ae -392) 
OF sfep 0 ¥s/oy: 
AE eon (3-595) 


+ 8/052) 


If, in addition, wp > (AoM)wp: in Eq. (3-59), then) is a dominant pole and 
the loop gain-bandwidth product is crpi = (Ao?)wp1. For second-order and higher 
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in-trequeney do not necessarily coincide. 


order systems, the aezp- and the unity 
App. 3-2 (where 


The exact calculation for «, as function of ep2/acrp) is discussed in 
in App 3-2, let cup —> @ oF loop gain-bandwidth product). 
Using Eqs. (3-59), the closed-loop transfer function can be written as 


Aoeopieryn 
TEACH 


Acts) (3-60a) 
where 


LE A(S)H = 8? + spt + @p2) + + Agen reryr (3-605) 


Note that for s > @pr.@p2 > (Au Mey. and Ay? >> 1, Eq. (3-606) reduces to 


1+ AG)H® + se 


+ sepa + OCEpiOp2 (3-600) 


2+ (AaPbepreye 


The closed-loop pole locations are then determined by setting i+ A(s?4) = 0 in 


Eq. (3-60b) and solving for the roots s1 and 83. i.e. 


i a 
pn + 090) # y/o FO)? AU AHO ep B-610) 


(3-615) 


‘where in Eq, (3-61) we assume the dominant pole condition represented by Eq. (3-60). 
The error associated with the dominant pole approximation is analyzed in 
App. 3-1. 

‘The locations of the poles (si. s2), as the DC loop-gain AgH is increased from zero, 
are illustrated in the pole location plot in Fig. 3-17. This plot is referred to as a roor lo 
cus diagram. Following the shift of the poles. as AH increases, reveals that the poles 
tially move toward each other. They become coincident at 7 = —(p1 + @p2)/2. 
when (pi + @p2)? — 4(1 + ApH)epicap2 = 0 or for the value of AgH = (Ay?) 
given by 


(op +6 
epi Opa 


(AH) = [ 


for wp2 > wp 


For AgH > (AoH)1. the poles are complex conjugate, i.e.. sj. and move 
along the vertical line shown in Fig. 3-17. The root locus shows that the poles remain 
in the left-half s-plane for all values of (Ag?); this second-order feedback system is 
absolutely stable. This result is consistent with the physical observation that the phase 
lag for a two-pole system asymptotically approaches 180° as « — oe. Consequently 
there is no finite frequency for which || + A(s)H1| = 0. Even though stability is 
assured, the design of a second-order system that satisfies specific transient response 


FIGURE 3-17 
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Etfect of feedback on the pole location for 
a feedback circuit with a second order 
‘open-loop transfer function comprised of 
{wo real poles. 


requirements requires more careful consideration of the location of the system poles. 
In amplifier design, we generally want to avoid situations where |1 + A(s)7| © 0, to 
ensure that the transient response is well behaved. On the other hand, in filter design 
(see Chaps. 7 and 8), feedback is often used to locate poles so that |1 + A(s)H] * 0, 
in order to realize highly selective filters, These issues are discussed next 

Second-order feedback systems are very important in amplifier and active filter 
applications, Let us take a moment to examine the fine structure of their frequency 
domain and transient behavior. Second-order characteristic equations are often ex- 
pressed in the following standard forms: 


Do) =s? +5 (2) +02 


= +56 +57) 


2+ s(2¢oy) of =0 


Where ay is the resonant frequency, Op is the pole quality factor, and &( = 1/20p) 
is the damping ratio. The relationships for these parameters are best illustrated geo- 
metrically, using the simple diagram in Fig. 3-18a, From this diagram we discern that 


Re(s1) = ang, Im(s1) =o VIE =o, and si] = a, 


where ap is the peak or pole frequency. Note that when £ < 1 or Qp > 1, @p © a. 
Using these relations, we can write the expression for the polar angle @ in 
Fig. 3-18a of the complex poles as follows: 


tan (L 
arctan ( 5G 
We see that quality factor Q, is inversely proportional to the distance the pole lies 


from the jeo-axis. That is, as the complex pole pair approaches the jv-axis, the Qy —> 
large and 6 —> 90°, We note that the poles are found to be complex for Q, > 0.5 


arctan 


q 
gow t= arctan 493-1 


FIGURE 3-18 
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o 


(@) Relationships between pole location and quality factor Qp, damping ratio ¢. and resonant 
frequency wo: (b) pole locations for various values of damping ratio ¢ (and quality factor Q;). 


org <1 and lie exactly on the jo-axis when Q, = 20 or £ = 0. Pole positions for 
several values of are shown in Fig. 3-18). 

For the second-order feedback system under study, the parameters a, Qp. and 
are expressed as 


wo = VIF Aeon ~ (EMonea = JOin@e 3-630) 
THAD apap  (Aoopnona 
9, = VEE AMD One Re 4, VCore G-63) 
Opt FO Op 
and 
AV epiton op (3-63) 


1 
2 STF AoMap@p2 — 2 /(AotOepi@p2 


The gain G(@) and phase y() responses for a second-order closed loop sy 
are shown as a function of normalized frequency (2 = «/wp) in Fig. 3-19. Peal 
the response, as shown in Fig. 3-19a. occurs at «@ = w, when f < 0.707(Q, > 0.707). 
‘The amount of peaking increases with decreasing ¢ (or increas 


(3-63d) 


Ap = 2008 =~ 


0 
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FIGURE 3-19 Second-order circuit requency responses for values of damping ratio ¢ (and quali factor Qj); (a) 


gain versus « and (b) phase versus w. 


For £ = Qy = 0.707 (or 1/-/2), the pole angles are less than £30° and Ap/A = 1, 
ive., the frequency response is maximally flat. When = 1 or Gp = 0.5, the poles 
become real and coincide. For ¢ > 1, the poles are real and split apart; the damping 
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is actually no longer defined. We also observe that the slope of the phase (dy/d®), at 
and near & = 1, increases as the damping ¢ decreases (i.e., Q, increases). As we will 
discuss in Chap. 5, dg/d is proportional to the group delay (t(2) = —dy(Q)/dQ). 


In Chaps. 7 and 8 we will often use feedback circuits, with pole Q,"s of 5 or more 
€ £0.1), to realize filters with high out-of-band discrimination, 
In the design of op amps (Chap. 6), particularly those used in switched-capacitor 


filters (Chap. 8), the transient response of second-order feedback systems is an im- 
portant design objective. The typical vehicle for evaluating this behavior is the step 
Fesponse; i.e, the response due to a unit step excitation u(t), where w(t) = 1 fors > 0 
and u(t) =0 for ¢ <0. The system transfer function is given by 


— (3-644) 
S$ san) +05 


Als) 


‘The step response, solved by taking the inverse Laplace transform of Ry(s) 
(1/s)AG), can be written as 


n(t) = [: + (3-64b) 


where 


Examining the plots of r,(t) in Fig. 3-20a and Eq. (3-646), we find that for the 
values of £ > 0, the step responses ultimately converge to a steady-state Of ry 
1(00) = 1, ie, they settle to a value of unity, or the envelope of the unit step, after 
some period of time. This period of time is called the settling time (ty), as shown in 
Fig, 3-202. In practice, 1, is defined in terms of the time required to settle 10 some 
specified percent of the final or steady-state value (e.g.. 99 percent or € = 0.01 or 
99.9 percent or ¢ = 0.001). We use the notation s, (e) to indicate the specific definition 
used. When ¢ = 0, r,(t) freely oscillates at frequency «) about a pedestal of unity 

For 0 <£ < 1,r(¢) is seen to overshoot and settle to the steady-state value of 
unity in an oscillatory manner. The maximum or peak overshoot r,, always occurs 
the first overshoot. To determine the time of the peak overshoot, we set the derivative 
dr,(t)/t =0 and solve for t = tof the first peak, 


(3-640) 


‘Substituting Eq. (3-64c) back into Eq. (3-64h) for 1, we obtain the value for the peak 
overshoot rp, ie., 


(3-64d) 
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FIGURE 3-20 Second-order circuit step response: (2) plots of 14(t) in Eq. (3-646) for various valves of damping 
ratio ¢ and (b) percent overshoot as function of £. Shown as an insert in (a) are the definitions for 
tise-time f; and setting-time f2. Note tnat the time scale is normalized to wat. 


FIGURE 3-21 
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Percent overshoot is then defined as 


(3-65) 


In Fig. 3-200, we plot percent overshoot as a function of &. 

It is evident that both overshoot and settling time increase as ¢ decreases. Com- 
paring Fig. 3-194 and Fig. 3-200, we see that peaking in the frequency response 
corresponds to overshoot in the step response. When ¢ > 1. the roots are real and the 
‘overshoot (and peaking) are nonexistent. When { > 1, the system is said to be ove 
damped, and t, increases with increasing ¢. In contrast, the system is underdamped 
when g < I, and we have already noted that for such cases 1, increases as £ decreases. 
When g = 1, the system is said to be critically damped. 


ease the complexity of the open-loop transfer 
function by one more pole and consider the three-pole situation illustrated in the root 
locus diagram in Fig. 3-21. As indicated, increasing the loop-gain moves the highest 
frequency pole «3 outward along the negative real-axis and moves the two lower 
frequency poles 1, «p2 toward each other in a manner similar to the two-pole 
case, Increasing the loop-gain further causes poles «pj, «p2 to become coincident and 
then to become complex and conjugate. With sufficiently large (Ay), the complex 
conjugate poles cross the ja»-axis 


Three-Pole System Let us i 


plane 


Root-locus of pole locations for a 
feedback circuit comprised of an 
all-pole third-order open-loop 
‘A(s) and a resistive feedback 
factor H. 
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Recognizing that the three pole loop transfer function has a phase lag of 270° as « 
approaches oo, one should expect a 180° phase shift to occur at a finite frequency 
(@,). From the root locus we observe that a stable system can be maintained by 
ensuring that (ApH) is never sufficiently large (either by design or by error due to 
manufacturing tolerances, temperature, aging, etc.) to shift the poles out of the left-half 
plane. In other words, there is a maximum value for loop-gain (AH) above which 
results in instability. Correspondingly, there is a minimum value for low frequency 
closed-loop gain Aczo that can be realized before instability occurs. To realize lower 
closed-loop gains, one must alter the loop transfer characteristic AH. This process, 
compensation, is an important aspect of feedback amplifier design. In Sec. 5-3 and 
again in Chap. 6, we will develop the concept of compensation in more detail when 
we discuss the design of op amps. 

Note that the construction of a root locus diagram for systems higher than third- 
‘order and/or that have finite transmission zeros is a time consuming process. Fortu- 
nately, a systematic procedure does exist for constructing root locus diagrams and 
computer programs (¢.g., in MATLAB (1988: 1990)) exist that automate this proces 
This procedure wili not be covered here, so the interested reader is referred to any one 
of several electronic circuits texts (Ghausi 1985; Sedra and Smith 1991) or feedback 
control texts (e.g., Savant 1964) to review root locus construction. 

The three-pole case demonstrates the importance of including nondominant open- 
loop poles (and zeros) when analyzing stability. The added phase lag of a third 
nondominant real pole, in an otherwise approximate second-order system, is suffi- 
cient to cause instability for large enough loop-gain. In other words, a nondominant 
open-loop pole can become a dominant closed-loop pole when sufficient feedback is 
applied. Adding more poles to the open-loop response further aggrevates the problem, 
Consequently, one must be particularly careful about making Approximations in the 
open-lcnp transfer function when analyzing and designing feedback systems, particu- 
larly when evaluat tion, we will consider the use of Bode 
plots in the determination of stability and stability margins. One very attractive feature 
of this approach is that experimental measurements can be used directly, eliminating 
concem over the accuracy of the open-loop model. 


3-3-2 The Use of Bode Plots in Stability Analysis 


From previous discussions, we know that we can determine stability by examining 
the loop-gain T (jo) as a function of frequency. Bode plots, for sketching asymptotic 
approximations for the magnitude and phase of T(ja) as defined in Eq. (3:53), are 
very convenient and effective tools for conducting this examination. Magnitude and 
phase characteristics, or Bode plots, can be drawn directly from experimental data or 
SPICE simulation. We assume in this section that the reader has a basic familiarity 
with the Bode plot technique. We refer readers who feei a need to review this method 
to any one of several texts that cover this material, (e.g.. Daryanani 1976; Ghausi 
1985; Sedra and Smith 1991). 

‘The technique to be employed is illustrated in Fig. 3-22. In this illustration, four 
Parameters are displayed, namely, «,, 4, PM, and GM. The frequencies a. and , 
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FIGURE 3-22 Determination of gain and phase margins 
from Bode plots. 


are the frequencies where the phase is —180° and the magnitude is unity (or 0 dB). 
respectively. In the context of stability analysis. these frequencies are sometimes 1 
ferred to, respectively, as the phase-crossover and gain-crossover frequencies. Note 
that the gain-crossover frequency is the unity-gain frequency discussed in the previ- 
ous subsection. The parameter PM, an abbreviation for phase margin, is defined as 
the difference between the phase y(jo,) =are[Z(jon)] and —180° when |T| = | 
Referring to Fig. 3-22, we can express PM as follows: 


PM = (jou) — (180) (3-66) 


Phase margin is an important measure of stability, as it represents the number of de- 
grees of additional phase lag permitted before the Feedback system becomes unstable. 

‘The parameter GM, an abbreviation for gain margin, is defined as the difference 
between the gain 20log|7(jo)| and 0 dB (or unity gain) y = 180°. Referring again 
to Fig, 3-22, we can express GM as follows: 


GM =0 4B — 20log [7 (jorg)] = —20 log |T (jo) dB 7) 
Gain margin is an alternative measure of stability, since it represents the additional 
oop-gain (in dB) permitted before the feedback system becomes unstable 

Based on our previous discussions regarding stability, the reader should find Eqs. 
(3-6) and (3-67) intuitively appealing. We note that for stable systems. both PM 
and GM are positive quantities. Consequently, zero phase (or gain) margin implies 
the system can oscillate and negative phase (or gain) margin implies instability. Since 
absolute stability is an unrealistic expectation, stable feedback systems are designed to 
have sufficient gain and phase margins to allow for the inevitable changes in loop-gain 
due to manufacturing tolerances, temperature, aging, etc. Moreover, with amplifiers 
we must also be concerned about peaking and overshoot 

In the previous subsection we demonstrated that one-pole and two-pole Feedback 
systems are absolutely stable. It should be expected that the phase margin for a one= 
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pole feedback system is positive and PM > 90°, depending on the location of the 
closed-loop pole. Correspondingly, the phase margin for the two-pole feedback system 
is positive and PM > 0°, depending on the location of the closed-loop pole-pair. For 
complex pole-pairs, it is intuitive that PM decreases as the damping ratio ¢ decreases. 
Thus, as PM decreases, both the peaking in the frequency response and the overshoot 
in the step response increase as illustrated in Fig. 3-19 and Fig. 3-20. For £ < 1 (or 
PM < 76°) we can write the following useful formulas that relate PM to ¢ and Q, 


ie, 
1 tl fom (PM) 
b=55-=5 = = 3-684) 
20, 2\ ecu 2Vcos(PM) 
or 
PM = arccos{ y/1 + 4¢4 — 2¢7] (3-68b) 


‘These relationships are shown graphically in Fig. 3-23. The interested reader can find 
the development of these expressions in App. 3-2 (Fecall that @p2 = na). Also, when 
& <1 (or PM < 76°), the following approximate expression can be written for 
settling-time /,(¢ ) in terms of PM and acu: 


2x f 2cos(PM) 1 sin(PM) 
ule ine) + 410 (1 3-69) 
OS ireey { sin®(PM) [nwo 2 n( =o) s 


From previous discussions, it is evident that PM has a profound effect on the shape 
of the closed-loop magnitude response (and correspondingly to the transient or step 
response). To further examine this relationship, let us consider a feedback amplifier 
with a large low frequency loop-gain, i.e., Ao? > 1. It follows that the closed-loop 


FIGURE 3-23 Picts of (a) damping ¢ versus phase margin PM and (b) phase margin PM versus wpe/eceps for 
a second-order system. 


1.0 90° 

os 0 

06 0 

Zo or al 

2 

a | os [|| 

02 / 

' 1 | 
a a er TS (aio iss 920) 2s) 30 

Phase Margin PM tibet 


@ 0} 


CHAPTER 3: FEEDBACK AND SENSITIVITY IN ANALOG INTEGRATED CIRCUITS 215 


Bain is Aci(jo) © 1/H. Let us now express the loop-gain, at the unity gain frequency 
(@,), as follows: 


T (jor,) = AUjonyH = 1 x elie) (3-70) 
where (jay) = PM —180°, Using Eq, (3-69), we can write closed-loop gain as 


AGeon) ( 1 ) elton Pet 


Aci) = Ty AGaat ~ 4) r+ emt] 


It is noted that feedback amplifiers are usually designed for low overshoot, say 
PM > 45° (or ¢ > 0.42) and in many cases it is desired that PM ~ 60°. Let us then 
compute Acz (ja) for a phase margin of 45°, or y(ja,) = —135°. We compute the 
resulting closed-loop gain to be 


1 1 1 
te tea Se iis 3-72 
Wce(jon)] Game bar or 


Equation (3-72) tells us that designing the system with a phase margin of 45 
yields a closed-loop gain that peaks by a factor of 1.3 (or 2.6 dB) above the low 
frequency value of (1/2). This is consistent with the value of Ap, calculated using 
Eq, (3-63d). It should be evident that the peaking can be reduced by increasing PM. 
Also, reducing PM — 0 causes |1 + e/¥/}) + 0 and |Acz (ja)| — 0, and thus 
the system becomes unstable. 


Example 3-8 
Let us now consider the feedback amplifier in Fig. For this example, the 
‘open-loop amplifier is an ideal voltage-controlled voltage source with gain A(s), 
and the feedback is of the series-shunt type via the voltage divider formed by 
resistors Ra, Ry. Let A(s) be represented by a three-pole transfer function of the 
form 


Ao 
T# Jeg V0 + 5/21 + 5/0093) 


(3-734) 


Als) 


FIGURE 3-24 — Series-Shunt feedback system for Example 3-8. 


FIGURE 3-25 
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where Ag = 10° (or 100 dB), @p; = 27 10° rps. wp2 
tps. Determine the phase margin and the stability for this feedback circuit. As we 
will see in Chaps. 5 and 6, Eq. (3-732) is a typical voltage transfer function for an 
open-loop operational amplifier. This closed-loop scheme realizes a noninverting 
amplifier with Ac, © 1/4. 


Solution. The expression for the feedback factor 1 is 


Ra 


Ra Ra) 


(3-73) 


To investigate the stability of this amplifier, the Bode magnitude and phase plots 
for the loop-gain are drawn in Fig. 3-25 for the unity gain case where H = 1 (ie. 
Rg = Oand/or Ra = 00). In this case, the loop-gain is equal to the open-loop-gain, 
A(s)H = A(s). In this figure, the slanted dashed lines indicate the asymptotes 

h of the poles and the heavy solid line plots are the overall gain and phase of 
the loop-gain. Noting that the frequency scale is logarithmic, unity gain frequency 
can be determined either graphically from the Bode plot or by solving the relation 
|AGou | = 1 for 4, yielding: 


y= 2 *7.5(10") rps 


Magnitude and phase Bode plots for the loop gain of a three-pole high gain amplier. 


Gain dB 


Phase degrees 
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‘The corresponding phase margin is determined either directly from the Bode plot 
or by calculating (Jeo) = arg(A( jo) = -220° and substituting the result 
into Eq, (3-66), which yiekls 


PM 


Consequently, the amplifier is definitely unstable, In addition, we note that «, = 
2m x 7.5(10°) rps and GM 25 dB. 


Can the feedback circuit in Example 3-8 be made stable? The answer is yes. but 
something wil! have to be altered, One way to make this circuit stable is to reduce 
the loop-gain by making 4 < |. This is accomplished by adjusting Ra and Ry to 
appropriate finite values, where Rn >> R4. Since in this case 7 is real and independent 
of frequency, reducing 11 will decrease the magnitude of the loop-gain while leaving 
its phase unchanged. The Bode ¢i 3-25 can be used to adjust # to 
achieve the desired phase margin. complished by first adding the desired 
PM to —180° in order to determine the proper phase at the unity-gain frequency. The 
new unity-gain frequency /, is then read directly from the Bode phase plot where 
(jo) = —180°-+ PM, To complete the process, anew vale for 1, namely 1’, is 
calculated to shift the loop-gain to 0 dB at «,, i.e, 


20 log |A(ja,)H'| = 0 dB or 20 log(H’) = —20 log | AC jo, )| (3-74) 


For example, in Fig. 3-26, 1 has been reduced to the value 71’ in order to achieve 
a phase margin of 45°. The required decrease in loop-gain is 


14l x 10 


2Olog(Ht') ¥-57 dB which implies. 1’ 


To arrive at the required values for Ry and Ry, we choose R, to be some convenien 
value, say Ra = 1 kQ, then Rg can be computed by solving Eq. (3-73) for Ra in 
terms of Ra and WH’, ic. 


jen 
Rp = Ry La ~ 708.2 kA 


Bs 3:26, 


The resulting crossover frequencies and stability margins, as indicated in 
are wi, © 2m x 10° rps (also w), t x 7.5 x 10° rps), and PM = 45° (also GM 
% 32 dB), which represent adequate stability margins. 

Before we conclude our study of stability, let us consider a variation of the loop-gain 
Bode plot approach just discussed. An alternative, that can be somewhat simpler, is to 
construct a Bode plot of the open-loop gain A, rather than the loop-gain (T = AH). 


FIGURE 9-26 
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. Hs 1.41 (10-9), 


PM =45* 


Phase degrees 


10 10% 10 108 108 107 108 
frequency f= a/2 (Hz) 


Magnitude and phase Bode plots for the loop gain in Fig. 3:25 compensated for stabilty by reducing 
the feedback factor 1. 


Assuming for the present that 11 is independent of frequency, we can plot 201og(1/2) 
‘as a straight horizontal fine. The difference between these two curves is the loop-gain 
expressed in dBs, ive., 


1 
20 log |A(jo)| ~ 20108 (3) = 20log|A(jwyH| (3-75) 
Note that at the frequency where these curves coincide, there exists the relation 
1 
20 log |ACjo)| = 200g (=) or 2logla(jo)H|=0 (3-76) 


‘That is, the frequency at which coincidence occurs is w = w,. Moving down to the 
Bode phase plot, PM is determined in the usual manner. This procedure is demon- 
strated in Fig. 3-27. If one desires to question the stability for different value of 1, 
(eg. P41, Ha, and 1 in Fig. 3-27), then one needs only to draw the horizontal lines 
for 20 log(1/H41), 201og(1/242), and 20 og(1/7s), find the gain crossover frequen- 
ies @e1, @g2, and @g3, and read the phase margins PM,, PMz, and PM; on the Bode 
phase plot. 


FIGURE 3-27 
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Ao 


2 log LCN 


DeaLE) = a ae) 


Gain aB 


[20 logtt/P43) = 25 dB (oscillatory) = 


T T 
20 |-20 log(1/#43) = 0 4B (unstable) 
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Ms 
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Alternative stability analysis method using Bode magnitude and phase plots for open-loop gain 


COMPONENT MATCHING, AND YIELD 


The practical realization of precision VLSI analog circuits (e.g., amplifiers, integrators. 
active-filters, etc.) is complicated by the fact that physical circuit components (e.g. 
resistors, capacitors, op amps, etc.) deviate from nominal values or design intent due to 
a variety of statistical and deterministic effects. The consequence of these unavoidable 
deviations is that the circuit performance will change in a proportional manner. What 
concems the designer is that the changed circuit(s) may or may not satisfy the design 
requirements or specifications (of course we assume that the initial or nominal circuit 
design was verified to satisfy these specs, usually with some degree of margin). The 
consequence of varying components and sensitivity, is that less than 100 percent 
of the fabricated circuits will perform in accordance to the specifications (specs) or 
e of circuits fabricated that meet specs, when tested 
in their final packages. is called the yield. We will say more about yield later in this 
section. : 

‘The effects that cause ‘components to vary from their nominal or average va 
ues include fabrication tolerances, environmental changes (such as in temperature 
and humidity), aging, varying chemical reactions in components, and inaccuracies in 
modeling due to second order effects. Some of these causes have been addressed 
in Chaps. 1 and 2 for transistor characteristics and IC components. In this chapter, 
we have discussed the use of feedback to reduce the dependence of the closed-loop 
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gain on the detailed characteristics of the open-loop A(s) such that Ac, © 1/7. If 
circuit parameter or component x(jw) (where x(j@) = Ao(jo), oF = gm, OF 
or = C, etc.) deviates from its nominal, intended, or ideal value by Ax(joo) due to 
‘any one or combination of these effects, the actual value x/(jw) can be modeled as 
follows: 


Ax(jo) 
xUa) 


x'(jo) = x(jo) (: + ) =x(jo{ltea(we*) — 3-774) 


% x(jo){l + £4(@) + 


JPs(@)) G-77b) 


where €4 and @q represent the magnitude and phase of the relative or normalized 
‘component deviation A.x/x. The approximation in Eq. (3-775) can be written when 
the deviations are incremental, i.c., |Ax/x| < 1 for all e of interest. This simplifying 
approximation is often used and justified in practice. We note that Ax/x can be 
frequency dependent and complex, even though x is real and frequency independent. 
‘This occurs when €, and 8 account for second-order errors in a passive component, 
©.g., the finite distributed capacitance associated with an integrated resistor. We can 
also model an IC capacitor’s parasitic and second-order effects, such as the finite 
dissipation factor and lead inductance, as deviations from an ideal lumped capacitor 
of value C by introducing the appropriate frequency dependent £4, 8s into Eqs. (3-77). 
As we will see in Chap. 5, nonideal op amps are conveniently modeled in this manner. 

In general, Ax/x. £3, and @ are statistical or random variables. For example, if 
2 is a capacitor with actual value C’ and nominal or average value C, we can model 
the error due to fabrication tolerances as C’ = C(1 + ea.) where &4, = AC/C 
in a random fashion. Fabrication tolerances are statistical quantities, and hence 
in such cases each Ax/x (or the £3 and/or @) is usually characterized as a gaussian 
random variable (Papoulis 1965), symmetrically distributed about a zeso average or 
nominal value with standard deviation o, (or a, and/or 09) as shown in Fig. 3-28, 
‘The standard deviation a, is defined such that the probability of Ax/x being in the 
range —30, < Ax/x < 30, is! 


P (20 < “ <3,) =0.9974 or 99.74% G-78a) 
with i 
Ax ed pi 38 
P (—Ba, < = <ao, Rae 
(-#0. <5 <ao,) Be enleil 
= erf(a) + erf(B) (3-780) 


where = Ax/x, erf(-) is the error function (Papoulis 1965), and, usually, a = B = n 
(an integer). Since our circuit performance functions, such as closed-loop voltage 
gain and input/output impedance, are multilinear functions of the component x, the 


Nin addi 


1 Plone, < Ax/x < nox) =0.9545 for n 
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FIGURE 3-28 Plot of gaussian distribution p(Ax/x) versus Ax/x. 


statistics of the normalized variation in performance (e.g., AAct/Ace in Eqs. (3-15) 
and (3-16) can also be characterized at each frequency as gaussian. 


3-4-1 Component Matching 
Fortunately, ratios x;/x; of IC components of a similar type and fabricated using 
the same process steps (¢.g., resistors, capacitors, or MOST gm's) can be realized 
with significantly higher accuracy than the individual components .;. xj. That is, the 
variations in two or more components (let us say two capacitors), fabricated using 
the same process steps and located in close proximity on the chip, will track closely 
and nearly cancel in the ratio. Such components are said to be matched. It cannot be 
overemphasized that variations in fabrication, which cause components to vary from 
site to site, chip to chip, and wafer to wafer, are unavoidable in IC realization. Hence, 
matching between two like components is one of the most important design features 
in analog circuit design. 

The cancellation of such errors when matched components appear in ratios may 
at first seem like magic, but it can be readily verified. For example, let us assume 
that because of natural fabrication variations, capacitors Cy and C2 are fabricated with 
errors AC}/C; and AC2/C2, respectively. With the actual capacitor values expressed 

as Cj = Ci(1+ACi/Cy) and Cy = C2(1+AC2/C2), let us form the ratio C3/C}.i 


AG AG) ( AC, ) 
i Gy (es 
Te alt : wih 
GG, AG aC; CG 
ce Le je 
i 
(3-794) 
ao, aC)? 
ol if (2 (3-79b) 
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Let us allow AC;/C;, for i = 1,2, to take into account finite dissipation and 
Parasitic lead inductance such that C} is complex and frequency dependent: 
CiGw) = Ci{1 + €3,(@) + j0a,(@)} fori = 1,2 6-80) 


is case, if Ea, = £5, and A, = Os,, and |AC;(jw)/C;|> << 1 for all w, then 
the cancellation of errors expressed in Egs. (3-79) will also occur when the deviations 
are complex and frequeney dependent. 

The condition Ax2/x2 = Axy/;, called “perfect” matching or tracking, rarely oc- 
curs in practice because of unavoidable variations in photolithography, etching, oxide 
gradients, and the like. Moreover, to achieve the tracking of complex errors due to pat 
ind second-order effects requires careful layout. Hence, tracking is imperfect 
and the exact cancellation of errors expressed in Eqs. (3-79) do not usually occur. How- 
ever, with proper layout and well controlled fabrication, the designer can expect that 


G8) 


a 


‘Typically, the larger the components in value and in chip area, the tighter the matching 
will be. Hence, high precision and small chip area are ofien conflicting objectives and 
tradeoffs must usually be considered. 

In multivariable gaussian random processes, the statistical equivalent of tracking or 
matching is called correlation? Two zero average value gaussian random variables, 
say ni and 1, are said to be correlated if their joint expected value is nonzero, i.e., 


Elm.) = piroier #0 (3-82) 


‘The quantity —1 < pj2 > 1 is called the correlation coefficient for ny and yo. If 1.92 
are uncorrelated or statistically independent, then pi2 = 0, if they are correlated and 
track in direct proportion to one another, then pj2 = 1, and if they wack in inverse 
proportion to one another, then 1 = —1. Also, partial tracking occurs if 0 < py» <1. 

Consequently, synthesis based on ratios of matched parameters is indeed a funda- 
‘mental concept in all IC design lore, independent of technology. Much more will be 
about this as the reader progresses through the text. 


‘The cause-and-effect relationship between circuit component deviations and the result- 
ing changes in the response is called sensitivity (Becker and Jensen 1977; Daryanani 


is beyond the scope of this text to provide a review of probability and statistics. For detailed 
definitions and explanations of the various statistical terms used in this section, eg., expected value, 
correlation, standard deviation, variance, we refer the reader to such texts ae Gielen and Sansen (1991), 
and Nodal Circuit Design Software (1990). 
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1976; Schaumann, Ghausi, and Laker 1990).' Let P’ = P(jo,.x + Ax) = PUjo.s') 
be the actual circuit response or performance function due to component change A.x/.x 
and P! = P(jo,.x) be the nominal response function with Ax/x = 0. To determine 
the fractional or relative variation in response? AP/P = (P’— P)/P due to com- 
ponent deviation Ax/x, we expand P(jo,.’) in a Taylor series about.’ = x (or 
‘Ax/x = 0), Performing this expansion along with some algebraic manipulation, we 
write 


AP _ P(jw,x')— P(jo,x) vy OPUax) (Ax 
“ Sehr) 
ax) ay x 


x?) #PUiax) (Ax? 
+(%) Dh (ey 


If we restrict our consideration to |Ax/x| < 1 such that the curvature of AP/P ix 


(3-83) 


(3-840) 


neous variations of several circuit 


To be more realistic, AP/P is usually due to simulta 
parameters. Hence, we generalize Eq, (3-84a) as follows 


(3-84) 


(3-840) 


In Eq, (3-845) the Axj/x; are determined by the IC technology and layout, while 
the S? are determined by the details of the circuit design, i.e., the response function, 


‘oF the sujoet of sensitivity. Our 


cis beyond the seope of this text to provide an exhaustive treatmer 
‘objective is to provide a suficient set of analytical tools for the designer 16 expeditiously derive in 
that can be incorporated into the desi led sensitivity analyses and statistical simulations can be 
obiained from CAD tools such as SPICE (Calahan 1968 and SPICE 26-6 user manual) 

We note that relative changes AP/P and Ax/x are often relerred to as the variability of P and « 
respectively. 

‘Shere are several useful identities that can be used to simplify sensitivity calculations, ie 


+50. (a) 


() sf = =8¥",@) sf = -Sf,.) 


en tere tolalhe vemdonto verily, these formulas and olhiers sn, the exercises: 
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the circuit schematic and the nominal component values. The A.xj/x; data is: usu- 
ally supplied by the fabricator and the Sf” are determined by the designer (or a CAD. 
package). Often, the A.x;/.x; data compiled will be intended for a combination of com- 
Ponents and component ratios; representing a compromise between what is deemed 
most useful by circuit designers and what is economically measured. Component ratio 
variations should be used for Ax/,; in Eq. (3-84b) when possible, since their smaller 
‘magnitudes will tend to increase the accuracy of the linear approximation. Hence, 
the IC designer can exercise some control of AP/P by designing the circuit for low 
sensitivity and by adhering to layout practices that maximize the component matching 
(see Sec, 2-9) referred to in Eq. (3-81). 

Depending on the specific form of P, sensitivities $” can be complex and/or fre- 
queney dependent (Daryanani 1976; Schaumann, Ghausi, and Laker 1990). We have 
already established, based on the model in Eq. (3-77), that A.xj/x; can be complex, 
frequency dependent, and random, However, the $ depend on the nominal or average 
values for xj and are always deterministic quantities. Let us now consider a useful for- 
mulation of Eqs. (3-84) in which P and AP/P are complex, e.g., when P is a circu 
voltage gain function. We then express P in terms of its magnitude and ph 


P(jo) = Mae" — or In P(jw) = InM(w) + joo) (3-85) 


Also, we may express G(w) = 20log M(w) = 8.686[In M(w)] dBs. Hence, appiyi 
Eq. (3-85) to Eq. (3-84c) we obtain® 


adn) _ an) | ae 
adn) ~ Bdnx) * 7 nx) 


gs? 


where 


SM = Re(Sf) is the rela 
Qf = Im(SP) is the semi-telative sensitivity? of ¢y to x; 
QE = 8.686Re(S/) is the semi-relative sensitivity of G¥ to x; 


Combining Eqs. (2-86) and (3-77) with Eqs. (3-84), we can express AP/P in the 
following forms 


A : 
SP =D [sen - 0%60,] +7 [O%en, +58] G:s70) 


We note that InP is equivalent to 200g ¢ = 8.686.dB. 
*Semi-relative sensitivity, a special case of the Bode sensitivity, is OF = x9P/Ix = a(P)/a(Inx) 
The identities in footnote 5 also apply to relative sensitivities, with $ replaced by Q. 


‘ a Sediog if) a 
We note that OF = ses = Ge = 8606 SH expressed in dB 
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or 


~ 070s] +15 [ote EA, + gots (3-87b) 


‘The components of A P/P in Eqs. (3-87) can then be interpreted as follows 


(3-880) 
A 
4G © D0 [Ofea, — 8.68605 5,] (3-88) 
iat 
n A ‘ 
Ap D> [Qf es, + 510s,) = >| hea, + agg Qa] G8) 


ist ist 


We note that AM/M is dimensionless, AG is in dBs, and Ay is in degrees, 

Finally, consider the case where the 83, = 0 for all i, and the ¢s,"s are zero 
average value gaussian random variables with statisties 0, = y/E(€a))° and p,jo0) = 
E(€a,¢a,)- Note that when similar IC components, fabricated using the sume process 
steps, are correlated, their ratios are similarly correlated. Since AM/M, AG, and 
Ag are assumed to be linear functions of a), they will also be gaussian as long 
ag this assumption holds. Moreover, since the average values for &s, are zero, the 
average values for AM/M, AG, and Ag will also be zero (approximately), 
E[AM/M] * 0, E[AG] *0 and E[Ay] ~ 0. Hence, we may express the standard 
deviations «(A M/M), (AG), and o(Ag) as follows? 


(88) (GD) err EEeenen| 


3-890) 


o(AG) © EU AG)] ~ Diesy o +L Lover nao] (3-89) 


r & wk ne 
o(Ag) = VETo 1 ~ le (af)? +> Yor oF nao] 3-890) 


er 


Note that for random variable 9 we find a(n) = V/El(y—m)] = VEL] when m= Ely) =0. 
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Note that o(AM/M), o(AG), and o(Ag) are frequency dependent, and hence 
Eqs. (3-89) estimate the standard deviations at each frequency. The designer may 
then estimate the -tno- range for the variation in the particular response function of 
choice at each frequency of interest. For circuit optimization, it is convenient to have 
a single measure of circuit variability (Vladimirescu, Newton, and Pederson 1980). 
For this purpose, the o'(-)s in Eqs. (3-89) can be integrated over a frequency range, 
say @} < © < ej, to obtain the “average value” for o(-) over @, 


3-4-3. Yield Considerations in Analog Integrated Circuits 


‘As mentioned earlier, the consequence of varying components and sensitivity is that 
less than 100 percent of the fabricated circuits will be usable or sellable circuits. Those 
circuits that do not meet specs are either discarded or used in other applications where 
relaxed specs can be used. Failures due to varying components, second-order effects, 
‘and sensitivity are called soft failures, as opposed to hard failures, which render circuits 
inoperable, ie. resulting in either short or open circuits. Hard failures are usually due 
to catastrophic errors in the fabrication process and/or defects in materials. Hard 
failures are usually unrelated to the robustness of the design, On the other hand, soft 
failures are typically the result of component variations, and can often be reduced 
with improved design. 

In order to effectively model yield, it is important to understand the steps associated 
‘with the production of an integrated circuit. The IC production process is illustrated in 
Fig. 3-29. First, the wafer substrates are processed to fabricate the bipolar or CMOS 
circuits as a matrix of chips, which will later be separated and individually packaged. 
Prior to separation, each chip on the wafer is probed and tested 10 verify proper 
operation. At this stage, hard and soft failures are identified. The percentage of circuits 
fabricated that meet specs, i.e., pass all wafer probe tests, is called the wafer probe 
yield Yow. 


Yow = Yaw Yow 


FIGURE 3-29 The integrated circuit production cycle from fabrication through final test. 


(Gi es 
| petmiennie ae Water Probe Tess 
Substrate) masking. ion-implantation, | Finished Yow = Vian 
‘Water thin film deposition, ete) somrst 
Final Tests Packaging: a es 
rm LJ L-[resat nspecton [| chip Separton 
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where Yn is due to soft failures, predicted using Eqs. (3-89), and Yj. is due to the 
hard failures. We will soon discuss Yj. and Yj. in greater detail. After the wafer probe. 
the wafer is separated into individual chips and only the chips that passed the wafer 
probe tests are inspected and packaged. After packaging, the same tests performed 
at the wafer probe are repeated to identify chips lost due to errors in the packagin: 
process (e.g., incomplete wire bonds, scratches, etc.). The final yield Y; represents the 
percentage of circuits passing both the wafer probe and the final tests, i.e. 


¥p = Vow Yip = Yau You Yap ¥en (3-905) 


‘Typically, for larger chips that involve precision analog circuits, Yi < Yip and 
Yy © You. Since Yip is largely due to human error, it is mot readily modeled in 
analytic form, and is maximized by careful handling and strict quality control. 

Yow can be estimated using Eqs. (3-89) and the definition of the gaussian dist 


bution in Eq. (3-785). This estimate is linked directly to the margin allocated in the 


specifications for AM/M, or AG, or Ag. For example, if the spec for gain G is a 
nominal gain G, and a margin defined, with e, 8 constants. i 
Gn — Bo(AG) < G <G, +a0(AG) GB-9la) 
then 
Yaw = P(—Bo(AG) < AG < aa(AG)) = erflae) + erfip) 3-910) 


Note that although o(AG) is a function of frequency. ¥;,. is independent of frequency 
as long as a, are independent of frequency. If. 6 are frequency dependent, Yq (0) 
must be evaluated at each frequency and the overall Yiu. = min(Ys.;) is the yield at 
the most challenging frequency. 

Yaw < 100 percent is due to a combination of factors associated with the fabrication 
and packaging of the IC chips (Geiger, Allen, and Strader 1990). The first. and most 
significant, source of yield loss is due to pin-like defects of various kinds that occur 
during the photoresist and diffusion steps of fabrication. The impact of such defects on 
yield is related to process quality control as measured by the average defect density D 
(typically 1 to 2 defects/cm: for industrial bipolar and CMOS processes) and the chip 
of die area A in cm? consumed by the circuit. One of the factors in defining D is the 
number of mask steps in the process. With all other factors being equal. the process re- 
quiring the most mask steps will likely have the larger D. If one of these defects occurs 
in the active area of an IC die, particularly on a transistor, itis likely the IC will be non: 
functional. It is arguable that the damage will be reduced if the defect occurs on a res 
tor or a capacitor, and reduced further if it occurs on the interconnect wiring. Clearly. 
if the defect fortuitously occurs on an open space, it has no impact at all. Hence 
densely packed chips will tend to be more sensitive to defects, but loosely packed 
chips will involve a larger die area and more defects. For a given circuit, a dense lay- 
‘out of a loose layout will likely result in similar yields. However, the loosely packed 
layout will produce fewer good circuits per wafer, which increases the cost per circuit 
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‘A simple model for the statistics of defects in ICs is based on the Poisson distri- 
bution (Papoulis 1965) and the assumption that defects are randomly distribute over 
the entire wafer. If we further assume, perhaps somewhat pessi lly, that one or 
more defects anywhere on the chip will cause a hard failure, the Poisson model for 
Yip due to defects in fabrication is 


Cie)p = (3-920) 
Clearly, when A —> 0 or D — 0, then Yi > i00 percent. Also, Yiu decreases 
rapidly as A or D become large. Since defects have greater impact in the active area 
of the chip where the transistors, resistors and/or capacitors reside, a more realistic 
model is obtained if we separate the die area into active and inactive regions, such 
that A= Aq + Ay such that 


Yaw (AaDat Arn) (3-92b) 


where Dy > Dy allows for the relative importance of defects in the two regions to 


be taken into account, This partitioning is particularly important in analog circuits, 
which typically have a larger percentage of inactive area than digital circuits of similar 
complexity. 

‘The Poisson model tends to be overly pessimistic in predicting Yj. for larger chip 


sizes. An altemative model, suggested by Murphy (Sedra and Smith 1991), has been 


found to predict Yiye more accurately when A > 1/D, This model is expressed 
follows: 

(3-92c) 
The Yiu for D /em? and 2/cm? have been calculated and plotted ig. 


using the Poisson and Murphy models. Readers wishing to calculate the curve for a 
particular process will need to obtain from the fabricator a value for D (or Dy and 
1D), and assistance in choosing the proper yield model. 

Let us illustrate the concepts in this section with the following example. 


KE 
Let us calculate the estimated yield for a CMOS inverting amplifier, as shown’ in 
Fig. 3-31a. This circuit uses one CMOS op amp and two p-well resistors. A model 
for studying the performance of this circuit is given in Fig. 3-316. We will say much 
more about Fig. 3-31 in Chap. 5. For this circuit, assume that it was designed for 
Aci, = 10 with Ay = 10°. The B and component statistics, provided by the 
fabricator, are D = 2/em? and op, .2, Fr. = 0.5, Pike = Prise = 0. 
Based on the layout, the area was determined to be A = 0.1 cm?. 

(a) For Mcz = |Actl, derive the sensitivities Sy, SM and SMe, (b) Deter- 
mine o(AGc,), where Gc, = 20log|Acz|, for the two cases prig = 0.95 and 


ample 3-9 


FIGURE 3-90 


FIGURE 3-31 
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ae 


6 : i Mur D = Ven? 
ae 
3 
3 | poison = 2h 
2 2b murphy 0 
0 
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Die Area Am? 
Plots of Ynw versus area A, according to the Poisson (Yry)e and Murphy (Ynw)ar models. Ws 
‘show Yny for detect densities D = 1/em? and 2lem? 


R R 
=i 
Ry Ry 
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a ri é 


(a) op amp circuit, (b) VCVS based model 


CMOS inverting amplitier for Example 9: 


pein = 0. (c) Determine the estimated yield Yj». at wafer probe if the specification 


is for Gez = Ger, £0.75 WB. 


Solution. (a) The expression for Aci. determined from analysis of the model in 


Fig, 3-310, is as follows: 


eae 

- \4 
nal 

‘Taking the derivatives and forming the sensitivities, we obtain 


(3-940 


(3-94) 
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and 


1 R 1 
sige (1a) Fp (I Aci) G-940) 


Note that in Eqs. (3-94) we have used 1/o <1 in the approximations. 
(b) We may compute 6 (AG,) using the relation o(AGc,) = 8.6860(AMer/ 
Mew), 


o(AGcL) 


= 8.086 syoiog + Hof, + (Si) of, + (25HSi) anncnion 


Substituting Eqs. (3-94) and the data into «(AGe,) yields: 
95 


(i) for pre 


o(AGci) 


1 
~soso fara 2)? + (=1)2(.2)? + ()2 5)? + 2(1)(—1)(.95)(.2)(.2) 


Hence, o(AGcx) © 0.28 4B, 
Gi) for pre =0 


[ 
o(AGcr) % PCN; (-1)2(.2)? + (i) 2(.5)? = 1.23 dB 


(©) To estimate wafer probe yield we must first determine Yq) from o(AGcx) 
and the specs. For par = 0.95, AGe, = +£0.75 dB, which comesponds to 
#30(AGcz). Hence, Yew is estimated to be 


Yow = P(-30(AG) < AG <30(AG)) =2 erf(3) = 0.9974 or 99.74% 


For paye = 0, AGcx = £0.75 UB corresponds to £0.60(AGcx). Hence, You is 
estimated to be 


Yew = P(—0.60 (AG) < AG < 0.60(AG)) = 2 erf(0.6) = 


4515 or 45.15% 


‘The impact of the resistor matching is quite evident. 

The Yi is determined from the chip area A = 0.1 m2, D = 2/em?, and either 
Eq. (3-92a) or Fig, 3-30. Note that A < 1/D, and hence both Yj models give 
nearly the same results. Using the Poisson model in Eq. (3-92), we obtain 


Yaw = 07° = 0.82 or 82% 


SUMMARY 
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probe yield is then estimated 10 be 


‘Yaw = (0.9974(0.82) = 0.82 or 82% for pre = 0.95 


or 37% for pw 


Yow 


Note that the impact of 0, in this example was small in comparison to the 
ations in og and op,. This was due to the fact that Aci, & Ags If, for the same 


vat 
‘Ao, the sensitivity SM increases in direct proportion to Ac,., then, for sufficiently 
smphasized that the 


large Actso, the effect of 4, will dominate Ys. It should be 
yields estimated in this example are based on the approximation that AG is linearly 
dependent on the component variations, If the designer needs & more aceurat 
estimate, CAD simulators using Monte Carlo methods (Calahian 1968) should be 
used. 


In this chapter we reviewed the fundamentals of feedback andl introduced the reader 
to several of its roles in analog integrated circuits. We observed that feedback appears 
in most physical systems, either inherently or by design. Two examples from Chaps, 1 
and 2 where used to show how model p: ated with transistors provide 
built-in feedback in transistor amplifiers. We saw that the source resistance Ry of the 
MOST transistor introduces a series-series feedback in common-source amplifiers and 
the base-collector junction capacitance C,, of the bipolar transitor provides a shunt- 
shunt feedback in common-emitter amplifiers. Both Feedbacks play profound roles 
the performance of these amplifier circuits, 

We introduced feedback in a controlled fashion, or by design, to regulate band 
width, gain, input impedance, output impedance. sensitivity. and signal-to-noise, In 
Sec. 3-2 we offered several methods for evaluating and designing feedback circuits 
The magnitude or gain response, within a specified frequency range, is most sensitive 
to poles (and zeros) within or near this band. Such poles ate called dominant pole 
because they dominate in determining the character of this response. Poles (or zet0s) 
far removed for the band! of interest, play a much lesser or even negligible role and are 
said to be nondominant. Hence, in approximate models for the analysis and design of 
electonic circuits, nondominant poles and zeros are often discarded. The error incurred 
in making such approximation is calculated in App. 3-1. 

One peril associated with introducing feedback is potential instability and the op= 
portunity for unwanted oscillation. Stability and stability margin are seen in Sec. 3-3 
to be determined by a confluence of gain and phase. Thus, we showed that both dom- 
inant and nondominant poles contribute equally to the determination of a feedback 
circuit's stability condition. Even if stable, how a circuit responds to transients is 
very important in applications that include data communications, control, video, and 


met 


ery Ass0ou 


EXERCISES 


FIGURE EX3-2 
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related important transient response qualities 
is an important objective in the 


tional amplifiers, etc.) deviate from nominal values, or design intent, due to a variety 
of statistical and determi hhe consequence of these unavoidable dle 
tions, as related in Sec. 3-4, is that the circuit performance changes in a proportional 
manner, Some changes may in fact cause circuits to no longer meet design requi 
ments. Percent yield, i.c., the percentage of circuits fabricated that satisty all design 
objectives, was related to component variations and sensitivities. Sensitivities, relating 
component change to circuit performance, were shown to be affected and regulatable 
by feedback. The principles introduced in this chapter will be further developed, ap- 
plied, and demonstrated in subsequent chapters 


istic factors. 


341. Formulate the restaurant management example, described in the introduction of this 
chapter, as a block diagram or model that makes the Feedback most visible 
a Consider the case when customer comments are shared with employees, and 
when customer reaction is used to judge restaurant employees, 
Using the transistor amplifier circuit in Fig, EX3-2: 
a derive Eqs. (31) thru (3-5 
b fo gq =m 100 pF. Ry = 10 KQ, and Ri, 
and oan Wh 
¢ Using the same parameters as in b, calculate gi Ry, (Rs/Re)s Avs rans (Arner s 
and (orander, for Ry = 100 KQ and 10 Ks 
4d Compare and discuss the results obtained in e. 
3-3 Consider the variation to Ayg in Eg, (3-32) that occurs when the HMOST gy for the 
amplifier in Fig, EX3-2 changes (due to a variety of causes such as temperature, back 
bias, ete.), The normalized variation in Ayo due to change in gm (Agim) Is expressed 


00 KQ, determine Ao 


5 


ea 
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as follows 
AA _ Aig (Gn + A8m) = Arvolgn) 
Aw Aol) 


Using the parameters in Exercise 3 
(or 10%) of the two feedback cases Rp 
the results for the two feedback cases 

3-4 The Miller effect is illustrated in Fig, 3-2. Show that Figs, 3-20 and 3-2) are com- 
pletely equivalent, i.e., derive Eq. (3-6a). 

35 Let us consider the hybrid-x model for the bipolar transistor given in Fig, 2-5, ie., 
‘Use the Miller equivalence in Fig, 3-2 to simplify the hybrid-z transistor model in 
Fig. EX3-5. 

3-6 Assume the transistor parameters L pm, vgs — Vr = 1 V, K' = 30 BA/V: 
Cox = 6.810" Ffom?, and Conn = Casu = 0.1 pF. In addition, let us assume th 
Csp = Con =O 
a With Rs = 10 KQ, design the amplifier in Fig, EX3-2 for an open-loop DC gain 

of |Ayol = 20 4B and a closed-loop bandwidth of fun = 1 MHz. (ie. find W and 
Rr). 
b Calculate the resulting closed-loop DC gain. 

3-7 In Fig. EX3-7 let A ota Determine the Ay and 7H that will result in 

1Ace| = 2 with error lerr| = 0.1 percent over the frequency range f < 10 kHz, 

3.8 In Fig. EX3-7 let A(s) = (s? + 3)/(s? + 0.48 +4) and let H = 0.1 be frequency 
independent. Determine and sketch the return difference F = |1 + T| as a function 
of frequency. 

a For what frequencies is the feedback negative? For what frequencies is the feed- 
back positive? 
b Derive Aci (s) and describe the et 

3-9 Consider the feedback schemes in Fit 
a Let Ay = Az 10, and determine Hy and M2 for Aci 
b For dAi/Aj = dAr/Ap = 0.05, determine dActi/Acti 


1 of the feedback on the closed-loop behavior. 
EX3-9 involving two stage amplifiers 
Aci = 10. 

nd dAcia/Acua: 


Vin Vou 


FIGURE EX3-7 H 


FIGURE EX3-9 


FIGURE EX3-16 
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3-10 


3-1 
3-12 
3413 
314 
315 
3:16 


For the feedback schemes in Fig. EX3-9, with Ay = 
can be shown that 


Aamd Acus = Aer, it 


(EX3-2) 


Determine f(A, 141). 

Derive the expressions in Table 3-1 for the series-shunt feedback configuration, 
Derive the expressions in Table 3-1 for the shunt-shunt feedback configuration, 
Derive the expressions in Table 3-1 for the shunt-series feedback configuratio 
Derive the expressions in Table 3-1 for the series-series feedback configuration. 
Verify Eqs. (3-26) in Example 3-5. 

Consider the four stage bipolar amplifier in Fig, EX3-16. Let the load resistors and. 
transistors be matched such that Rc) = Rez = Rs = Ry, = R. and Ql = O2 
Q3 = O4. Using the hybrid. model, with rz = 0, determine the expres 
the low frequency Aj, Hi, (Aidez, Zinci» and Zouce.- 


sions for 


FIGURE EX3-19 


FIGURE EX3-20 


317 


3:18 
319 


3:20 
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Let the parameters for all the transistors in the amplifier of Fig, EX3-16 be rn 
0, B = 100, Ve = 50 V, fc = 0.1 mA. For the resistor values Rey = Rey = Rex 
Ry = 10 KQ, Rs = 1 MQ, Rr = 2 KQ, and Re = 100 2 


a Caleulate the low frequency 4). 1), (Ader. Zinct» and Zouce 

b If the collector current Ic increases by 20 percent to 0.12 mA, calculate the effect 
on (Aideu, Zinct, and Zouc 

Use Blackman’s impedance relation to verify the Zouwcr derived in Exercise 3-16. 

Consider the feedback structure in Fig, EX3-19, where the feedback is introduced 

via an arbitrary three-terminal passive RC circuit. Let us define Ti2 = Vi/Val, 

Mi2o/Dir and Tix = Vi/Valrq = Nis/Dis- Using the asymptotic gain rela 

determine Act, = Veu/Vin: 

a in terms of Ti, Tia, Aoi and 

D Nj, Diy a5 Agee (note that Dj> and Djs are related, 
of the RC circuit). 

Consider the feedback structure in Fig. EX3-20, where feedback is introduced via 

an arbitrary three-terminal passive RC circuit and the resistor divider 71, ro. Let us 

employ the definitions for 7; and Tis imposed in Exercise 3-19. Using the asymptotic 

gain relation, determine Act = Vou/Vin 

a in terms of Tiz, Tis, Ao, &; and 

bMij. Dij. kas Ap — 00 (note that Dj and Diy are related, i.e. the natural 
frequencies of the RC circuit) 


the natural frequencies 


0 Vay 
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3.23 


3.24 


3.25 


3.26 
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‘An amplifier has a transfer function characterized by a low frequency gain of S00 

and three negative real poles at f = 100 kHz, 200 kHz, and 500 kHz. Constant 

feedback is applied such that 1 = 0.03. 

a Is the closed-loop amplifier stable? 

Calculate the phase and gain margins. 

Using the same open-loop amplifier as in Exercise 3-21, 

fa sketch the gain (4B) and phase (degrees) versus frequency (log scale) for the 
open-loop gain. 

determine the maximum value of 1 that will yield a stable closed-loop amplifier. 

¢ determine the value of 1 required to achieve @ phase margin of PM = 60°. 

An amplifier has a transfer function with low frequency gain of 80 dB and three 

negative real poles at f = 1 kHz, 200 kHz, and 5 MHz, 

a If resistive feedback is applied to this amplifier to realize a low frequency closed- 
oop gain of |Acc| 

b Repeat a for |Acr| = 50. 

A feedback amplifier is characterized as follows: 


(EX3-3 


fa Sketch the gain (dB) and phase (degrees) versus frequency (log scale) for the 
open-loop gain A(s). 

Sketch the root-locus for the closed-loop Act (s) as a function of 74; 

¢ Determine the phase margin for the specified 1. 

Feedback is to be applied to an open-loop amplifier, characterized as 


10°[1 
CFsPx BONA 


s/2x(150 x 10°)] 


AG) 2a (100 x 105) 


(EX34) 


a Sketch the root-locus for Acz(s) as H varies 0 < H < 

Determine the values for #1 required to realize Ac, (Q) = 10, and Acr(0) = 1 

¢ Determine the closed-loop pole/zero locations and phase margins for the values of 
‘7 determined in b. 

‘A feedback amplifier is specified to realize the unit-step response sketched in 

Fig. EX3-26. 

a Determine the closed-loop Acz(s) that realizes Fig. EX3-26; 

b With the open-loop amplifier given as 


> Ao ee 
AO = pe NG/02p FD ey) 


determine Ap, p, and feedback 1 that realizes Acz(s) in a. 
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og, WHEN Mg = 00) 


FIGURE EX3-26 


3:27 The following data represents the measured gain and phase responses for an open- 
loop feedback amplifier: 


Frequency (kHz) |AGw)|(B) arg A(jeo)(”) 


0.01 60 =F 
0.1 58 =20 
1 46 —80 
5 39 =120 
10 32 200 


50 0 260 


a If resistive feedback is applied to A(s), determine the value of 1 required to 


achieve a phase margin of 60)"; 
b Determine the range of 7 and the resulting 
the feedback scheme is stable. 
3-28 The gain of an amplifier is determined by the ratio of two integrated circuit resistors, 
ie, Act = —Ri/Ro. The data for these resistors are as follows: Ry = 25 k2. 
Rp = 15 kA, with absolute tolerance = +£15 percent, temperature coefficient = 
+0,12+ 0.02 percent/*C (from room temperature at 27°C). If the amplifier is tested 
at 75°C, determine the worst case percentage deviation in Acr 
3-29, Derive Eqs. (3-89). 
3-30 Prove the following useful relationships using the definition of relative sensitivity in 


Eq. 


values of Ac, at 10 Hz, for which 


PS + PS; 
Pit Pe 
d IP = f(y) and y = g(x), S? = SPS? 
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3-31 Use the relationships in Exercise 3-30 to verify the following relations: 


a SP =nsf 
Pte = Pgh 

b SE = BES 

cSt = 2s? 


3-32 For the feedback schemes in Fig. EX3-9, with Ay = Ay = A and Acuy = Acta 
show that the sensitivities are related as 


a it 
v3 1+AM 


3-33 For the circuit in Fig. E 
a determine [Si] 
b with Rs = 10 KQ, 
10K & 
¢ discuss the results from a feedback theory perspective. 
3-34 For the circuit in Fig. EX3-16: 
a determine [S41 
bb determine |5)2""*|. 
3-35 Consider the amy 
Let the component statistics be o, 
Prin) = 0.95. 
a Determine o(AA,o), where Ayo is given in Eq, (3-34). 
b Calculate the estimated yield Ys if the specification is Ayo t 20(AAvo). 


50 KQ, calculate [S\4°| for Ry = 100 KQ and 


with Rp = 100 KQ and rps > Ru. 
. Fam = 0S, Prigm = 0, and 


APPENDIX 3-1: Approximate Calculations for a Two- 
Pole System when the Poles are Real and Widely 


Separated 


In design, it insightful to factor the roots of symbolic circuit polynomials to preserve the 

relationships between the root locations and the component values. This ean be done in 

many practical cases with little labor if approximations are made. ‘The purpose of this. 

appendix is to provide tools for deriving such relations. The special ease of real-valued 

roots that are widely separated occurs with sufficient frequency to justify added attention. 
Let us start with the quadratic equation in s, given by 


1+ ps+as? (3-1) 


the roots can be calculated by the well known expression: 


(A3-2) 
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However, this calculation can be greatly simplified provided the two roots are real and 
have values that are widely separated. This is the case when * > der 

Let us call the smaller value of s+ the dominant pole sj ~s. and the 
nondominant pole sng ~ s-.. They correspond to time constants t, and tq). respectively. 
Thus, the quadratic form in Eq. (A3-1) can be rewritten as 


1e the 


(+ rus) + teas) =0 (A3-3) 
or, when multiplied out, as 
4+ tals + tuts? =0 (A 


Since we assume that sy K sng OF ty > Tus. Eq. (A3-4) can be approximated by 


(AS5) 


tna = (A3-6) 


Also note that tytad = @. 
Ina sinusoidal steady state, where s 
frequencies are given by 


(A3-Tay 


and 


nd 


If the roots are not widely spread apart, using Eqs. (A3-7) will lead to error in evaluating 
the roots. In order to make an estimate of this error, Jet us introduce a relative error 
measure, given by the ratio of the actual value of the root 10 the approximative value. 
Measures for the dominant and nondominant roots are given by 


Es (A3-8a) 


and 


(3-85) 


FIGURE A3-1 
20 
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Also note that 


EEnd = 0555— (A3-9) 


‘The relative error on the dominant root (or pole) can be further developed using Eq. (A 
which yields 


and Eng (A3-10) 


where 4an/ama =4 fal Sud. 

Note that the error ratios depend only on the ratio 4ar/. They are plotted in Fig, A: 
However, since a /ang * @/B?, they have been added to the horizontal axis of Fig. A3-1 
As a rule of thumb, the value of the error equals the value of the ratio itself. At c/a = 
0.1, Eq is larger than unity. The actual value of the dominant pole frequency ay is then 
about 10 percent, (more precisely 12.7 percent), larger than the approximate value given 
by Eq. (A3-7a). Also, the actual value of «is 12.7 percent smaller than the value given 
in Eq. (A3-75). 


16 


Or os 4a/s® 1 
0025 ol Salley 025 
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’ 
Exact Calculation of the Bode Diagram 


for Two-Pole Systems 


FIGURE A3-2 


In Fig. A3-2, we show the magnitude and phase characteristics for the two-pole gain A(s). 
where 
+) 2) 
ond 


Pole frequencies ay = 27 fy and en = 27 Jay ate the dominant and nondominant poles, 
respectively. In a Bode plot, the magnitude characteristic |A| is approximated by two 
straight-line asymptotes, with comers at wy and @yg. In addition, there are two more 
frequencies where the gain and/or phase of A(jo) are important, They are w, where 
‘Agog (ot GBW = Agfy); and coy, where [ACJooy)| = L. At a we determine phase 
margin PM, as defined in Eq. (3-66), 

Exact of Very accurate calculations are often required in the following four cases illus- 
trated in Fig, A3-2: 


(ABIL) 


‘# A(joy); where we can define the gain reduction factor as the ratio ry = |ACJwy)|/ Ao. 
¢ Aon); where we can define the gain reduction fuctor as the ratio rg 
1AG@na)l/ Ao. 
The value of the frequency «, 


‘© The value of the phase margin PM 


uw 
Ao 
1 
7 
vA g 
f 
90" 
180" 
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If Ap > 1 and ng > Agw4, then at the dominant pole-frequency ay, the factor 
1+ j(@a/emy) © 1. Thus, at @ = wg, Eq, (A3-11) reduces to 


Aljoa) © 


and ry .707( or —3 dB) (A3-12) 


147 


Since wy 2 ag, Eq. (A3-L1) can be simplified at « = agg 10 


: ow 1 oa 
A(ja e— and fag = —— 
Lee Fagal-eD Thae 


(A3-13) 


To calculate frequency @, let us assume that wy is in the vicinity of ag. Thus, we set 
[ACjou)| = 1 in Eq, (A3-11), which yields 


Fi ee a (A3-14a) 


(Me) 


or 


(A3-14b) 


(A3-15a) 


where (nd /0% = fd/GBW = and dna /ory 
yields 


. Solving Eq. (A3-15a) for y 


(A3-15)) 


ye 5 = 122 (A3-15¢) 


We note that at ay = ay, the phase equals —135°, but the phase is only —128° at 
frequency wy. If w, # dnd, the solution of Eq. (A3-15a) is better written in terms of the 
phase margin, as discussed next. 
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Using Eq. (3-66), let us determine the phase margin for A(jo) in Eq, (A3-11) for the 
ase when frequency a%, is close to ya. i.e. 


Pat = 90° — arctan (2) (A3-16) 
nd 


We leave it to the reader to show that Eg. (A3-16) can be rewritten in either of the 
following two forms 


PM = arctan (=) = aretan(y) (A3-17a) 
Oy 


or 


(A3-175) 


sin(PM), 


Solving Eq. (A3-176) for n, we obtain » = ysin(PM). Substituting » = 
Eq. (A3-15a) can be solved to determine the following expression for PM: 


rM= wo [@+]- | ani 


Also, frequency «, can be expressed in terms of PM, 


nd 


as 3-19) 
tan(PM) sii 


@y = 0 Sin(PM) oF = 


If, on the contrary, the values’ of « and PM are given, then «, is given by Eq, (A319): 
and ang is obtained from Eq. (A3-17h), 


sin?(PM) 


3-20) 
‘cos(PM) (43-20) 


@nd = @y tan(PM) = a, 
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ELEMENTARY 
TRANSISTOR STAGES 


INTRODUCTION 


Models of several transistors were discussed in preceding chapters, Many p 
were discussed because there are so many different specifications in analog circu 
Because performance depends on many second-order effects, second-order transistor 
parameters must be included. In Chap. 3, specifications are given for amplifiers as 
black boxes. It is shown how amplifiers can be analyzed and how their performance 
can be represented. 

In this chapter, transistors are used to construct amplifiers, Elementary amplifier 
functions have already been discussed in the first chapters that discussed the snvall 
signal models, as have source followers. All of them have used only a single transistor 
and no capacitances were added. In this chapter, however, capacitances are aclded on 
ail nodes, giving rise to poles and zeros that modify the output-input relationship 
versus frequency. Such calculations are the main subject of this chapter. 

In every circuit there is, in principle, always a capacitance present from euch node 
to ground. They are stray capacitances, device output capacitances, load capacitan 
‘etc. Each such capacitance to ground represents a pole in the transfer characteristic. 
and hence. causes attenuation at high frequencies. In this chapter, only elementary 
circuits are considered. Their complexity is limited to two or sometimes three nodes. 
thus only two or three poles can be present. This leads to transfer characteristics of 
second order, or occasionally third order. Only second-order systems are discussed 
in detail, since it is shown that most amplifiers can be well represented by second- 
order systems. This also applies to full operational amplifiers. as will be discussed in 
Chap. 5 and Chap. 6. 

In order to study the high-frequency performance of these elementary stages, Bode 
diagrams are used throughout. However. designers are always interested to learn how 


245 


246 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


one single parameter in the circuit may influence the performance (reflected in the 
Bode diagram), Therefore, they must repeat this Bode diagram for several values 
of that parameter. A pole-zero position diagram is added (see Fig. 2-15a) to give 
the evolution of poles and zeros of a particular transfer function with one single 
parameter (such as transconductance) as a variable, It provides insight into the role of 
that parameter with respect to the high frequency performance. Moreover, it allows 
derivation of the Bode diagram in a straightforward way. Pole-zero position diagrams 
will therefore be used throughout this chapter to illustrate the regions of instability 
pole-zero cancellation points, etc. 

‘There are several classification methods for elementary transistor stages 
be classified by the number of transistors used or we can classify by single-transistor 
stages followed by two-transistor stages, etc, Another method, however, is to classity 
stages by the number of nodes. Power supplies and ground do not carry AC si 
and thus are not considered. A single-node circuit is, for example, a diode connected 
to ground, which presents some impedance to a source. Two nodes are much more 
common. All amplifiers that have only one input and one output node can be handled 
as two-node stages. The amplifier may have an extra internal node, raising the node 
count to three, ete, 

In Chap. 6, amplifier design is organized according to the number of nodes. In this 
chapter however, we begin with a single-transistor amplifier. 
too elementary to dwell on; nevertheless, it already contains two nodes, i.e., the input 
node and the output node, As such, it is representative of all two-node amplifiers, 
and thus is analyzed in detail. Important characteristics such as gain, input and output 
npedance, and noise are discussed. Other important phenomena such as pole-splitting 
are also introduced, even in this simple configuration, y 

‘The simple transistor amplifiers are followed by impedance ‘converter stages such 
as source and emitter followers. The buffering capabilities from high to low versus 
frequency are investigated. Impedance conversion from low to high can be realized 
by means of cascode transistor stages. They are the last single-transistor stages to be 
discussed in this section. 

Note that often different names are used for the three con 
configurations. The amplifier stage consists of a transistor in common source (emitter) 
configuration. The source (emitter) follower contains a transistor in common drain 
(collector) configuration and the cascode stage contains a for in common gate 
(base) configuration, All three configurations are shown in Fig. 4-1 

‘The first two-tra nown CMOS inverter. It consists of an 
nMOST and a pMOST. [tis followed by cascode amplifiers and by differential stages, 
both of which consist of two nMOST transistors or two pMOSTS. Finally, current 
mirrors are discussed. They are of vital importance in construction of biasing blocks 
and active loads for amplifying s In their simplest form, they 
only two transistors, 
‘Throughout this chapter, the parallel between MOST and bipolar transistor stages 
maintained, Differences are highlighted and discussed. As such, the analyses are 
Girectiy applicabie to BICMOS technologies, an important aspect of this chapter. 


‘They can 


his stage may seem 


jentional single-transistor 
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i ; @ 


FIGURE 4-1 


« 


(a) Amplifier; (6) source follower: (c) cascode. 


Each analog designer must decide if a bipolar transistor or a MOST is to be used 
for a particular function. Familiarity with the tradeoffs of both technologies in all 
elementary configurations is of paramount importance. 

In this chapter, analysis is still dominant over synthesis. It is essential that the reader 
becomes familiar with sound analysis techniques before risking the slippery path of 
design procedures and, especially. of automated design synthesis. Nevertheless. on a 
few occasions a design plan is outlined in order to prepare the reader for full design 
tasks, as described in Chap. 6. 


4-1 MOST SINGLE-TRANSISTOR AMPLIFYING STAGES 


4-4-1  Blasing 


A 


gle-transistor amplifier is shown in Fig. 4-14, It is biased by a voltage source 


Vix, which is connected to the gate through source resistor Rs. The load could be 
however, we prefer an active load, consisting of 
How such a current source can be realized will be 
ideal independent 


a resistor, as well. For high g: 
a current source with current /; 
discussed in Sec. 4-8, on current mirrors. For the time being. 
current source can be assumed. 

‘An input voltage source always includes some internal impedanc 
impedance. In principle, this source impedance can be either resistive. ¢ 
inductive. For example, an antenna can be capacitive or inductive. A microphone 
usually can be represented by a capacitance. The input source can be a current source 
as well, with a resistance, capacitance, or inductance in parallel. A radiation detector 
‘can be represented by current source in parallel with a capacitance. In this first section 
an input voltage source is taken with a simple source resistance Rs in series (see 
Fig. 4-La) (Sedra and Smith 1987) 

‘The input voltage source also contains an AC component rs. It is amplified to 
generate Yoy: at the drain. The ratio of the amplitudes Vo/Vin is the voltage gain Ay, 
If both voltages are small, the gain can be calculated after substitution of the transistor 


FIGURE 4-2 
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by its small-signal equivalent circuit. The gain is the most important characteristic and 
the reason why the circuit is made. Nevertheless, the AC currents are superimposed 
‘on the DC currents. Thus, they must be determined first 

Biasing in the configuration of Fig. 4-Ia is provided by the DC component Vin 
of the input voltage source uy. Its value equals the gate-source voltage Ves of the 
MOST, such that a drain current /;, can flow. It is thus given by 


eo code 
OY KWL 


G1) 


in which Vy is the threshold voltage of that MOST, W/L its ratio and K’ its transcon- 
ductance factor (K’ = KP/2n). 

Most often the input source does not provide this specific value of Vin. Also, we 
may prefer (for example, for safety reasons in a biomedical amplifier) to couple the 
input source with a coupling capacitor Ce. Then resistive biasing can betier be used 
as shown in Fig. 4-2. The DC gate voltage Ves is now completely decoupled from 
DC component Vp¢ of the input source. Its value is derived from the supply voltage 
Vpp by the potentiometric divider, consisting of Ry and Ro. It is thus given by 


2) 


“The task of the designer is to select Ri and Rz such that Ves of Eq. (4-1) equals: 
that of Eq. (4-2) 

A resistor Ry, is used as a load. It determines the DC output voltage Vour as given 
by 


3) 


Vour = Vow — Rule 


‘We may want to set the output voltage at half the supply voltage, or we may want 
to use this DC voltage Vour to bias the next stage of a following circuit, Although 


Single transistor amplifier with resistive load and biasing resistors, 
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there will be other criteria to consider later, now we must be certain that the MOST is 
maintained in its saturation region for all output signal voltages, i.e., Vos > Ves—Vr 
A good rule of thumb is to set the DC output voltage at half the supply voltage, if no 
other constraints are present. 


Example 4-1 
Bias the amplifier of Fig, 4-2 consisting of a nMOST with Vp = 1 V, Ky = 
25 wA/V? and W/L = 50 at /;, = 0.2 mA. Set its output voltage at Vour = 4 V 
for Vop = 12 V. Calculate values for the biasing resistors, Also calculate the 
maximum output swing around Vour = 4 V. 


Solution, From Eq. (4-3) we find that Ry must be 40 kQ and from Eq. (4-1) we 
find that the square root equals 0.4 V. Hence Vgs = 1.4 V, The resistor ratio is 
of Eq. (4-2) is thus 1.4/12 or 0.1167. Let us allow a current through the biasing: 
resistors of not more than 10 percent of the MOST current, ‘This current is then 
0.02 mA. The values of the biasing resistors are then Ry = 1.4/0,02 k2 = 70 kQ 
and Ry = 10.6/0,02 k& = 530 kQ. 

In order to calculate the maximum output swing around Your =4 V, we must 
find the minimum output voltage to keep the MOST from entering the linear region. 
This minimum is Vos — Vr = 0.4 V. The largest excursion from 4 V to 0.4 V is 
thus 3.6 V. The largest swing will thus be 7.2 Vpip (volts peak to peak). 

Only about 7.2/12 or 60 percent of the total range is thus used. A larger swing 
can be obtained if the MOST is biased such that the Vour is 6 V, In this case the 
total swing would be 2(6 — 0.4) = 11.2 Vyyp, which corresponds to 93 percent of 
the total supply voltage. 

Resistive biasing is by no means the only way to a MOST ampli 
Switched capacitors can also be used, as we will explain in Chap. 7. If more 
transistors are allowed, several jing techniques become available. The most 
elegant way to bias a MOST amplifier is to include it in a differential stage, 
discussed in Sec, 4-7, Feedback can be used as well, leading to even more complex, 
circuitry. 

Let us now investigate how much AC or small-signal gain we have 
with the simple single-transistor configurations of Fig, 4-la and 4-2. 


er, 


hieved 


4-1-2 Low Frequency Gain 
‘The AC component of yy, denoted by via, generates an AC drain current and hence an 
‘AC output voltage voy. The yoltage gain Ay can be calculated by using the small-signal 
equivalent circuit, provided:the AC voltages are small. This is shown in Fig. 4-3 
‘The transistor is represented by its gq)-generator. Its output resistance is rps and 
it is found in parallel with the load resistor. Thus it can be represented by a single 
resistor Ri, which is Ry //to rns. The sign // means that both resistors are put in 
parallel; hence Ri, = Rurps/(Ri+rps). The biasing resistors are combined in resistor 
Rin, which can be represented by Rj //R2. 


FIGURE 4-3 
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Zou Vn = 0) 


‘Smaltsignal equivalent circuit of single-transistor amplifier. 


At low frequencies, all capaci 
is denoted by Ayo and is then 


inces in Fig. 4-3 can be omitted. The voltage gain 


This expression contains two fictors and a minus sign, The n 
4 phase inversion from input to output, which is characteristic of all 
ampli 


‘rar 


istor parameter, ie, transconductance gn. 
The value of gp, is derived in detail in Sec. 1-1. It is obtained from Eq. (1-22), and 
is given by 


2Ips 


ose 4-5) 
Va505 (4-5) 


‘The transconductance g and the gain Ayo increase with the square root of the 
current Ips and the aspect ratio W/L. Also for a given biasing current, the MOST is 
best used with a small value of Ves — Vr (or large W/L)-All parameters ae related, 
however, and therefore exercises are mandatory. 


Example 4-2 


‘Take the amplifier of Fig, 4-2 with the values of Example 4-1. Source resistor 
Rs = 10 kQ, Calculate its low-frequency gain, Repeat with an Early voltage of 
20V. 

Redesign this amplifier for a gain of —10 with the same transistor and load 
resistor, but with minimum current. 


Solution. Since Ips = 0.2 mA and Ves — Vr = 0.4 V, gm is given by the second 
‘expression in Eq. (4-5), which is 1 mS (S stands for Siemens or mho and is 
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A/V), Factor gm i, is thus 40, The attenuation, because of the biasing resistors, is 
Ry/{Ry = 70/1530 k& = 61.83 kQ. The attenuation is 
thus 0.86. The total low-frequency gain Ay is 34.4. 

If the Early resistance rps is taken into account, then ros 
20/0.2 kQ = 100 k. The total output resistance Ri, = Rel/ro: 
28.6 k®. The gain now decreases by the same ratio, 28.6/40 to Aw = ~24.6. 

The redesign for a gain of —10 can be cumbersome if all effects are included 
(See Exercise 4-1). Therefore, a few engineering approximations are made. The 
reductions of both the biasing resistors and the presence of the Early resistance 
rps are both estimated to be about —15 percent, We will use SPICE to verify this 
estimate later. Factor g,,.,, must be about 30 percent larger than 10 to accommodate 
these two reductions, i.e., gm Ry © 13. Since Ry, = 40 kQ, gm ~ mS. From 
the first expression in Eq. (4-5) we obtain the value of Zps, which is about 53 4A. 
The required value of Vas is then about 1.277 V. The biasing resistors must be 
modified to R = 536 k@ and Ry = 64 k. A SPICE run with these values gives 
about Ay = —8.9. This is about 10 percent too low. Thus the current must be 
increased by about 20 percent 


Ve/los 
40//100 kQ 


It is obvious from these calculations that high accuracy can never be expected. 
Even for exact calculations, a large deviation in K’ must be expected, causing a large 
spread in resulting gain values. 

‘The largest values that can be expected are obtained when the oumput is biased at 
half of the supply voltage. At that point, the current is Zps ~ Vpp/2R,.. Substitution 
of this value in the second expression of gq, in Eq. (4-5), yields for the gain Ayo about 
Vpp/(Ves — Vr). Even for low values of Ves — Vr, such as 0.2 V (without going in 
weak inversion), the gain is only 12/0.2 = 60 for 12 V supply voltage. Higher values 
of gain are difficult to achieve with a MOST with a resistor as load. 

For higher gains, active loads are required. Assume that we replace the load resistor 
Ry of 40 k@ in Fig. 4-2 by a current source of /, = 0.2 mA, as shown in Fig. 4-la. 
As a result Ri, (which was 28.6 k) is substituted in the expression of the gain 
rps only, which is 100 k®. Thus the resulting gain is larger by a factor of three 
‘Moreover, its dependence on the current changes drastically, since both gm and rps 
depend on the current. The gain decreases with increasing current, as explained in 
Sec. 1-1. This capability will be explored further after we have found a solution to 
the biasing problem of such an active load, i.e., when we discuss active loads in 
differential stages in Sec. 4-7. 

‘After the gain, the most important characteristics of the amplifying stage are its 
input impedance and output impedance. Indeed they will tell us how much interaction 
we can expect with the different stages (see Chap. 3). 

If no capacitances are present, the input impedance becomes resistive only and is 
thus an input resistance. Itis indicated in Fig. 4-2. This input resistance can be obtained 
by application of a small-signal voltage source viq and calculation of the resulting 
small-signal input current jig. Actually, we obtain the same result by application of a 
current source fig and measurement of the resulting vin. Application to the small-signal 
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equivalent circuit of Fig. 4-3 (without capacitances) yields 


Re (4-6) 


If we managed to bias the transistor without the bias resistors, then the 
resistance would be infinity. This is probably one of the most attractive results of a 
MOST in comparison to a bipolar transistor. The input resistance may not be infinity 
because of some leakage currents, but it is certainly very, very high. 
‘The ouiput resistance can be obtained similarly. It is obtained by application of a 
small-signal voltage source gq: at the output and calculation of the resulting small- 
ignal input current igq.- Again, we obtain the same result by application of a current 
Source ing and measurement of the resulting Yq. Remember that the input voltage 
source must be shorted out, but the source resistance Rs is still present. Also note 
that we have included the load resistance in the amplifier itself, as clearly shown in 
Figs. 4-2 and 4-3. We find that 


a7) 


or rps (in the case of an active load). Thus the output resistance is fairly high, but 
this cannot be avoided because the output resistance must be high for high gain. If 
we want a low output resistance, we must apply feedback, or add other stages with 
low output resistance, as discussed in Sec. 4-3. 

Instead of an nMOST, a pMOST transistor can be used as well. Its small-signal 
‘model is exactly the same, however, and also given by Fig. 4-3. However, a pMOST 
stage provides a gain that is a factor of two to three times lower than an nMOST 
stage, because holes have lower mobility (in K’) than electrons. Therefore, » MOSTs 
are preferred as amplifying devices. 


Inclusion of the capacitances in the small-signal equivalent circuit of Fig. 4-3 will 
cause the gain to change versus frequency. Because of the capacitances from both 
input and output nodes to ground, the gain will roll off with frequency. The bandwidth 
is defined to be that frequency where the gain is decreased by 3 dB with respect to 
the gain at low frequencies. 

However, in order to calculate the bandwidth, all capacitances must be included. 
Since the transistor contains two nodes, all transistor and parasitic capacitances can 
be lumped into three terminal capacitances: 


1 one from the input node to ground, which is called Ces 
2 one from the output node to ground, calied Cs 
3 one from output to input, called Cog (or Cop). 


The gain transfer function A, can then be calculated as a function of complex 
frequency by means of Laplace transforms. Each capacitance can be repiesented by 
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its impedance 1/sC in which s = jQ. This also applies to the input and output 
impedances versus complex frequency. 

The denominator of the transfer function is only of the second order, because the 
three terminal capacitances in Fig. 4-3 form a loop. This transfer function will be 
analyzed in detail, because most amplifier configurations that occur and that will be 
discussed in this book can be simplified to the configuration in Fig. 4-3. tis important 
to understand this circuit in order to understand the remainder of this book. 

This expression of the gain, and input and output impedance, are found by applica- 
tion of the current and voltage laws of Kirchhoff. They yield complex equations that 
are not easily interpreted. Therefore we will begin by examining the effect of each 
capacitance separately. 


Effect of Ces Only If only the input capacitance Ces is present, the small-signal 
equivalent circuit of Fig. 4-3 can be simplified, as in Fig. 4-4a. The voltage gaint Ay 
is examined first. If the input capacitance Ces is present and both other capacitances 
are left out, the expression of the gain A, is readily found to be 


Ao 
= (48) 
1+jf/f 
in which ss 
1 
fs —_—_— (4-9) 
fa =z Bilas (4-9) 


and in which R= Rs/fRy2 is the resistance seen by Ces. (Sedra and Smith 1987) 

Frequency far is the crossover frequency. Since it occurs in the denominator, it 
provides a single pole in the Bode diagram of the gain characteristic, as seen in 
Fig. 4-4b, Thus it is the bandwidth. 

‘This Bode diagram is very simple because it includes onl 

corresponds to a lowpass filter characteristic. At low frequencies, the term f / fc: in the 
denominator is smaller than unity and thus negligible. Hence Ay = Ayo as expected. 
At high frequencies the term jf/fc is larger, and hence dominant with respect to 
unity. The gain then rolls off with a slope of unity or —20 dB/decade, as shown in 
Fig. 4-4b. Remember that these lines are asymptotes. At the corner frequency, the 
‘comer is actually rounded, i.e., the amplitude is decreased by 3 dB. Also note that the 
vertical scale is a log scale when the actual values are displayed. The corresponding 
linear seale in dB (= 20log) is shown, as well. 
. The,corresponding phase diagram is also given in Fig. 4-4. It is described by arctan 
(f/fe:). When the amplitude characteristic is constant, the phase is ideally zero. In 
the region of -20 dB/decade, the phase is ideally —90°. At the comer frequency, it is 
45°. The actual phase characteristic is a fluent curve connecting these points. Note 
that the slope of this curve at the crossover frequency hits the 0° and —90° lines at a 
factor of about 5 from that frequency. 

Note that if the source resistance Rs were zero, this pole frequency would occur 
at infinity. Unfortunately, this is never the case. Every realistic input source includes 
‘some resistance (or capacitance or inductance), however small it may be. 


one single pole, Thus it 


254 


logla,s 


100 


dB 


80 


oo 


40 


20 


FIGURE 4-4 


DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


F100 k 


f 10k 


T 


1000 


+ 100 


45" 


90° 


@ 


Rout 


—20 dBMdecade 


loko 


1K 


toon 


10a 


{a) Small-signal equivalent circuit with 
resistance Aay of AMOST amplifier with 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 255 


As an example, take the n MOST operating at 0.2 mA, which provides gq) = 1 mS 
(ee example 4-2). With Rj, =40 kQ, the value of Ay = —40. With Ry = 5 k& and 
Cos =4 pF, the pole frequency f-, = 8 MHz. This is shown in Fig. 4-4h. 

The input impedance Zi, now consists of the input resistance Ry» in parallel with 
the input capacitance Ces. It is thus given by 


ce 


(4-10) 


Ri2Coss 


characteristic is also illustrated in Fig. 4-40. Note that at high frequencies 
Zig = 1/j2Cos. Thus it is purely capacitive. Its amplitude decreases with a slope 
of 20 dB/decade as also seen in Fig. 4-4b. At 10 MHz, its absolute value is about 
[Zin| © 4 kQ. 

The amplifier thus presents a capacitance at its input. This capacitance heavily 
interacts with the source resistance because it causes the pole given in Eq. (4-9) 

‘The ouput impedance is determined as shown in Fig. 4-4a. However, since no 
capacitance is demonstrated, it is the output resistance which is already given by 
Eq. (4-7). Itis also illustrated in Fig. 4-40, 

It can be concluded that capacitance C,;s causes a single pole in the gain charuc- 
teristic. Also, the resulting input impedance becomes capacitive at high frequencies, 
The pole of Eq. (4-9) is listed in Table 4-1. All other poles and zeros are included on 
the list for easy comparison. 


Effect of Cos Each amplifier has a load connected to it by a piece of wire. 
That piece of wire adds capacitance to this output capacitance. Therefore, we must 
understand quite clearly what this capacitance does to the frequency response. 

If this Cps is the only capacitance present, the small-signal equivalent circuit of 
Fig. 4-3 can be simplified again. The analysis is similar to that given previously. The 
expression of the gain A, contains again a single pole, which is now given by 


1 
2aRiCos 


cf (411) 


The Bode diagram is not given, since it has the same shape as that in Fig. 4-4h, 
Frequency f-2 is also listed in Table 4-1. 
. The input impedance is easily calculated. In the absence of any input-noce capac 
itance, the value of the input impedance is resistive and given by Rix 
‘The output impedance is easily calculated as well. Because an output node eapac- 
tance Cps is present, the ouitput impedance simply consists of a parallel RC circuit 
as given by 


Note that this characteristic has a pole at the same frequency f.2 as the gain. 


TABLE 4-1 
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LIST OF TIME CONSTANTS IDENTIFIED IN THE MOST SINGLE-TRANSISTOR 
AMPLIFIER WITH SMALL-SIGNAL MODEL GIVEN IN FIG. 4-3 


Time constant x Value fae Value"* Equation No. 
(es) 1/2z2) (159 MH2/c(ns)) 

Re'Cas 2 he 20 #5) 
Ru'Cps 100 fe 1.6 (4-11) 
MPs Coa 25 ia 0.64 (4-136) 
Coa/an fois 160 (4-130) 
Au'Coa 4 ts 4.0 (4-170) 
(Cas + Cos)/am 65 fs 24.5 (424) 
Ro(Cas + MCoc) 35 te 0.44 

+LCos 
AURsC2/ry 09 ke 176 
Ais Cos + Pi'Cos fea 1.3 (4-250) 
Asi’ CosCos/s fea 9.54 (4-268) 
As(Cas + MCoa) fos 06 (4-290) 
AsRi'CasCoa/t1 30 hie 526 Ex. 47 
As(Cas + Coa) 2% tes 64 (4210) 
Ces/n 4 = 40 (4-320) 
AsRt'C?/t 27.5 fas 5.8 (4-298) 
Au'(Cos + Cos) 40 fete 1.198 (4-208) 
Ay'C/(Cos, + Coa) 132 fer 12 
As'C2/(Cos + Cos) 20 his 7.9 (4-56b) 
Values: As = 5 KO, Ri = 40 KO, 1/9 = 1k, Ag = —40, M = 49, Cos = 4 pF, 


Cos =2.5 pF, Cog = 1 pF, Ri AsO? = 3300(ns)*, C, 
C? = 16.5 (pF), C%(Cig instead of Cos) = 68.5 (pF? 


0 pF 


* only two significant figures oles ies a4, 5, oF & 


It can be concluded that addition of a capacitance at the output has very much the 
same effect as connecting a capacitance at the input. A single pole appears in the gain 
characteristic. The output impedance becomes capacitive, but the input impedance 
remains resistive. 

Let us now investigate what happens if a capacitance is connected ‘benween both 
nodes. 


Effect of Cg Only The importance of capacitance Cpg is that it couples the 
‘output node to the input node and thus is seen from both the output and input terminals. 
It behaves as a feedback capacitance from output tc input. Actually, any feedback 
capacitance will have the same effect 25 Cp. Therefore, its effect must be studied 
thoroughly as it will be used to stabilize feedback amplifiers as well as in filter design. 

‘The small-signal equivalent circuit of Fig. 4-3 can be simplified as shown in 
Fig. 4-5a. The biasing resistors have been left out to simplify this illustration. 
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The expression of the gain A, is obtained by straight application of Kirchhott’s 
laws. Without any approximations, it is given by 


|= Sf fos 
AS ho (4-130) 
V+ fl fes 
in which 
| (4-13b) 
2AM RsCog ‘ 
and 
Malt (4-13e) 
and 
(413d) 


This characteristic now contains a pole at frequency f-s and a zero at frequency 
fea. Itis illustrated asymptotically in Fig. 4-62. Both fis and fs are also listed in 
Table 4-1. 

At low frequencies, obviously |4,| = Ayo. At high frequencies the pole is usually 
dominant over the zero, ie., it comes in at a lower frequency. The reason is that Mf 
appears in fs, which contains A, and thus is large. This factor M stands for Miller 
effect, which will be explained next 


Miller Effect It is striking that now the ~3 dB frequency fs is not generated 
by a simple RC product. A multiplier M is added to the RC product. The largest 
contribution to factor M is the low frequency gain Ay itself. This is the so-called 
Miller effect (Sedra and Smith 1981), The dominant pole is caused by the product 
of the coupling capacitance Cpg and the source resistance Rs, multiplied by the low 


258 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


wd 
100 


ols i —20 aBilecade 


10K 100 


© 
a 
100 582 
10K9 
1K 

Roan ~ in 
fos fs 
e n L L L n 
10k ‘100k 1M ioM 100M 1H f 
Ags) x ® 


FIGURE 4-6 (2) Av if only Cog = 1 pF is present:apd (b) Zn and Zau if only Cog = 1 PF is present. 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 259 


frequency gain Avo of that amplifying stage. Remember that Avq is negative such that 
all terms add up in absolute value in Eq. (4-13c). 

Since the source resistance appears in the expression of the pole, it generates the 
same value of pole frequency when a capacitance Cj,, is put from the input node to 
ground (see Fig. 4-55). Comparison of Eqs. (4-13) and (4-9) shows that 


Cog = MCoa'* |AvolCoc (414) 


AS a result, Cg is an equivalent input capacitance, called the Miller capacitance, 
which causes the same pole in the gain characteristic as does coupling capacitance 
Cog (see Chap. 3). 

At still higher frequencies, the zero of Eq. (4-132) comes in. This occurs at 
a frequency fos. Above that frequency, the frequency response of the gain (see 
Fig. 4-6a) is flat and reaches a value A,,, which is resistive. It can easily be ob- 
tained by dropping both terms 1 in Eq. (4-13a). This yields 


(4-15) 


In Fig. 4-64 it is easy to see that the ratio fs/fx equals the ratio Ayo/Ayy in 
absolute values. Indeed, the slope between frequencies f, and fs equals unity, or 
—20 dB/decade. 


Positive Zero Note that the pole in Eq. (4-132) is negative, whereas the zero is 
positive. This does not change the amplitude characteristic of the gain A,, but it does 
change its phase characteristic. In Fig. 4-7, the characteristics are given for both the 
amplitude (with asymptotes) and the phase for two different gain expressions. The 
first has a negative zero, whereas the other has a positive zero. As clearly seen, the 
amplitude characteristic is exactly the same. The phase at high frequencies, however, 
differs over 180° as a result of the minus sign. Note that all phases are relative with 
respect to the phase (of zero degrees) at low frequencies. 

Remember that Ayo contains a minus sign as well, which corresponds with another 
phase difference of 180°. Thus, at low frequencies there is a phase difference of 180 
between input and output. At high frequencies there actually is no phase difference. 
or 360°. This agrees with the intuitive:picture that can be formed by inspection of the 
circuit (Fig, 4-5a). At high frequencies the capacitance behaves as a short circuit and 
the output follows the input, albeit in attenuated form, but without phase shift 
~The input impedance with only one single capacitance Cyg can be calculated by 
use of Fig. 4-Sa or 4-5b. The biasing resistors have been removed. Input impedance 
Ziq is then given by 


(4-16) 


. ) 14+RCoos 1 
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FIGURE 4:7 
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Avo Awe 


~90" 


=180° 
@ o 


Difference in phase for (a) a negative and (b) a positive zero, 


with, 
1 


Se (4-17) 
RiCpa 


It shows that for low frequencies, the capacitance seen at the input is the Miller 
capacitance (see Fig. 4-5), 

AM frequencies higher than f,5, the zero becomes i 
high frequencies, the input impedance is “esistive and eq) 
in Fig. 4-66. 

It is no surprise to see 1/gq, as input resistance at high frequencies. Replacement 
of Cog by a short circuit in Fig, 4-5a gives exactly the same result. If this con- 
nection (between drain and gate) is also realized in DC, as seen in Fig. 4-8, then 
we immediately recognize the resulting diode configuration. We know that the small- 
signal resistance of a diode (shown in Fig. 4-88) is given by 1/@m (see Chap. 1). This 
obviously applies to the output resistance as well. 

‘The calculation of the output impedance is also carried out by use of the equivalent 
circuit of Fig. 4-5. This gives 


portant in Eq, (4-16). At these 
tals Rin © U/8m, as indicated 


Zo = SEM es 


“T+ flies oe 


At low frequencies the value of Zou is given by Rj, (see Fig. 4-6b). Also, the pole 
at fs is the same as for the gain, and thus contains the Miller capacitance as well. 
‘The zero always occurs at higher frequencies. 
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FIGURE 4-8 Input and output resistance of a diode-connected MOST. 


Atvery high frequencies, the value of Z.. becomes resistive as well, and is denoted 
by Rows. Its value is found by omission of all the numeral ones in Eq. (4-18) and is 
given again by Rows = Rz/M ~ 1/gq. as also shown in Fig. 4-6. 


Example 4-3 

Take a single transistor amplifier with gq, = 1 mS, Ry = 5 kQ (Ris = 00) and 
Y= 40 kA. Capacitance Cog = 1 pF. Calculate the gain, and the input and 

output impedances versus frequency. 


Solution. From Eq. (4-4), Avo = --40 and from Eq. (4-13c). the value of factor 
M = 49, For Cog = 1 pF, f-x = 640 kHz and f.: = 160 MHz are obtained from 
Eq, (4-13b and @). The Bode diagrams are shown in Fig. 4-64. The attenuation 
at high frequencies is about 1/¢qRs ~ 0.16. The input impedance diagram is 
governed by f-s, which is obtained from Eq. (4-17) and is 4 MHz. Its Bode 
diagrams are shown in Fig. 4-6. The output impedance diagrams can now east 
be drawn as given by Eq. (4-18) and shown in Fig. 4-6b. 


In conclusion, we see that capacitance from the input node to ground or from 
the output node to ground, generates a pole in the gain characteristic. A capacitance 
between the input and nodes, however, also generates a positive zero, causing a large 
phase shift that will cause problems in feedback amplifiers later. Let us now analyze 

+ the single-transistor amplying. stage with all capacitances present. 


4-1-4 Full Circuit Performance at High Frequencies 
If none of the three terminal capacitances are omitted, complex expressions emerge 
for all three characteristics of the gain, input, and output impedance. They all ean 
be obtained from straightforward but tedious hand calculations. or from a symbolic 
simulator, such as ISAAC, using the circuit of Fig. 4-2h (Gielen and Sansen, 1991), 
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‘The expression of the gain A,. is given by 


Av = Ae (Ree 4-190) 

with 
C? = Colas + CocCos + CasCos (4-19) 

‘The input impedance Zi, is given by 
1 1+ Ri (Cos + Coa)s 
ee : (4-202) 
[Ces + — aca 

with 

Soe = 5 (4-20) 


Rj (Cos + Coa) 


and the output impedance Zou: by 


Zon = Ri 1+ Ry(Cos+ Coa)s : Cony 
+1RS(Cas + MCpa) + Ri.Cosls + Rs RCs 


with, 


1 
(3 = (4-21) 
POS Fekeeost Cae) eae 


‘We will now study all three characteristics in detail. The values used in the follow- 
ing examples are gy = | MS, Ry = 5 k2, Ry, = 40 k&, Cos = 4 pF, Cys = 2.5 pF. 
and Cog = 1 pF, which gives Ay = 40 and M = 49. 

In order to provide better insight into the role of each transistor parameter and c: 
pacitance, the characteristics of Ay, Zin, and Zou are examined. All three capacitances 
are always present. However, only one of them or some other transistor parameter is 
Ww used each time as a variable. This means that we have six parameters to use, 
ies, Sms RG, Ry, and the tree capacitances (Rix = 00) (see Fig. 4-3). Thus, we can 
redraw the same Bode diagram of the gain Ay six times, each time with a different 
parameter as a variable. Actually, we can repeat this with Ziq and Zou, leading to 18 
Bode diagrams. We will limit ourselves to only a few. 

First, capacitance Cg is taken as a variable. Since the effect of Cpg is multiplied 
by the Miller factor M, capacitance Cg is the best choice to set the bandwidth of the 
amplifier at a given value. An external capacitance can then be added to capacitance 
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Coa in order to obtain a specific cut-off frequency. Thus, it is important to study the 
characteristics of this amplifier for low and high values of Cyc; ts well. 


The Gain A, with Coc as a Parameter Let us first take a very low value of 
Co, ie., zero. For zet0 Cyc. Eq. (4-19a) is reduced to 


i 
"UTE FHP) 


(4 


Ay 


(fa) 
which shows two poles. They occur at frequencies f,; and fis. which have been 
derived in Eqs. (4-9) and (4-11), respectively. and which are already listed in Table 
4-1. They are a direct result of the presence of the capacitances Cgs and Cps at the 
input and output nodes, respectively. For this example. f/> is the dominant pole and 
is denoted by fy, since it occurs at the lower frequency. ie.. 1.6 MHz. This could be 
expected because Rs is usually small (k2"s), whereas Rj is usually large in order to 
obtain large gain. 

Now we will allow capacitance Cp¢ to incres 


ie. In order to Keep track of what 
used. In this diagram the poles 
derived by assumin 
that two separate poles are present at widely different frequencies (see App. 3-2). The 
two poles are clearly seen for small vihies ef Chaz. ie. if Coe, is stmaller than 
approximately 0.5 pF. 

Since the pole-zero position diagram is not yet commonly used, it will be worked 
‘out here in detail. It will be used in several exercises, so that the reader can become 
familiar witl 

‘The second important case is where Cyc has been made large in order to reduce 
the bandwidth. In this case, Eq. (4-192) is reduced to 


1~s(Cog/m) 


Ce a (4-23 
"TE MRsCpas + RSRi Coc (Cos + Cod ! 


‘The dominant pole is now caused by the Miller capacitance MCpq and is located 
at frequency fs. The dominant pole is thus decreased, as can be expected. 

The value of the other or nondominant pole can be easily approximated by omission 
of the first term in the denominator and division by x (see App 
by 


M & 
pS (424) 
48 = SER (Cas Cos) © 2a (Cas Cha) 
in which M has been approximated by A,o = gu}. 
Intthis example, fog = 24.5 MHz. This nondominant pole thus occurs at frequencies 


that are much higher than either fi; or f.2. As a result, the increase of Cyc; has split 
the poles apart. This situation is illustrated in Fig. 4-92. Pole splitting is clearly seen 
from the values of Cpg of Coc 
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nd (b) Bode diagrams of Ay for variable Cog 
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This threshold value Cog, obviously depends on other capacitane 
extracted from the expression of the dominant pole f, which is drawn in Fig. 49a, 
It can be obtained from Eq. (4-192) since this curve for fy can be constructed from 
the terms in s of the denominator. Since we deal with the dominant pole only, we can 
leave out the term in s?. The curve for f is then approximated by 


f= pee (4-250) 
with 
eyes (4-25) 
7M Rs fo 
and 
fa= (4-25¢) 


2x (RsCos + RCos) 


For low values of Coc, frequency f-o establishes the dominant pole. Its value is 
close to foo (see Table 4-1). Substitution of fi» by fic in Eq. (4-25h) gives 


Coa: * — (4-25d) 


Example 4-4 
Take an amplifier with g, = 1 mS. Rs Rt 
2.5 pF, and Cpg = 1 pF, which gives Ay = —40 and M 
pole-zero position diagram with all breakpoints. 


4 pF, Cos 
= 49. Calculate the 


Solution. The break frequencies are 1.6 MHz, fey = 8 MHz, fis = 0.64 
MHz, and fos = 24.5 MHz. The diagram is given in Fig. 4-9a. 

In this example, Cps = 2.5 pF and gq Rs = 5. As a result, the value of Coo 
is 0.5 pF. 


Ina similar way (see App. 4-1), the expression of the nondominant pole fui can 
be obtained. It is derived from Eq, (4-194) by omission of the one in the denominator 
‘and division by s. It can then be approximated by 


(4-26a) 
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with 4-26) 


and (4-260) 


For low values of Cog. the nondominant pole fag is at frequency foro, which is 
very close to f-1 (see Table 4-1), given by Eq. (4-9). 

As clearly seen. pok 
note that the nondominant pole moves away from the dominant pole over a ratio 
fos] for» given by Eqs. (4-24) and (4-11): 


Hence, the more low-frequency gain A,o is available, the more the nondominant pole 
moves out as a result of increasing Cpg. Pole splitting is proportional to the gain. In 
this example, this ratio is only a factor of 16. For values of Cog, which are larger 
than 16 times Cpg:, or 8 pF, the nondominant pole is constant at frequency fig (see 
Fig. 4-9a). 

“The zero f- of Eq. (4-19a) is also plotted in Fig. 4-9a. The larger Cpa, the more 
it shifts to lower frequencies. For high values of Cg. the zero is found between 


both poles. In order to understand this, we first must look at the corresponding Bode 


diagrams, 

‘The Bode diagrams of the gain A, have been constructed in Fig. 4-9b for several 
values of Cpg- Because the phase diagrams are omitted (since they can easily be 
derived from the amplitudes), only the amplitudes are shown. 

‘The dominant pole decreases for larger Cpg- For very large Cog the effect of the 
zero is clearly seen, A flat part appears with value Rj, versus MRs (0.16). 

For a specific value of Cog, the zero coincides with the nondominant pole and 
fa single-pole characteristic emerges. This value of Cpg is found by equating the 
frequency of the zero fey, to frequency fis (see Fig. 4-9a). This value of Cg is 
Cos + Cos. Its value is 3.5 pF in Example 4-4. 

For this value of Cpa. a perfect first-order characteristic results. The slope of — 
4B/decade is maintained over all frequencies. For lower values of Cpg a steep, second- 
order part appears in the characteristic, whereas for higher values of Cpg a flat part 
appears. Neither of these characteristics are desirable if a single-order characteristic 
is required. This will be the case, as well, in all operational amplifier characteristics 
discussed in Chap. 6. 

It must be clear by now how easy it is to construct the Bode diagrams (Fig. 4-9h) 
from the pole-zero position diagram of Fig. 4-9a. Therefore, we will continue to use 
this dual set of diagrams to study the influence of parameters. 

‘The expression of the input impedance is given by Eq. (4-20). We can analyze it 
the same way we analyzed the gain. The diagrams are not given because they are 
studied in the exercises. 
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‘The expression of the output impedance is given by Eq. (4-21). It has the same 
denominator for the gain as Eq. (4-19). Therefore the positions of the poles for variable 
Cog are the same as for the gain, clearly showing pole splitting. Diagrams for pole 
splitting are studied in the exercises, as well. 

Remember, however, that both the input impedance and the output impedance 
exhibit a resistive part at higher frequencies (see Fig. 4-65). Again, the tran 
drain and gate can be considered to be short-circuited together, resulting in a diode 
configuration with resistance value of aboit 1/gm. 

Three characteristics with Cpg as a variable have been analyzed, leading to three 
Bode diagrams. We could have used a parameter other than Cg such as one of the 
capacitances or a transistor parameter such as gq. By inspecting the equivalent circuit 
of Fig. 4-2b, we find the three capacitances, the source and load resistance, and the 
transconductance as parameters, totaling six parameters. Remember that we can derive 
eighteen pole-zero position and Bode diagram combinations. 

‘We only discuss a few of the pole-zero positions in the text and exercises, It is 
imperative that the reader leans to draw the Bode diagram as derived from the pole- 
zero position plot, and thus the reader is given many opportunities to derive these 
diagrams. 

‘The Bode diagram, studied next, is one with gq as a parameter. This is of particular 
importance because gy sets the gain Acq itself, and depends on the current, Therefore 
it is the most useful parameter to use in the design process. 


‘The Gain Ay with gm as a Parameter ‘The poles and zero of the gain Ay with 
$m as.a variable are again given by Eq. (4-19). They are plotted in Fig. 4-104. 

‘The expression of the dominant pole fy, which is valid for all values of gy. is 
extracted as before from the terms in s in the denominator of Eq, (4-19). It is given by 


1 
aa ( + aria) ed 
® 
ith ta 2 
wi temas (4-280) 


and 5 = Sa GEEGa 
Qnty 2x (RsCos + RCs) 


as already given by Eq. (4-25) (see Table 4-1). In Example 4-4, gq, is 0.6 mS. From 
that value on, the dominant pole becomes even more dominant (see Fig. 4-10a), Note 
that > simply contains the input and output time constants. 

The expression of the nondominant pole fay is given by 


(4-294) 


with, (4-29) 


which is 5.8 MHz in this example. 
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FIGURE 4-10 (a) Pole zero position plot of A, for variable gm of MOST; and (b) Bode diagram of A, for variable 
Gn (phase omitted). 
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For low values of gm (see Fig. 4-10a), the two poles are given by fiy and furs. 
For values of gm larger than gm. pole splitting occurs again, and keeps increasing 
for even higher values of gm. A large value of g», (or gain) thus is a requirement for 
effective pole splitting. 

‘The zero f; is added in Fig. 4-10a as well. It increases with increasing. 4m. Thi 
exactly the opposite, compared to Fig. 4-9a, where the zero moves in with increasi 
Cog. There are thus two techniques to cause pole splitting, i.c.. by increasing Cog 
and by increasing gm (or the gain). The latter is preferred by far, because the positive 
zero then moves out to higher frequencies. In the op amp design in Chap. 6, we will 
see that we need a transistor with high g,. under capacitance Cog ‘Therefore, we 
usually prefer a bipolar transistor in that position (in a BICMOS process. where we 
have a choice). 

The Bode diagrams of the gain A, are easily derived fron Fig. 4-10. They are 
shown in Fig. 4-10b. At low frequencies, |Avol is linearly proportional 10 gn, since 
it equals gq Ry. The gain can thus be set by either g or by Ry. oF both. At higher 
frequencies two different possibilities are clearly shown 

For large values of gm, a region of first-order (~20 dB/decade), is always followed 
by a region of second-order, (—40 dB/decade). Where m equals &m (0.6 mS), the 
region with a slope of —40 dB/decade is the largest. 

Tri general, we do not want regions of 40 dB/decade. When the amplifier is used i 
1 feedback configuration, this amplifier may cause peaking and ringing, as explai 
in Chap. 3. 

For very low values of gm, the zero f: is dominant. A peaked cl 
in a broad peak between fio and f;is (at 2.7 MHz). This zero is a din 
feedthrough of the input signal to the output through Cog. 

For intermediate values of gq. however, a perfect first-order characteristic can be 
obtained twice: (1) where the zero crosses the nondominant pole (at fy) = Ryu) and 
(2) where the zero crosses the dominant pole (at gm) = gm). The value Of guy is found 
by equating the zero f; to feis (sce Table 4-1). It is given by Cog/tys, which is 0.036 
mS. The value of gm is found by equating fy to the zero f-, which gives Cog/t 
(8.3 1S). Both operating points can be of interest because they lead to wide-band 
amplifiers. 

Since the zero involved is a positive zero, the phase diagrams of a few gain char- 
acteristics are given in Fig. 4-11. The curves of |A,| for g, mS and | 4S, are 
taken from Fig. 4-10b and repeated in Fig. 4-11. Note that all phase values reach 
=270° at high frequencies, and invariably change by ~90° at each (negative) pole or 
(ositive) zero. 


d 


ratcteristic results 
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44-5. Unity-Gain Frequency and Gain-Bandwidth Product 
Now that we know how to draw the Bode diagrams, we have to define a number of 
characteristic frequencies. We will use these frequencies during the designs. during 
the optimizations and during comparison of the frequency performance of different 
amplifiers. Some of the characteristic frequencies are already known to us, such as 
the dominant pole, nondominant pole, and the zero. 


FIGURE 4-11 
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‘The frequency where the —20 dB/decade slope starts is the frequency of the dom- 
inant pole fy (see Fig. 4-11). At this point, the actual gain is at —3 dB (or 1/2 with 
respect to thé flat level). It is also called the “—3 dB frequency,” or more commonly 
the “bandwidth (BW)”. 

‘The frequency where the gain reaches a value of unity is called the “unity-gain 
frequency f;.” The product of the low-frequency gain Ayo with the dominant pole 
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fa is denoted by Ayo fy. All these frequencies are all indicated in Fig. 4-11, Do not 
confuse frequency Ayo fy with the gain-bandwidth product. ‘This term is reserved for 
a different frequency, as explained next 

Remember that the slope of -20 dB/decade is actually a slope of unity. As a 
result, if the gain is modified for some reason (such as Heedback) from Ay to 
the bandwidth is modified from fy to fy,..as shown in Fig. 4-11. The resulting product 
is the same, ie, Av fix = Ayo/y. A reduction in gain yieldy the same increase in 
bandwidth. Gain and bandwidth can be freely exchanged. The product is always 
constant. 

However, this product is not constant for points on the slope of —40 dB/decade. 
This is the case for the points on the curve close to unity (see Fig. 4-11). We must 
avoid the region of —40 dB/decade for all values of the gain A, between A,g and 
unity. This can be done by moving out the nondominant pole 10 higher frequencies 
as sketched in Fig. 4-12. 

In Fig. 4-12, the Bode diagrams are sketched for an amplifier with two poles. The 
zer0 is left out to keep it simple. In Fig. 4-120 both poles are relatively close together 
whereas in Fig. 4.12c the dominant pole is really dominant, ie.. it occurs at very low 
frequencies. The nondominant pole occurs at very high frequencies, beyond the point 
where the gain Ay is unity. 

The characteristic frequencies fi fire fue and Ayo fy are always indicated. In 
ig. 4-12a, the frequency Ay fy is much larger than f,, in Fig. 4-12h they coincide, 
and in Fig. 4-12¢ curve A\i fy is © 1. The slope of —20 dB/decade clearly 
extends to gains below unity only in Fig. 4-12c. Therefore, the frequency Ayo fu is 
called the “gain-bandwidth product (GBW).” In the first and second part of Fig. 4-12. 
the GBW is not defined because the slope of —20 dB/deeade does not extend over 
values of the gain Ay from Ayg to unity. 

The most sensitive parameter to measure the position of the nondominant pole with 
respect to GBW is the phase at the GBI frequency. Rather than the phase itself, the 
difference is taken from —180", counting upwards. This phase difference is called 
the “phase margin” and is denoted by ¢,, or PM. For Fig. 4-12, , nearly coincides 
with the GBW and fyy: hence PM = 45°. The phase margin is smaller for F 
and larger for Fig. 4-12c, Note that even in Fig, 4-12c, the unity-gain frequency f, 
is not quite the same as the GBIV, but the difference is very small. Indeed, the fy is 
the frequency where [Ay] = 1 and the GBW is the first-order extrapolated frequency 
at [Ay] = 1 

To avoid ringing and peaking in later designs, we will aim at phase margins of 
around 70°, which require a nondominant pole at about three times GBW (see Chap. 3) 

We will use this important rule of thumb for the 
dominant pole should be at about 3 - GBI. The question remains 
make sure that the nondominant pole is high enough in frequency. The answer is pole 
splitting, 

We have seen that pole splitting is caused by an increase of gy oF of 
Coo. In Fig. 4-105, we have seen that increasing g,, shifts the nondominant pole to 
higher frequencies. A value of g», between 5 to 10 mS seems sufficient. Application 
to the curves of the gain (Fig. 4-11) gives for ¢q = I mS a value of about fiy = 
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MHz, where |Ay| = 1. The value of GBW that can be obtained with 70° phase margin 
will thus be one-third, or about 6.7 MHz. 

Increasing either gm or Cog to realize a PM of about 70° by means of pole splitting 
is also called compensation. We compensate parasitic capacitive effects, increasing the 
nondominant pole. Remember that the result is always a decrease of dominant pole, 
hence a decrease in GBW. 

From the designer's point of view, we always want to achieve a maximum value 
of GBW for current consumption. If we increase the current, and hence gq, we can 
see in Fig. 4-10a that the GBW (for |Ay| = 1) does not increase beyond about 40 
MHz, The maximum achievable GBW seems to be GBWnx = 40 MHz, What is the 
origin of this number? 


Maximum GBW with Dominant Miller Effect The value of GBWpax is € 
extracted from Eq. (4-19) as being the product of Ayo and the dominant pole fy. 
for large values of gm. Under these conditions, the gain is large; thus we can safely 
assume that the Miller capacitance is dominant such th 


1 1 
ie eg eee ney at 4-30) 
g 0% MCoa ~ ARSC oe 


which is 32 MHz in this example. If the full expression is taken, but only dominant 
pole considered, GBWnax = 29 MHz, which is close to the pre 

Still, some correction factors may be necessary because the zero is present as well 
as other minor effects, We should not be overly concerned, however, because the 
transistor parameters are never known accurately. 


Maximum GBW with Dominant Input Capacitance The value of GBWyax i 
caused by the Miller capacitance MCpg. Circuit techniques are available, however, 
to reduce the Miller effect such that it is no longer dominant. For example, we can 
use cascode transistors, as will be explained in Sec. 4-6, or we can use feedback, 

In this case, only the time constants RsCgs and Ri,Cps remain to be considered 
‘The dominant pole frequency is now considerably extended toward fis, given by 
Eq, (4-25c) and repeated in Eq. (4-28). The value of GBWy.x is then given by 


Sm, 
2n(RsCos + Ri Cos) 


GBWoras, * Awfs (4-31) 


‘The denominator is the sum of the input time constant RsCgs. and the output time 
@onstant Ri Cos. Depending on the application and specific values of Ri, and Ry 
either time constant can be dominant. 

For a low value of R;, (and low amplification factor A,o), the input time constant 
is dominant. In this case the maximum value GBWmay is given by 


L) (RL) (2s 
BWnax = Au) (Se -32a 
2 () (I (2) bee 
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Asa result, this time constant Cos/gm is often considered to be the ultimate limiting 
time constant of a MOST. This time constant Cgs/gn is characterized by frequency 


Jers, given by 
feu = fr= (+) (2 ) (4-32h) 
OPN Orc NCEE Sa 


which is called fr in analogy with a bipolar transistor. 

However, this value of GBWmnax depends on gy. For Cos = 4 pF and gq, 
1 mS, GBWyax = 107 MHz, which can still be increased by increasing gq Howev 
both Ces and gq are set by the transistor width, Substin 
of gm by Eq. (I-22) yields 


5BWone = (Re a 
CBW = ( i) Sova (4-320) 


with, Fre 


which is independent of Ww [see Eq. (1-40)]. Many authors denote finax by fr in 
analogy with a bipolar transistor (Sze 1981). 


Design Procedure Now that we know the GBWpy« is an important parameter, 
we want to optimize GBWhax and fnay by using a design plan. For maximum fina. 
is to be made as small as possible for a given technology, as shown by Eq. (4-32c). 


For example, L = 3 um, Factor Ves — Vz must be made large, which will inevitably 
lead to low gain (see Sec. 4-1-2). Let us choose Ves — Vr = 1 V, This yields for 
K’ = 30 “A/V? and for Cy, = 6.8 x 10-§ Ffem?, a value of finx = 1.6 GHz. 


The choice of W then fixes the values of ps, m, and Cgs. As a result, all three 
parameters ps, gm, and Ces are linearly proportional to the width W. 

In general, the choice of Vgs—Vr and W sets all the characteristics of the transistor 
(if L is fixed at its minimum value), 

On the other hand, the transistor may already have been designed and realized. 
Then, only its Vgs — Vr can be chosen, not its W nor L. The choice of Ves — Vp 
then sets the values of fox and of gy, and Ips. For larger Vers — Vrs fax increases 
so increases linearly but /ps increases with the square, such that g»/Ips 


Example 4-5 
An nMOST with an effective gate length of 1.2 jum is to be used to construct an 
amplifier with GBW > 20 MHz (PM © 70°) for a'source resistance of 600 9. An 
active load is used for optimum gain, What minimum current and transistor size 
‘are required? Would the addition of a cascode transistor help? 


TABLE 4-2 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 275 


30 A/V? Vp = 20 V. Cay = 1 pb, and 
and other) 
Vy, 


‘The transistor parameters are K 
Cog = 0.4 pF. The output capacitance Cys includes some interconnect 
load capacitance and is Cys = | pF. The maximum value of Vey — Vy 


Solution. On first sight this seems to be an easy task. Indeed, it is obvious that the 
Miller effect is going to be the dominant factor. ‘The load resistance and gain are 
both intended to be high. From Eq, (4-30) we obtain GBWyyy = 662 MHz, which 
above the required 20 MHz, But what about the current and the nondominant 
pole? 

For a 70° phase margin, the nondominant pole must be at about 3» GBI or 
60 MHz, We may need pole splitting to achieve this, and tor this purpose we 
could increase gn. Figure 4-104 shows that pole splitting starts at the value of 
Sm given by Eq, (4-28), The output time constant R; Cys is certainly larger 
than the input time constant RyCgs(= 0.6 ns), As a result, gay is simplified to 


8m © Cos/RsCps = 4.17 mS. At that point, the current (for Ves — Vp = 1 Vy 
is given by Eq, (1-24e) and is Jpy = 2.1 mA. The output resistance is then 
ros = Ve/Ips = 20/2.1 = 9.6 kQ. The ouput time constant rpsCpy = 9.6 


ns, which corresponds with 1/27(9.6 x 10°) = 16.6 MHz. Thus we need a pole 
splitting factor of 3. The required current is then 3? = 10%2,1 mA, or about 21 mA. 
his is a large value for which we need a W/L = Ips/K (Vas ~ V7)2 = 700 and 
W =0.84 mm. The low frequency gain Ayo is gntos = 4.17 x 9.7 ~ 40 and the 
bandwidth is 20/4( 0.5 MHz, The SPICE input file that corresponds with this 
example is given in Table 
If a cascode is allowed, the Miller effect disappears. ‘The input time constant 
is RsCos = 0.6 ns, which corresponds with 265 MHz, The output time constant 
is still the same at that current of 2.1 mA, ice, 9.6 ns, giving 16,6 MHz, Unless 


‘4 


INPUT FILE FOR SPICE FOR THE SINGLE-TRANSISTOR 
‘nMOST AMPLIFIER OF EXAMPLE § iN SEC. 4-1-5, 


‘Bx, 4-5 (TEMPERATURE = 27,000 DEG C) 
* CIRCUIT DESCRIPTION 

M1210 0 NMOS Wmb40U Le1.2u 

1B 4221M ‘ 
yop 3.0 DC 1.9Ac1 

cos 10 1D 

cn 2 10. 4P 

‘cL 20102 

RL 20 100K 

Rs 31600 

- MODEL NMOS NMOS LEVEL* 
+ LAMEDA=0.05 

-PRINT AC VDB (2) VP (2) 
PLOT AC VDB(2) VP (2) 
“WIDTH OUT = 75 

SEND 


'VI0=0..9 KP*50E~6 GAMMA: 
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we find a trick to get rid of that output time constant, a cascode will not help. We 
will see later that a buffer stage can be inserted between the output and the output 
capacitance, reducing the transistor capacitance Cos to approximately 0.1 pF. The 
output time constant yields 166 MHz in this case, allowing a GBW of up to about 
1/3 or 55 MHz. 


From this example the reader will realize that the design has become systematic. 
From the technological parameters and the specifications, one particular set of design 
results has been obtained. In this example, only the GBW and the PM (or the position 
of the nondominant pole) had to be designed. We still had some choices to make. 
In other words, we still had some degrees of freedom left, such as the Ves — Vr. 
Everything else was determined automatically and no compromises had to be taken. 

Design becomes different if we specify such characteristics as the output swing, 
noise, or gain. Then compromises are necessary. Then we must decide wl 
fications have priority. Most real-life design problems have more specificat 
degrees of freedom. Thus, an interactive database will be required to indicate the 
possible compromises between the specifications and the free-design variables. 

This problem can be relieved by adding more transistors, which usually adds more 
free-design variables. Efficient design means that only those transistors are added that 
add more degrees of freedom. In this way, the number of specifications can be matched 
by the number of free-design les. 

Noise is an important specification. In Chap. 6 we will discu: 
fications. 


many more speci- 


4-1-6 Noise Performance 


‘The noise behavior of the single-transistor amplifier is analyzed by use of the noise 
sources developed in Chap. 1. These are included in the small-signal equivalent circuit 
at low frequencies of Fig. 4-3, shown in Fig. 4-13. 


‘The transistor itself is represented by its equivalent input noise voltage du, . The 
noise voltage of the source resistor Ry is given by dv. The noise current of the load 
resistor Ry, is denoted by dij, and the noise current biasing resistors Riz is denoted 
diz. All noise sources, except that of Rs, now can be lumped into one, total 
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equivalent, input noise voltage source dvj, at the input, in series with dos, (as shown 
in Fig, 4-13h). Its value can be found by equation of the total output noise of the 
circuit in Fig. 4-134, with all the noise sources to the (otal output noise of the cireuit 
in Fig. 4-130, with the total equivalent input noise source dv;,. This yields (assumin 
that Ry < Ri): 


ih = du + Rai (4:33) 
fan excess noise factor y, which gives the ratio of the 
* to that of the input transistor dv}, only. It is obtained by 
p. 1) and of dijy by AKT /R, which yields: 


Rs LS 
Ni, 434 
Ha) ek i 


‘We commonly introdu 
equivalent input noise di 
substitution of dup, by 4k7/1.5¢n, (see Cl 


a, 


y BI LSen Rs ( 


Itcan be concluded that the equivalent input noise of the amplifier depends mainly 
on the noise of the transistor itself, Only large input source resistances could add some 
noise, For low noise applications, the transistor transconductance must be made large 
‘We have already done that in order to increase the gain and/or the pole splitting. 


4-2 BIPOLAR SINGLE-TRANSISTOR AMPLIFYING STAGES 


424 Blasing 


been thor- 


In the previous section, the high-frequency performance of MO: 
oughly studied. Now we will investigate a bipolar transistor, It is different than a 
MOST because of its base resistance and base current. Therefore, the resulting pole- 
zero position plots and the Bode diagrams are slightly more complicated. The biasing 
circuitry is discussed first. 

‘An amplifying stage can be formed with a bipolar transistor, as shown in Fig, 4-4 
Again, an npn as a pnp transistor (see Fig. 4-14) can be used as well. Appropriate 
biasing circuitry is required 10 set the collector at a specific value. A biasing cur- 
rent source fy can be taken as well, rather than a biasing voltage source Vix (see 
Fig. 4-14), For a biasing current, a source resistance Rs is taken in parallel, whereas 
for a biasing voltage the source resistance Rs is in series with the voltage sourc 
In the case of a current source, the transistor is current driven. For a voltage source, 
the transistor is voltage driven. Both drive types have their uses. The exaet point of 
transition between these two modes of operation is examined. 


The difference between the bipolar transistor and the MOST iy that biasing current 
flows into the base of the npit transistor, whereas biasing current is zero (of the order 
of pA) for a MOST, This biasing current or base current fy is a 1/B fraction of the 
collector current /r. Its value will be assumed to be larger than 50 throughout this 
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B 


FIGURE 4-14 


@ Dy 


(a) Amplifying stage formed with a bipolar transistor: and (b) bipolar single-transistor amplifiers 
with resistive load. 


text. ‘Typical values are even larger, ranging from 100 to 500. For pup transistors, 
however, we must keep in mind that their beta can be as low as 5 in older, standard 
bipolar processes. They will require more elaborate biasing schemas. Nowadays, bets 
of pnp transistors can also reach values higher than 100. 

‘The collector current of transistor current Jy is determined mainly by the base- 
emitier voltage Vise by the exponential Zc versus Vee relationship described in 
Chap. 2. The output voltage is only determined by current Fr and output resis 
Ry, as given by Eq, (4-1), with Vcc instead of Vp being the supply voltage. 

The biasing circuits for bipolar amplifiers can be divided into two classes: 
circuits for discrete amplifiers and the circuits for integrated amplifiers. Biasing of 
discrete amplifiers relies on the availability of resistors and capacitors. Some contig 
trations are shown in Fig. 4-15. In the first, (Fig. 4-15a), the base current is provided 
by base resistor Rp. Its value is approximately given by 


Veo = Vatox 


3 = —— (4-35) 
3 1/8 


in which Vizoy * 0.7 V. The resulting collector current depends heavily on tem- 
perature, because B is strongly temperature dependent (~ 0.7%/°C). Therefore, 10- 
cal feedback is better used as in Fig. 4-15b and 4-15c, This also affects the gain 
(and bandwidth) unless the feedback resistor can be shunted out. This is the case in 
Fig. 4-15c, in which capacitance Cz shunts out Re for all frequencies of interest. 
Even better is using a voltage divider, as in Fig. 4-15d. The input source is always 
‘capacitively coupled through Cs. 

However, in this text we concentrate on integrated amplifiers. By far the easiest 
way to bias the bipolar transistor is to take two equal (matched) transistors and to 
connect them either in a differential pair (see Sec. 4-7) or in a current mirror (see 
4-8). An example of such a current mizror biasing schema is shown in Fig. 4-15e. 
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Various biasing configurations for a bipolar transistor amplifier and (e) biasing by use of current 
mirror. 


For not-too-large values of Ry, both transistors have about the same Vigg. hence the 
same collector current, which equals Zp. The exact value of fc) is obtained from the 
difference in Vee, as given by 


Vae2 


(4-364) 


Since ic = kT /q In(Ic/Is). this is easily converted into 


(4-366) 


with V; T /q (25.86 mV at 300 K or 27° C). For small 
is about unity. We cannot make the exponent zero, tho 
input resistance t0 1/gm of transistor T2. 

In the subsequent analyses the biasing resistances are included in the source resis- 
tance Rs. 


aalues of Rj. the exponent 
- which would decrease the 
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4-2-2. Gain for Voltage and Current Drive 


FIGURE 4-16 


A variation of vyy oF fry generates a variation in iy and hence in vour. The relation 
between these small-signal components vin, fin, ir, and Voy. can be calculated by means 
of the small-signal model. shown in Fig. 4-16. At low frequencies, all capacitances 
can be omitted. The voltage gain is then given by 


Ao==( 


with Ri = Rs +rg and R} = Ry//ry. Again, the minus sign indicates an inversion in 
phase. The value of gy has been calculated before. It is given by Fr/V,. 
For a voltage-driven transistor, the value of the source re: ince Rs must be smaller 


3 
R (4-37) 


than the input resistance r, +s. Since the value of rg is usually small, this results 
in the condition that R{ <r. Eg. (4-37) is then reduced to: 
Avy = = 8a Ry, (4-38a) 


Ya 


For a current-driven transistor, Ri > 


which allows us to convert Eq, (4-37) to: 


Ri 
B ( #) (4-385) 


When the input current source configuration is preferred (R§ >> r,), resistive gain is 
provided with value 


Avr 


BR, (4-380) 


Both Eq. (4-385) and Eq. (4-38c) provide the same result because the voltage and 
current small-signal sources are related by tig = R§ «fin 

Equations (4-385) and Eq. (4-38c) demonstrate why a bipolar transistor should 
never be current driven. Parameter # is not well-defined. Its reproducibility is low. 
Variations on B can be as high as 50 percent from batch to batch; therefore, it is 


‘Small-signal equivalent circuit. 
Ry 
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not an acceptable design parameter. The situation is different if discrete transistors 
are used, because their values of # can be measured separately and considered in the 
design procedure. For integrated circuit design, however, this is not possible, resultin 
in bipolar transistors that are always voltage driven, The gain is given by Eq. (4-384) 
which is exactly the same expression as that of a MOST (see Eq. (4-4)), but with 
different gm. 

When a pnp transistor is used instead of an npn transistor (see Fig, 4-14), its 
DC output voltage is given by Ry Fr. Its small-signal model, however, is exactly the 
same as for a npn transistor, and is also represented in Fig, 4-16, Its gain is given by 
Eq, (4-37), as well. Moreover, since g», only depends on the current and not on the 
mobility of carriers, it is the same for both npn and pnp transistors operating at the 
same DC current, 

Bipolar transistors provide a ratio gu/fc of 1/V;, which is about 38,5 V~!, The 
gain that can be realized is thus 38.5 per Volt DC voltage drop over Ri. For a supply 
voltage of 10 V, half of which can be used, values of gain up to 190 can be reached. 
This is a factor of nearly four times more than for a MOST, With two transistor 
configurations, even higher gain can be realized. Mt is important to remember this 
factor of four. 


4-2-3. Frequency Performance 
In order to study the frequency performance, all 
capacitances in and around a bipolar transistor can be modeled by’ three capacitances, 
as shown in 4-16, They are cailed Cz, Cj, and Cy. We must keep in mind, 
though, that any external capacitance added at the output node can be lumped into 
Cy. This is not entirely true for external capacitance between collector and base. This 
capacitance occurs before rn, whereas C,, occurs after 19, SPICE allows redistributing 
part of C,, over ry (see parameter XCIC in Table 2-2). Since ry is a small resistance, 
this distinc neglected in most cases. In a few cases, ¢.g., for the calculation of 

: Zin, this distinction must be made. 
Moreover, addition of externa 


acitances must be added, ‘The 


capacitance between base and collector increases 
the order of the frequency characteristic. Addition of capacitance to Cy, does not 
increase the order. The three capacitances in Fig. 4-16 form a loop that results in a 
characteristic of only second-order. It can still be handled by straightforward analysis 

Now we will derive the frequency characteristics of the gain, the input and output 
impedance. They will be used to generate some Bode diagrams later. 


Gain Ay By use of Kirchhoff's current and voltage laws, the gain characteristic 


is given by 


Ay = Aw R 
1484 Ri(Cr + MC) +R, (1+ 


Ts 


Je] 5+ RRC? 
(4-39) 


TABLE 4-3 
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with Mai 4 beg a+ Seg (4-39) 
Rt aah, RA 3 
and 2p + CC + CyCy (4-390) 
So 
and b=xe (4-390) 
All characteristic frequencies for the bipolar transistor amplifier are listed in 
Table 4-3. The first frequency is fs. 
For a voltage drive (Rs-+rp Kz), this is reduced to 
Ee 
Avy Sos (4-40) 


TEIRS(C, + MC,) + Ri Cols + RGR, Cs? 


which is exactly the same as Eq. (4-19) for a MOST. A voltage-driven bipolar tran- 
sistor behaves like a MOST. We will see this conclusion repeated frequently. 


LIST OF TIME CONSTANTS IDENTIFIED IN THE BIPOLAR SINGLE-TRANSISTOR 


AMPLIFIER WITH SMALL-SIGNAL MODEL GIVEN IN FIG. 4-16 


Time constant r 


Value + te Value Equation no. 


(ns) |/2xz) (MHz) 
Mn.C. = PAG, 6000 tes 0.008 (450) 
Fie 100 fe 1.6 
MPC 781 ts 02 y 
Cul9m 0.15 fos 1060 (4-390) 
(Cx + Cu)/Ge 0.95 fes= tr 170 
Fg (Ce + Cy) 41.4 hes 14 
FoGe + FiCo 107 fos 1s (4-450) 
et FiGn 60.2 feo 2.64 (4450) 
AiC?/Cy 13.3 fess 12 (4-466) 
(Gx + Cy) 95 oa 17 
Reatho f= 10k0 
2000 
4.20 
400 62 =27.75 (oF? 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 283 


For a current drive (rz < Rs +r), Eq. (4-39) can be converted to 


1) 


Ay Fare S677 V7 Wk Perens ars ef 41 
"! ) TF Ute (Cy + MG,) + RiCols tre RCE Ga). 


In both Eq. (4-40) and Eq. (4-41), the dominant pole is caused by the Miller eapac- 
itance MC,,. For a voltage drive, however, this capacitance sees a resistance Ré (in 
Eq. (4-40), which is much smaller than the current drive resistance ry (in Eq. (4-41), 
The frequency of the dominant pole thus is much higher for a voltage drive than for a 
‘current drive. This is another reason why a bipolar transistor should always be voltage 
driven, 


Input Impedance Zig In a similar way the expression of Zn is easily derived 
and is given by 


1+ [ra(Cy + MCu) + Ri Cols-+ ra RC 


= ENG SA ee hn 42) 
2a tere Ne ani } ee) 


Output Impedance Zou The output impedance Zon, depends on the source re- 
sistance. For a voltage drive, it is given by 


: 1+ (Rs + rad Cus 
‘out = 7 5} (4-43) 
Zany © oe i) 


For a current drive, it is 


given by 


l+rzCus 
el ee : 
ean “mee ee} (a) 


Equation (4-44) is the last expression we will consider for a current drive. Hence- 
forth in this text, only a voltage-driven bipolar transistor is used. If circuits in which 
bipolar transistors are examined are current driven, alternative circuitry should be 
devised in order to avoid the disadvantages of a current drive. 

Now that gain expressions have been derived, the input and output impedances can 
be used to generate the relevant Bode diagrams. 


4-2-4 Galn-Bandwidth Product 
For the bipolar transistor, Bode . the input 
impedance Z,, and the output impedance Zo... using all parameters which occur in 
the expressions as variables. Only the most important parameters are given here, but 
others are used in the exercises. 
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Doubtless, the most important frequency characteristic is the gain Ay, with gy as 
a variable, and thereforé this characteristic is given first. 

‘The expression of the gain Ay versus frequency is given in Eq. (4-40). The position 
of the poles and the zero versus gq, is given in Fig. 4-17a, whereas the actual Bode 
diagram (of the amplitude only) is given in Fig. 4-17b. Note the similar characteristics 
of a MOST, given in Fig. 4-10a and 4-10b. 

‘The dominant pole of the gain can be written as a function of gm, as given by 


fa= fo (4-450) 


with fs (4-45b) 


De(RSCje + RCo) 


“a won () (22) as 


1 
and 10 = 4-45d) 
i Seo = Fre + RG) : 


‘The value of the nondominant pole can be approximated by 


Ina = fers ( (4-46a) 

Co 
ith fas = ss 4-46) 
with fos= Re (4-46) 


Example 4-6 

‘The transistor parameters are rg = 200 2; = 100; tr = 0.2 ns, Ce = 
6 pF, Cy = 1.5 pF, Co =2.5 pF. It is biased at a current such that gm = 10 mS. 
‘The resistances are Ri, = 40 k@ and Rs = 1 k@ (Ry = 1.2 kQ), yielding 
‘Aw = —400; M = 434, and C? = 27.75 (pF)?. Calculate fea, foro, Sms and fers. 


Solution. First, RiCje = 7.2 ns, RCo = 100 ns, and feo = 1.5 MHz3 Ri,C,, = 60 
ns and feo = 2.64 MHz; finally, 2m = 1.47 mS. Also, fers = 12 MHz. 


We will use these equations to interpret two cases. In the first, the gain is large 
because R’, is large; due, for example, to an active load. Then the output time constant 
iC, and the Miller effect are dominant. In this case, the large gain will be used in a 
Feedback loop in order to increase the bandwidth. Therefore, we must ensure that the 
circuit is stable, ie., that a phase margin of at least 70° is realized. This means that 
the nondominant pole is about a factor of three times the GBW. This is obviously the 
case of a bipolar transistor used in an operational amplifier. 
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FIGURE 4-17 (a) Pole zero position plot of A,(9~) for bipolar transistor; (b) Bode diagram of Ay(g, 
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In the other case, such as in wide-band amplifiers, we do not use feedback. The 
is not large; resistor Rj, is much smaller. Here the input time constant R§C, is 
likely to be dominant. The bandwidth is optimized, whereas the GBW is not defined. 
We will analyze this case in the exerci 

Let us now consider the case where Rj, is large. For low values of ¢m, fa = feos 
‘and the dominant time constant is RC, at the output node (100 ns or 1.6 MHz). It 
independent of gy Up tO Sqr, at which point pole splitting starts (see Fig. 4-172). 
The nondominant pole f,g is also constant at f.1s. The zero depends on gm, as 
well. The zero cancels the nondominant pole at a value of g.,, which is denoted 
by gnu (See Fig. 4-17a). Its value is not calculated here, but it is approximately 
0.11 mS, 

In this case, we will most probably operate in the region where pole splitting occurs, 
i.e., for larger gay than gm). In this region the equations (Eqs. (4-45)) of the poles can 
be approximated by 


~ Rg. (44a) 
and (4-47b) 
Also, (4-470) 


‘The value of the gain-bandwidth product GBW is ea 
and is given by 


obtained from Eq. (4-47a) 


1 
REC 


GBW (448) 


In order to ensure a slope of —20 dB/decade down to a gain Ayo of unity, gq, must 
have a minimum value gm, such that the value of the nondominant pole equals three 
times the value (for 70° phase margin) of the gain-bandwidth product GBW. From 
Eq. (4-48) and Eq. (4-475) this value of gw is given by 


3C° 
RC 


(4-49) 


Sime © 


For the example, GBW = 88.3 MHz. and gq, = 30.9 mS. The corresponding value of 
the gain is Ayor = 1203. 

‘The maximum value GBWpax is obtained for minimum 2{, hence for Rs = 0. 
‘Thus it is determined by the raC;, time constant, establishing the ultimate limit of 
what can be achieved with a bipolar transistor. In this example, the time constant is 
0.3 ns; thus GBWmax is 330 MHz. 


TABLE 4-4 
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Example 4-7 
A dipolar transistor is used once again to construct an amplifier with GBW > 20 
MHz (PM ~ 70°) for a source resistance of 600 2 (see Example 4-5), For optimum 
gain, an active load is used. What minimum current is required? 

The transistor parameters are the same as those used for the examples above, 
‘They are summarized in Table 4-3. 


Solution. Assume again that the Miller effect is the dominant factor. We also know 
that the GBWnax is well above the required 20 MHz. What about the current and, 
especially, the nondominant pole? 

For 70° phase margin, the nondominant pole must be at about 3- GBW, or 60 
MHz. We will need pole splitting to achieve this. This will determine the minimum 
current. 

Fig. 4-17a shows that pole splitting starts at the value of gn- given by 
Eq. (4-470), which is about 2.1 mS. For stability the minimum value of gp is 
‘Gms given by Eq. (4-49). which is 46.2 mS. At that point, the gain g,, Rj, = 1848, 
fa = 72 kHz, and fy = 396 MHz. The GBW is 132 MHz, much more than 
needed. The current is fee * 1.2 mA. 

Note that the required current is much smaller than that of a MOST, which was 
21 mA. 

A SPICE input file is again given in Table 4-4. 

It can thus be concluded that higher values of GBW can be realized with bipolar 
transistors than with MOSTS. This is a result of larger values of g, for « particular 
current. This conclusion is only valid if the Miller capacitance dominates. 


INPUT FILE FOR SPICE FOR THE SINGLE-TRANSISTOR WIDE-BAND 
MOST AMPLIFIER OF EXAMPLE 7 IN SEC. 4-2-3. 


# Ex.4=7 (TEMPERATURE = 27.000 DEG Cc) 
* CIRCUIT DESCRIPTION 

Qi 210NeNT 

1B 421.2 

vpp 40Dc5 

VIN 30 Dc 0.785 ac 1 

cL 2010P 

RL 2.0 100K 

Rs 31600 

:MODEL NENT NPN BF=100 R==200 
* CONTROL caRDS 

:AC DEC 10 10K 100 MEG 

[PRINT AC VDB (2) VP(2) 

“PLOT AC VDB(2) VP(2) 

{:MIDTA OUT = 75 

END 


0.2 CE=2? CIC=2P VAE=50 


425 
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Input Impedance 


‘The input impedance is of particular importance because we know that input current 
can flow in a bipolar transistor. As a result, the input impedance can be expected to 
be much smaller than in a MOST. It is analyzed by use of Eq. (4-42). The pole-zero 


position plot of Zin in function of gq is easily derived as shown in 
dominant pole is given by 


1 
fax DABRC, 


It is dominated by Miller capacitance gm Rj.Cy. W 
time constant BRC, (see Table 4-3). It is independent of gm. 
The dominant zero is approximated by 


l 
* Bear RL Cn 


fa 


(451) 


which depends on ga; 1.32 MHz for gq, = 10 mS. Note that the zero coincides 
with the pole at a value of gq, Where rg = rz (given by B/gn)- 

‘The nondominant pole and nondominant zero cancel each other such that both the 
numerator and denominator are always of first order in complex frequency s. 

‘The corresponding Bode diagram is given in Fig. 4-18. At low frequencies, the 
input resistance equals r, +r, the value of which depends on g».- At high frequencies, 
however, all curves coincide at the ratio f-1/f-r with a value rg. 

For sake of completeness, the phase characteristic is given as well (Fig. 4-18c). 
A single-pole, single-zero system always has a minimum in phase at the frequency 
Sa = Jf Fas indicated in Fig. 4-18 for gq = 100 mS. The values of fers fis 
and fy are 26 kHz, 132 kHz, and 59 kHz, respectively. 

A better known way to display the inpu: impedance Zia is the polar diagram. The 
imaginary part of Zig is then plotted versus its real part It is possible to show that this 
plot always yields a half circle (see exercises). Such circles are given in Fig, 4-18d 
for several values of ga, and in Fig. 4-18¢ for gq = 100 mS. Therefore, the polar 
diagram is also called the circle diagram. 

‘At very low frequencies, the imaginary point at which the input resistance is r-Hra 
is zero. At very high frequencies, the real axis is reached again, but now at a value 
rrp. The diameter of the circle thus equals r. The larger the current, the larger the g»» 
and the smaller the circle. 

‘The bottom point of the circle is f.:. A straight line between the bottom point and 
the origin provides all points of equal phase, and thus crosses the circle at f, (see 
Fig. 4-18e). The point of maximum phase (or tangent to the circle) is. fm. 

The circle diagram is well-known because it allows easy extraction of the most 
important bipolar transistor parameters. Knowledge of the current yields gm. From 
the diameter, rz and fac is extracted. Frequency fy is the same as fa, i. the 
bottom point of the circle. Frequency fr is the product Bac fs. From this, the value 
of (C- + C,) is easily extracted. Care must be taken, however, not to use the data 
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{@) Pole zero position plot of Zn with gm as variable. (b) Bode diagrams of Zy with gm as variable 
‘and magnitude |p|. (c) Phase. 
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FIGURE 4-18 (cont'd) (0) Circle diagram of Zn; and (e) circle diagram of Zp for gn = 100 mS. 
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points beyond frequency fy (see Fig. 4-18¢). From that frequency on. the experimental 
data points tend to go toward the origin, rather than to ry on the real axis. This is a 
result of the distributed character of rq over both junction capacitances, Frequency, fy 
can thus be used as an upper limit of validity of the simple hybrid-7 model presented 
(Getreu 1976). 

Similarly, all three diagrams for the gain Ay, the input impedance Zig. and the 
‘output impedance Zoy can be evaluated for all circuit parameters (Ry. Rr. Px. C. 
Cys Coy and gm) 28 variables. This gives rise to 21 diagrams for a bipolar transistor, 
single-transistor amplifier stage. 

In this amplifier stage, the emitter is taken as a reference (or small 
‘Therefore, this transistor is connected in a so-called common-emitter configuration. 
However, the same transistor can also be used with its collector connected to the 
reference (common-collector configuration), or with its base connected to the reference 
(common-base configuration). This gives rise to an additional 42 diagrams. Not all 
the diagrams are independent and not all are equally important. We will discuss only 
a few of them in detail, but will use others in the exercises. 

In the common-collector configuration, the transistor is used as an emitter follower. 
This latter term is more common among designers. On the other hand, a more common 
name for a bipolar transistor in the common-gate configuration is a cascode transistor 
We will discuss this nomenclature in Secs, 4-3 and 4-4. 

‘As with a bipolar transistor, a MOS transistor (or JFET) can be connected with 
its drain to the reference (common-drain or source follower), or with its gate to 
the reference (common-gate or cascode configuration). They give rise to another 36 
diagrams (r, is not present), Many of the diagrams are similar to those of a bipolar 
transistor. We will study some in more detail because they will help us understand 
the role of each different configuration and each transistor parameter. 


ground) 


4-3 SOURCE AND EMITTER FOLLOWERS 


In the previous section, a MOST has been applied in a common-source configuration, 
in order to generate gain and bandwidth. However, gain is not the only function to 
be realized. Quite often an impedance must be transformed of, converted. Both types 
of impedance conversion occur: from high to low and vice-versa.“ this section the 
impedance down converter stage is analyzed. Its goal is to provide buffering between 
input and output node. The ideal model of such a converter simply consists of an 
isolated input node (see Fig. 4-192), followed by a voltage generator with unity gain. 
It.is ideal because the gain is unity, the input impedance is infinity, and the output 
impedance zero. 

In order to illustrate the converter’s buffering capability, it is included in the first- 
order circuit of Fig. 4-195. The cutoff frequency of this circuit is determined by time 
constant RiyCz. After the ideal buffer is inserted (see Fig. 4-19c), the time constant 
has become zero, which extends the frequency performance of that circuit to infinity 

We will now examine how a source (emitter) follower can be an ideal buffer, For 
the discussion the same models and analysis techniques are used as in the previous 
section. We start with the source follower. 
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FIGURE 4-19 Model of ideal bulfer (a) first-order cir 


(b) without butter; (c) with butter 


4-3-1. Source Followers 


‘The configuration of the source follower is shown in Fig. 4-20a and 4-206, Both are 
common-drain configurations because the drain is connected to the positive power 
supply, which is ground for small signals. The input is at the gate and the output at 
the source. The transistor is biased at current fy by a current source with high, but 
finite, output resistance Rr. The load is represented by capacitance C,., 

‘The substrate can be connected to the source (Fig. 4-20a) or to DC ground 
(Fig, 4-200), ‘The first configuration is only possible for an nMOST in a p-well 
CMOS process and for a pMOST in an n-well CMOS process, The first configuration 
is easier to analyze and therefore is discussed first. 

Normally, the DC input voltage Viy is provided by the previous circuit. It is also 
possible to bias the gate by means of resistors (see Fig, 4-204), although this is more 
common for discrete circuits. Note that the output voltage is always at a lower DC 
voltage than its input. This circuit can also be used for DC level shifting. Therefor 
‘we will examine this function before we explore gain, input, and output impedance, 


DC Level Shift The DC level shift from input to output is easy to calculate from 
first-order transistor characteristics. It is the Ves of transistor T1, operating at current 


FIGURE 4-20 (a) Source follower with zero Vag and (b) source follower. 
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FIGURE 4-21 
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Ip, Tis given by (Fig. 4-204 


= Veen in 1-52) 
is Vour = Vow igre (4-52) 
This value can be set at any specific value larger than Vjy, by setting the aspect 
ratio W/L and K’, after the current /r has been selected, 
‘When the bulk is connected to ground (Fig. 4-20h). the transistor has a bulk-source 
polarization Vas, which equals Vour. It increases the value of Vy (see Chap. 1), The 
DC level shift is derived in Eq, (1-314), then is given by 


Viv — Vour = Vio ty ( V2 Your ~ V20r 


where y is the bulk polarization factor, and 24) 0.6 V. is In this ease, the DC 
level shift is larger, and also depends on the actual value of the output voltage. ‘The 
DC output voltage is now a nonlinear function of the DC input voltage. 

In both cases, the DC output voltage ay plotted versus W/L in Fig. 4-21 for 
Tr = 250 pA, Vro LV. K’ = 30 MA/V?, 2¢¢ 0.6 V and y 0.86 VV 
where Viy = 8 V. For small values of W/L, the DC level shift becomes too large to 
be accommodated by the input voltage, The current source does not have sufficient 
output voltage to be operational, In this area the curve is denoted by a cashed line in 


Fig. 4-21. 


Output voltage of source follower for Vi, = 8 V and variable W/L 
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FIGURE 4-22 
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‘As we can see, the source follower is an attractive level shifter. All DC voltages 
can be reached with easy control by means of W/L. It plays an important role in 
BICMOS for exactly this reason. 


Low-Frequency Impedance Conversion For small-signal analysis, the transistor 
‘must be replaced by its small-signal equivalent, as shown in Fig. 4-22a, which can 
be further simplified to the circuit of Fig. 4 

‘At low frequencies, all capacitances can be omitted, which leads to near ideal 
buffering performance: the input resistance is infinitely high. Including a large source 
resistance, does not make any difference. 

‘The small-signal gain is always smaller than unity, however, but very close to 
unity as explained in Sec. 1-1. The output at the source “follows” the input. This 
is the origin of the name source follower. When the bulk is connected to ground, 
however, the parasitic JFET becomes active. The gain is considerably lower than 
unity, as given by Eq. (1-32) in See. 1-1. 

‘At the output, the output resistance of the transistor rips is put in parallel with the 
‘output resistance of the current source and the gm and gmp Current generators (sec 
Fig. 4-22a). As a result, 


1 
Ro = —————_—_- a 
Sn + Smb + W/ros + 1/Rr 


53h) 


(a) Smait-signal equivalent circuit of source follower. (b) Simplified circuit 


Rs Coe ——* 
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For example, for rps = 50 k2, Ry = | MQ, and gn = 0.5 mS. 
is Roy = 0.58 kQ. Although this is not zero, it is quite low. Thus, a resistive down 
conversion is realized from infinity down to 0.58 k®. IF the bulk is connected to the 
SOUTCE, gmp drops out of Eq. (4-54), sind Rog slightly increases to about 1k. 

The importance of this impedance conversion can now be illustrated by adding a 
load capacitance of C,, = 10 pF. This value could represent a clock line over a certain 
distance on chip. For a source resistance of Rs = 50 kQ. this capacitance would cut 
off all frequencies above 2C; Rs)~! or 0.3 MHz, With the impedance converter 
with Roy = 0.58 kQ, the cutoff frequency is increased to (22 C; Ruy) !. or 16 MHz. 


mcitances allows. prediction of the 
Signal 
rations 


High Frequency Gain Inclusion of the 
values of gain, and input and output impedances at high frequencies. The so 
equivalent circuit of Fig. 4-224 is used. This model is valid for both config 
in Figs. 4-20¢ and b, Only the values of Cys are slightly larger when the substrate 
is connected to ground. Indeed, the parasitic JFET value of Ce;y is then added to it, 
Load capacitance C,, can be added to Cys also, since both are connected between 
output and small-signal ground. 

The transfer characteristic of this circuit (see Fig, 4-22) is of second order (three 
capacitances in a loop). The gain characteristic is analyzed first 


14 (Cas 2 + 8G] + (B) E 


in which C? is given by Eq. (4-195), using Cj. instead of Cps. To simplify the 
analysis the gain is assumed to be unity at low frequencies. 

The pole-zero position plot of this expression versus g,, is given in Fig. 4 
actual Bode diagram of |Ay| is shown in Fig. 4-23. 

The expression of the dominant pole is given by 


23a. The 


fou ; (4-35) 


VL) (Cas +Chs f 
lie 1s 5h) 
(a) (Fae*) oe 


in which f is already given in Table 4-1, For g,, = I mS, the value of gy, = 3.3 mS. 
‘The expression of the nondominant pole is given by 


with, 
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FIGURE 4-23 (a) Pole zero position plot of Av(gm); and (b) Bode diagram for a source follower. 
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fue (4-560) 


with, 
2a Rs! 


For values of gq smaller than gm, fa equals f,x. which is 7.9 MHz (C? = 
66.5 pF*). 

It is interesting to note, however, that the lines of the poles cross each other. The 
enclosed area is denoted by hatch marks in Fig. 4-23a, Since the nondominant pole 
cannot occur at frequency values lower than the dominant pole, something is wrong 
with the approximations. The reason is that for values of gn, (which correspond with 
the hatched area), two complex poles occur at the frequencies represented by the thick 
line connecting the extremes of the hatched area 

Complex poles lead to peaking, and thus must be avoided. Peaking is maximum in 
the middle at gm = gm-(3.3 mS), but starts at the bottom of the hatched area at gn) 
and continues up to its top at gq:, (calculated as in the example of App. 4-1), The 
ratio of Sm: (13.3 MS) t0 2m» (0.8 mS) is easily calculated to be 


(4-57) 


with, (4-575) 


this ratio depends on the loud 


Ratio gnr/Sms equals 16 in the ¢ 
ing capacitance Cyg. This ratio 


capacitance Cys and Cqs, as well as on compen: 
can never be made smaller than or equal to unity. 

‘The hatched area is minimum as soon as Cg is larger than Cyg), or 3 pF in this 
example. Note, however, that Cog is actually all the capacitance from the gate to 
ground, forming a lowpass filter at the input with time constant RsCpc. This lowpass 
filter is required to avoid peaking. 

Note that there is one zero proportional to g,. It is not positive, however, itis 
negative. A single-pole characteristic can be obtained at the value of gn, where this 
zero cancels the nondominant pole. The approximate value of gq, is given by 


(4-580) 


(see Fig. 4-232). 
“Its value is 0.2 mS. Att 
is given by 


value of gq and for Cog = Cpgr. the cutoff frequency 


1 
ls = sa 4-58) 
Ser= Rs Gps) aie 


Its value equals 9.6 MHz (for Cog = 1 pF) and 8.1 MHz (for Cog =3 pF). 
This value Of gnu can be realized easily at low currents. For large values of Rs. 
impractical. The transconductance cannot be lowered to that level. 
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because the current becomes very small, as well. Take, for example, Rs = 50 MQ. 
‘Then, gw < 20 nS, which is obtained for currents around 1 nA. With a low value of 
drain current, current is insufficient to charge and discharge capacitance Cy (including, 
C.), resulting in slew rate distortion, Thus larger currents are taken, In order to avoid 
peaking under these conditions, capacitance Cpg must be increased. It then functions 
fas a compensation capacitance, or as an input filter, as already explained 

The time constant in Eq. (4-58) is obviously RsCps. It is the dominant time 
constant because Cp, includes the large load capacitance. This dominant pole value 
is the same as if the ouiput capacitance C/,; were connected directly to the source 
resistance Rs, without an intervening transistor. In other words, the transistor, which 
should buffer output from input, merely causes peaking if we try to increase the 
bandwidth. The main culprit is, of course, the presence of Ces. which directly connects 
‘output to input, We use capacitance Cyg. however. to stabilize (or compensate) this 
stage, even for values of gq larger than giux 

For very large values of gm, two single poles occur (see Fig. 4-232), the second 
of which always is closely followed by the zero. All values of go, can now be used 
for peaking without danger 

It can be concluded that the addition of input capacitance to Cpg stabilizes the 
source follower. It decreases the value of the dominant pole such that only one critical 
value of gy is left. The minimum v is given by Eq. (4-S7h). The critical 
Value of gn). which is better avoided, is 


Example 4-8 
Let us desi 
its minimum W/L. 

We use as parameters the 
count the dependence of Ces and Cog with W/L, we take Cos 
and Cg = Cos/4. 


n a source follower for a load capacitance of C,, = 100 pF. What is 
and/or drain current Js? What bandwidth is then achieved? 
alues of Table 4-1. However, in order to take into ae: 
0.01 x W/L pF 


Solution. We will need a large current to drive 100 pF. Thus, the transistor 
have a large value of W/L. The critical value of gn is taken from Eq. (4-55) 
and can be expressed a8 gm, ~ [2/(W/L)]S if Ces < 100 pF. On the other 
hand, the minimum value of Cog is given by Eq. (4-57b) and can be expressed 
a8 Cpr © Cos = 0.01 W/L pF again, if Ces < 100 pF. An optimization could 
be carried out, but a good compromise for a designer is W/L * 200. This yields 
Snr © LO mS. Let us take twice ger OF Ze = 20 mS. The compensation capacitance 
is Cog: = 2 pF. Thus it will cost us a large area to allow this large current, either 
in transistor size or in capacitor size! The bandwidth is determined by fis, which 
is a result of the 100 pF toad. seeing 1/gq (or 50 @) at the output node. Thus it is 
about 32 MHz. 

Decreasing W/L will decrease the current, but will increase the compensation 
‘capacitance and will decrease the bandwidth. 
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Input Impedance The expression of input impedance of the source follower 
ig. 4-22) is given by (if gmrps > = 


in which fos is given in Table 4-1 
Obviously, the input impedance is capacitive. At low frequencies, the input capaci- 
tance is about Cpg. Capacitance Cs is bootstrapped out because of the large value of 
‘8nPps (50 in the example). If a really high input impedance or low input capacitance 
is required, then Cpg must be reduced to below Ces/gmrps (@ mere 0.06 pF). 
Athigher frequencies one pole and one zero are included: these nearly cancel each 
other. 


Output Impedance The expression of the output impedance is derived from 
Fig. 4-20b with C, = 0, and is given by 


1 


Zag = \ - 
& |i [0 + =) (S) $225 + RsCoa] 2+ @) 
ros) en) * &n J 


(4-60) 
If gms > 1. Frequency f.13 is given in Table 4-1. The low-frequency value (see 
Eq. (4-53) has been reduced to gq for simplicity. 

‘Note that the poles are the same as the gain, given by Eq, (4-54). The pole-zero 
position plot versus gm, and the Bode diagram of |Z..| are studied in the exercises. 
‘The only important result is that values of gq» around gn, (given by Eq. (4-555) 
should once again be avoided. 

There are several other characteristics that should be studied, For example, capaci- 
tance Cg is the input node capacitance of the source follower. In order to investigate 
how well the source follower can screen the effect of this input node capacitance. 
the output impedance could be examined with Cog as a variable. Also, in order to 
investigate to what extent the source follower is able to convert high input resistances 
into the low output resistance of 1/ger. |Zoue) could be plotted for different values of 
Rg. These plots are considered in the exercises. 

The conclusion always holds that the main advantage of the MOST source follower 
is the reduction of the impedaince from oo t0 1/gm up to fs, a high frequency indeed. 
To avoid peaking, a relation exists between Rs, gq, and the capacitances. AS a result, 
a minimum value is required for gq, which is g..-. A minimum value, especially, 
required for input capacitance Cog. 

‘After source followers, the emitter followers are discussed in order to see how 
closely they can realize ideal buffering, compared to their MOST equivalents. 
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4-3-2. Emitter Followers 


FIGURE 4-24 


‘The emitter follower configurations, with an npn transistor and a pnp transistor, are 
shown in Figs. 4-24a and 4-24h. They are biased by a current source with output 
resistance Jy. The load is represented by capacitance C,. 

The DC level shifting possible with a bipolar transistor is much less useful than 
that of a MOST. In fact, the voltage drop between input and output is simply given 
by its Vae, which is always about 0.7 V. Hence, several emitter followers must be 
used in series if a larger DC shift is to be realized. 


Low-Frequency Impedance Conversion In order to calculate the gain, and the 
input and output resistance at low frequencies, the small-signal equivalent circuit 
as represented in Fig, 4-25a is used. It can be further simplified to that shown in 
Fig. 4-256. At low frequencies all capacitances can be omitted. 

‘The main difference between the bipolar transistor and the MOST source follower 
is that the input resistance is not infinity, but has a much lower value. This is evident 
because of the presence of r at the input node (in Fig. 4-25b). At low frequencies, 
itis given by 


Rg =a tts + (B+ Dr, (4-614) 


in which 


I Rr. By far the largest contribution is 


ven by fri. For example, 
high, but not infinity, 


(4-61b) 


(a) Emitter follower with npn transistor. (b) Emitter follower witn pnp transistor. 


(@) o 


FIGURE 4-25 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 301 


Yn 


o 
(a) Smalt-signal equivalent circuit of emitter follower. (b) Simpitied circu. 


in which the effect of rp is usually negligible. In the Example with Rs = 1 k& and 
200 2, Row = 112 2. 
The output resistance is linearly proportional to the source resistance. The input 
resistance can thus be “seen” from the output terminal. The buffering capability of the 
‘emitter follower is rather limited. The MOST source follower is much better in this 
respect because the output resistance is only 1/gm whatever the value of the source 
resistance. 

The gain of the emitter follower is readily calculated from the diagram of 
Fig, 2-25a, and is given by 


- 


(461e) 


which is only slightly less than unity (for ga = 10 mS, A.o = 0.9975). Note that the 
gain depends on the source resistance through Row: 


High Frequency Performance In order to evaluate the high-frequency perfor 
mance of the emitter follower, all capacitances must be included in the small-signal 
equivalent circuits (see Fig. 4-25a and Fig. 4-256). Note that the collector-substrate 
capacitance is short-circuited, but load capacitance C;, is present. Also, resistance ry 
is omitted, because it plays only a minor role in an emitter follower. Additional input 
capacitance can be added, by grouping it together with C,, 
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can then be 


‘The expression of the ¢ “das 


Rs-+rp and C? =C.C, + CC $C, C1. 
‘Three approximations have been made to derive Eq. (4-62): 
1 The low frequency gain equals unity: Ay =1 
2 gmt, > 1 (mf, = 400 in the example) 
3 REX Br, (Ry =1.2 kQ and Br, = 4 MQ) 


‘The last approximation is a result of the requirement that an emitter follower can 
never be current driven. but always voltage driven. As a result, Rs < Rin 

‘The gain A, will now be examined, using ¢q as a variable. The poles and zero 
can be derived from Eq. (4-62). Note that the value of C depends on gm, as well. 
Also, the value of Ris assumed to be smaller than r, and even smaller than 7x. The 
pole-zero position plot has been derived as a prototype calculation in App. 4-1. We 
discuss the most important results here. The curves are similar to those of a MOST 
source follower given in Fig. 4-230 and 4-23h. so are not repeated. (See App. 4-1.) 

‘Again, two complex poles occur around the value Of gm = Smr- This value is taken 
from App. 4-1, and is given by 


1 Ce te 
= (x) (eae) — 


In the example its value is gq, =8 mS. For this value severe peaking occurs, so we 
will not use 

Note that Eq. (4-63) corresponds with Eq. (4-556) for a MOST. The same conclu- 
sion thus can be drawn here as was drawn for a MOST. A minimum value of C,, is 
necessary to avoid peaking. This value is given by 


Gee 


(4-630) 
Get Cn 8) 


Again, the effect of C,, is such that a lowpass filter is present at the input. For instance, 
input capacitance can be added in order to increase C,. In this example, Cy, must be 
increased to 3.75 pF. 

The resulting bandwidth is given by 


— (4-630) 
Baer + RsCy) 


fa 


in which the inpet time constant is dominant, as if no emitter follower were present. 
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Example 4-9 
Let us design an emitter follower with the same load as that of the MOST in 
Example 4-8, The source resistor Rs = 20 k®. The load capacitance C;, = 100 pF 
What is its minimum drain current fe? What bandwidth can now be achieved? 

‘We use as parameters the values of Table 4-3, which correspond to & minimum 
size bipolar transistor. 


Solution. The critical value of gy, is given by Eq. (4-63a) and is now 3.5 mS. 
Thus only a current larger than 91 j.A current is required. However, the minimum 
value of C,. is given by Eq, (4-63h) and equals about C,- oF 6 pF. This is a large 
value of compensation capacitance, indeed. The bandwidth is given in Eq, (4-630) 
and equals about 5 MHz. This is much lower than what could be obtained with the 
MOST (32 MH7). It is a result of the lurge input capacitance of 6 pF, Decreasing 
this capacitance will increase the ringing, however. Thus there is no other choice 


Input Impedance The expression of the input impedance is calculated for the 
equivalent circuit of Fig. 4-250. It is given by 


(ee 


(4-64) 


TH [a (Cr + eariO,) HHCiLe tance 


in which Rj, is given by Eq. (4-614). For this derivation it is assumed that gr) > 1 
Note that this expression has the same denominator as Eq. (4-42), in the section on 
amplifier stages. However, the load Ry is replaced by the current source resistance 1, 
(roll Rr) 

‘The most important variable for Zia is parameter Cr 
emitter follower allows a resistance to be seen through. This lack of bufferin 
bility can be found easily at higher frequencies, as well. The characteristics are similar 
to those of a MOST, so we will use them in the exercises. 


We already know that an 
capa 


Output Impedance From the equivalent circuit of Fig, 4-25h, the expression of 
the output impedance is readily calculated. It is given by 


Lt (Rute + Cus 
RUN Guiana laaakieas 
(143) Pome see = 


w= Row 


(4-65) 
in which Rog: is given by Eq. (4-61) and the denotations and approximations used are 
the same as those used for A,, given in Eq, (4-62) 

‘As expected from previous analyses, the expressions of Zju and Ay have the same 
denominators, hence the same poles. The zero is different, however. In order to learn 
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about the buffering capabilities of an emitter follower, it is useful to study the influence 
of gms Rsvand Cy on Zou. Only the first two are discussed here, 

For the analysis of Zo with gy, a8 a variable, Ry is assumed to be smaller than 7, 

and ry. In this example, 5 = 1.2 k®. Thus the assumption is quite acceptable, The 
positions of the poles and zero, with g,, as a variable, are shown in Fig, 4-26a and 
4:26h. 
The poles are on the same locations as those for Ay in Fig. Ad-1 (in App. 4-1). 
Thus, peaking occurs at gq = Snr. as given by Bq, (4-63). The zero, however, is at 
a much lower frequency. As a result, for high values of gq), the output impedance is 
inductive. The limiting value of g,,, above which this inductance appears, is the value 
of gm where the zero cancels the dominant pole, This value is given by 


fF Cet Cr 
ini = 7 — (4-66) 
é 4 (x) ler ra) 


which is 1.8 mS, in this example, 

Ifthe value of C,, is increased to reduce the size of the hatched region in Pig, 4-26a 
as much as possible, this condition comes closer t0 gnu ® 1/Ro. 

‘Together, the source resistance and base resistance determine at what value Of 
(or current) the output impedance is inductive or capacitive. 

The output impedance is purely resistive for gm = smu Even for Ry = 0, some 
base resistance is left such that only low values of currents result. For example, if 
Ry = 0 and ry = 200 &, the required current is 25 mV/200 @ = 0.13 mA. 

‘The value of Zia: is also examined, with the source resistance Ras a variable, 
Indeed we would like to know how efficient the emitter follower can be to buffer a 
high source resistance Rj at high frequencies. Now Rj can be larger than 'y. The 
value of Rf is always assumed to be smaller than r, however, ‘The positions of the 
poles and zero are shown in Fig, 4:27a. The magnitude of Zoy, Or |Z-u| is shown in 
Fig, 4-27b, 

‘o: very small and very large values of Rs, the output impedance is always capa 
itive, However, for values of R somewhat smaller than AR, the output impedance 
becomes inductive again. ‘The value of Rs, is given by 


(4-67) 


which is 600 @ in the example. Hence, BR, = 60 kQ. For values of ®'; around 600 
8, complex poles appear. 

As before, this region of complex poles can be reduced by increasing C,, or the input 
capacitance of the emitter follower; this is done at the cost of bandwidth, however. 

‘Thus it can be concluded that an emitter follower has much less buffering capability 
than its MOST counterpart. This is a clear message for BICMOS designers. For certain 
combinations of source resistance Rs and gm, peaking and ringing can occur. In order 
to avoid this, a minimum value of 8m. i.e. 8mr of Eq. (4-556), should be used. 
‘Moreover, a lowpass filter must precede the follower. 


FIGURE 4-26 
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(a) Pole zero position plot of Zou (9m): 


10M 1G loch: F 
(0) 


‘and (b) Bode diagram for an emitter follower. 
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FIGURE 4-27 (a) Pole zero position plot of Zax (Fi); and (b) Bode diagram of an emitter follower. 
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We will conclude this section on source and emitter followers by investigating theit 
- noise performance. 


4-3-3. Noise Performance 
Only the noise behavior of the emitter follower given in Fig, 4-28a is analyzed. It is 
very similar to that of a source follower but not repeated here._ 

The noise voltage of the source resistor Rs is given by di. The two equivalent 
and diz. The output noise 


input noise sources of the transistor are denoted by du} 
current of current source /y is given by di}. Moreover, an amplifying stage is added 
with gain A. Its equivalent input noise sources are denoted by dv} and dia. 

All noise sources, except that of Rs, can now be joined into a total equivalent 
input noise voltage source dv?, as shown in Fig. 4-284, Its value can be found by 
equation of the total output noise of the circuit in Fig. 4-280 to the total output noise 
of the circuit of Fig. 2-28h. This yields 


Sorat 1 (dij) +7 
ae +a A+ (Rs - — hee 


8m 


(4-08) 


assuming that Rs < BRr. 
For low values of Rs and high values of gq. only the first two terms of the 


right-hand side are important. 


FIGURE 4-28 (a) Emitter follower with noise sources and noisy post ampiier, and (b) Equivalent input noise 
source of emitter follower. 
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ives the ratio of the equivalent input noise dv; to 
is then given by 


The excess noise factor, which 
that of the first input transistor dv; 


(4-69) 


It can be concluded that the equivalent input noise of the emitter follower of the fact 
that the emitter follower only provides gain of unity and hence does not reject the 
noise of the next stage. For low noise applications, both the emitter follower itself 
and the riext amplifier must be designed for low noise. 

Followers are impedance-down converters. Let us now discuss impedance-up con- 
verters, or cascodes, 


4-4 CASCODE TRANSISTORS 


In this section the impedance-up converter stage is analyzed. ‘This stage provides 
buffering between an input and an output node. The ideal model of such a converter 
consists of a short-circuited input node (see Fig. 4-29) followed by a current gen 
‘with unity gain. It is ideal because the gain is unity, the input impedance is zero, and 
the output impedance infinity. 

We will now examine how a cascode configuration can be an ideal buffer, For this 
analysis, we will use the same models and analysis techniques as before. We start 
with the MOST 


4-4-1 MOST Cascode 


FIGURE 4-23 


Cascode configurations are shown in Fig. 4-30. Both are common-gate configurations 
because the gate is connected to a positive reference voltage Vig, which is ground 
for small signals. Normally it is derived from the positive power supply voltage by 
means of resistors, which are represented by an equivalent series resistor Rg. 

‘The input is at the source and the output at the drain, The tr 
current fy by a current source with high, but finite, output resistance Rr. The load 
is represented by capacitance Cz. 

The substrate can be connected to the source (Fig. 4-30a) or to DC ground 
(Fig. 4-305), in exactly the same way as in a source follower configuration. 


DC Condi 
current through the transistor is determined by current source /iy, which also flows 


inp Pw 


Mode! of ideal butter Sa 


FIGURE 4-30 


FIGURE 4-31 
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‘nMOST cascode with bulk (a) to source (b) to ground 


through the output resistor Xz. As a result, the output voltage is determined by the 
voltage drop across Ry, as given by Eq, (4-3). The DC voltage att the source follows 
the biasing voltage Vea as for a source follower. Thus, the DC voltage drop between 
‘gate and source is also given by Eq, (4-52). In this way, the DC currents and voltages 
are all known. 


Low Frequency Analysis To study the low-frequency performance of the 
code, let us consider its small-signal equivatent circuit illustrated in Fig. 4-31. At low 
frequencies all capacitances can be omitted. We now must verify whether the current 
gain is unity, the input resistance is small, and the output resistance large. Let us start 
with the current gain, 


‘Small-signal equivalent circuit of cascode. 
Eo 
i + 
il 


Coy 


Cos 
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On first sight the current gain is unity, because all current pulled from the soure 
must come out of the load resistor. However, close inspection of the small-sige: 
sent that shunt the current 
lysis is required (Abidi 


circuit in Fig, 4-31 shows that two resistances are pi 
generators gnVes and fq. They are rps and Rr 
1990), 

Application of Kirchhoft's laws allows us to write the output current gy, as 
function of the input current ‘jg. This ratio is the current gain A;. ‘The ouiput voltag 
Youts AS function of the input current ja, iy then the transresistance A, = Ay» Ry 
‘The current gain A, is given by 


detailed an: 


4, = = Rrlenros +0) 


4.70) 
jin Ri + Rel Cosihy 


rps +) rps 


in which Rr(gmroy + 1) +r ps in the denominator is a very large resistance (denoted 
by Rye). This expression iy plotted in Fig, 4-320 and shows that for all values of Ry 
smaller than Reo, the current gain A, is unity. The transresistance A, is plotted in 
Fig, 4-32b, It increases proportionally to Ry until Rz. is reached, at which point A, 
reaches constant maximura value of Ry 

Thus, for large gai 
than Ry, no extra gain is achieved, 

In order to gain some more insig 
calculate the current iy, flowing throdgh the transistor output resistance rps. This is 


wscode must hi 


© u large Ry. Once values are used higher 


ht into the operation of the cascode, let us also 


obtained from straightforward analysis and given by 
A Rp (gn Ry 1 a 
in Rr ) ain 
fin Ri Ri (Gnt'bs + 1) rvs 


also plotted in Fig, 4-32. This clearly shows that for large values of Ry, a large 
current flows through rps, which is provided by the gy vig. generator. [tis much larger 
than jj itself, This current will have an enormous effect on the input resistance Rin, 
calculated next. 

The input resistance Ry is given by 


a Ri(Ri + Fos) 


Ry = oO ee _ 
ig Ru Rr (gars + D+ ros 


(4-72a) 


which is also plotted in Fig. 4-32. It shows that for small load resistors, the input 
resistance is 1/g, as expected. However, for large load resistors, the input resistance 
increases and reaches a value as high as Rr, when R, = Rz.. At this point, the 
transistor itself exhibits an input resistance infinity such that the resistance at the 
source is determined by the input current source’s output resistance. This means that 
no buffering effect is obtained; the large load resistance is clearly visible at the source, 
through rps. Moreover, the input resistance is low (i.e., 1/2m) only when Ry, is low. 
‘This is the case only in some types of wide-band amplifiers. In operational amplifier 
type circuits, active loads are used. and hence Ry can be very large. 
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FIGURE 4-32 (a) Current ratios in a cascode: (b) resistance levels in a cascode. 
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The only characteristic left for discussion is the output resistance Ro. This re- 
sistance is the parallel combination of the load resistor Ry with the resistance at the 
drain looking into the transistor. This latter resistance is readily calculated to be Ri. 
‘The output resistance is thus A, as already seen in Fig. 4-32. An example will make 
this clear. 


Example 4-10 


Plot the curves of Fig. 4-32 for the nMOST of Table 4-1 with the addi 
information that rps = 60 kQ and 100 kQ. What are the values of the 
Ars Riny and Rou if Rp = 100 kQ? 


jonal 
in 


Solution. The critical value of Ry is Ry. Its value is obtained from Eq. (4-70) 
and is Rre = 6.16 MO. ‘much higher than 100 kQ. Hence, A, = 100 kQ as 
well. The curves are the ones shown in Fig. 4-32. For values of Ry, smaller than 
Ry. an approximate expression can be used for Rig. It is derived from Eq. (4~ 
by neglecting Ry, in the denominator and is given by 


Se a) & 


Since the second term is 2.66, Rm is 2.66 k®. Note that this expression shows 
the presence of 1/g,, more explicitly. It is a useful expression to remember when 
. Finally, the value of Rox is simply 100 k as well, 


designing cascod 


High Frequency Performance Now all capacitances must be included in 
Fig. 4-31. This gives us a system of third order. Thus it is not easy to evaluate, 
‘Therefore, we will simpiify the circuit before we attempt to analyze it. 

Resistance Re can be made small by addition of a large (external) capacita ice 
to ground at the gate of the cascode. If Rg = 0. capacitance Cp¢ can be added 
to Cy, which becomes C;, and Cgs becomes the input capacitance from source 
to ground. This is now a second-order system that can be analyzed with pole-zero 
position diagrams, as before. However, we will calculate the poles assuming that only 
one capacitance is present. We will later decide if we want to draw a full pole-zero 
position plot 

For capacitance C},, the pole is easy to calculate because the tinie constant is 
simply RoyeC;. The pole position plot with Ras variable is derived from Fig. 4-32b 
and is shown in Fig. 4-33. The larger the Ry , the smaller the pole frequency. Finally, 
note that the curves of Fig. 4-33 have been calculated for the numerical values of 
Example 4-10, with C; = 10 pF, Cos =4 pF, and Cps = 2.5 pF. 

Another pole easy to calculate is that associated with Ccs. This capacitance is 
connected from source to ground. Thus it generates a pole with Rig. Its position is 
‘again derived from Fig. 4-32b and is also shown in Fig. 4-33. It occurs at much higher 
frequencies than that of C, except for very low values of C;. Both poles coincide 


FIGURE 4-33 
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at the value of Ri,, which is denoted by Rzy and given by 


(4-20) 


At this value a complex pole pair occurs. It is a result of resonance between Cos 
and Ci, Therefore, this range is 10 be avoided, 

The pole due t0 Cos is more difficult to calculate. The easiest way to calculate 
the resistance is seen by Cys in Fig. 4-31 at low frequencies. This is rps in parallel 
with a resistance, which is easily calculated to be 1/gm (1+ Ri / Rr). The resulting 
pole positions are given in Fig, 4-33, The pole due to Cps is of the same order of 
‘magnitude as that of Cos. Together they form the nondominant pole for most values of 
Rus except around Rz,,, where both Cys and Ces contribute 10 the complex pole pair. 

Tt is clear from the pole-zero position plot of Fig. 4-33 that a dominant pole can 
be recognized for most values of Ry. This is not the case around Ry, where two 
complex poles occur, Therefore the full analysis with pole-zero position diagrams is 
not carried out. 


4-4-2 Bipolar Transistor Cascodes 


Substitution of the nMOST by an npn bipolar transistor in the cascode configuration 
of Fig, 4-30a gives us a bipolar transistor cascode, Rather than going through a full 
‘analysis again, we will limit the discussion to the differences between both. 
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The main difference with 2 MOST is that a bipolar transistor draws base current. 
‘The collector current thus is always 1/8 smaller than the emitter (input) current. The 
current gain of this cascode is never unity. This is an important disadvantage of the 
bipolar transistor cascode. 

Because of the base current, the base resistance is never negligible. It establishes 
a minimum value for resistance Rg in Fig. 4-30a. Also, this resistance can be seen 
at the emitter through r;. The input resistance thus will be even higher than with the 
MOST cascode. In very much the same way as the load resistor Ry. is visible through 
rps at the input, the base resistor Rg is now visible through r. The input resistance 
Rig can thus be derived from Eq. (2-24b) and Eq. (4-72), as given by 


heat (14+ . 473) 


‘Thus the input resistance can be even larger than with a MOST, depending on the 
actual value of base resistor Ro. 

‘At high frequencies the situation is much more complicated, The same small- 
signal equivalent circuit can be used (see Fig. 4-31). Remember, a resistance r, must 
be added in parallel with Cgs, now called C,. Also, Rg includes the base resistance 
rp. Since Re can never be omitted, we must always deal with a third-order system. 
Thus the analysis is cumbersome. Let us look for some simplifications 

Two capacitances are likely to dominate the high-frequency performance. They 
are the capacitances Cgs. now Cz, and the load capacitance C,. The time constant 
associated with Cy is easy to calculate. It is the product with Roy, or A,, which is 
A:Ry, where A, is given by Eq. (4-70). If Ry is made large (for large gain), then this 
time constant A;R_C, is most probably going to provide the dominant pole. 

The time constant associated with C, is not this easy to obtain. None of its terminals 
are connected to ground, making the analysis cumbersome. When we replace the input 
current source by a transistor, we will find other capacitances more important than 
Cy. This is discussed in Sec. 4-6, on the full cascod configurations, so we will not 
Iculate the pole associated with C; now. 

It can be concluded that for large values of Rz, the high frequency performance of 
the bipolar transistor cascode will be dominated by the output time constant in exactly 
the same way as for a MOST cascode. 


4-4-3. Noise Performance 


‘A cascode transistor is shown again in Eq. (4-34a), in which its equivalent input noise 
voltage is denoted by dvz. The noise voltage of Rg is denoted by dug. The question 
becomes what fraction of these noise sources reaches the output. The answer is zero, 
at least if load resistor Ry. is small. 

Indeed, the circuit functions as a source follower for the noise sources. The gate 
voltage, consisting of the noise voltages, appears unattenuated at the source. The 
current through the transistor, however, is not affected by the gate voltage. The current 
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is only determined by the cascode biasing and input current fy. Asa result, the output 
noise current id, caused by the noise voltage sources dv}. and dug, is zero. 

The zero output noise current is one of the most important advantages of the 
cascode transistor because it does not contribute noise to the output. It is unusual to 
be able to add a transistor to a circuit without deteriorating its noise performance. 
This is an exception. 

Unfortunately, this is only true if load resistance Ry is small. If we take imo 
account the finite output resistance Rp of the current source (see Fig. 4-344), and the 
drain-source resistor rps, we find as gain 


t 

Rit hi 
14 Ree Rr Frps 
Rue 


(4-74) 


This relation is sketched in Figure 4-34h, It shows that the above approximations 
are only valid for small R,.. Indeed, for most values of load resistance Ri(< Ry,), 
the input noise contributions uj, and dug are amplified by R./Rr, thus increasing 
with increasing Ry, 

With these considerations, we have finished the study of the single-transistor con: 
figurations. For more gain or more bandwidth, we need more transistors. We will 
see that all two- and more-transistor circuits are simple combinations of the single- 
transistor configurations studied up to now. Therefore, the reader must understand the 
preceding section before proceeding, 

Next, we will discuss two-transistor amplifier configurations, 
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FIGURE 4-34 


(a) Noise output of MOST cascode. (b) Gain of cascode transistor noise. 
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4-5 CMOS INVERTER STAGES 


In order to generate more gain, the product gq Ry, must increased. This can be done 
only by substituting Ry with a transistor. This is an active load. The simplest config- 
uration of an MOST amplifier with active load is shown in Fig. 4-35a. The pMOST 
aets as an active load. It is biased at some DC voltage V* between supply voltage 
Vp and ground. The bulk is shorted to the source for each transistor. As a result, 
we will not have problems with the body effect (factory), The output is inverted 
with respect to the input. Therefore, this is called an inverter stage. It is an 
important building block in digital electronics. In this text, however, we will examine 
its properties as an analog amplifier 

‘The most common way to provide V* is 
the input voltage source itself, as shown in Fig. 4-350. The output is inverted again, 
Thus this stage is called a CMOS inverter, as well 

First_ we will examine the DC operating conditions for the latter configuration, 
Similar stages with bipolar transistors rather than MOST are discussed later in 
Sec. 4-5-7. 


s to connect the gate of the pMOST to 


4-5-1 DC Analysis of CMOS Inverters 


FIGURE 4-35 


CMOST Inverter with Parallel Input This configuration is shown in Fig, 4-35), 
The Ips versus Vps characteristics for each transistor are shown in Figs, 4-36 and 
+b, For both transistors, the current is a positive flow from supply line 10 ground 
Also, both voltages are taken positive in the same direction, i.e., directed toward the 
positive supply Vip (see Fig. 4-35a), For the n MOST this is conventional, but for the 


(a) CMOS inverter with active load; (b) CMOS inverter with parallel input. 
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FIGURE 4-36 


“psp Yoo “ose 
® © 
lps versus Vos curves for (a) tha nMOST; the (b) MOST; and (c) the inverter 


pMOST, the current plotted is {spp Vosp points the other way. For both diagrams, 
the curves are indicated for values of Vs ranging from 0, 1, 2,...,5 V with a supply 
voltage Vpp = 5 V. 

To find the current in the inverter, the appropriate ips versus vps characterist 
must be compared. Since the current is always the same for both transistors, we must 
take the curves with the Vcs values indicated by Viy, in the points where 


Vasn = Vin 
Vesn = Voo — Vin 
Vos» + Vsop = Voo 
psn = Ispp (4-75) 
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In order to realize these equations in a graphic way, the Ips versus Vos curves 
are shown one on top of the other for the same value of Vix. This is repeated for 
the values of Viy = 0, 1,2,....5 V in Figs. 4-37. They are repeated in their final 
position in Fig, 4-36 

By inspection of Fig, 4-376, for Vi = 1 V, it is clear that the crosspoint of the 
curves for Vosn = 1 Vand Vesp = “4 V determines the current 2, This crosspoint 
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FIGURE 4-37 


Derivation of transfer curve of CMOS inverter. 
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also determines the values of Vis, and Vypp. It is labeled point 2 in both Fig, 4-37 
and 4-36c. This graphic way 10 find fy and the values of Vis, and Vip must be 
repeated for all values of Viy. 

‘Also, for any particular value of Viy, the output voltage is given by Vour = Vs» 
Itis plotted in Fig. 4-380. The corresponding currents Ip are plotted in Fig. 4-38h. 


Vix 

Vasu = 0 and the n MOST is off. prohibiting any current to flow: fy) = 0. However, 
Vscp = 5 ¥(= Vpp). The only possible crosspoint is at Voy, = 0 V (see Fig. 4-370) 
and Vspp = 5 V. Also, Vour = 5 V. This is point 1 in Fig. 4-374, Fig. 4-36c, and 
Fig. 4-38. 

Vin > Vent 

Vosn(= Vin) is larger than Vp, and current can start to flow. Vip, increases whereas 
Vsop and Vowrr decrease. This is point 2 in Fig. 4-37b. Fig. 4-36c, and Fig. 4-38. 


the Ips versus Vps curve of the nMOST keeps increasing, whereas the curve oF 
the pMOST continues to decrease. When Vig reaches 5 V, no Vscip is left and. the 
pMOST does not allow any current to flow, Again, the current Ip = 0. Vs, =0V 
and Vspp = 5 V. Thus, Vour =0. This is point 6. 


Somewhere between points 3 and 4, a maximum in current /»,, is reached (see 
Fig. 4-385). It is the point where the /ps versus Vs curves cross each other when 
their slopes are lowest (see. e.g., Figs. 4-37¢ and d), As a result, the values of Vy 
change rapidly in this region, Also, the curve of vour versus vy (Fig, 4-384) is quite 
steep in that region. 

The small-signal gain Ay is defined as dvour/duiy. which is the slope (or the 
derivative) of the vour/vy curve. This slope is given in Fig, 4-38c. Clearly, its 
maximum is in the same region where the current also reaches its maximum, This 
point is calculated in the next section 

Finally, note that the vour/viy characteristic (Fig, 4-384), called the DC transfer 
characteristic, displays a true inverter behavior indeed. IF ny is low. Your is hi 
and vice versa. For linear applications, however, only the steep middle region is used, 
where the gain is high. 

Let us now calculate the value of the maximum current. In the region of points 3 
and 4, the ips versus vps characteristics show that both transistors are in saturation 
(see Fig. 4-36c). For both transistors, the quadratic istic can be used. This 
yields for the nMOST and pMOST, respectively, 
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FIGURE 4-38 
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Elimination of ip yields a relation between vouy and yy that can be written as 


Kil +4) Vop) — 
Your = — So (4-TTa) 
- KAW/L)n (Vow ~ Vip = yi 
p oe (4-77) 
with KAW /L)y, ( vy = Vin a 


Both these relations are sketched in Fig, 4-39a, They are only valid if both tran: 
sistors are in saturation (if Vy > Vos — Ve) as shown in Fig, 4-39, ‘The region in 
the middle is the only region where both transistors operate in saturation, and thus 
is where a linear characteristic is obtained. The values of vouy ate centered around 
Vout, Which corresponds with Viyy,. The range over which Your can vary is limited 
by the threshold voltages Vj, and Vy 

We will carry out calculations only in this region, where both transistors are in 
saturation. For regions denoted by hatch marks in Fig. 4-39, only one transistor is in 
the saturation region, The other is in its linear region, Because the analytic evaluation 
is quite cumbersome, we have omitted it. 

If we want a symmetrical output swing, Vout must be halfway Vp. ke Voutm = 
Vop/2. Input voltage Vixn is calculated from Eq. (4-77) to be 


Vp = Vip 
Vim = = 4-780) 
Hs T4+KC ea 

KAW /L 
th iets 4-78) 
wit ye (4 i 2) (4-78) 
1+ AnVo/2 

and pe (4-780) 


T+ApVip/2 


‘The value of Kj is always close to unity, If Ven = |Vzp] aind Ay = dp 
then K/* 1. Also, if we design K;(W/L.)y = K,(W/L),, then KC = 1, and finally, 


ened Vi 
Vigan HOD Ve + Uru (4-78) 


which is about Vpp/2 (= 2.5 V). 
In this case, the maximum current pq, and the maximum yoltage gain Ay, are 
easily calculated, Indeed, the relationship Eq. (4-76a) can be rewritten as 


(2) (en) (ot 


tom (4-79) 
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FIGURE 4-39 (a) Derivation of operating region of CMOS inverter; (b) Operating region for high gain. 


Note that the requirement of the designer to make K/(W/L)y = Kj,(W/L)p leads 
to larger W/L ratios for the pMOST than for the »MOST, since 


QV /L)p _ tn 


W/Dn ~ tp (eo) 


which is normally a little more than a factor of two, but less than three. 


FIGURE 4-40 
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Before we carry out more calculations on gain, bandwidth, ete., let us have a look 
at the CMOS inverter with active load. We will see that its DC biasing is different, 
but that most of the conclusions on gain and bandwidth apply to both inverters 


CMOS Inverter with Active Load The current in the inverter with parallel 
input (see Fig. 4-35) is set by the supply voltage. as shown by Eq. (4-79). This is a 
disadvantage. It is not practical to modify the supply voltage when the current must 
be modified. Also, itis difficult to obtain low values of current in a reproducible way 
‘The supply voltage, then, must be equal to Vj + Vrp. This value is subject to large 
variations because of processing variations. For these reasons the current ean be set 
better by an independent biasing voltage V as shown in The pMOST 
transistor on top then behaves as an active load, 

In this inverter, additional circuitry must be added to determine the value of V 
The advantage is, however, that V* accurately determines Ves» hence current /). An 
additional requirement is that the value of Viy must be such that the MOST takes 
the same current /p, and Vour is in about the middle of the supply voltage Vp. 

In order to illustrate this point, the DC transfer characteristics are shown for several 
values of V+ in Fig, 4-40. It is clear that for a specific value of biasing voltage V 
a corresponding value of Viy is required if the transistor is to be biased in the region 
with maximum slope or gain. Moreover, only specific combinations of V* and Viy 
can be used that guarantee both transistors are kept in saturation 

How V* and its corresponding Vix can be derived to obtain a specific current fp. 
is the subject of Chap. 6. Now it is important to examine what values of gain and 
bandwidth can be realized for the several values of current Jy, 


Transfer curves of CMOS inverter with active load, for different V~ 
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4-5-2. Low Frequency Gain 


FIGURE 4-41 


In order to calculate the small-signal gain, the small-signal equivalent circuit is used 
at the maximum current I7yq (see Fig. 4-41). At this point, the maximum voltage gain 
‘Ayo is obtained, At low frequencies, all capacitances can be omitted. ‘The maximum 
gain Aygo is then given by 


Ban + Bmp 


(4-81a) 
8d5n + 8D5p 


Aveo = 


For small signals both transistors operate in parallel to provide small-signal gain. Since 
fm can be rewritten by use of Eq. (1-22) and gos = 1/ry by use of Eq, (1-240), this 
maximum gain is also given by 


= 
W/L) 
Kj QV/L), aan 
Tom 
if Ve = Veuln = Veplep. and Ki(W/L)y = K,(W/L)p- 
Substitution of Jom from Eq. (4-79) finally yieid 
2V 
no ——* (4-816) 


Vov/2— 
for small values of 2 or large values of Ve. 

Even if we cannot assume that VixL, = VrpLp, the error is not large. In 
Eq, (4-814), the dominant value of gps must be taken, i.e. the smaller value of 
Ve must be taken in Eq. (4-81c), or more accurately Vie = Ven, Vep/(Ven + Ve). 

For example, for Ve = 30 V. Vr = 0.8 V, Av = 60/1.7 = 35.3. Also, Lom 
0.68 mA for W/L = 10 and Kj, = 30 #A/V*, Equation (4-81c) shows that the gain 
is inversely proportional to the supply voltage. For larger values of Vip, the current 
Tom increases. Then the transconductance gq, increases only with the square root of 
the current, whereas gps increases linearly with the current. This results in a decrease 
of the gain with the square root of the current, as given by Eq. (4-814). The curves 
of ges ros. and the gain Ajqo ae illustrated in Fig. 4-42. 
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For high gain, the current must be low. For zero current, Eq. (4-810) gives infinitely 
high gain. Obviously, some previously made assumption must be wrong. Indeed, for 
ever decreasing current, the weak inversion region is reached, The value of vgs is 
lower than Vp. The ips versus vgs characteristic becomes exponential rather than 
quadratic (see Sec. 1-2). The transition current [pswe is given by Eg, (1-27). Its value 
is close to Ay(kT /q 

In weak inversion, the value of the maximum gain A yao is 
Now, however, gm = Ip /(nkT /q), which leads to 

Ve 


(ill given by Eq. (4-814), 


Aum (4-82) 


nKT [q 


if again Ve = Venbn = Vepl 

‘The gain is now quite high and independent of current (see Fig, 4-42). For example. 
if Ve = 30 V for both transistors, and» = 1.5, Aygo = 773. Now the current 
has become quite low. For an nMOST with (W/L), = 10,8 = 0.4 mA/V? 
Tosus =0.27 WA. 


nil 


Example 4-11 


Design a CMOS inverter with parallel input for a voltage gain of 10 and a symmet- 
‘The supply voltage is Voy = 10 V. The transistor parameters 


rical output swir 
are Vr = 1 V, Kj = 40 wA/V? and Kj, = 15 wA/V?: Ven = 5 V/s and 
Vep =8 V/jem. Calculate the current and the W's and L's required. 


Solution. From Eq. (4-81c) we lea that an effective value of Ve = 20 V is 
required, Hence, Vry = Vep = 40 V. Asa result, Ly =8 pm and Ly = 5 jum. 
‘The maximum current is obtained from Eq, (4-79): per unit (W/Z), the current is 
about 0.64 mA. Minimum W's thus can be taken: both W,, = W, =4 jm, whieh 
yields Ipm = 0.32 mA. Note that Eq. (4-80) is satisfied as well by following this 
procedure, This current is fairly high because the supply voltage value is high, The 
SPICE input file is given in Table 4-5. From the output we find 0.22 mA current 
and 24 dB gain.) 


4-5-3 Bandwidth 


‘To calculate the inverter bandwidths in F 


4-35, and their gain-bandwidth product, 
gnal equivalent circuit of Fig. 4-43. 


the capacitances must be present in the small 


For the inverter with active load (Fig 


8m = Sn 
rps =rosullrosp 
Cota 4-834), 
Coan 
Cosn + Cosp + Cx + Coan 
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TABLE 4-5 INPUT FILE FOR SPICE FOR THE CMOS INVERTER AMPLIFIER OF 
EXAMPLE 11 IN SEC. 4-5-2 


SEX. 4-11 (TEMPERATURE =27..000 DEGC) 
* CIRCUIT DESCRIPTION 

M1 2.100 NMOS Wau Leu 

M2214 4 PMOS W=4U 1-57 

‘vpp 40D¢ 10 

vIn 30D¢4.5ac1 

cL2010P 

RL 20 1NDG 


RS 311K 
MODEL NMOS NMOS LEVEL=2 VTO=1 KP=60E-6 GAMMA=D.01 LAMBDA=0.025 


-MODEL PMOS PMOS LEVEL=2 Vi0~-1 KP=24E-6 GAMMA=0..01 LAMBOA=0.025, 
* CONTROL CARDS 

-DC VIN 4 60.025 
+PRINT DC V(2) Z(vDD) 
“PLOT DC V(2) 

+RC DEC 10 1K 10K 
-PRINT AC VDB (2) 
-WIDTH OUT=75, 

+END 


and for the inverter with parallel input (Fig. 4-35): 


Bm = San + Sp 


ros =rosalltosy 

Cas = Case + Cosy (4-830) 
CoG = CoGn + Coan 

Cos = Cosy + Cosy + Cr 


nd not too 


‘The small-signal circuit has been thoroughly analyzed. For high gain 
large C;, the Miller capacitance determines the bandwidth, which is then given by 


fsa —————___ 4-84e 
NSS ERE Ge eo 
with M % |Avmol ® &ut'Ds 
8 The gain-bandwidth product GBW is given by 
(4-845) 


GBWy = Aeno f-so9m = 5 


CoG 


Their values are shown as a function of current in Fig. 4-42. For Cp¢ = | pF and 
Rs = 10 kQ, GBWy = 16 MHz. 
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FIGURE 4-43 Definition of (a) charging and (6) discharging current. (c) Values of charging (icn) and discharging 
currents (ip) versus input drive. 


However, when R, is small, the gain is small. The Miller effect is then negligible. 
In this case, Eq. (4-842) and Eq. (4-845) become 


— 4-85) 
2x(RsCos +rosCos) eee 
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and Gaw = —__*" _ (4-856) 
Cask. 
an ( as +ens) 


ros 


4-42, For very large currents, rps is quite small. ‘The term. 
in Cos, in the denominator of Eq. (4-854), equals Cps at current Ip,, given by 


Case 

b= (4-86) 

= Cos Rs ra) 

For Cos = 10 pF, Cos = 5 pF, Vg = 30 V and Rs = 10 kQ, Ip, = 6 mA. The 


curves are added for both regions in Fig. 4-42. A maximum appears in the curve of 
GBW at Ipy. This maximum is mainly determined by the output conductances and 
the source resistance of the inverter. 

The expression of GBWyay, is obtained from Eq. (4-85) and is given by 


GBWorx 


(4-87) 


22nCps 


in which gm, is to be calculated at /p,. At this high current the transistor is still in 
strong inversion, but may even be at the onset of velocity saturation, Hence, for K,, = 
30 wA/V? and W/L = 10, gn, = 2.7 mS at 6 mA. Since Cps = 10 pF, GBWinax = 
21.6 MHz. Also, Ayno = 13.4 since rps =5 k@ only and fy = 1.6 MHz. 

This maximum is worth pursuing, especially for large values of Rs, the value of 
GBW being already low. For instance, for Ry = 5 M&, Ip, = 6 jx only, which is 
about one decade above the weak inversion limit 


45-4 Current Capability and Slew Rate 
The gain and the bandwidth, calculated earlier, all refer to small signals. At low 
frequencies, the output voltage is never allowed to enter the hatched region (as seen 
in Fig, 4-39b), Otherwise, the signals are no longer small, and distortion results, The 
value of this maximum output voltage is simply given by 


fourisas = Vow + Vip (4-88) 


for the inverter with parallel input (Fig. 4-35h). For the inverter with independent 
biasing, a similar maximum output voltage can be found. 

Athigh frequencies, however, the output capacitances (mainly C,) must be charged 
and discharged over the same value of Vourrmax» a8 at low frequencies, This requires ad- 
ditional current from the pMOST in order to increase vour (current Icy in Fig. 4-434), 
or additional current to the nMOST ( fp; in Fig. 4-435) in order to decrease vowr. For 
increasing vour, the pMOST acts as a source of additional current, charging C,. On 
the other hand, for decreasing voyr, the nMOST acts as a sink for additional current, 
discharging Cx. 
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‘These currents flow in addition to the DC current that already flows through both 
transistors. These currents take time to flow, because it takes time to charge and 
discharge a capacitance. Therefore, the bandwidth is lowered for large output voltage 
at higher frequencies, 

‘A second important consequence of these additional charging and discharging cur- 
rents is that they cause additional power dissipation. Both phenomena will be studied 
into more detail 


Slew Rate of Inverter with Active Load In this inverter (Fig. 4-35a), the value 
scp is constant. hence ispp is about constant since the pMOST is in saturation. Thus 
the current available to charge C;. is /spp. During this charging time, vour increases 
at a rate given by: 


devo Ispp 8 
SR=— = (489) 

Note that C,, actually includes other capacitances, as well (see Eq. (4-83)). Since 
Ispp is constant, vour linearly increases in time. The rate given in Eq. (4-89) is 
the slew rate (SR) as defined in Chap. 3. It-is-the positive SR because vouy in- 
creases 

For example, for Ispp = 0.10 mA and C, = 10 pF, the SR = 10 V/us. For a 
maximum output voltage of (Vry + Vre =)1.6 V. it takes 0.16 s1s. For a sine wave, 
which can be approximated by a triangular wave, a full period is covered by this time 
multiplied by 4, or 0.64 js. The corresponding maximum frequency thus would be 
1.8 MHz. 

Note that both SR and GBW are related to each other through current /sp. Thi 
will be discussed later. 

The negative SR discharging current can be made much larger than the charging 
current. By allowing vy to increase up to Vpp, a large value of ves(= Vo ~ Vin) 
is available to draw a large value of Lps: = Ioi- 

Itis given by: 


Ini = Tosa = Ky, (%) (pp — Vin) (4-90) 

Hence, the negative SR is much higher. The time it takes to discharge is therefore 
negligible. For example, if [psn = 0.68 mA with Ves» — Vi» = 1.7 V, then Ipsy is 
times larger or 4.25 mA for Vese — Vre = 4.2 V (Vin = 0.8 V). To discharge 
10 pF over 1.6 V, a SR = 425 V/ps is available, which causes a 1.6 V voltage 


Since the discharging current is 17.6 times farger, it takes a factor of 17.6 less time 
than charging the same capacitance (10 pF) over the same vottage (1.6 V). As a result, 
the discharge time is negligible and the maximum frequency of 1.8 MHz, which is 
calculated above, is valid as a limiting value. 
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At low frequencies the power dissipation is 
Pos = Voolo = Voolsop (4-91) 


Von ~V~. The power dissipation is constant 


where Ispp is determined by its Vs. 
saturation. Its value is quite large, which is typical 


as long as the pMOST is still 
for a class A operation. 

At high frequencies, nothing changes because Isp, is a constant. Hence the power 
dissipation is the same, 


Slew Rate of Inverter with Parallel Input In this configuration (see Fig. 4-355), 
both transistors are directly driven by the input voltage source. The calculation for 
the discharging current through the nMOST can now be repeated for the charging 
current through the pMOST. Thus, both the discharging and charging currents are 
considerably larger than the maximum quiescent current [pq at low frequencies, given 
by Eq. (4-79). The voltage drive at pq for the nMOST is only 01.5 x Vp — Vin. The 
voltage drive during the discharging of C; is Vpp — Vrq. yielding a current that is 
about 6.2 times larger than Jom. As a result, if Kj(W/L), = K(W/L)p, then both 
Currents are 6.2 times larger than Ip». The available current is shown versus vyy in 
Fig. 4-43c. Clearly it shows that this CMOS inverter acts as a class AB amplifier. For 
large output swing, more current is available to charge and discharge the load than in 
Quiescent state (for small-signals). This ratio is 6.2 in the example 

This additional current also causes additional power dissipation. Per charging cycle, 
an amount of charge is drawn from Vip. given by 


CLV 


+¥j 
ia (4-92) 


Qo 


since Vrn + Vrp is the maximum signal amplitude. The dynamic power dissipation is 
then given by 


Poo =fQo0 (4-93) 


in which f is the clock frequency. This power consumption must be added to the static 
power dissipation previously calculated. Notice that Pr, is proportional to frequency. 
For example, for C, = 10 pF and Vr, + Vr, = 1.6 V. at Ipr = 0.68 mA, Pps = 3.4 
mW, Also, Qp = 10 pC. At f = 20 MHz, Ppp = 0.2 mW. 

* The dynamic power is still negligible with respect to the static power dissipation. 
‘This contrasts with the dissipation of a digital CMOS inverter. It consumes no power 
in its two quiescent points (points 1 and 6 in Fig. 4-384). All power dissipation is 
then of a dynamic nature, as given by Eq. (4-92) and Eq. (4-93), but with full output 
swing Vop- 

This aboye calculation is only approximate, however. More exact expressions show 
that the current only increases linearly with Voo rather than with V3,,. 

Now that we know how to calculate the gain of a CMOS inverter, its gain- 
bandwidth, and its slew rate, let us explain a systematic design procedure 
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4-5-5 Design Procedure 


Let us assume that a CMOS inverter is to be designed with parallel input. The speci- 
fications of the GBW are given for a given load capacitance C, and source resistance 
Rs. The supply voltage Vp is fixed. 

It is obvious that we maintain the requirements for symmetry, i.e., K, (W/L) = 
Ki(W/L)p from Eq, (4-80), and Vex = Vep = Ve from Eq. (4-81), which fixes the 
gain Ayno (Eq. (4-81)). The GBW, however, requires some more discussion. 

‘We are considering a typical two-node circuit, as we have studied in the beginning 
of this chapter. Both nodes and ground are connected by three capacitances. The input 
node is dominant if the Miller capacitance is dominant, or if source resistance Ry is 
large. 

Fora large load capacitance C;,, however, the dominant pole is created at the output 
node. Let us assume that C;, is large. The GBW is then obtained from Eq. (4-850), in 
which Rs ~ 0 and in which Cps includes capacitance C,, as given by 


Soon 
GBw = = 4-944 
2x (Cos + Cu) oe 


2/KWID alo 


by GBW 
vp 2a(Cos + C1) 


(4-940) 


Since C;, is large, Cps is negligible with respect to Cz. For a given value of GBW. 
the required value Of gmx is obtained from Eq. (4-95a). 

‘The second part of the design task is to ensure that the second pole is at least 3-GBW 
(see Fig. 4-12c). The second pole is now given by Eq. (4-84a). This condition can be 
written as fas = 3 GBW, or more explicitly 


Cos +r 
PEA > Ben osbnRs (4.954) 
Coc 
which means, on first sight, a minimum value of Cz is required. However, rps de- 
pends on the current as well. Rewriting Eq. (4-952) versus current yields (in strong 
inversion): 


Cost Ce 5 19K W,VenRs (4-956) 
CoG 
in which Veq is the early voltage per jzm channel length. 
It is concluded that Eq. (4-95b) sets the width W,, of the nMOST. If we use 
the length L, at its minimum value (ie., 3m), then the size of the transistors are 
determined. The current is then obtained from Eq. (2-945). 
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Exarnple 4-12 


Design an inverter with parallel input with GBW = 1 MHz for C, = 10 pF and 
Rs = 1 kQ (Ki = 30 wA/V? and Vex = 5 V/um). Approximate values of the 
capacitances are Cos = 2 pF, Cp¢ = 1 pF and Cos = 5 pF. 


6 em, 


Solution. From Eq. (4-95b) we find, as minimum value. W, 
3 um is chosen. From Eq. (4-94h), Ip = 21.6 1A. 


In order to automate the design even more, we must first generalize the formulation, 
All design equations are collected in Table 4-6 with the design parameters in the last 
column of the table. There are seven design parameters: Wy. Ln, Wp, Wp. Aum 
GBW, and Ip. The other parameters Cps and Cog cannot be modified; they are a 
result of the dimensions (W,. L,....) and the technology used. Parameters Rs, Ci. 
and Vpp have been set beforehand. The remaining parameters, such as K, Ven. etc. 
also have been determined by the technology used. 

In Table 4-6 we have five equations to determine seven parameters. This means 
that two parameters can be freely chosen. Normally, these are GBW and the gain 
‘Aymo. These two parameters become the two “specification” parameters, from which 
all other parameters can be derived by means of straightforward analysis. 

In this case, the design procedure has become very simple. Only parameter W 
‘occurs in the last equation of Table 4-6, i.c., Eq. (4-95b). Thus, its value is obtained 


from 
Cos+Ce 1 

W, < (8 "*) (—_ . 

at Coe Nese) See 


On the other hand, parameter L,, occurs only in the third equation of Table 4-6, ic. 
Eg. (4-81). Its value 


Vpo/2— Vs 
Ly = Ago (4.97) 
2V En 


Parametér Ly is determined from the second equation of Table 4-6, and W, from 
the first, : 
Finally, the current is determined from Eq. (4-945). as given by 


Ip © 3Q2GBWY (Cos + C.)CoGVenkyRs (4-98) 


This concludes the design procedure. 
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TABLE 4.6 DESIGN EQUATIONS FOR THE CMOST INVERTER 


Number Equation Equation no. Design parameters 

1 (4-80) (W/L)n. (W/LIp 

2 (4810) Cas 

3 (4810) Ree ts 

4 (4.940) GBW, tp, (W/Ln 

5 (4-950) CBW. We 
Example 4-13 
Repeat the design of Example 4-12 for GBW = 1 MHz and Aygg = 10. Als 
C1 = 10 pF and Rs = 1 kQ. The transistor parameters are Ki, = 30 A/ 
and Vex = 5 V/um; K_ = 15 #A/V? and Vey = 8 V/um. All |Vy| are 1 V. 
Approximate values of the capacitances are Cps = 2 pF, Coc = | pF, and 
Cos =5 pF. The supply voltage Von = 5 V. 
Solution. Following the design procedure just discussed yields W,, = 6.7 jum; also. 
L, = 1.5 wm and (W/L), = 4.5. For equal output resistances (second equation 
in Table 4-6), L, = 1 am: from the first equation (W/L), =9 and W, = 9 yum. 
Finally, from Eq. (4-945) Ip © 1 mA. The transconductance is then gq) = 0.73 mS 
and the Vgs — Vr = 2.74 V. The transistor already operates close to velocity 
saturation, E 

As a designer we could plot £, and L, versus GBW to sce whether these 

specifications can be met with a 2.4 jm CMOS technology. We could also plot 
the current versus GBI, or even the required W,, versus L.,, etc. A designer can 
find many alternatives to explore. 
Finally, in order to verify the performance of this inverter, refer to its SPICE input 

file in Table 4-5. The results match the specifications very closely. 
‘The value of W, thus has an upper limit, and Jp is found to be proportional to 


(GBW)*. This could be expected since the transistor operates in strong inversion. 

In this design procedure. GBW and the gain thus have been taken as specifications 
or independent variables. Alternative procedures are quite possible for other speci- 
fications, such as GBW and Ip, or Ayo and Ip, etc. These are considered in the 
exercises. 


45-6 Other MOST Inverters 


‘The CMOS inverters with parallel input and independent biasing are the important 
inverters, but not the only inverters. Many others have been realized, but very few 
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have comparable performance. Some of these inverters are discussed here, as well as 
in the exercises. 


Invertor with Resistive mMOST Load in Saturation Instead of a pMOST ac- 
tive load, an nMOST can be used, such that two 1 MOSTs are now present. This 
nMOST is connected in diode configuration, however. (see Fig. 444a) and thus tran- 
sistor T2 is always in saturation. Its bulk is connected to its source, such that the 
body effect is avoided. This is only possible in a p-well CMOS process, however: 
Otherwise, the bulk is connected to ground as in Fig. 4-44, 

‘The DC output voltage is now fixed by subtraction of Vcs2 from Vp. We must 
ensure that transistor TI is always in saturation. Hence, (Vpp ~ Vasa) must be larger 
than Vosarts oF (Ves — Vr) or (Vix — Vr). Because of this voltage drop, the output 
voltage is only a fraction of the supply voltage. This is illustrated by the output char- 
acteristics of both transistors in Fig. 4-44c. The corresponding transfer characteristics 
are given in Fig. 4-44d. The quiescent point Q must be in the middle of the linear 
region. This linear region exists as long as both transistors are in saturation. Their 
second-order ips versus vs characteristics compensate each other, such that a linear 
region results. This is easily verified for small-signal operation. 

"The small-signal gain now is much smaller than it was because a diode connected 
MOST offers only 1/gq2 as a small-signal load resistance. Therefore. this inverter is 
called inverter with resistive MOST load in saturation. For the invener of Fig. 4-46a 
(ee Sec. 4-5-7), the gain is given simply by 


low7by 
\ w/b 


(4-990) 


Its value is fixed only by the relative sizes of the transistors and thus is independent 
of the K’ factors or mobilities. In this way precision amplification can be achieved. 
albeit with low value. This precision is not available for the inverter of Fig. 4-44b 
because gqiz intervenes, depending on vovr in a nonlinear way. Its gain is now 


fe 


(4-09) 


‘The dominant pole is most probably found at the input node because the output 
‘node has a low impedance I/g..2 t0 ground. On the other hand, the Miller effect is 
small as well. A large bandwidth thus can be achieved. The exact calculations and 
procedures are covered in the exercises. 


Inverter with Resistive nMOST Load in Linear Region If a full output swing 

ig required, it is better to bias the gate at a voltage Veg. which is higher than Vy, 
+ (see Fig. 4-45a). In this case, however. transistor T2 operates in the linear region. Its 
‘gma is larger than that in Fig. 4-445 and its gain Aco = gq i/8m2 thus is smaller. The 
fain is no longer independent of K, or from Vgc. Thus, this inverter is much less 
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FIGURE 4-44 (a) MOST inverters with resistive MOST load (b) with bulk to ground; (c) output characteristics; 
(6) transter characteristics. 


attractive. It is mainly used in digital applications where a larger gm2 is required to 
reduce the output time constant 8m2/Cr. 


Folded nMOST Inverter with Resistive nMOST Load in Saturation Instead 
of connecting the nMOST resistive load to the positive power supply, we can also 
connect such load to ground as shown in Fig. 4-45, Transistor T3 performs the same 
function as transistor T2 in Fig. 4-44q; it always operates in saturation. An easy way 
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FIGURE 4-45 MOST inverters (a) with separate gate bias: (b) with nMOST resistive load. 


to realize this biasing condition is to enforce the input and output DC voltages to be 
the same. Then both transistors have the same Vs. Their currents are proportional to 
their widths (if their lengths are the same). The DC output current Jc from transistor 
72 is then shared by both transistors TI and T3. 

‘The AC current iac in T3, however, is equal in magnitude but opposite in sign, 
‘compared to the AC current in the input transistor TI. The AC current is thus folded 
from T1 to T3. The gain and gain-bandwidth are the same as for the nMOST inverter 
with resistive "MOST load in saturation of Fig. 4-44a. The gain is thus again given 
by Eq. (4-992) and is independent of K’ values. 


4-5-7 Bipolar Transistor Inverter Stages 
An inverter with bipolar transistors instead of MOSTS is readily copied from Fig. 4-354 
vand shown in Fig. 4-46a. The pnp transistor is on top and is biased as an active load 
for the bottom npn transistor, which carries out the amplification function. Most of the 

» calculations and comments made on the MOST inverter apply equally to the bipolar 
transistor inverter. 

However, an important difference between a MOST and a bipolar transistor, is 
their output characteris 


Output Characteristic In Sec. 2-10, we discussed a comparison between the 
output characteristics of a MOST and a bipolar transistor. In Fig. 2-38, the i versus 


FIGURE 4-46 
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@ ©) 
Bipolar transistor inverters (a) with active load; and (b) with paralle! input 


vps characteristics are plotted for a MOST with several values of the width, together 
with the ice versus Uce characteristic of a typical bipolar transistor. The current is 
the same and the values of Vps and Vee are large, for all values. 

For a bipolar transistor, the Vcr. is quite small, ie., of the order of magnitude of 
100 to 300 mV. For a MOST, the value of Vos.x depends on the size W/L and the 
current of the transistor, as 


Vosue = Ves — Vr (4-100) 


(see Eq. (1-11). 

For increasing values of W, the value of Vos decreases. For small Vos, the 
values of W required become quite large. Then, the MOST already operates close to 
the weak inversion region. 


‘Transfer Characteristic As a result, if the transfer characteristics of a bipo- 
lar transistor inverter (see Fig. 4-47) is compared with that of a MOST inverter 
(Fig. 4-38a), then we notice that the middle region with the steepest siope is much 
larger. The region 3-4 nearly extends over the full range of vour. In this area, both 
bipolar transistors are in their linear region, i.e., when wy = Vaeon © 0.7 V. Their 
current Icm is set by the biasing voltage V* at the base of the active load transitor. 
The slope is maximum, hence the small-signal gain is maximum as well. 

Note that the transfer characteristic does not reach either the value of Vec or zero 
at the extreme points I and 6 (see Fig. 4-384). In point 1, the npm transistor is off and 
the pnp transistor is in saturation. Its value of Vcgsx is then a few tens of mV, but 
not zero. It is derived from the Ebers-Moll model (Getreu 1976). 

Similarly, in point 6, the pnp transistor provides its maximum current Icm, as 
dictated by V*; but the Vee, and thus Jp, of the npn transistor are much larger than 


FIGURE 4-47 
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Bipolar 


Most W/L. = 25 


Transfer characteristic of bipolar 
inverter. 


required to accommodate this current, Thus, the npyt is in saturation, The voltage 
across it is small, but never zero. 

It is possible to construct a bipolar transistor inverter with parallel input (see 
Fig. 4-465) in the same way as the MOST inverter of Fig. 4-35b. The wo bases 
must then be connected to form the input terminal. However, since the ice versus 
vge characteristic of a bipolar transistor is exponential, rather then quadratic as in a 
MOST, it is difficult to set the supply voltage Vcc to an accurate value, such that 
the maximum current Icy is well controlled, Remember, only 60 mV is required to 
change the collector current by a decade. It is only 18 mV for a ratio of a factor 
of two, 10.5 mV for a deviation of 50 percent, and 2.5 mV for a deviation of 10 
percent. 

Special biasing techniques can be used, however, to limit the current to a nonex- 
cessive value. The simplest technique is to set Vc at about 2Vgeon © 1.4 V. Since 
current only flows during switching from one state to the other, only current spikes 
‘occur. For digital applications, this is acceptable. For analog applications, however 
more sophisticated biasing schemes must be used. 


Small-Signal Performance The small-signal performance of the bipolar transis- 
tor inverter of Fig. 4-46a is actually that of a single-transistor amplifier with an active 
Toad (see Sec. 4-2). The total output capacitance is given by 


Cy = Cu + Cosw + Cose + Cur (4-101) 
in which all indices N refer to the npn transistor and P to the pnp transistor, 


Curves of gm, fo: Avs f-san. GBW, and SR can be derived as for a MOST inverter. 
‘They are given in Fig. 4-48. Some of these curves are calculated next. 


FIGURE 4-48 
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Gain, GBW, and current capability (SR) for bipolar transistor inverters of Fig, 2-454. 


The gain is independent of the current. It i 


given by 


VewlVe 
AT Iq 


Avo = (4-102) 


and thus is quite high. For instance, for Vey = 50 and Vip = 60 V, Ayo = 1050. 
Note that Vp can be made larger by increasing the distance between collector and 
emitter (see Chap. 2) 

‘The value of the bandwidth f—sq depends on the relative values of Czy, Ci, and 
Guy. Since no cascode transistors are used, the Miller effect is dominant. The curves 
in Fig. 4-48 are given within this assumption, 

For small currents ic, rey is large and (Rs + raw) determines the resistance level 
at the input, hence fsyp. For large currents, ry is smaller than (Rs + ray) and 
determines the value of f_s4p. The transition current is determined by rey = Rs-+raw 
and occurs at the current /c; given by 


AT /q 
Rs+ray 


Ter (4-103) 


which is 2.17 mA for 6 = 100 and Rs trey = 1.2kQ. 
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For small currents, the value of fp is given by 


1 
~ On (Rs + ran 


fos (4-104) 


Amo Cuy 
and GBW is given by 


1 
~ (4-105) 
2a (Rs + Tan dCwn is 


GBW 


For example, for Cy 1 pP, the values of fosun = 126 kHz and GBW 
132.5 MHz. 

For currents larger than /c;, both fay and GBW increase linearly with current, 

Actually, the curves of Fig. 4-48 are similar to those of a MOST inverter in 
Fig. 4-42, Only the current Apao is now constant. Also, Ic, is three orders of magnitude 
Targer than [psu,- GBW is also different, Its value increases with a larger fc. This latter 
difference is an advantage when using bipolar transistors, as illustrated in Fig, 2-41, 

For large input voltages, there are slew rate limitations because the output load 
capacitance C;, is present. The output swings between the positive voltage supply and 
ground, The slew rate can be different, however, for an increasing output voltage than 
for a decreasing one. 

For the inverter of Fig. 4-45q, the slew rate for a decreasing output voltage is 
caused by charging up C;, by means of the maximum current Jem, controlled by the 
pnp transistor. The slew rate SR thus is given by Ic», versus C 

For positive output voltages, the discharge current through the npi transistor can 
bbe much larger because the input voltage of the npn can be overdriven. Thus, the slew 
rate is not constant and the switching time is shorter. 

For the inverter with parallel input (Fig. 4-454), the input is overdriven in both 
directions and the switching times are quite short in both directions, The actual cal- 
culation of these switching times depends on the transistor parameters and the drive 
voltage specifications. This subject would be more appropriate in a text on switching 
phenomena polar transistors. 


4-5-8 Noise Performance 
In order to evaluate the noise behavior of an inverter, the CMOS inverters in Fig 
+ > are analyzed. The CMOS inverter with parallel input (Fig. 4-356) is considered first 
‘The equivalent input noise voltages of the transistors (see Fig. 4-49a) can be lumped 
= as shown in Fig. 4-49). Its value is 
Ibis given by 


into one equivalent noise voltage source dv: 
found by equation of the output noise voltages of both circu 


s= (__8en 
4a (— Ses 106 
) hl cs | Ce 
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(a) Noise sources in CMOS invertor with parallel input, and (b) same inverter with equivalent input 
noise source. 


The excess noise factor y for white noise is given by 


(4-106) 


usta, Line = np OF KYW /L)y = K)W/L)p 

‘This is an excellent result, ‘The equivalent input noise: voltage is V2 lower than 
that of a singie-transistor amplifier, In fact, by paralleling the two input devi 
yain increases by a factor of two but the noise increases only by 2. The equivalent 
input noise voltage thus is redeed by V2. 

For a CMOS inverter with active load (see F 


the 


g. 4-502), a similar calculation can 
¢ of the biasing yoltage dvj must 


be included, The value of the total equivalent input noise voltage dv?, in Fig. 4-50h 
is given by: 


be carried out, Note, however, that the output noi 


tee fm. 2 
ah, = 08 + (ah + TR) (#) (41070) 


and the excess noise factor y is now given by: 


dvi, 
2 (4-107) 


aye, 
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@ a 
FIGURE 450 (a) Noise sources in CMOS inverter with active load, and (b) same inverter with equivalent ino 
noise source. 


tis important to note that the equivalent input noise is now larger than that of the 
inverter with parallel input. This is true especialy if the noise of the biasing source 
v3. cannot be eliminated by means of a large capacitance at that point. 

‘All the inverters studied in the preceding sections consist of two transistors of the 
amplifier type (see Fig. 4-1), Now we will discuss the two-transistor configurations in 
which one transistor is of the amplifier type and the other of the cascode type. These 
are the cascode stages. 


4-6 CASCODE STAGES 

In the calculations of the bandwidth, it has alw 
the Miller capacitance can be avoided by specific circuitry. In this way much larger 
values of bandwidth have been achieved. The cascode circuit is one example of such a 
circuit. Itis used frequently in high-performance circuitry, such as deflection circuitry 
for TV, etc, In such circuits, high-supply voltages are combined with high-frequenc 
performance. 

‘A cascode stage always consists of a transistor that provides amplification and a 
cascode transistor. Several configurations are possible. 


ays been assumed that the effect of 


4-6-4 Cascode Configurations 
In their simplest form, cascode configurations consist of two transistors in series 
‘as shown in Fig, 4-Sa. The bottom transistor TI acts as an amplifying device (in 
‘common-source configuration). Its output current is determined by the input voltage 
source. This current is fed to another transistor T2, which is biased by 1'* in cascode 
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FIGURE 4-51 (a) Cascode stage with h = b; (b) cascode stage with k = / + Ja; (c} cascode stage with 


hy = b+ a; and (d) cascode stage with 14 = hy +h. 


or common-gate configuration. The output is taken at the collector of the cascode 
transistor. 5 

In this configuration, the total current through both transistors is the same. This 
is not necessarily always the case. In Fig. 4-51b, c, and d, several alternatives are 
shown. They are used to meet particular design criteria, discussed later. 

In Fig. 4-51 and c, the DC currents in the transistors are clearly different because 
of how they use a DC current source. The AC current is the same in both transistors, 
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however. In Fig. 4-51, the DC current /; in transistor T1 is set by the DC input voltage 
Vin. The current difference 1 — fh is then forced through transistor T2. Again, the 
AC current ii2 is the same in both transistors. 

Al the configurations in Fig. 4-Sla, b. and c have in common AC currents that 
flow from the positive power supply Vp to ground through both transistors. In the 
configuration of Fig. 4-51d, however, the AC current circles through both transistors 
and ground, without going through the positive power supply. The AC current flow 
through transistor T2 is equal in magnitude, but opposite in direction compared to 
transistor TI. The AC current thus is folded back. Therefore, the cascode of Fig. 4-51d 
is called the folded cascode. 

‘The small-signal gain of all four configurations is —g,, Ry. The bandwidth depends 
on the configuration, as well as on the sizes of the transistors used. Thus it can be 
made the same for all four configurations, as will be explained in Sec. 4-6-2. 

However, an important difference between the several configurations is the over- 
drive and recovery characteristics. If the input transistor of the folded cascode 
(Fig. 4-51d) is overdriven (high Vj,), all current {4 is sunk to TI, which enters 
the linear region. The source of T2 is pulled down to ground. Transistor T2 thus is 
switched off. To recover, the source of T2 must rise until it reaches V~+Vgs. During 
that time all capacitances at this point must charge up through the high impedance of 
the drain of TI. Thus, a large recovery time results. 

‘On the other hand, if T1 is switched off, transistor T2 remains active because it 
carries current [4. Thus, the drain of TI remains at a low impedance level ( 1/2m2) 
at voltage V* + Vas. Transistor TI thus can switch in quite rapidly. 

‘The same phenomenon occurs in the cascode of Fig. 4-Sic, but in the opposite 
order. If TI is switched off, the source of T2 increases up to Vpp. It takes a long 
time to bring this point down to V~ — Vgso. If TI is overdriven, T2 simply enters 
the linear region and fast recovery is evident. 

‘None of these phenomena occur in the cascodes of Fig. 4-Sla and b. If Tl is 
‘overdriven, T2 simply enters the linear region. If TI is switched off, T2 is off in 
Fig. 4-51a. As soon as TI is on again, T2 follows TI. In Fig. 4-51b, T2 always 
remains on and thus follows TI even faster. 


46-2. Bandwidth of Cascode with Low Ay 


For wide-band amplifiers the gain is small, but the bandwidth is pushed to high 
* values. For this purpose, the load Ry. is small. The gain is gm Rz. We will analyze 
this bandwidth next. High values of Ry are studied in the next section. 

The output impedance of TI (looking into the drain of T1) is high, whereas the 
input impedance of T2 (looking into the source of T2) is low, provided Ry is low. 
Thus, both stages are well isolated from each other. The small-signal calculations thus 
‘can be performed separately for each transistor. As load for T1, the input impedance 
of T2 is taken. As source for T2, the output impedance of T1 is taken. 

[As seen before, the input impedance of T2 equals 1/gq2 over a large range of 
frequencies. The most important pole of TI thus is formed at the input node. Indeed, 
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the cutoff frequency is given by 


—————— 4-108a) 

Je = eRe (Cos + MC) SS’ 
gai wer 

with M.=14 S84 (4-108) 
Sm2 Burs 


‘The gain (from G to D) of this stage is the Miller effect M,. It equals only about 
8wei/8m2- Typically, its value is 1 to 3. Therefore, the Miller multiplication M, of Cog 
is small, Hence, the Miller effect is practically negligible. This is the main advantage 
of a cascode stage. Feedback capacitance Cpg is not multiplied by the tota! gain but 
only by 1 to 3, depending on the actual gq, values. 

‘The most important pole of the output transistor T2 is realized at its drain, where 
the impedance is high. Its time constant is simply RzCy. We have seen this earlier, 
for a single amplifying stage and for a common-gate stage. 

Which pole is dominant for the whole cascode stage, depends on the relative values 
of Ry and Rs. If an active load is used for Rr. the dominant pole is most certainly 
realized at the drain of T2. This stage then delivers high gain. The second pole then 
‘occurs at the input node. Moreover, a distant third pole is present at the middle 
node, which complicates matters considerably. Gain, bandwidth, and stability must be 
examined further. 


4-6-3 Cascode with Active Load 


For an active load (see Fig. 4-52a), the load resistor Ry, is large because it consists 
of output resistances r,. The gain is then given by 


Ao = &mi Fouiltrou2) (4-109) 


Toatt 


Fout2 = Fot + Fox" + Sm2Fo1) © Fo2(1 + Sm2%o1) 


‘The value of rou is much larger than ray because of the local feedback (with 
gvofe1). In order to fully exploit the presence of this high resistance for high 
gain, a second cascode transistor must be added, as shown in Fig. 4-52. The value 
Of rout is then given by 


Foutt = fo3 + Toa(l + Bmato3) © Toa(1 + mato) (4-110) 


‘The gain A,o then can be simplified (if gq74 > 1) to 


Ag = 58mtloi Ser o2 (4-111) 
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FIGURE 4-52 


@ 0) 
(2) Cascode stage with active load: and (b) cascode stage with cascode active load. 


if roy is made larger than rou2 and f; = Is. This value of Ayo can be made quite 
large. It is nearly twice (in dB) as large as the gain of a single transistor stage with 
active load. It depends on the current in the same way, however. In weak inversion 
Bmfo equals Ve/(nkT /q), which is of the order of 50 dB. Thus, this cascode easily 
realizes 100 dB of gain. In strong inversion, however, this gain decreases linearly in 
proportion to the current. 

The evolution of the gain versus Ry is given in Fig. 4-53. Both the gains from the 
input to the intermediate node v/viq and from the input to the output You/Vin are 
given. The gain vq /tia is easily calculated by use of Eq, (4-726). Note that both 
“and req are now included. For Ry < ry2, the gain is indeed given by —gm1Rz. Also. 
the gain of the first transistor is only —gm1/gn2. such that no Miller multiplication 
is present. For Ry > ro1($m2%02), however, the Miller multiplication factor is much 
larger, ie., gm1To1- Capacitance Cpqy thus will also be multiplied by this factor and 
the maximum total gain is reached, as given by Eq. (4-111). 

‘The approximate bandwidth is given by 


! 
—— 411. 
Je” ill hen 
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FIGURE 4-53 Gains versus A of cascode stage (Fig. 2-51a) 


provided the value of R, and of C, are large, such that the dominant pole occurs 
al the output. In this case, the value of the gain-bandwidth product GBW is again 
given by 


(4.1126) 


‘The value of GBW thus is exactly the same as a single-transistor amplifier with active 
load. As a consequence, the cascode transistors realize more gain at low frequen- 
but not more GBW (see Fig, 4-54a). Only the dominant pole occurs at lower 
frequencies and thus has become more dominant. 

(he Miller capacitance of the cascode transistor is not present in the GBW. This is 
the main advantage in using a cascode configuration. 

(One can wonder if the Miller effect is really absent because, after all, the impedance 
At the middle node increases for increasing load resistance. The gain over TL is gm 1701 
for large values of Ry, (see Fig. 4-53a). Therefore, the analysis is repeated with only 
two capacitances, ie., Cz and Cogi. 

The voltage gain is calculated to be given by 


cies 


gmi Smal — Cy a 
Sni8na(1 = Cpai/ emis) = Cite 


Ay== 
(Boio2 + 8m2Gz,) + (8m2Cz + BdG1Coai)s + FsCLC pais? 
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FIGURE 4-54 * (a) A cascode has larger Ay, but the same GBW has a single transistor ampiiier. (b) Pole-zer0 
position diagram for cascode (Fig. 4-51) for C, > Cogs. 


with goci = FsG1 + (1 + 8mi Rs) 802 


and Fy = 1+ Meenas 
and Me = 14 Sat 
Bve 
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FIGURE 4-54 (cont'd) Dominant pole of cascode (Fig. 4-512). 


‘The pole-zero position plot for large Cz > Cag: is given versus Ry, in Fig. 4-54b, 
The characteristic frequencies are added in the figure. It is clear that the Miller effect 
due 10 Cpg) would only be a consideration if Ry, is very small (less than Rze, which 
is © RsM.Coai/Cc). This is never the case. however, because the gain would be too 
small as well. Thus, the conclusions with respect to the bandwidih and GBW above 
are valid. 

If. on the other hand, the output capacitance is small, then a different picture 
emerges. The pole position diagram for Cyc: > Ci. is given in Fig. 4-S4c. The 
dominant pole for C, > Ener is taken from Fig. 4-54) and is added for sake. of 
comparison. It is seen from the ratio indicated in the figure, that whether Cy, or Cyc 
‘will provide the dominant pole depends on which numerical values are used. Normally, 
Cy is larger and the picture of Fig. 4-54b is valid. 

From this plot (Fig. 4-545), a design procedure can be derived. In order to ensure 
stability, we must ensure that the nondominant pole occurs at frequencies well beyond 
GBW, Since we have three nodes, we have a third-order system. The effects of two 
more capacitances must be added to the pole position plot of Fig. 4-54b. They are 
the input capacitance to ground Cgs1, and the capacitance from the middle node to 
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ground Gy = Cys: + Casa. Only the two extreme cases are examined. ie. for Ry 
very small (< pz) and for Ry, very karge (> i1(saara)) We will always assume that 
capacitance Cy, is dominant 

For very small R,., two poles and one zero are present (see Fig. 4-54h), Capacitance 
Casi can simply be added to Cyq. It is clear that the two poles coincide around 
Ric ® RsMcCpai/Cr. Thus, this point should be avoided 

For very large Ry. there is a dominant pole and a nondominant pole, We must be 
sure that the separation between both is sulficient. The nondominant pole must be at 
three times the GBI (given by Eq, (4-113). This condition becomes 


> 34, 


Rs Me (44) 


It can be concluded that most cascodes behave as a two-pole system. The value of 
Ry and Cy, can be used to set the values of the gain and the gain-bandwidth product 


Example 4-14 
Design a cascode for a GBW of 10 MItz for a load of 10 pF. The source resistance 
is 1 K& . The low-frequency gain must be larger than 60 dB. Take K,, = 40 A/V? 
Kj, =15 WA/V?, Veq = 5 V/jum, and Vey = 8 V/jem, 


Solution. From Eq. (4-112h) we obtain a minimum value of gy = 0.63 mS. From 
Eq, (4-114) we learn (for M, * 2) that Cpey must be smaller than about 2.5 pF 
which should not be a problem. 

In order to obtain that gain we will need a double cascode. as in Fig. 4- 
Eq, (4-111) we learn that we need gyfyi Satna = 2000, in which gu) = 0.63 ms. 
Substitution of gm and r;, in these wo equations allows us to determine the current 
J; and the transistor sizes. 

We can cary out this design procedure in a more systematic way, Equa- 
tions (4-112), (4-114), and (4-111) give us dhree equations to use with five design 
parameters, i.e., current /; and transistor sizes Wi. £1, Ws, and Ly. Two of the 
parameters thus can freely chosen. The design result will be dependent upon pa 


hp. From 


rameters we have chosen. 

We have chosen the size of the input transistor. It is an amplifying device 

«Therefore, we take its length at its minimum value. ie. L) jem and its 

(W/L)j = 10; hence W; = 20 jam, All other values are now determined: from the 

value of gm we obtain f, = 0.25 mA. Also, L> = 10 jum and Ws =40\am. It is 

straightforward to determine the transistor sizes of T3 and T4 because the current 
is known, and gm3fo38melnt = 2000 as well, 

‘Again, the designer can now start manipulating data in order to gain some more 
insight. He can plot L> and J; versus J), etc. Software is easily written to generate 
all plots required for close inspection 

‘The SPICE file for this Example is given in Table 4-7, 
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‘TABLE 4-7 INPUT FILE FOR SPICE FOR THE nMOST CASCODE AMPLIFIER OF EXAMPLE 
4-14 IN SEC. 4-6-3, 


Ex. 4-14 (TEMPERATURE = 
+ CIRCUIT DESCRIPTION 
M1 2.100 NMOS we200 1-20 

M2 59.22 NMOSC W=40U L=10U 

M3 67 4 4 PMOS W=SoU L=2U 

Md 5 8 6 6 PMOSC W=40U L=100 

vpp 40 0¢ 10 

VIN 30 DC 1.255AC1 

vei 70pc 8.741, 

ve2 8 0 Dc 6.5 

ves 90DC 3.5 

cL 50 10P 

RL5 0 1OMEG 

R9311K 

-MODEL NMOS NHOS LEVEL=2 VEO~1 KP=60E~6 GAMA=0..01 LAMBDA0..1 
{MODEL NMOSC NMOS LEVEL=2 VIO=1 KP=60E~6 GAMMA=0..01 LAMBDA0..02 
:MODEL PMOS PMOS LEVEL=2 VT0=—1 KP=24E-6 GAYMA=0..01 LAMBDA=0..066 
-MODEL PMOSC PMOS LEVEL=2 VZ0=—1 KP=24E~6 GAMMA=0..01 LAMBDA=0..0125 
* CONTROL CARDS 

-DC VIN 1.24 1.270.001 

PRINT DC V(5) V(VDD) 

‘AC DEC 10 100 1MEG 

sPRINT AC VDB(5) VP (5) 

-PLOF AC VDB(5) VP (5) 

:HIDTH OUT = 75 

END 


7.000 DEG C) 


4-6-4 Noise Performance 


‘The equivalen. input noise of the cascode stage is the same as that of a single transistor 
stage. This is the second major advantage of using a cascode configuration. 

‘The equivalent input noise dv of transistor T2 (in Fig. 4-55a) does not contribute 
to its drain current, if Ry is small. The situation is depicted in Fig. 4-55b. In an ideal 
source follower, the input voltage appears unattenuated at the source. Hence, its AC 
voltage vgs2 is zero; thus the AC current in the cascode transistor T2 is zero as well. 

If an active load is used, such as that in Fig. 4-52b, the value of Ry, can be quite 
high. As a result, the resistance at the middle node is coupled to Ry, through rap (see 
Eq. (4-72b) and Fig. 4-53). The gain from the second transistor noise voltage dvy 
to the output thus will also increase with increasing R,. This gain is obtained by 
low-frequency analysis of the circuit in Fig. 4-556, in which both roy and r4 must be 
present. It is given by 


— (4-115) 
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FIGURE 4-55 (a) Cascode stage with two equivalent input noise sources; and (b) the noise output of he cascode 


transistor is zero. 


For small values of Rz, the gain increases proportionally. For very large values 
of Ru, the gain equals gq. is a high value, It is actually the gain over the 
cascode transistor itself, as sho ig. 4-53. In this case, the noise of transistor T2 
is as important as the noise of the input transistor T2. 

The transistors TI and T3 in Fig. 4-54 contribute equally to the output noise 
(see Sec. 4-5-8). As a result, all four transistors in Fig. 4-54h will provide comparable 
contributions to the output noise. Therefore, it is difficult to design a high-gain cascode 
stage with low noise. 


4-6-5 High Voltage Cascode 


It has become clear that the transistors in a normal cascode (Fig. 4-S1a) serve a 
different function. Transistor TI must generate transconductance and hence, gain. 
‘Transistor T2 screens the load Ry, from transistor T1. This property can be exploited 
in a high-voltage cascode, where the positive supply voltage can increase up to high 
values ( > 1000 V). Transistor T1 is optimized for high gm. Its length Ly iy made as 
‘small as possible in order to realize a large ( W/L), value. As a result. its breakdown 
+ voltage is small, too, due to punchthrough. Bias voltage V~* is small as well. 
Transistor T2 is optimized for large breakdown voltage. Its length L2 is made very 
large. This combination of high voltage with high gain is a third major advantage of 
using cascodes. 
Note that for all cascode transistors, a decision must be made whether or not the 
bulk is connected to the source. Evidently this applies only to the nMOST in a p-well 
process and vice versa. If the bulks are connected to the substrate, the values of Vr 
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increase and the values of gq, decrease. In general, these effects are not important, 
provided they are considered in the choice of the biasing voltage V+. 


4-6-6 Cascode Stages with Bipolar Transistors 


FIGURE 4-56 


Cascode stages ean be built with bipolar transistors in very much the same way they 
are with MOST, Again, four types can be distinguished (see Fig. 4-51). Two of them 
are given in Fig. 4-56; the normal cascode stage (Fig. 4-56a) and the folded cascode 
stage (Fig. 4-560). 

‘The advantages of the cascode stage amplifier are still valid, ic., the Miller effect 
can be avoided such that larger values of GBW can be obtained, 

If the pole at the output node is dominant, again the GBW is given by Eq. (4-112h), 
At the input capacitance or input resistance is large, the expression of the GBW in 
Eq. (4-32a) results. In this expression, Ces must be replaced by C; + C,. For large 
currents, Cy is much larger than C,, (see Chap. 1) and equals gry. Hence, the 
maximum value of GBW is given by 


cme=(35)(B)(2)=(2) (8) om 


‘The second advantage of a cascode is that the noise of the cascode transistor does 
hot occur because the output current is determined solely by driver transistor TI, not 
by cascode transistor T2. This is also valid for a bipolar cascode stage, if Ry, is small. 


(a) Cascode stage with /; = f; and (b) folded cascode stage Jy = |) + b 


Yee 


@ 
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There is only one important difference between the bipolar transistor cascode and 
the MOST cascode. The impedance at the source of MOST T2 is always resistive 
and equals about 1/gq2 - (1+ Rz/r,2). However, the impedance at the emitter of 
bipolar transistor T2 can be inductive because its base resistance interacts Cy, This 
iductance can form a resonant circuit with parasitic capacitance Cp (see Fig. 4-56) 
and generate peaking that can also appear at the output. Although this capacitance 
Co is generally quite small with MOSTS, it is not small with bipolar transistors. With 
bipolar transistors, separate collector islands must be used. On the other hand, this 
capacitance is never large because no connections are made to this point This has 
been studied in Sec. 4-3-2. 

In a BICMOS process, a MOST or a bipolar transistor can be used in each position. 
Since we already have four configurations (see Fig. 4-51), we can now distinguish 16 
different cascode stages. If different types of transistors are used for the input device 
and cascode, different currents can be used. Here, the configurations of Fig, 4-51), c, 
and d, can be used. The current can be optimized in a different way for each separate 
device. 


4-6-7 Feedforward in Cascode Amplifiers 


FIGURE 4-57 


Very high values of GBW can be obtained if feedforward is applied to the cascode 
transistor in the folded cascode of Fig. 4-574 (Sansen and Chang 1990). This is 
necessary, especially if the pnp transistor is of the lateral type: its fr is fairly low 
(S to 10 MHz). Therefore, it is advantageous to bypass a lateral transistor at high 
frequencies by means of a feedforward capacitance Cry 


(a) Feedtorward in cascode stage; and (b) small-signal equivalent circut, 
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FIGURE 4-58 
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For analysis, transistor TI is represented in Fig. 4-57b by a pure current source 
with value ijy = geri iy. The output capacitance of TI and the large input capacitance 
of T2 are lumped together in Cp. Transistor T2 is represented by rq2, Cz2. and gn2. 
Remember that C2 can be large because the value of fr is low. 

The gain is obtained by straightforward analysis, as given by 


(4117) 


with, 


Ci(Cy + Cp) + Crr(Ca + Cp + C1) 


in which gqRz > 1 is assumed. 
Its pole-zero position plot is given in Fig. 4-58. For nearly zero value of Crr, a 


dominant pole, 2 nondominant pole, and a zero occur. The characteristic frequencies 
are indicated in the diagram. The dominant pole is caused by the Ry Cy, time constant, 
‘as expected. The nondominant pole is caused by the parasitic capacitances C, and Cp 


Pole-zero position diagram of cascode with feedfonward capacitance Crr. 
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It occurs at frequencies that are not high enough to ensure stability. For this reason 
Cer is applied. 

For increasing values of Cry zero occurs. It nearly coincides with the nondomi 
nant pole at values of Cre. which are larger than Cry... given by 


CulCe + Cr) 
Lt G+ Cr 


(4-118) 


[At this point, the zero nearly compensates for the effect of the nondominant pole 
But the compensation is never complete, because the nondominant pole and zero never 
actually cancel each other. There are several improvements possible on this schema 
in order to achieve exact cancellation (Sansen and Chang 1990). One such example 
ig the addition of a resistance in series with the emitter of T2, Such aetiony lead to 
third-order systems, however, and are not discussed further in this text. 

We have analyzed inverters and cascode stages. The most important two-transistor 
amplifiers, however, are the differential stages. They are the comerstones of all analog 
integrated circuits. Therefore, they are analyzed in considerable detail in the next 
section. 


4-7 DIFFERENTIAL STAGES 


4A 


Definitions 


The most important analog building block is, without doubt, a differential pait, It 
is the input stage of an operational amplifier (op amp) and most integrated filters, 
Therefore, we must study it close! 

‘The differential pair is mainly composed of two equall (or matched) transistors. An 
example of such a differential with MOSTs is shown in Fig, 4-59. It consists of 
two equal transistors and a current source with le Ty, which biases both transistors 
Tl and T2 at the same current fq /2. AS a result, two input and two output terminals 
are available, For easy analysis, two other input voltages and output voltages. are 
defined, each derived from the terminal voltag 


‘The differential-mode input voltage vj, and the average, or common-mode input 


voltage vj, are derived from the applied input voltages vy, and 173, as defined by 
vig = Yn — V2 (41190) 
ae (4-119) 
In a similar way, at the output 
Vos = Voi — Yo? (4-120a) 


Yop = (41200) 


FIGURE 4-59 
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MOST ditferontiat stage, 


the difference of vyy and vog. This does not impair the 
analysis. Note that all symbols v contain a DC and AC component as well 
st goal of the differential stage is to amplify the differential component 1 
and only uj. The common-mode component vj, must be rejected. For example, if 
disturbances (such as power-supply hum and radio frequencies) are induced on both 
inputs, they generate a signal vz<. This signal must not be amplified by the differential 
stage; it must be rejecte’. To formally describe this rejection of common mode signals 
vj, all gains must first be defined. 

The four voltages defined by E 
gains, as given by 


(4-119) and Eq. (4-120) allow us to define four 


You = Aaadra + Aacdte (4-121a) 


Ute (4-121) 


Voc = Acadia + / 


Only the differential output voltage voy is of interest. Thu 
and Age are 10 be investigated in more detail. 

Obviously, gain Ayg is the real differential gain, which is the main purpose of 
this stage. According to Eq. (4-121a), however, voz can also be generated by a 
common-mode input signal vj-. The circuit schematic shows that vag can only be 
generated by vj. if asymmetry is present in the input transistors or load resistors. The 
threshold voltages Vr or values of K’ can be slightly different, leading to a nonzero 
value of Age. 


, only the gains Agu 
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is the Common Mode Rejection Ratio 


The measure of Aye, with respect to 4 
(CMRR), It is defined as 


CMRR = (4-122) 


Aa 


It also reflects the amount of common-mode input voltage vj. that is amplified or 
in other words, the asymmetry in the input devices and load resistors. Typical values 
of CMRR are 80 dB for bipolar transistor differential stages and 60 dB for CMOST 
stages. The origin of this difference will be explained in Sec. 6-6. 

In this chapter it is assumed that the input devices and loads are perfectly matched. 
Their parameter values are identical, hence and CMRR = co. For all further 
considerations on matching and finite CMRR, the reader is referred to Sec, 6-6. 

First the transfer characteristic of the differential stage is analyzed, Then its small- 
signal performance is derived at low, as well as high frequencies. Finally, active loads 
are added with and without cascode stages. MOST devices are considered first. 


47-2 MOST Differential Stages 


, the value of vo is given by 


DC Transfer Characteristic In Fig. 4: 


vod = —Rriog 
in which jog =i) —i2 (4-123) 
Also, In=iptin (4.1230) 


‘The currents j, and i can be extracted from the two expressions above. They are 
given by: 
(4-124a) 


(4124p) 


2s = ln ind 
(On the other hand, the input voltages are related by: 


= dGs1 — V682 


K,OV/L) 


Ki(W/L) 


W/L)2 = (W/L). The last two expressions are obtained by 
ips versus vgs relationship of a MOST and by neglecting 


in which (W/L), = 
use of the simple quadrat 
output conductances, Also note that vas is zero for both transistors. 


960 DESIGN OF ANALOG INTEGRATED CIRCLITS AND SYSTEMS 


Substitution of vgs; and vgs2 from Eq. (4-126) in Eq, (4-125) then yields 


1 rey 5 
(eas 4-12" 
Tew \Y i— Via) (4-127) 


va 


ly, substitution of i) and iz from Eq. (4-124) in Eq. (4-127) 


= 
i earn 


2K,(W/L) 


. ve -128) 
Te F (4-128) 


This equation has the form 


(41294) 
in which 
and 
‘The solution is given by 
(4-129b) 
‘These relations are shown in Fig. 4-60. They are only valid if |y| < Lorif |x| < V2. 


For larger values of x (of via). ¥ simply remains ( + or —) unity . This means that 
for x = V2, ty = /Tn/K, (W/L), oF £V2(Ves — Vr), all current flows in one 
transistor only. The other transistor is off. For larger values of vj,, the transistor that 
is on acts as a source follower. The common source point (at voltage vy;) follows 
the input voltage (see Fig. 4-60c) with a difference of Vcs corresponding to /y. For 
negative v1, the value of vs, is maintained at the same Vis below zero volt ( 02). 


Small-Signal Behavior For small values of vjy or x, y © x, or by using 
Eqs. (4-127), (4-129a), and (4-1295): 


vou = —Ri 2K W/L ava (4-130a) 


which can be written as 


Vos = —BmR via (4-130) 
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Note that or transistor at current 
In/2. The smalls ain thus is the same as that of a single transistor operating at 
the same current //2, as each of the transistors of the differential stage, 

‘The small-signal current in each transistor must be the same in mi 


Smt = Sma is the transconductance of on 
nal 


jitude, but 


opposite in sign. Any current that flows in transistor TI must flow entirely through 
transistor T2 in the opposite direction. This is true because the DC current source 


does not take any AC current, The AC current gy-vz4 thus circles around through 
both transistors and resistors Xz. Thus, the small-signal values of u¢s are also the 
ne in magnitude but with opposite polarity. As a result, the small-signal value of 
vay equals (v)) + ¥ya)/2. In other words, it is zero for a symmetrical input drive, 
ie, if v9 = —vrilvig = 2071 and vj, = 0) (See Fig. (4-612). It equals vy) if 
do = Yn (rg = 0 and vje = v)1), In the latter case, no small-signal current can flow 
in either transistor because Iq is generated by an ideal DC current source that does 
not allow AC current to flow (see Fig. 4-615). 

There is a third possibility, i.e., when an input voltage vir is applied to one input 
only, and at the other one vj2 = 0 (see Fig. 4-61¢). In this case vj = vyi/2 and vy 
vy1/2, a8 well. The AC current is now only half of what was obtained in the first case, 

Where vjg = v/1 and vj. = 0, there is a purely symmetrical or differential drive 
and vy = 0 for all small signals. Thus, the small-signal equivalent circuit of the 
differential stage falls into two separate, equal single-transistor equivalent circuits with 
grounded source. The analysis for a single transistor amplifying stage also applies to 
the gain, as it does for the bandwidth and the gain-bandwidih product, Finally, at all 
points the impedances are easily found. The impedance at the common source point 
corresponds with the output impedance of two ideal source followers in parallel, At 
low frequencies it equals 1/2m. 


Active Loads In order to increase the gain, active loads can be used (see 
Fig. 4-62a) to lead to exactly the same small-signal analysis as for a single tran- 
sistor amplifier with active load. 


Differential- and common-mode voltages for a differential stage under diferent drive conditions. 


@ 
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FIGURE 4-62 (a) Ditterential stage with active loads; (b)étferential stage with active load and biasing network; 


‘and (o) self biasing differential stage with active load. 


However, a biasing problem occurs. An active load acts as a current source, Thus 
it must be biased with V+ stich that their currents add up exactly to Ig. In practice 
this is quite difficult. Thus, a feedback circuit is required to ensure this equality. An 
‘example of such a (common-mode) feedback circuit is shown in Fig. 4-62. 

Transistors TS and T6 are connected as a diode. Together with Rp. they define 
current Ize as given by (Von — Vss — Vsps — Vose)/ Rw. 

On the other hand, transistors T3, T4, and TS all have the same W/L ratio, They 
also have the same voltage vgs. hence the same drain current [zg. Also, transistors 
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T6 and T7 have the same Vas, but their aspect ratio’s W/L differ by a factor of two. 
‘The current in ‘T7 thus is 2zgg or fp. It is exactly the sum of the currents through T1 
and 2, 

‘The combination T6 and T7 is a current mirror, T3, T4, and TS also form a current 
mnirror. One transistor is always connected as a diode and drives the other transistors, 
Their value of Vgy is the same, Thus their currents depend only on their respective 
W/L ratios, They will be studied in more detail in Sec. 4-8 

Mismatching between the transistors and differences in Vps can cause errors in 
the output current matching, The schematic of Fig, 4-62 performs well in first order, 
but fails to function properly because of second-order effects, Therefore we do not 
consider it further. 

Direct use of a current mirror as a load for a differential stage, leads to the self 
biasing circuit of Fig. 4-62c. If transistors T3 and 'T4 are well-matched, then the DC 
currents are the same in all transistors, its, [a /2. 

For small signals, the picture is very different. The output load is made up by 
the output resistances and is denoted by ry. Current mirror T3, 174 mirrors the small 
signal currents, ax well, ‘The currents in T3 and T4 thus have the same small-sighal 
component iac. This current ix flows through T1, but is reversed in 'T2, since no 
AC current can be taken up by the current source J, The small-signal current that 
flows out of the differential stage to ground, through C; and the output resistanes 
ry, is 2igc. This is different from the previous circuit (Fig. 4-62a), where the AC 
current flows through the two top transistors, then in parallel through C,, and the 
output resistance r,. This is a much more symmetrical arrangement than that seen 
in Fig, 4-62c. On the other hand, the self-biasing circuit of Fig, 4-62c provides 
double-to-single conversion, ‘The output can be taken from one single output node, 


yet is functionally a differential output 

Symmetry is broken in Fig. 4-62c. Transistor T3 offers only a low DC voltage drop 
(Yess) and a tow AC impedance (1/gng at low frequencies) to T1. Transistor Tpotters 
much larger DC voltage drop (Vpss) and much higher AC output impedante (r, 
at low frequencies) to T2. This usvally results in offset and other effects that will be 
discussed in Chap. 6. 

‘The gain is the same as before, Inde 
simply given by 


J, current ic equals gm via. Thus, the gain is, 


Ayn = 8 (4-131) 


with r, = reallroa and gm = fini = Sa. Note that factor 2 has dropped out. 
Only transistor T3 does not directly figure in the calculations, since it is the same 
as transistor T4. 


Detailed Analysis of the Low Frequency Gain The actual AC current flow 
more complicated than the simple Eq. (4-131) suggests. The exact situations for the 
different cases are depicted in Fig. 4-63. In these figures the resistances r are shown 
explicitly to show how the currents actually flow through them. 


FIGURE 4-63 
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(a) AC currents in differential pair with AL < roa, fos; (6) AC currents in diferential pair with 
AL > fea, fos = 20 at low frequencies, 


at the drain of TL is 


The resistances ry) and r3 are never shown. The AC vol 
always small because T3 only represents a resistance of 1/@m3. Thus this AC voltage is 
always small. The currents through r)i and ry3 are quite low and negligible. Therefore 
Tos and r3 are omitted in the following analyses. That this is the case can be easily 
verified by SPICE. 

In the first example, the load resistance Ry is assumed to be much smaller than 
either rez oF ros. An AC current thus is drawn from the output of this stage through 
Ry to ground. This AC current is denoted by i,. This current is always drawn from 
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© 
FIGURE 4-63 (cont'd) AC currents in diferentiat pair at low frequencies, 


the positive power supply Vop. As expected, it is given by i, = gy ty, where the 
4n°s of the input transistors are taken as the same. The voltage gain is simply gu Rp 
Note, however, that additional AC current flows through the resistances rj2 and rox 
(as indicated in Fig. 4-634). On the other hand, at the common-source point the AC 
voltage is exactly vy = vyy/2, a8 expected, 

If the load resistor is omitted, the currents are different. In Fig, 4-63) the resistance 
Ry is repleced by a capacitance C,. At low frequencies, this represents an infinite 
impedance. Hence, current i, is zero at low frequencies, At higher frequencies this 
capacitance represents a finite impedance and again we have the situation as shown 
in Fig, 4-634, 

in the case of Fig, 4-63h the situation is simplified because rq is taken infinite and 
only ro is left, This can be realized quite easily if Ly is given a large value. In this 
case straightforward analysis shows that AC current only flows in transistor ‘T2 and 
ras WS value iS gmviy. It determines the gain Ajj, which is gma as expected, As 
a result the full input voltage vy appears across T2, Le., ves2 = viy and vy = diy 
as well. 

Finally, the most general situation is shown in Fig. 4-63c. ‘The analysis is now 
much more complicated. All transistors again carry an AC current, denoted by i 
‘The current igg through ro4 equals vour/ros. This current must be equal to 2iz, bx 
cause no AC current is drawn from the power supply Vp; no AC current is flowing 
through C,, either. As a result, a current iz, is required from T2, This current iz 
is obviously flowing through TI also. ‘The only remaining question is how much 
current is flowing through rox and what are the values of vgs) and ugs> (which 
equals — vy)? 
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jons are given by 


i 
inti 
: (4-132) 


vour — Uy 


You 


From these equations we easily find that the gain Ay, is given by Eq, (1-131). 
provided gmroa 2 1. Also, 
vest (4-132) 


Uy = 0G = 2 (4-1320) 


We notice that ugs2 is larger than vgsy in magnitude. This is a result of the 
asymmetry of the active load configuration T3, T4. 

We also notice that with a joad, no AC current is drawn from C), nor 
from the power supply Vio at low frequencies. The higher the frequency, however, 
the more current is taken up by C,, and hence returned by power supply Vpp- In this 
‘case we again observe the situation illustrated in Fig. 4-634. 


Gain-Bandwidth Product The bandwidth is evidently given by 


fs (41330) 


and the gain-bandwidth GBW by 


(4-133) 


as expected. 

Remember, however, that the node c: in of TI also forms a 
nondominant pole. Since vq at the common-source point is not always zero (as in 
Fig. 4-63¢), a second nondoiminant pole can be present. A detailed design procedure 
is given in Chap. 6. 

‘An interesting problem arises when we consider the simplest differential amplifier 
of Fig. 4-59, where load capacitances C, is connected from both drains of Tl and T2 
to ground, Does this configuration have two poles (because there are Wo capacitances) 
or only one? 
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Two capacitances on two different nodes would normally give rise 10 a two-pole 
system, On the other hand, comparison with Fig. 4-62a leads us to believe that the 
same effect can be realized with only one capacitance, albeit with value C;,/2. The 
circuit of Fig, 4-62a certainly is a first-order system, There is only one capacitance. 
A detailed analysis (see exercises) shows that both circuits behave as a single-pole 
system, It is located at the same frequency, provided the load capacitance of Fig, 4-620 
is C1 /2. 

This is also true if the load resistances are slightly different. Then two poles occur. 
‘The effect of the second pole is compensated, however, by a zero between both poles 
(sce exercises), resulting again in a first-order characteristic. 


Slew Rate In a differential stage with active load, an input voltage of 
Vin/RUW/L) or V2(Vos — Vr) is sufficient to draw all the current /5 through 
one input transistor only (see Fig. 4-60). When we apply an input voltage that is 
much larger, slew rate limiting occurs, 

‘The current mirror follows this current drive instantaneously, such that a constant 
current with value Ig is forced through the load capacitances. Then the slope of the 
output voltage is limited and given by the slew rate, which is obviously J versus C 

‘The ratio SR/GBW thus is given by 


Ra El 
dl = (4-134a) 
CBW np 
For MOST in strong inversion, this is also given by 
SR 1 
= oe] = "8 ~ Mi $1340) 
a GBW \ R07 r (4-134b) 


This value is small for large currents, Relatively large SR's thus can only be 
blaine’! deep in the strong inversion region (where Vos —Vr is large). For this reason, 
MOSTS are used quite often for the differential input stages in high performance 
operational amplifiers. 

Parasitic capacitances on the other noxles cause the actual charging current to be 
slightly different from fn. Both situations for positive and negative switching input 
voltage are depicted in Fig, 4-64. Hence, the positive SR slightly differs from the 
negative SR, For example, during the charging cycle (Fig. 4-64a), capacitance Cy, 
must be charged up, as well. It draws additional current from the positive power 
supply, increasing SR. This effect is slightly compensated by the very small discharge 
of Cyo (Vesy hardly changes). When C;, is discharging, capacitance C,) discharges 
‘as well, decreasing the current Zy available for the $R_. Thus, the positive SRy. is 
smaller than the negative SR. in this configuration. 


Noise Performance The noise performance of the self-biasing differential stage 
of Fig, 4-62c will be analyzed first. For this purpose, the noise-source powers of 
all transistors must be added together, In Fig. 4-65, the drain-source thermal noise 
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FIGURE 4-65 Differential stage of Fig. 4-62c with the noise current sources added. 
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current generator is shown for all four tran 


stors. Their contribution to the output 
load is easily observed in the figure. The total output noise current power is given by 


> 8kT 
digg = (Sma + Ba + Sins + Smad (4-135) 


Note that 87/3 = 1.1 x 10-2° VC or W at 27°C. The equivalent input noise 
voltage power is then given by 


(4-1362) 

in which (4-136) 
Bt 

is the excess noise factor, note that for reasons of symmetry gm1 = m2 ANd 83 = Bt 


This factor y indicates how many times a particular circuit provides more noise power 
than a single transistor amplifier 

1um noise performance, g,.3 must be made smaller than gyi. Then y © 2, 
and the equivalent input noise voltage power is twice that of a single transistor am- 
plifier, the equivalent input noise voltage is /2 times worse than the equivalent input 
noise voltage of a single transistor amplifier, running at the same current as each 
transistor of the differential pair. 

How can a designer make the ratio gm3/gm1 smaller? This ratio is given by 


———a 
| u3(W/L 


mV axW/E), 


(4137) 


For the configuration of Fig. 4-65, in which the pMOST transistors are on top, the 
ratio 13/1; is about 1/2. Therefore, (W/L)3 must also be made smaller than (W/L)1, 
which is easy to do. 

For symmetrical gain we have also tried to make rox = ron, which leads 10 


vy, 


Ly 
i VE (4-138) 

In an n-well CMOS process Vey > Ven, thus L3 < Ly, which makes it easy to 
realize (W/L); > (W/L)1, as well. 

Similar conclusions can be drawn for the differential amplifier of Fig. 4-62b. Ex- 
pressions similar to those above are valid here, as well. Moreover, the noise generated 
by all common-mode components such as TS, T6, T7, and Ry is cancelled by taking a 
differential output. Obviously this is also the case for the noise associated with current 
source Jy and the power supply voltages Vpp and Vss in Fig. 4-65. None of these 
contribute to the output voltage. 


FIGURE 4-66 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 371 


amplifier with resistive loads (see Fig. 4-59), the noise contri- 
bution of resistor Ry. is usually negligible with respect to the noise contribution of the 
transistor itself. Actually. this is the case as soon as gq R, > 3/2 

As a result, the current excess factor y can always be reduced to a factor of 1wo. 
This is the same result as that of a differential stage with active loads, 

This equivalent input noise voltage power of Eq. (4-136a) can be added in series 
with either terminal of the differential amplifier (see Fig, 4-66), because the noise 
generators represent powers, which do not have a polarity, 


Example 4-15 
Let us design a MOS differential amplifier for a voltage gain of 50 dB and a 
symmetrical input range of | V. The transistor parameters are Vy Vv. Ki, 
40 wA/V? and Ki, = 15 WA/V": Ven = 5 V/um and Vp = 8 V/jum. Calculate 
the current and the W's and L's required if noise is to be minimized, as well. 


Solution, From Eq. (4-129) with the input range we find that the minimum value 
of Vas — Vr = 0.5/2 V. From Eq, (4-131) of the gain (which is 50 dB 
or 330), we obtain an expression from which the current has disappeared (since 
8m/Ips = 2/(Ves—Vr)). For ro2 = ros. this equation is VeqL. 330(Vos—Vr 
115 V. This yields L, um. Also, since Ls/Ly = 5/8, we find Ly © 14 yam, 
Note that gq1 = 0.16 mS. 

‘The values of the width W will now determine the current: the larger the W. the 
larger the current. We choose (W/L), * 4 such that W', * 100 jum, The current 
is then 20 A and Jy = 40 1A. For low noise we must take (W/L); « (W/L);. 
Therefore, we take Ws = 4 um such that (IV/L)s = 0.3. The excess noise factor 
is about 2.2, which is very close to the optimum of 2. The equivalent input noise 
itself is 12 nVpys/VHz. 

In Table 4-8, a SPICE input file is given for this differential stage, The results 
show that the gain is slightly less (47 dB) and that the noise is somewhat larger 
(16 Vas //). 


Inclusion of the equivalent input noise voltage in a MOST 
differential amplifier 
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TABLE 4-8 INPUT FILE FOR THE SPICE FOR THE MOST DIFFERENTIAL AMPLIFIER OF 
EXAMPLE 4-15 IN SEC. 47-2. 


* Ex. 4-19 (TEMPERATURE 
+ CIRCUIT DESCRIPTION 
M1 415 5 NMOS W=100U L=230 

M2205 5 NMOS W=1000 L230 

MS 4 46 6 PHOS WadU Le1dU 

Md 2 4 6 6 POS W=a7 Le14u 

vob 600c 5 

vss 7.0 Dc -5 

vim 3 0 DC 0.006 AC 

cL20 107 

RL 20 10MEG 

RS 311K 

B57 400 

MODEL NMOS NMOS LEVEL~2 YTO=1 KP=60E—6 GAMMA=0.01 LAMBDA=0.009 
“MODEL PMOS PHOS LEVEL=2 VIO=—1 KP: 

* CONTROL CARDS 

-DC VIN 0 0.03 0.00% 
{PRINT DC V(2) 

AC DEC 10 1K 1 MEG 
-PRINT AC VDB(2) VP (2) 
PLOT AC VDB(2) VP (2) 
-NOISE V(2) ViN 20 
RIDTH OUT = 75 

:END 


27.000 DEG C) 


4-7-3. Bipolar Transistor Differential Stages 


The differential stage with bipolar transistors behaves in very much the same way as it 
does with MOSTS. It is shown in Fig. 4-67. The differential-mode and common-mode 
input and output voltages are defined as before. Also, all definitions and remarks made 
on the various gains and the CMRR are valid, as well. A bipolar transistor’s transfer 
characteristic is analyzed first. 


‘Transfer Characteristic In a bipolar transistor, the collector current ic and the 
base-emitter voltage vge are related by the well-known exponential relationship (see 
Chap. 2) given by 


jo= Iesexp( us) (4-139) 
Y 
in which Ics is the saturation current and V, = kT /g (26 mV at 29°C or 302 K). 


‘The differential output voltage is given, in general, by Eq, (4-120a) and now equals 
Vad = —Reiod, in which 


y 
ing = iy — in = es [er (#) 


(4-140) 


FIGURE 4-67 
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Bipolar transistor differential stage. 


‘The sum of the collector currents is kept constant and equals current Jy of the ideal 


current source. As a consequence, 


initia = les [om (%t#) -esn (%)] (4141) 


(On the other hand, the differential input voltage is again given by Eq, (4-119), in 
which 


Upd = Vet — Vas? (4-142) 


from Eq. (4-142) in Eg, (4-140) and Eq. (4-141) allows elimina- 
tion of uae. Division of Eq. (4-140) by Eq. (4-141) also allows elimination of vye2 
which then yields 


moe (4-143) 

7 (41430) 

pe 4-143 

or Ta (4-143) 
The latter expression is depicted in Fig. 4-68. It contains a region around the origin 


where the slope is constant. This slope is the small-signal gain, It is easily derived 


FIGURE 4-68, 
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Bipolar MOST 


Transter characteristic of bipolar transistor differential stage, 


Eq. (4-143) for small values of v/y. For x <1, tanh(x) x and 
va 
vod =~ Ria sit (4-144a) 
or for small signals 
Vou = Sm Riva (4-144) 


as could be expected. For large values of vjy (actually a few times V; or 3V, in 
Fig. 4-68), all current flows in transistor T1, whereas transistor T2 is off 

‘Then the output voltage simply equals R; fg and the small signal gain is zero, An 
exponential tail connects the region of constant (small-signal) gain to the region of 
zei0 gain, 

In Fig. 4-68, the transfer characteristic of a MOST (see also Fig. 4-602) is added 
for comparison. Itis clear that the MOST has a much flatter characteristic, This region 
can be considered in the design, however. It has an additional design parameter that 
is sufficient to work close to the weak inversion region where vgs — Vz is small to 
realize a similar characteristic as for a bipolar transistor. For a bipolar transistor, it is 
ot part of the design procedure. It is always approximately 3k7'/q. As a consequence, 
the design procedure is simpler for a bipolar transistor (see Sec. 2-10). 


Active Loads _ In order to increase the gain of a bipolar transistor differential stage, 
active loads can be used in much the same way as they are for MOST differential 
stages. Again, biasing networks are required in order 10 ensure exact ratios of the 
currents flowing. A self-biasing differential stage is shown in Fig. 4-69. It operates 
in the same way as its MOST equivalent in Fig. 4-62c. It is not the best solution for 
symmetry, but it does allow easy biasing. 
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‘The expressions of the gain, GBW, and slew rate have already been discussed 
for the MOST differential stage. They are exactly the same as given by Eq. (4-131) 
through Eq. (4-134). 


Noise Performance Another important difference between a MOST and a bipo- 
lar transistor is that base current flows in a bipolar transistor. Hence, shot noise is 
associated with this current (see Chap. 2), which gives rise to an equivalent input noise 
‘current generator di? at the input, which is not present in a MOST. As a result, each 
transistor in Fig. 4-67 and Fig. 4-69 has two equivalent input noise generators, ie. 
dv} and di? , The noise of the current source J» is in negligible first-order, because 
a differential output is taken (see Chap. 6). 

Al eight noise sources are shown in Fig. 4-70. They can be represented by one 
equivalent input noise voltage source, dv7.,, and one equivalent input current source, 
fe a polarity, they can be connected to either input terminal 
i ways exist to connect them, Iwo of 


if, . Since they do not 
of the differential amplifier. Thus, four differe 
which are shown in Fig. 4-71. 

In order to calculate the value of dis, , the input terminals must be grounded such 


that the effect of di;., is made nihil. Calcul: 


of the output current shows that 


dvi, = (dv; + dvi) (4-145a) 


FIGURE 4-69 Solt-biasing differential stage with active lead 
Vee 


3 14 


xi " 
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i 


FIGURE 4-70 Noise sources of solf-biasing dierental stage 


FIGURE 4-71 


which is exactly the same result as for a MOST differential stage with active loads, 
‘This can also be written as 


ydvp (4-145h) 


aR, 


in which y is the excess noise factor. Itis thus given by 


2(1+#) 2040 =4 (4-145¢) 


So 


Inclusion of equivalent input noise sources in a bipolar transistor differential amplifier. 
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This is a surprising result, It shows that all four transistors contribute equally to 
the output noise. Also, this is a factor of two worse than what can be achieved with 
MOST transistors! pe 

In order to calculate the value of dij.,. the input terminals must be left open so 
that the sources dv? do not play a role. Calculation of the output currents then shows 
that 


Ce 


2di? (4-146) 


This result is of little importance, however, because a bipolar transistor differential 
never current driven; it is always voltage driven. For this purpose the source 


resistance must be made low, i.c., less than ry. The effect of the duj,, source is then 
dominant. 


Example 4-16 

Let us use a bipolar transistor differential amplifier at 2 = 40 A. What are the 
values of the voltage gain, the input range, and the noise, in comparison to those of 
the MOST differential stage of Example 4-15? The transistor parameters are given 
in Table 4-3 with Ve = 40 V. 


Solution. The output resistance ry is Ve versus Ice, which is 2 MQ, The total 
output resistance is thus half of the resistance, which is 1 MQ. Also, gq) = 0.77 mS. 
From Eq. (4-131) of the gain, we obtain an expression from which the current has 
disappeared again (since ¢n/Ice = q/kT). The gain is thus half of ¢Ve/ET, which 
is 770 (or 58 dB). It is a litte larger than that of the MOST amplifier. 

The input range, however, is only about 6 £T/q or about 150 mV, which is a 
factor of 6 lower than that with MOSTS. Is this an advantage or a disudvantage? 
For conventional amplifiers this is an advantage, since less drive is needed. As 
soon as distortion specifications are considered, however, this is a disadvantage. 
The MOST differential amplifier can take about six times more input drive before 
distortion appears. 

The excess noise factor is 4, nearly two times as much as that of MOSTS. 
However, if we calculate the values of the equivalent input noise voltage Tj, 
then we have approximately 7.6 nVems/Hz for the bipolar stage, which is smaller 

«than the 12 nVpys/¥/Hz of the MOST differential sta 


BICMOS Differential Stages In BICMOS technology we can realize many dif- 
ferent differential amplifiets (as in Fig. 4-62c): two types of full CMOS differential 
amplifiers (nMOST input devices or pMOST input devices), two types of bipolar 
amplifiers, and four types of BICMOS amplifiers (n MOST or pMOST, or npn or pnp 
input devices), totaling eight choices. The differences between MOST and bipolar 
devices have been highlighted in Sec. 2-10. Therefore, it will depend on the actual 
specifications to which the designer gives priority. For example, for high slew rate 
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or for zero input biasing current, MOST input devices are preferred. For lower input 
noise, bipolar devices seem to do better. This compromise will be amply illustrated 
by means of the operational amplifiers examples in App. 6-2. 

In this chapter, gain, high frequency performance, and noise of single and two- 
transistor amplifiers and buffer stages have been analyzed. With these stages, opera- 
tional amplifiers and other analog integrated circuits will be designed in Chap. 6. 

Before we attempt to do this, however, current mirrors must be described. These 
have been used as active loads, but they can be used as amplifiers as well. They are 
essential building blocks in biasing networks, too. As a consequence, they are the 
most important analog building blocks, other than the differential staves. 


4-8 CURRENT MIRRORS 


4-8-1 


Definitions 


FIGURE 4-72 


‘A current mirror has already been used as an active load in the self-biasing MOST 
stage of Fig. 4-62c. It is a circuit that must mirror the current. After the differential 
stage, it is the most important circuit block. Therefore, it will be discussed in detail 
(Gray and Meyer 1984). 

‘The current mirror is represented in ideal form in Fig. 4-72a, Its most simple 
realization is shown in Fig. 4-72h. It consists of two transistors with identical ves 
One is connected as a diode and is driven by iy. The other one provides output 
current four at a high impedance level. Since their v¢s"s are the same, the ratio of 
their currents is given by 


our W/L 


aD (4-147) 
iy With 


By choosing this ratio, the output current can be set at any arbitrary value with 
high precision. Usually the channel length L is kept the same for both transistors to 


{@) Principle of current mirror and (b) a simple MOST current mirror. 
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achieve good matching (see Chap. 6). Then the ratio B is set by the transistor widths 
W. Several errors occur, however, that cause deviations from ideal behavior. 
‘The requirements of an ideal current source are the following: 


the current ratio B is precisely set by the (W/L) ratio, independent of tempera- 
ture. 

‘© the output impedance is very high, i, high Rour and low Cour. AS a result, 
the output current is independent of the output voltage, DC and AC. 

‘© the input resistance Riy is very low. 

# the compliance (voltage) is low, icc., the minimum output voltage Voute, for 
which the output acts as a current source, is low. 


‘These requirements are now considered for the simple CMOS current mirror. 


4-8-2 Simple MOST Current Mirror 
‘The most important characteristic of a current mirror is its current ratio, Therefore it 
is investigated first. 


Current Ratio The current ratio is given by Eq. (4-147). An error occurs because 
the finite output resistance of both transistors is present. Transistor T operates at low 
¥psi = Uosi, whereas T2 operates at another vour = vse, which is probably much 
higher. Its value is determined by the load, which could be a resistor, a differential 
stage, etc, Thus, an error in current Aiouy occurs, as shown in Fig. 4-73. It is give 
by 


Yo: 


= vvsi 
— 4-143 
fais (4-148) 


Aiour = Avps2 — vosi) 


The error can be reduced by using large values of transistor length La, but especially 
‘by enforcing equal vps values on both transistors. This can be realized by addition of 
more transistors, as explained in Sec. 4-8-3. 

Athigh frequencies the current ratio is impaired as well. The small-signal equivalent 
circuit of the current mirror seen in Fig. 4-72h is given in Fig. 4-74. All transistor 
capacitances are included. It is clear that the current mirror behaves as any other 
two-node amplifier, as has already been studied. Thus it has two poles and one zero. 


§ Stour 


FIGURE 4-73 Current error because of diferent vos oxi [ae 
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FIGURE 4-74 Smal-signal equivalent circuit of current miror. 


‘The input node is at an impedance level that is quite low, ic., 1/%n1, Therefore 
the effect of Cpc2 is usually negligible. 
‘The dominant pole of the current ratio transfer charac 


istic is then given by 


Smt 
7 2xCui 


i (4-149) 


in which Cy = Cosi + Case + Cos 
‘This pole is normally situated at quite high frequencies because of the low value 


of gwt- Thus. the current mirror operates well up to high frequencies 
‘The dominant pole can also occur at the output node, as we will discuss. 


Output Impedance The output impedance is simply the output resistance ra 
of the output transister (see Fig. 4-725) in parallel with an output capacitance, It is 
independent of the impedance of the current source with which the input transistor is. 
driven, The value r,> can be made high by increasing the transisor length L. Very high 
values are difficult to realize, however. Therefore, other configurations are required, 
such as those used with cascodes, as given in the next section and as shown in 
Fig. 4-76. 

‘The output capacitance is simply Cps2 + Coa2 (see Fig. 4-74) in which Cpsa is 
normally dominant. This is the junction capacitance of the drain (see Chap. 1), Thus 
values smaller than that are to achieve; this can be a severe limitation at high 
frequencies. 


Input Resistance The input resistance is quite low because it is given by 1/1 
“Thus, it is easy to design a current source with value iy, which has an output resistance 
much higher than the resistance 1/gm1- 


Compliance Voure The compliance voltage Vours is the minimum output voltage 
at which the current mirror still provides a high output resistance. It is given by the 
value Voss of the output transistor. For lower values of Vos. the output transistor 
‘enters the linear region and the output resistance drops drastically. 

‘This also equals Ves: — Vr and is determined by how far the transistors operate 
in strong inversion. For a given current, the value of V¢s; — Vr can be decreased by 
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taking large values of (W/L). In strong inversion it is given by 


Kk 
Vr = Vesa = \| (4-150) 


Sore \ Kjav/De 


It is shown as a function of (W/L)> in Fig. 4-75 for four = 0.1 mA and Kj, = 
30 A/V? 

The current mirror of Fig. 4-72b is the simplest and thus it is used more often than 
any other. Nevertheless, for precision circuits there is a need for a current mirror with 
higher output resistance r,2 and with less error in current Aiour. We will introduce 
other configurations that have less error. 


4-8-3 Other MOST Current Mirrors 


More MOS transistors are required to correct the Afour and to inerease the output 
resistance, Several configurations are given in Fig. 4-76. Let us compare them, 

In Fig. 4-76a, two current mirrors have been cascoded. The two transistors Tl 
and T2, which determine the current ratio, are designed to have the same value of 
vps. The error Aiour thus is greatly reduced. Now it is only a result of mismatches 
between TI and T2. These effects will be discussed in Chap. 6, 

The output resistance of the current mirror (of Fig. 4-76a) is increased, as well. 
Indeed, T4 acts as a cascode transistor. Its output resistance ry: thus is multiplied 
by gmefoa as we have already seen (see Sec. 4-6). The output capacitance is reduced 
aas well, because Cpsz sees a high resistance provided by T2, such that its effect is 
reduced by the same factor gmsfx2- 

An alternative configuration is given in Fig. 4-76b, Now T2 is connected as a diode 
rather than transistor T1. Again, the vgs of both transistors T1 and T2 is made equal 
easily, reducing Aiour to a minimum. Also, the output resistance is increased due to 
the effect of the negative feedback. Its loop gain is gqira1. AS a result, the output 
resistance ros is increased and the output capacitance is decreased by the same amount 
SmiFot- 

Normally the current mirrors are driven by current sources with value ji. They 
can be driven by voltage sources as well. The expression of the output current then 
contains gq rather than a ratio of transistor sizes as in Eq. (4-147). It is best to avoid 


Voss 

> : 4 
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2 

1 

FIGURE 4-75 Saturation voltage versus WIL (0.1 mA; fa 


30 pA/v?) on 1 10 100 «WL: 


FIGURE 4-76 
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(a) Cascode current mirror; (b) feedback currant mirror; (c) low output voltage current mirror; an 
(@) low output volt: ge current mirror with extra current source la 


this. However, the last current mieror must always be driven by a current source 
the output resistance of which is much higher than r5). IF it is driven by a voltag 
source or by a current source with large output capacitance, the loop gain is decreased 
decreasing the output resistance of the current mirror. ‘This decrease is a disadvanta, 
especially when compared to the current mirror in Fig. 4-76q, 

‘The main disadvantage of both circuits of Fig. 4-76a and b is their high outpu 
compliance voltage Voyre. Both transistor T2 and T4 must be kept in saturation, ‘Th 
minimum output voltage is thus vgs2 + Upset, Which is always larger than Vr. Fo 
this reason the following configurations are preferred. 

‘The current mirror of Fig. 4-76c has properties similar to that in Fig, 4-76a. Th 
error in current ratio Afour is negligible, except for mismatching effects. The outpu 
resistance is high because of cascode transistor T6. Moreover, the output complianes 
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Voure is only vpsus + Ypscx. Which can be made quite small if the transistors 
operate close to weak inversion or if large transistors are used. 

It is not obvious how the transistor sizes are to be determined, however, because all 
transistors T2, T5, and T6 must be kept in saturation (see Exercise 4-51). In practice, 
it is difficult to make vpss = vps1. which results in some error Aigur. Also, the 
output transistor T6 is usually given a high W/L ratio. These are the prices to pay. 


however, for a lower output compliance volt 


with a lower output compliance voltage Vovr, is shown 
in Fig. 4-76d. It is easier to design than the previous one. This will be discussed in 


Exercise 4-52. 


4-8-4 Bipolar Transistor Current Mirrors 


FIGURE 4-77 


Bipolar transistors can also be used to construct current mirrors. They give rise 
to configurations similar to MOSTS. However, bipolar transistors exhibit base cur- 
rent. This is another important cause of errors. Several configurations are shown in 
Fig. 4-77. The simplest contiguration is analyzed first 


Bipolar current mirrors. (c) Widlar: (d} Wilson. 
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‘The simple bipolar transistor current mirror behaves in a way similar to its MOST 
counterpart, Its current ratio is determined by the ratio of the emitter areas. In practice, 
the emitter area is not scaled, a number of equal-sized transistors are put in parallel, 
which provides better matching. For example, if T} consists of two transistors in 
parallel and T2 of seven, then B = 3.5. 

‘Again, the output resistance is only rj2. The output compliance, on the other hand, 
is excellent because of the very low vcrm of only a few times kT/q of a bipolar 
transistor (see Fig. 2-38). 

‘The output resistance can be increased by means of local feedback, 
in Fig, 4-77b, The ouput resistance is increased by the loop gain, 
(1 + n2R2). The resistances can also be used to set the current ratio. In 
current ratio four/iiy is given by 


as shown 
factor of 
the 


(4-151), 
y =n 


which ig about equal to R;/Ro- The error is inversely proportional to the loop gain and 
thus is about 1/gq2Ro. In this case, mismatch between TI and T2 is not as important. 
Now it is the matching between Ry and R2 that dominates and can be better than 
using transistors. 

‘The third current mirror is named after Widlar. It has as a goal to generate very 
large current ratios, such that very small output currents can be derived from average 
input currents, The current ratio can be derived from the solution of 


1 = vpe2 + Raiovr 41520) 
i _ 1 ( Refour 
© 152 
oy jour B »0( KT /q ) a 


in which B is the number of transistors in the output branch. For example, for a 
voltage drop of 60 mV across Rp (and B 1), the current four is ten times smaller 
than the current ijy. Since four is small, this leads to large values of Ro, which may 
be difficult to integrate, Temperature behavior is another problem. 

In contrast with all other current mirrors discussed, the current ratio is temperature 
dependent because of kT /q in Eq. (4-152h). All previous current ratios only had 
transistor sizes in their expressions. These do not depend on temperature. This is the 
first current ratio that is different. 

‘The first three current sources all suffer from an error in current ratio because of 
the base current. The base currents of both transistors are Subtracted from the input 
current source (see Fig. 4-774), causing an error that depends on the beta values. The 
‘exact relation between the input and output currents for the configuration of Fig. 2-774 
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is given by 


ta 
iy = four (> 4-153 
, aa tae) oie 


For B = 1, the error is 2/8. For lateral pap transistors with low f, this error can 
be quite large. 

The Wilson current mirror of Fig. 4-77d remedies this. A feedback loop with loop 
gain B reduces the error to about 2/A? (see Exercise 4-55). Moreover, its output 
resistance increases by 6 as well, provided the output resistance of the fy current 
source is larger than ry. This circuit configuration is actually the same as for the 
current mirror of Fig. 4-76). This becomes clearer if transistor T4 is added, as in 
Fig. 4-77e. Transistor T4 establishes equal values of vce across transistors TI and 
72, which determine the current ratio, The error in current ratio thus can be expected 
to be quite small 

A similar circuit of the current mirror in Fig. 4-76q is shown in Fig. 4-77f. It 
provides a current ratio with low error and with high output resistance, because of the 
cascode transistor T3, 

The last three current mirrors (Fig. 4-77d, ¢, f) all suffer from large output com- 
pliance voltage Voyre. Indeed, all three circuits stack two transistors, thus requiring 
an output voltage of at least Yaron + UcEsa 

An alternative configuration that reduces the error due to A without stacking tran: 
sistors, is shown in Fig. 4-78a, It is derived from the configuration of Fig. 4-774. The 
base current is divided, however, by the beta of T3, before itis subtracted from the in- 
put current source iy. The resulting error thus is proportional to 2/7 (see exercises), 
Since these base currents are fairly small, the current through transistor T3 may be 
quite small. As a result, its # may be considerably reduced, Therefore, a resistor R. 
is added in order to increase the collector current of T3. In this way. transistor T3 
operates at higher currents where its fis larger. 

Caution must be exerted to ensure stability. The capacitances are shown explicitly 
in Fig. 4-78b, Capacitance C; is mainly the diffusion capacitance of T3. If each 
transistor is modeled by its gp, and x, the current ratio is calculated to be 


(4-154) 


Bins 


(4-154) 
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FIGURE 4-78 (a) Current mirror with reduction of 8 error; (b) capacitances of current mirror; and (c) pole-z6r0 
position plot of current mirror. 


in which C? = C\C: + GCs + ‘The corresponding pole-zero position plot 
is given in Fig. 4-78c. The output current can have a peaked response because two 
‘complex poles can occur if Cs < Cy., with 


(4-155) 


(4-156a) 
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For larger values of C3, the first pole fy and the zero f. cancel. As a result, the 
bandwidth is determined by the other pole f, and is given by 


nt 
2 +G 


BW (4-156) 


Its value is higher than that of the resonant frequency. The bandwidth thus can 
be increased by increasing C3 10 a value higher than C\C2/(C, + C2), as shown in 
Fig. 4-78c. 

Another way to reduce the region of complex poles is to reduce the ratio fy/ fy 
for small C3 (see Fig, 4-78c). This ratio is given by 


(4-1560) 


for which it is clear that this ratio can be decreased if gq. is made larger. This means 
that the current in transistor T3 must be increased, e.g., by addition of a current source 
instead of Rj (see Fig, 4-784). 

From these conclusions, a comparison is readily made between the BICMOS current 
mirror of Fig. 4-79 and the full bipolar current mirror. The current error Aiour is about 
zero because the MOST does not draw gate current, On the other hand, its capacitance 
Cy is smaller, such that stability problems are likely to occur. For correct operation, 
the condition in Eq. (4-155) must be verified to determine if Cas must be increased. 


4-8-5 Noise Output of Current Mirrors 
Current mirrors also generate noise, The noise sources in the simple MOST current 
mirror are shown in Fig. 4-80, ‘The transistors’ noise is represented by noise current 


sources dij and dij . We have taken the output noise current sources rather than the 


FIGURE 4-79 BICMOS current mirror 


FIGURE 4-80 
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Noise in single MOST current miror. 


ant to calculate the total 
The noise generated by the input current 


Wwse We 


‘equivalent input noise sources (see Chap. 2). bet 
‘output noise, not the equivalent input noise 


source fry is denoted by dify, Is value can be quite large if many transistors are used. 


The total output noise dipyy- is then given by 


ign = (dify + dip) B? + ik (4-157) 


After substitution of the noise current generators by the expression di? = (8k7'/3) x 
(df) (see Chap, 2), this expression becomes 


z 277 Bk 
dioyiy = Bdify + (B+ gma df 


7, 16 [Ww 
or = Bix + ero ny) G ) iow df (4-157) 


AS a result, for a given output current, the noise output current becomes smaller 
if B and/or (IV/L)2 are assigned smiatl values. In the best case, B = 1. However, 
if we make (W/L)2 small, then its Vos — Vr is large, which causes a large output 
compliance voltage Vor; Large Veso = Vp is also better for matching (see Chap. 6) 
‘A compromise must be made here. 

At low frequencies, the noise output can be reduced by connecting a large capaci 
tance at the common-gate point, Only dif is left as output noise. Appl 
capacitances is only practical in discrete circuits, however. 


ion of large 


Series Resistance ‘The best technique to reduce the output noise is reducing the 
(W/L)z to very small values, An alternative consists of inserting series resistances as 
shown in the MOST current mirror of Fig. 4-81. 


FIGURE 4.81 
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Reduction of noise by series A. 


Al noise sources are shown explicitly in Fig. 4-81. The total output noise is then 
given by 


(4-1580) 

Provided Ri > 1/gq; for both transistors / = 1,2. Substitution of the several noise 
4(VB+1 

AE) af (4-158) 


m2 


The first terms between the square brackets are a result of the resistors. Thus their 
contribution decreases with increasing R2. The last term is due to the transistors. Their 
contribution thus decreases with increasing R3. The noise contributions of the resistors 
are larger than those of the transistors. They all can be made quite small. provided A: 
is made quite large. The resistors have no effect, however, on the noise contribution 
of the input current source. Thus attention must be paid to that noise source, 

‘The expressions of Eq. (1-158) are only valid if the resistors Ry and R3 are larger 
than 1/gm1 and 1/¢n2, respectively. For smaller resistors, the noise contributions of 
the resistors are simply added to those of the transistors. For B = 1, the relative 
contributions to the total output n are illustrated in Fig. 4-82. For small resistors. 
the transistors are the main contributors to the output noise, whereas for large resistors 
the resistors provide most of the output noise. as given by Eq. (4-158h). 


FIGURE 4-82 
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Example 4-17 


Design a low-noise two-transistor current mirror with ratio B= 4 with four 
100 A. Take small sizes for T! and 72, in order to reduce the output capacitance 
ay much as possible (in a 2 jm CMOS process). What is the output current $/1N 
ratio? What value of R2 would be required to reduce the output noise current by 
half? 


Solution. In order to obtain a large output resistance, we increase the length L, and 
Lz (0 10 jum, For minimum size let us take Wy =4 jem and W2 = 16 am, which 
yields B = 4. The output noise is then given by Eq, (4-157) which yields diy 
7.7 x 10-#A2/Hz or 2.8 PAggys/VHz. The output current $/.N is 3.6 x 107, or 
151 dB. A SPICE file for this example is given in Table 4-9. 

In order to further decrease the output noise, we can insert a resistor Ry in the 
source of T2, Then Ry = 4Ro, but both transistors are equal: W, = Ws = 2 um. 
In this case, gq = 49 4S and 1/gn2 © 20k, In order to reduce the output noise 
current by a factor of two, we must reduce the output noise power by a factor 
of four (see Fig, 4-82), Hence, Ry = 44 k&. ‘The output noise is now given by 
Bq. (4-158), which yields digyy = 2.1 x 10-A?/11z or 1.5 pAgys/VHz. 


We may be surprised by the large value of Ro, which is difficult to realize. More- 
over, the DC voltage drop aeross such a resistor can be prohibitive, In Example 4-17, 
the voltage drop across R2 is 44 V, which is not practical for low power supplies 
‘Therefore, series resistors are used mainly with bipolar transistor current mirrors, in 
which gn2 is larger. 


Coneluding Remarks on Current Mirrors From the several current mirrors, 
current references can easily be derived. In a current mirror a precise relationship 
exists between the output and input currents, This precision is obtained by use of 
sealed transistor sizes, by ratios of numbers of equal transistors, by use of resistances 
and capacitances, etc. Current references, on the other hand, yield output currents that 
are not related to any input voltage or current. The output current is derived from 


TABLE 4.9 


SUMMARY 
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INPUT FILE FOR SPICE FOR LOW-NOISE CURRENT MIRROR OF EXAMPLE 
4-17 IN SEC, £85. 


 Bx.4-17 (TEMPERATURE = 27.000 DEG C) 
* CIRCUIT DESCRIPTION 
Mi 2.211 NMOS Waa L=101 
M2 423.3. NMOS Wel6u L=10U 
von 500c5 
vyo2 600c 5 
TIN 5 2D¢ 25 ac 1 
cL 40102 
RL 6 410K 
R101 
2301 
-MODEL NMOS NUOS LEVEL=2 v7\ 
* CONTROL CARDS 
-AC DEC 10 10K 10MEG 
-PRINT AC 1(vD2) 
NOISE V(4) TZW 10 
WIDTH OUT = 75 
“END 


IBS GAIOA=0. 01 LAMBDAKO.0125 


a combination of voltages with transistor parameters and resistors. If the output current 
is linearly proportional to an input voltage, the circuit is called a V/7 converter. 

Such a current reference, or such a V// converter, is necessary to drive a cur- 
Fent mirror. The input signal of a current mirror is always provided by a current 
source. An elementary current source is a large resistor connected to the power sup- 
ply line. Also, a string of diode-connected transistors can be used as input current 
source. By far the best solution, however. is to use a real current reference or a V//1 
converter. 

It has been shown that current mirrors can be designed with highly accurate current 
ratios. It is sufficient to bias the transistors, which carry out the actual current mir- 
Toring, at exactly the same output voltages vps (or vce) and vas. Errors will always 
appear, however, because of mismatches between these transistors. Mismatches and 
design techniques to reduce these effects are discussed in Sec. 6-5 


In this chapter the most important two-transistor amplifiers have been discussed. There 
are many more, however. For example, the Darlingion amplifier is. well-known. It 
Consists of two transistors configured as shown in Fig. 4-83. Its goal is to reduce the 
input biasing current. It is a three-node amplifier, though, which may be difficult to 
analyze at high frequencies. Some aspects are handled in the exercises. 

Another well-known configuration is the so-called super pap. which is often used 
in power applications. It is aimed at the realization of a pnp with superior charac 
teristics, i.e., with superior gq, and/or f. It is shown in Fig. 4-84a. A super pMOST 
can be realized in the same way as shown in Fig. 4-84. Its model is shown in 
Fig. 4-84c, 


FIGURE 4-83 
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Darlington configurations (a) without and (6) with common collector. 


FIGURE 4-84 
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‘Super pnp configurations with (a) pnp: (b) pMOST: (c) equivalent pMOST. 


In the configurations of Fig, 4-84, local feedback is applied by means of resistor Ry 
‘A four-node amplifier results, Thus, resistor Re considerably increases the complexity 
of the analysis at high frequencies. Again, this is discussed in the exercis 

It is always possible to connect several amplifying stages in series. This is called 
cascading. Such a cascade amplifier is shown in Fig. 4-85. It is a three-node amplifier. 
This, too, is discussed in the exercises. 

In this chapter, techniques lave been detailed to analyze and design elementary 
transistor circuits. We have analyzed the single-transistor in its three configurations, 
.. the amplifier, the source follower, and the cascode configuration. Then we ana- 


FIGURE 4-85 
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lyzed two-transistor circuits such as a CMOS inverter, a differential pair, a cascode 
amplifier, and a current mirror. 

Complexity has always been limited to two nodes, which results in systems of 
only second order. This may seem to be a limitation, However, the vast majority 
of the circuits discussed in later chapters can be simplified to two-node equivalents 
Therefore, it is important that the reader be thoroughly familiar with the analyses in 
this chapter, 

All too often, analysis is confused with running a SPICE program, Too many 
designers hope to gain insight by running SPICE, They are warned, however, that 
SPICE is only a tool for verification. It allows insight only drop-by-drop. This. is 
typical for numerical circuit simulators. Symbolic simulators are much more useful in 
understanding this subject because they indicate the governing parameters in analytic 
form. 

This chapter has been aimed at the generation of analytic tools that help us under- 
stand the operation of the circuits. We have relied on extreme simplification and on 
hand calculations. New diagrams have been given, too, such as the pole-zero position 
plot, to better visualize and better understand the results 

The elementary cells described in this chapter have been limited to differential 
pairs, cascode amplifiers, and current mirrors. Joined together, they yield full ampli- 
fier configurations. This has already been illustrated in Fig, 4-62c for the self-biasing 
differental pair with active load, This circuit already possesses most of the character- 
istics of an operational amplifier. The design of these amplifiers is discussed in detail 
in Ghap. 6. Before the design is touched upon, however. the basics of an operational 
amplifier as a “black box” must be explained, This is done in Chap. 5. 


4-1 Design a single-transistor amplifier with resistive load and biasing resistors (Fig. 4-2) 
with Vpp = 5 V and Rs = 5 k®. Its Vro = 0.8 V, Kj, = 35 4A/V2. We want a 
voltage gain of 20 and a symmetrical output swing. Plot the W/L and Ry, versus 
output current and select a current of about 0.1 mA on this plot, 
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42 Derive the the amplifier of Fig. 4-5a with 
fm = 1 mS, Ry = 40 kQ and Cog = 1 pF. IF we want to represent this input 
impedance by a series KC to ground, what are the resistor and capacitor values? 

4-3 Give the pole-zero position and Bode diagrams of the input impedance Zjg of an 
MOST amplifier with Cog as a variable. What is the maximum value of Cog for 
which Zin can be represented by a single cap: Use the transistor parameters, 
of Table 4-1 

4-4 Give the pole-zer0 position 


nd Bode diagrams of the output impedance Zog of un 
MOST amplifier with Cre iiable. What is the value of Cpgr i which pole 
splitting starts? Use the trinsistor parameters of Table 4-1, 

445. What is the maximum GBW we can obtain for a single-transistor amplifier with 
active load. if the source resistor is 600 & and the transistor parameters in Table 4-1 

is the minimum value of gq). and of the current if we limit W/L. 
to 200? Repeat if we limit the current to 10 mA. 

4-6 Give the pole-zero position and Bode diagrams of the ouput impedance Zou of an 
nMOST amplifier with gj as a variable, What is the maximum value of gw at which 
pole spli is? Use the transistor parameters of Table 4-1, 

4-7 Derive the pole-zero position and Bode diagrams of the gain Ay of an nMOST 
araplifier, with Cps as a variable, Use the transistor parameters of Table 4-1 


4-8 Derive the pole-zero position and Bode diagrams of the output impedance Zou 
of an nMOST amplifier. with Cys as a variable. Use the transistor param 
Table 4-1 


implificr wth resistive toad and biasing resistors (Fig. 4-2) with 
at least 20 and a symmetrical output swi 
wise must be less than 2-nVeuas//Hz 


‘The equivatent input 


4-10 Repeat Exercise 4-1 for the bipolar transistor amplifier of Fig, 4-15d with Re = 0 
set again 0.1 MA as current 

Repeat Exercise 4-5 for a bipolar transistor with frmax = 2.5 GHz, in which Cy, = 
0.5 pF and C)¢"= 1.5 pF. Also, C. = | pF. 

A circle diagram for a bipolar transistor is given al 5 mA (see Fig. EX4-12), Its 


Cy, = 0.05 pF. Find its fr, f, and ry. What maximum GBW ca 
this transistor i. the Miller effect dominates? 

4-13 Repeat Exercise 4-9 for a bipolar transistor, with rg = 100 © 

414 c-zero position and Bode diagrams of the gain Ay of a bipolar tr 

th a feedback resistor Ry- between collector and base; take t 


in be obtained with 


ts 


FIGURE EX4-12 Circle diagram bipolar transistor at 599) f= 20M 
Ice = 5 mA. 
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resistor Rp as variable. Use the transistor parameters of Table 4-3, but nealect output 
capacitance C,, 

415 Take a high-frequency bipolar transistor at 3 mA, with tr = 15 ps, Ce = 100 fF, 
Cy = 50 IF and ra = 100 &. Derive the pole-zero position and Bode diagrams of 
fr of that transistor after inclusion of an emitter resistor Ry: take this resistor Re 
as variable. 

416 Take a bipolar transistor amplifier as shown in Fig. EX4-16 with a load resistor 
Ry = 50 k& and an emitter resistor Re = 10 kQ. The current is 100 eA. Only 
one transistor capacitance is present: Cy = 6 pF. We have connected a capacitance 
Ce across Re to compensate for the pole caused by C. Use the pole-zero position 
diagram to find the compensation value of Ce. 

4-17 Realize a level shifter of 2.5 V with the MOST of Exercise 4-1, with y = 1/V in 
4 p-well CMOS process, and then in an n-well CMOS process. Take [ys ~ 50 LA. 

4-18 Repeat the diagrams of the source follower of Fig. 4-23 with larger Cyc (= 3 pF) 
What can you conclude about the region of complex poles? 

4-19 Derive the pole-zero position and Bode diagrams of the gain Ay of an nMOST source 
follower with load capacitance Crys as a variable, Use the transistor parameters of 
Table 4-1. 

4-20 Derive the pole-zero position and Bode diagrams of the output impedance Zou: of 
an NMOST source follower with gq as a variable, Use the transistor parameters of 
Table 4-1 with Cpg increased to 3 pF. 

421 Derive the pole-zero position and Bode diagrams of the output impedance Zoy of an 
"MOST source follower, with capacitance Cpg as a variable. What is the minimum 
value of Cog to avoid complex poles? Use the transistor parameters of Table 4-1 

4-22 Derive the pole-zero position and Bode diagrams of the input impedance Zjq of an 
nMOST source follower, with load capacitance Cys as a variable. Use the transistor 
parameters of Table 4- 

4-23 Derive the pole-zero position and Bode diagrams of the gain A, of an emitter fol- 
lower, with gq as a variable. Load capacitance Ci, is 10 pF. Use the transistor 
parameters of Table 4-3. 


FIGURE EX4-16 — Ampiifior with emitter impedance. 


FIGURE EX4.25 


FIGURE EX4-26 
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Derive the pole-zera position and Bode diagrams of the input impedance 
emitter follower, with load capacitance C;, as a variable, Use the transistor parameters 
of Table 4-3, 

A microphone preamplifier is shown in Fig, EX4-25. Calculate the gain and the output 
ise ratio fora 10 mV guts input signal with 20 kHz ~3dB bandwidth, Does 
this ratio improve if we omit the source follower? For the MOST, K’ = 30 A/V? 
and W/L = 1000; for the bipolar transistor = 500, Ve = 52 V, and rg = 100 & 
Repeat for a source resistor of ! M2. 

For the wide. implifier in Fig EX4-26, calculate the gain and sketch 
the Bode diagrams. The transistor parameters are # = 50 and rn = 50 2 

‘Two amplifier configurations are compared for gain and signal-to-noise ratio, They 
fire shown in Fig EX4-27. The MOSTs all have Vr = 1 V, K/ = 25 wA/V2, and 
W/L. = 80. Use Vas = 1.5 V. 

Plot the gain Ay and the current Jy versus Vp for a CMOS inverter, with |Vyp| 
30 A/V, Kp = 15 wA/V8s (W/L) (W/L)p = 10; 
V/qei: and Vep = 8 V/jum, Find all dimensions if Ve = 20 Y. 

Design an inverter with parallel input for a GBW = 30 MHz for C;, = 5 pF 
with Ry = 100 2, Use as IV; Kj = 30 WA/V?, 


n of an 


iE 
| it Er 


oy 


=v 
rox 
Be oosur 
tf 
wO), {osima 
Cascode ampiitier =v 
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= 0y —— wv 
1oKe ious 
our Abate e Ry= tk 
= TE 


FIGURE EX4-27 Low-noiso ampitiors. 


4-38 


15 pA/V3: Ven 
0.4 pF; and Lin 


5-V/am: Vep = 8 V/yem: Cos = | pF: Cog = 0.1 pF 
1.25 yum. What are the current and Wy if Vp = 5V2 
Develop a design procedure 5 if both MOSTs are fully operating in 
velocity saturation, Take Cox = 10-7 Clem? and va: = 107 ems 

Derive expressions for the transfer characteristic of the inverter of Fig. 4-44a, as 
sketched in Fig. 4-44d. Also calculate the required DC input voltage to keep the 
‘output voltage at half the supply voltage. Calculate all values for the transistor 
parameters of Exercise 4-29 with Vpp = 10 Vand a gain of 

Design an inverter as shown in Fig. 4-44a for a gain of 3.2, such that (W/L), = 20, 
Make sure that Your = 2.5 V for Vop = 5 V. Calculate the GBW for Cy, = 5 pF. 
Derive an expression for the signal-to-noise ratio of a single-transistor amplifier, with 
capacitive source Ry = 0 and Ry, = Rj = Rp = oo (see Fig, 4-2), Only include 
Cas and Cpa, whereas Cos = 0, Plot the signal-to-noise ratio versus Ge and versus 
Coa. v3 

‘The input noise voltage of the inyerter with paratlel input is V2 better than that with 
‘one transistor. Is the equivalent noise of the inverter then the same as for one single 
nMOST with W/L two times as large? 

Design an nMOST cascode with fz = fy + In (Fig. 4-516), with active toad such 
that Ay > 1000. For the cascode transistor gy2A92 = 1, in which sx = 200 2 is 
the gate resistor of T2. Take the minimum current for T1, but (I¥/L)nin = 20. Also 
Ki = 30 wA/V? and Vex = 5 V/sum: Lipig = 1.2 om. 

Design an nMOST cascode with /> = 1) (Fig. 4-514), with active load and Cy = 
5 pF. Realize GBW > 50 MHz for Rs = 200 @ and Cog = 0.4 pP. Take 
(W/L)nin = 20 and Lig = 1.2 4m, Also, Kj, = 30 wA/V? and Vey = 5 V/jm. 
Realize a bipolar transistor folded cascode with fp = fy = [4/2 = 0.2 mA 
(Fig. 4-51d), with active load such that GBW is maximum (Cy = S pF). Tran 
sistor parameters are fr mx = 600 MHz, frmax2 = 10 MHz. all Cy = 0.5 pF. 
Ve = 50 V, Cje = 1 pF. Cesm = 1.5 pF. 

Compare the BICMOS cascodes shown for gain, GBW, and nondominant pole in 
Fig. EX4-38, The lond currents /> and capacitances Cy, are the same. 


FIGURE EXx4-38 
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Ps 


Design a wid 
Cr = 5 pk. U 
Unity gain. 


and cascode with "MOSTs and Rs = 502, Ry = 500 2 and 
the parameters of Table 4-1, Ensure first-order roll-off down to 


Take an MOST differential amplifier with Vpy = 1 Vs Ky, = 25 wA/V2s (W/L), 
8: Ry = 20 KG and 21k (5% difference) and Vip,ss = 45 Y. The current sour 
is replaced by a resistor of Ry = 7.5 k2. The input voltages are vj; = 110 mV and 
v2 = 104 mV, Calculate the Vours Ady. Aye and CMRR. 


Caloulate the transfer characteristic for a bipolar transistor differential pair with 
Jp = 0.2 mA, with emitter resistors of 1 KR. Realize the sume characteristic with 
nMOS'Ts with Ki = 30 HA/V?, ic.. what W/L is necessary to realize the sume 
small-signal gain? 

Design a MOST differential pair with active load (Fig. 4-62c) for'maximum gain and 
maximum output swing: Vo = 5 Vs Kf = 30 A/V Kj), = 15 wA/V2 Vin = 5 
Vim; and Vip = 8 V/jem, What current and W/L are required? 

Design a MOST differential pair with active load (Fig, 4-62c) for maximum gain and 
minimum equivalent input noise: Vpn = 5 V: Ky = 30 WA/N*: Kj, = 15 wA/V: 
Ven = 5 V/peny, atid Vp = 8 Vie. What current is required (24 yn, — 100 je)? 
Compare with a bipolar stage at the same current (Vj = 52 V), 

For the differential amplifier of Fig. 4-59, draw the Bode diagrams if the R's are 
different by a small amount A, Is this a first- or second-order characterist 
Feedback is applied in an nMOST differential amplifier by inserting Ry between 
both sources (see Fig, EX4-45). What value of Cy is required to compensate the 
effect of the Cas capacitances in the transistors? Use a pole-zero position diagram, 


6 Optimize the ratio Roy/Riy forthe simple two-transistor current mirror of Fig, 4-72, 


if B= 1. Use Vey = 5 V/jem and Lomax = 10 um. 
Design the current mirror shown in Fig, EX4-47 (in a p-well process). Transistor 
Parameters are Kj, = 25 A/V?, Vp = 0.8 V and n = 15. 

Design a current mirror as in Fig, 4-76a and h for a large Roy/ Rig ratio (B = 
and iow Voue. Plot for both the output current versus Vaux and indicate Vow 
Compare the frequency performance of the current mirrors of Fig. 4-76a and b if 
all capacitances Ces are introduced (B 


). 


FIGURE EX4-45 


FIGURE EX4-47 
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ae mal alate 


Ditferential amplifier with feedback zi 


Current mirror. 


4-50 Compare the noise performance of the current mirrors of Fig. 4-76a and b (B= 1). 

4-51 Design the current mirror of Fig. 4-76c for iy = four = 0.1 mA and minimum 
Voute. Calculate all W/L for V V: Ki = 30 WA/V? 

4-82 Design the current mirzor of Fig. 4-76d for fay = four, = 0.1 mA and minimum 
Vouic: Calculate all W/L. for Vp = 1 V; Ki, = 30 wA/V?; take TL = 12 = Ta. 

4-83 Take the current mirror amplifier shown (Fig. EX4-53) with /,, = 100 jx and 
5 k&. Determine the W/L values and B for maximum GBW, and low equ 
input noise (Cz, = 5 pF). Repeat after including series resistors, in both sources of 
Re =5kQ and B= 1 

4-54 Design a Widlar current mirror (Fig, 4-77¢) for fy = 100 A and four 
Plot Ry for B = 2, 3, and 4 to 10. 


lent 


FIGURE Ex4-53 


FIGURE EX4-59 
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I, 
‘Rs 


4-55 Calculate the exact expressions of the error in output current Afour, and the ouput 
resistance Rox for the current mirrors of Fig. 4-77d and 4-78a (B = 1). 

4-56 Compare the frequency performance of the current mirrors of Fig, 4-77e and f, if 
all capacitances C, are introduced (B = 1). 

4-57 Design a current mirror of the type in Fig. 4-78a, for fy = four = 500 A. 
‘Transistor parameters are frmax = 600 MHz, all C, = 0.5 pF, Cje pF, and 
Ces = 2 pF. Repeat for lateral pnps, for which frmax = 5 MHz, all Cy = Cys = 
0,5 pF. Also By = 100 and Bp = 10. 

4-58 Compare the high frequency performance of the current mirrors of Fig. 4-78a and 
Fig. 4-77(¢), if all capacitances C, are included (B = 1), 

4-59 Compate the BICMOS current mirrors shown in Fig, EX4-S9 for the error in output 
‘current Afour and the output resistance Roxy. 

4-60 Compare the Darlington configuration of Fig. 4-83a with the single-transistor ampli 
fier of Fig. 4-144, for the gain and input resistance. 

4-61 Calculate the GBW of the amplifier of Fig. 4-84 configurations if only capacitances 
Cx (oF Cos) and Cy, are included 

4-62 Calculate the GBW of the amplifier of Fig. 4-84 configurations if only capacitances 
Cy (or Cg) and Cy, are included, 


BICMOS current mirrors. 


@ © 
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APPENDIX 4-1: The Pole-Zero Position Diagram: 
Evaluation of a Transfer Characteristic for Different Parameters 


Let us assume that a transfer characteristic is given as a function of complex frequency 
Commonly, this characteristic is evaluated by plotting its amplitude (magnitude) and phase 
versus frequency (Bode diagram). However, this characteristic usually depends on several 
circuit parameters, such as transconductance, resistances, and capacitances. In order to 
gain insight into the role of each circuit parameter, we must change its value and verify 
the corresponding changes in the Bode diagram. A better approach consists of drawing & 
separate plot of the poles and zeros of this characteristic, with this circuit parameter as & 
variable, This is the pole-zero position diagram (Sansen and Chang 1990), An example is 
completed to illustrate this technique. We have taken a complicated example in which the 
analysis has been carried out in great detail. In most text examples, the analyses are not 
taken to this extent 

As an example, the volt 
characteristic appeared in Eq, ( 


1+[(1+ 


and ean be simplified to 


¢ gain Ay of an emitter follower is taken, The transfer 
62) and is repeated here. It is given by 


(2) 
emer 


Ay (Ad-la) 
with Cn On + Cr Oe + Cu Cr, (Ad-1b) 
which can also be written as 

CF = CyeCu + CeCe + CC (Ade) 
2 Cy = Cie + Smtr (A4-ld) 
with Bh em te(CL + Cy) (A4-le) 


In this expression, there ate six independent vatiables, ie. gy Rs, Cy. Cyes Ct, and 
tp. Each can be used to genefate different Bode diagrams, Some are instnictive, e.g., those 
diagrams with variables Rs and Cz. In this example, however, we want to evaluate the 
positions of the zero and the two poles With gw as a variable. Indeed, em depends on the 
current and is an often-used design parameter. 

‘The numerical values are taken ftom Table 4-3, They are R. 
DE, Cz = 10 pF, and re = 0.2 ns, Asa result, 
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Poles and Zeros Each pole and zero must be written as a function of ga, and plotted 
versus frequency, as shown in Fig. Ad-La. 
‘The expression of the zero is given by 


(Add) 


which is linearly proportional 10 &=). For g = 1.06 GHz, The zero is plotted 


in Fig. Ad-la. It increases with increasing gm 


FIGURE AG-1 
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‘The expression of the dominant pole is found by assuming that the pole at lowest fre- 
quency is dominant. Its value is then extracted from the coefficient in s in the denominator 


of Eq. (Ad-La). (See App. 3-1.) [tis given by 


oe (A430) 
+1) + Bm RSCu) 


[e 


in which C, is @ function of gas well, as given by Bq. (Ad-e). Taking gy as.a variable 
allows us to rewrite Eq, (A4-3a), as given by 


(A4-3h) 


Sta= 


with Snr (Ade) 


The curve of fy in Fig. Ad-1a has a breakpoint at § mS in this example). 
At high values of gq the dominant pole is constant. It occurs at frequency 


Bm 1 
Eni = Se —— (A) 
fs relGye Ci) Tatee RED) 


which is 80 MHz, in this example. 
The expression of the nondominant pole is given by the ratio of the coefficient in v to 
that in s? in the denominator (see App. 3-1). It is given by 


Cet Cr Han RoC, 


fut Tae (45a) 
in which both C, and C? depend on g),. Thus it can be rewritten as 
, (a4sp) 
in which gnr is given above, and gu is given by 
woe (A4-Se) 


or 36.5 mS, in this example 
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‘Thus, the curve of fag in Fig. Ad-Ia has two breakpoints, one at guy and one at gn 
For low values of gm(< gue). the value of fag is constant and given by 


(A+-6) 


which is 25.2 MHz in this example. For high values of gm(> gn:)- the value of fu. is 
constant again and given by 


amt) __ Gut tr/ Rs 
dio | —— See AST, 
ie) Batr(C, + CD) pai) 


which is 138 MHz. Now, the full curve of fag is easily added in Fig. Ad-ta. 


Saati 


mplex Poles It is striking to note, however, that for values of g» around 10 mS, 
the value of the nondominant pole is lower than the value of the dominant pote. Obviously, 
this is wrong, Thus, the approximations that have allowed us to calculate fy and fig are 
wrong, For all values of gm, where fg < fz. the poles are complex. This region is denoted 
by hatch marks in Fig. A¢-1a. 

Both complex poles are then given by the coefficient of the term in s? (see App. 3-1), 
as given by 


(A4-8a) 


(A4-8b) 


This curve is represented by the solid line in the middle of the hatched region-of 
Fig, Ad-la, connecting the two extreme points where fy and fay coincide. 

‘Where complex poles occur, peaking can occur as well. Therefore, this region must 
be made as small as possible, if not completely avoided. Therefore, the boundaries of 
this region are subject to closer investigation. In the frequency domain, the boundary 
frequencies are simply given by fami and fate. Their ratio is given by 


Savi co 


TST SGOT (A4-9) 
Sudo (Cy + te/ Rs\Gje + Cr) 


‘or 3.2 in this example. 
In the gq domain, on the contrary, the boundary values still must be derived. On the 
high gm side, the value Of gun is found at the crosspoint of f,y and fax. It is given by 


RsC? 


GFR (A410) 


Sob 
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On the other hand, the value of gnio is found at the crossing of fig and jug. Ibis given 

by 

(Gye + Cu) 
RSC 


(AGT) 


Smio = 


The (harmonic) average value of gq in the hatched region is obviously gn, 
The ratio of both gmni/Snto is easily found. By use of Eq, (A4-7), it can be written a 


fans i 

at A412) 
Gi 
which is hardly a surprise, since all slopes in Fig, A4-La are integers with value 2, 1, and 
0 (horizontal line), 


In order to make the hatched region as small as possible, the ratio fyyi/ fino must be 
‘made small. This ratio can also be approximated by (if RsC), > tp) 


Lari 
Min (A4- Bay 
fino 

with Cr = (Ad-13h) 


which is 3.5 and 3.75 pF, 
It is clear that this ratio can never be smaller than unity. Thus, complex poles are 
always present at fy = Snr (= 8 mS). This ratio can be made small by increasing Cy. 
Itis not worth increasing C,, more than its critical value C,,. As a result, however, the 
=3 dB frequency will decrea 
If Gu = Cur and te < RsCy. the value of gq can be simplified t0 


‘a 
(es any 


Smur = Re 


with x = Cje/C.. 
For given values of Rs and gy, Eq. (A4=14) show: 
follower is unstable, even for an optimal value of Cy, 
For low values of gy, a cancellation occurs between f, 
the value of gm = gmu: It is given by 


at what values of Cy, the emitter 
given by Eq. (A4-13h), 
lo and fe (see Fig, A2-S) at 


(Ad-15) 

At this value of gq, a single pole results, Hence, a single-pole characteristic is obtained 
(see Fig. A4-1h). Its 3 dB frequency is derived from Eq. (A4-3h), and is given by 

Siw BL. (A4-16) 


(Ce + C1) 


This value obviously decreases with increasi 


ted 
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For vtlues of gqy Hower than gay the zero occurs between both poles. This causes a 
resistive (iat) region in the transfer characteristic (Fig. Ad-1b), This region is a result of 
itive division, The value of the gain in that region is given by 


Aon Tyan (A417) 


which is 0,094 (but is 0.22 if Cu = Cur = 3.5 ph) 

‘At high values of sy (lor gov > Snr) two distinct poles occur, Still, the dominant 
pole fy is at lower frequencies than the nondominant pole fy. This is pure coincidence, 
however The ratio of yyy) 10 funy 18 easily calculated from Eqs, (A4-7) and (Ad-4), Ih is 
given by 


fu (rp + RoC)? 
HEEL) gle (A4-18a) 
Fa, tHRS(Cu + CL) 
which can be further simplified, if ty < RoC, to 
(A4-185) 


In order for the poles to avoid becoming complex, this ratio must be larger than unity 
or, (iF Ce < Cx). 


(A4-19) 


which is 1.3 pF in this example, For a given value of Rs, the minimum value of Cy is 
an increasing function of load capacitance, On the other hand, for a given Cy, source 
resistance Rs huts a mi rimum value given by Eq. (Ad-186), Finally, for given values of 
Cy and Rs, Eq, (Ad-18b) gives the value of the maximum load capacitanee Cy, and this 
value increases with inereasing Rs 

ncies, not all curves coincide (see Fig, Ad-I), 


The gain 


Ci 
a (A420) 
1+ gn /Rrd8 


Aw = 


RsC 


with gn given by Eq. (Ad-Se), All curves coincide if fim < gm (36 mS). They give a 
value of Ayjjy = 24 x 10! at 10 GHz, For higher values of gn. the resulting curves are 
lower (see the curve of 100 mS in Fig, A4-16). Of course, at those frequencies, the model 
is probably no longer valid. 

In this way, the transfer characteristic given by Eq. (4-62) is fully analyzed with gy as 
parameter. This procedure can be repeated with any of the other five circuit parameters 
as a variable. It is strongly urged that the teader go through at least one such analysis to 
censure familiarity with the procedure. 


REFERENCES 


CHAPTER 4: ELEMENTARY TRANSISTOR STAGES 407 


Abidi, A. 1988. “On the operation of cascode gain stages,” IEEE Journal of Solid-State 
Circuits, vol. 23, no. 6, pp. 1434-1437. 

Antognetti,P., and G. Massobrio, 1988. Semiconductor Device Modeling with SPICE, New 
York: MeGraw-Hil 

Chang, 7. Y., and W. Sansen. 1991. Low-Noise Wide-Band Amplifiers in Bipolar and 
CMOS Technologies. Norwell, MA: Kluwer Academic. 

Getreu, I. 1976. “Modeling the bipolar transistor.” Tektronix. 

Gielen, G., and W. Sansen. 1991. Symbolic Analysis for Automated Design of Analog 

Norwell, MA: Kluwer Academi 

and R. Meyer. 1984. Analysis and Design of Analog Integrated Circuits. New 

Wiley and Sons. 

Ott, H. W. 1988. Noise Reduction Techniques in Electronic Systems. New York: Wiley 
and Sons. 

Sansen, W., and Z. Y. Chang. 1990. “Feedforward Compensation Techniques for High- 
Frequency CMOS Amplifiers.” JEEE Journal of Solid-State Circuits, vol. 25, no. 6, 
pp. 1590-1595. 

Sedra, A., and K. Smith, 1987. Microelectronic Circuits. New York: Holt, Reinhart, and 
Winston. 

Sze, S. 1981. Physics of Semiconductor Devices. New York: Wiley and Sons. 


i 


BEHAVIORAL 
MODELING OF 
OPERATIONAL AND 
TRANSCONDUCTANCE 
AMPLIFIERS 
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INTRODUCTION 


We now tum to the study of operational and their 
applications in analog systems, from a behavioral point of view, A strong understand 
ing of behavioral issues is a prerequisite to the undertaking of the transistor level 
design of these amplifiers and/or the synthesis of higher level circuits that use them as 
components, Fortunately, we can greatly simplify the analysis and design of complex 
stems, involving many such amplifiers, using approximate models for the 
1 descriptions rather than circuit schematics, The beh 
ter will be used extensively in the analysis and 
design of analog systems in Chaps. 7 and 8. Moreaver, as we will leam in Chap. 6, 
such models are usefull aids in mapping detailed specifications to the attributes of an 
amplifier’s transistor level circuit schematic. 

The operational amplifier or op amp is one of the most versatile and widely used 
building blocks in linear circuit applications. (Allen and Holberg 1987; Daryanani 
1976; Ghausi 1985; Gray, Hodges. and Broderson 1980; Gray and Meyer 198 
Grebene 1984: Moschytz. 1975; Schaumann, Ghausi, and Laker 1990; Sedra and Smith 
1991; Soclof 1985). The availability of high-performance yet inexpensive op amps has 
had a dramatic influence on the electronics industry. Today, integrated circuit op amps 
can be obtained off-the-shelf. packaged as single and multiple unit devices. It is not 
unusual to find ten or more op amps incorporaied into the implementation of a mixed 
analog/digital very large scale integrated (VLSI) chip. High quality integrated circuit 
op amps have reached component level prices, on the order of $0.1 per op amp (oF 
‘orporated into a VLSI device). Their cheap price, general availability, 
1ce among circuit 


id transconductance amplifiers, 


less wher 
near ideal performance. and versatility justify their wide accept 


408 
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designers and their emphasis in this text. Consequently, the balance of coverage in 
this chapter is heavily weighted toward the op amp. 

Basically, op amps are direct coupled differential amplifiers with extremely high 
voltage gain, extremely high input impedance, and very low output impedance. They 
are usually used with external feedback to achieve precision gain and bandwidth 
control. In fact, for linear circuit applications, external feedback is a necessity. Due to 
the importance of feedback in the application of op amps, the concepts of feedback and 
stability were reviewed in Chap. 3. Today, op amps are realized as silicon imegrated 
circuits using both bipolar CMOS and BICMOS technologies. BICMOS (Nayebi and 
‘Wooley 1988), as described in Chap. 2, is a high performance analog technology that 
incorporates the major features of both bipolar and CMOS transistors. In addition, GHz 

(10? Hz) op amps have been fabricated with GaAs technology for research purposes. 
Currently, GaAs op amps are relatively expensive and not generally available. 

‘The design lure for MOS op amps initially developed around the NMOS technology 
(Gray, Hodges, and Broderson 1980). Limited by design constraints associated with the 
Tack of complimentary devices, even the most creative NMOS op amp designs could 
not deliver the high quality performance readily achievable in a straightforward bipolar 
design. In the past ten years, there has heen significant progress in the development of 
design techniques to realize high performance, very compact, and low power CMOS 
‘op amps for switched-capacitor (SC) filters, A/D converters, and a vast variety of 
analog systems (Allen and Holberg 1987; Gray, Hodges, and Broderson 1980; Gray 
and Meyer 1984: Grebene 1984). Attracted by low power dissipation and considerable 
design flexibility, CMOS is also becoming the principal technology for a growing 
number of digital VLSI designs. Consequently, with its capabilities for supporting 
high quality analog and digital circuitry, CMOS has evolved as the technology of 
choice for the realization of mixed analog/digital VLSI devices. 

The recent attention given to the realization of precision, fully integrated active-RC 
filters at frequencies well above the audio band (i.e., f >1 MHz), has stimulated re 
newed interest in the #ransconductance amplifier, also called the aperational transcon- 
ductance amplifier or OTA (Geiger and Sanchez-Sinencio 1985; Schaumann, Ghausi, 
‘and Laker 1990; Unbehauen and Cichocki 1989). An OTA is a voltage-controlled 
current source with a specified transconductance gain Gn. The OTA and the op amp 
are related in that the core of an OTA is essentially an op amp differential input stage 
Hence, being somewhat simpler than conventional op amps, OTAs offer the potential 
for retaining near ideal behavior at higher frequencies. Moreover, the design and im- 

~ plementation of bipolar and CMOS OTAS have benefited directly from advances that 
have occurred in the op amp area. 

‘As we will see in this chapter, op amp-based circuits derive significant advantages 
from their elegant use of large amounts of external feedback. In fact, the use of feed 
back is essential when op amps are used in linear applications. In contrast, feedback 
is not required in the use of OTAS in linear circuits, However, in the absence of 
feedback, the designer must complicate the basic OTA structure with added circuitry 
to acquire important performance characteristics (e.g., linearity over a wide range of 
signal amplitudes) that come painlessly with the use of external feedback in op amp 
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circuits. Techniques to linearize OTAs for filter applications are reserved for Chap. 8. 
Nonetheless, it appears that OTAs will play an increasingly important role in VLSI 
analog circuits and systems, particularly where operation is required at frequencies 
beyond the comfort range for standard op amps, ie., f > 100 kHz. 

In this chapter, we study the behavioral or “black box” specification and modeling 
of both op amps and OTAs. That is, our concem is with specifying and modeling 
the behavior of these circuits as seen at their input/output interfaces or terminals. 
‘Switched-capacitor circuits, being sampled data systems, represent an important de- 
parture from the traditional use of op amps in continuous-time circuits. To assist in 
the behavioral modeling of switched-capacitor circuit 
will be developed in Chap. 7. 

‘As you will discover in subsequent chapters, well designed op amps and OTAs 
achieve near ideal performance over a broad range of conditions. Hence, a vast ma: 
jority of the analog circuits designed with either op amps or OTAS as their acti 
‘components work very close to their predicted theoretical performance. This simpli 
fies the design of such circuits considerably and simple behavioral models are often 
quite sufficient for the design of practical circuits. Several examples that demonstrate 
this fact and illustrate the application of the design principles to the realization of 
several fundamental analog functions will be given, The reader is not to be misled 
into the notion that he or she does not need to master the inner details of the op amp 
and OTA circuits. For demanding and cost sensit Hions, ne may be required 
to design ac 
amp circuit at the transistor level. In particu re peal custom, real 
for each application. The transistor level analysis and design of op amps and OTAs, 
treated in Chap. 6, are facilitated by the behavioral understanding developed in this 
chapter. 


jomain equivalent circuits 


THE OP AMP SCHEMATIC SYMBOL AND IDEAL MODEL 


A conventional op amp has three signal-bearing terminals, illustrated in the op amp 
circuit symbol given in Fig. 5-1. The terminals labeled vt, v~ are inputs and the 
terminal labeled Ye: is the output. They are designated by the total instantaneous 
voltages v*, v~, and Yg,, and defined as total instantaneous voltages! between the 
respective terminals and ground. The op amp triangle is the standardized grap! 
symbol used to designaie the generic op amp in circuit schematics. Since the op amp 
is an active circuit, it requires appropriate DC power to operate properly. It has been 
conventional practice to operate analog devices over a 2Vj, volt range, centered about 
‘a zero volt or ground potential reference. Consequently, many op amps are powered 
from two external DC supplies. one a positive voltage (Von = +Va volts) and the 
other a negative voltage (Vss = —Vz volts), as shown in Fig. 5-2. More recently, with 


power from a single positive Vo» = +Vz volt supply becoming standard for digital 


‘To avoid confusion. please take note of the notation used in this book with regard 1o volages and 
currents, and their respective transforms listed in App. 1-1 


FIGURE 5-1 


FIGURE 5-2 
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‘Op amp circuit symbo! showing only the signal bearing terminals. 


CMOS VLSI devices, compatible CMOS op amps have been designed to operate over 
1.0 to +Vp volt range, with a reference level of Vp/2 volts. 

Note that many practical integrated circuit op amps provide additional terminals 
to permit the use of external circuitry to customize specific support functions, Such 
functions include frequency compensation, DC offset nulling, and gain bandwidth 
adjustment, all of which will be explained in subsequent sections. When op amps are 
embedded in a VLSI device, the input/output signals are routed from/to internal circuits 
and all the required support functions except power are implemented on the chip. In 
these cases, the original op amp terminals are generally unavailable for external use. 

The function of the op amp is rather simple and it is graphically characterized in 
the circuit symbol. That is, the op amp produces at the output terminal a signal Your, 
derived as the product of the input voltage difference (v* ~ v~) and the gain Ag, ie, 


tour = Ag(v* =v) (5-1) 


The ideal op amp operates like an ideal voltage-controlled voltage source (VCVS) 
as per Fig. 5-3. That is, the input impedance of the ideal op amp ix infinite (i.e. 
Zine = Zina = 00) and the output impedance is zero (Zou = 0). Hence, the ideal 
‘op amp draws no current through its input terminals and its output voltage is always 
governed by the relation in Eq. (5-1). independent of the load connected across the 
‘output terminal and ground. Note that the output vou: isin phase with input v* and 180 
degrees out of phase with input v~. Consequently, the 1” input terminal is referred to 
1s the noninverting terminal and the v~ input terminal is referred to as the inverting 
terminal, 

Reflecting on Eq. (5-1), the ideal op amp is observed to respond only to the 
difference ot differemtial between the noninverting and inverting inputs, while any 
signal components that are common between the two inputs are exactly canceled. 


a ae 


‘Op amp circuit symbol with DC power | 
terminals also shown. 
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FIGURE 5-3 Behavioral model for idea! diforential input, single-ended output op amp, 


This latter property is referred to as common-mode rejection, It is seen to be infinite 
in the case of the ideal op amp. The finite common-mode rejection of practical op 
amps will be discussed later, Due to the differential input property, the ideal op amp is 
more precisely referred to as an ideal differential input, single-entied ouput amplifier 
Later in the chapter we will consider an op amp that provides two output terminals 
for balanced, differential output signals vyy and vpqiqs as shown in Fig, 5-4, 

The gain Ao, appropriately referred to as the op amp differential gain, is. very 
large—approaching infinity for the ideal op amp over the infinite frequency range 
0 < w = 2xf = oo. This introduces another important characteristic of the op 
mp; it amplifies signals at frequencies as low as zero Hz (or DC). Because of this 
quality, op amps are also referred to as direct coupled or DC amplifiers. AS we 
will discuss later, practical op amps do not have infinite gain and bandwidth, Their 
gain, particularly at low frequencies, is finite but very large (80 to 100 dB) and its 
frequency dependence is a lowpass characteristic. ‘The input and output impedances 


Ot 8 tie 
vols Mo tar 
FIGURE 5-4 Differential input-ifferential output op amp. 


are also finite, As shown in Fig. 5: 
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, input impedance has two components: (1) & 


differential input impedance Zin connected across the two input terminals; and (2) 
‘a common-mode input impedance Zige connected between each input terminal and 
ground. In the usual frequency ranges of interest, Zinc and Zing are resistive and very 
large, i.e:, Ric > 100 MQ and Rjy * 10 M&. Thus, |Zine| > |Zina| and hence Zin 
is usually ignored and the input impedance of the op amp is Zin = Zins. The output 
impedance Zou is typically resitive and small, such that 100 2 < Roy < 10 kQ; 
depending upon the application and microcircuit technology involved. It is fortunate 
for many applications that the large low frequency gain, very high input impedance 
and very low output impedance, of practical op amps provides near ideal performance. 
Thus, the ideal op amp (infinite gain, infinite bandwidth, infinite input impedance, zero 
‘output impedance and infinite common-mode rejection) is often a good approximation 
to the actual device. Making use of this approximation greatly simplifies the analysis, 


and synthe 


of circuits that use op amps. 
Before leaving the subject of the ideal op amp, more should be 


id about the very 


large, ideally infinite, differential gain Ap. The transfer characteristic for a typical 
op amp is shown in Fig. 5-5. Due to the large gain, the range of input (differential) 
yoltage for linear operation is very small. This range is expressed as 


FIGURE 5-5 Typical op amp transfer characteristic. 
our (volts) 


range fo 
linear 
operation 


positive saturation 
region —— 


= (millivolts) 


negative saturation 
= region 
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uation (5-2) implies that © must be very small. Note that the op amp saturates for 
large positive and negative voltages, ie., max(vour) = vf < Vop and min(vour) 
vs > Vso. In general, these operating limits are not symmetrical, ie., vy # vy 


However, in Chap. 6 the reader will learn that v, vs are determined by the supply 


and the 


voltages Vp. and Vss, the device parameters for the IC technology in us 
particular design of the op amp. In many applications the op amp design goals require 
the designer to make the saturation voltages as symmetrical and as close to the supply 
voltages as possible. 

Based on the characteristic in Fig. 5-5, one justifiably questions the utility op amps 
in linear applications. ‘The remedy to this dilemma is the use of feedback. In linear 
‘applications, the op amp is never used in an open-loop configuration: instead it is 
always embedded in some sort of feedback circuit or closed-loop configuration (c.g. 
Fig. 3-7) In this context the gain Aq is olten referred as the op amp open-loop gain. 

When the input differential exceeds the linear range, the op amp operates as a 
nonlinear device. This property is used in many nonlinear applications (Allen and 
Holberg 1987; Ghausi 1985; Gray and Meyer 1984; Grebene 1984; Sedra and Smith 
1991; Soclof 1985), such as in comparator, oscillator, and Schmitt ti 


circuits, 


5-2 ANALYSIS OF CIRCUITS INVOLVING OP AMPS. 


In this section, we use the behavioral or “black box”” model of the ideal op amp to per- 
form pencil-and-paper analyses of various op amp cireuits. The techniques discussed 
are only valid for linear circuits. With the general availability of high powered personal 
computers (PCs), workstations, and/or main frame computers, reasonable questions 10 
ask are: Why do we need idealized models? Why do we perform pencil-and-paper 
analyses? First, analyses with ideal op amp models are quick, very efficient and usually 
provide rather accurate results, Second, computer simulations yield mumerical data for 
while pencil-and-paper analys 
address a range of conditions and provide insights that 


s yield 


only the particular circuit conditions audressed: 


equations and param 
lead to a better understanding of the circuit. When the circuit becomes sulficiently 
complex, brute-force pencil-and-paper analysis of the circuit is not practical, In these 
ses, the op amp’s near ideal VCVS conditions permit large circuits, involving sev- 
eral op amps. to be partitioned into a collection of smaller subcircuits. Each subcircuit 
is then individually analyzed with pencil and paper and the results mathematically 
combined to yield the overall result. Let us now 
what is involved and to establish several useful op amp “building-block” 


nalyze a few op amp circuits to get 


circuits. 


Inverting Configuration 


Let us consider the circuit, referred to in the literature as the inverting configuration. 
shown in Fig. 5-6 ‘The name given to this circuit is very descriptive of its function, 
i.e., it inverts the input signal by introducing a 180° phase shift. This circuit c 
of one op amp and two passive (complex and frequency dependent) impedances Z 
and Z. These are driving-point or input impedances for passive resistor-capacitor (RC) 


FIGURE 5-6 
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@ » 
(a) Inverting configuration and (b) derivation of driving-point impedance functions 2 and 2; 


networks, shown in Fig. 5-6b, As we will soon see, Zi and Z represent networks that 
range from single elements (i.c., resistors and capacitors) to complex RC subeireuits 
When this circuit is designed properly, its detailed function is determined largely by 
the properties of Z and Z; 

In this circuit, impedance Z) is connected between the inpul? Vy and the op 
amp inverting input terminal V-, Impedance Z introduces a negative feedback path 
between the output Voy; and V~. Finally, the noninverting op amp input terminal V 
is connected to ground. If impedance Z were connected between the output and | 
or if we could replace Z with a ~Z, then the sense of the feedback would be inverted 
and the result would be positive feedback, Recalling the feedback configurations in 
ig. 3-7, this feedback arrangement is recognized to be of the shunt-shunt type, In 
any event, connecting Z and Z in this manner enables the designer 10 seule, shape, 
and regulate the closed-loop gain of the circuit rather precisely 

To simulate and design the inverting configuration, we construct the equivalent 
circuit in Fig. 5-7. In this circuit we use the op amp model in Fig. 5-3 with Ziy = 96 
Zou = 0,:and V* = 0, Note the inversion in the polarity of the VCVS in Fig. 5-7. This 
inversion is the result of connecting the signal input to the V~ or inverting terminal. 
It also follows from Fig. 5-3 and Eq. ($-1) when V* = 0. Since Z), Z, and Ay are 
generally complex and frequency «lependent (ie., Z) = Zi(jw). 2 = Zw), and 
Ao = Ap(jo)), We express the currents, voltages, and impedances in the frequency 
domain as either Fourier or Laplace transforms, The reader is reminded that the 
notations used! in this text to represent the various definitions for eurrent and voltase 
are given in App. I-1, located at the end of Chap. 1. 

With reference to Eq, (5-2), we note that with very ta 
V- = V+. With the noninverting terminal V~ connected to ground, it follows that 
= 0 as Ap > 00, Because the V~ terminal is connected to zero potential in 
this indirect manner, itis referred to as a virtual ground, As the reader becomes more 
experienced in working with op amps, he or she will develop a great appreciation tor 


Ay (ies. Ay > 98). 


Please note that Vi WE. V. and Voy eepresent the Laplace transforms ofthese terminal volta 


FIGURE 5-7 
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fon using the op amp model in 
Fig. 5-3 with 2, = 00 and Zoyz = 0. 


the value of the virtual ground. Although ideally large, in practice |Ao(jw)| decreases 
rapidly as « increases. Thus, it limits the near ideal behavior of the closed-loop Ac, (s) 
to a somewhat narrow bandwidth. Moreover, Ag(s), combined with the feedback 
introduced by Z(s) and Z;(s), can result in instability or an undesirable transient 
response (as described in Chap. 3). Later in this chapter, and in Chap. 6, we show 
how to shape Ao to counter these effec. 

With an elementary circuit analysis of Fig. 5-7, we can straightforwardly determine 
the closed-loop gain Acz (s) = Vauu/Vig. We begin the analysis with an a¢counting of 
the currents branching from the virtual ground; namely, 


iE 1=0 (5-3) 
where 
fin ~V~) 
i= (5-4) 
i Zi : (5-4) 
Combining Eqs. (5-3) and (5-4) yields 
alain ih ak 
Wa~V) , Wea =V 65) 
where 
(5-6) 
1 1) Vout 1 1 
v- (241) oven (1 : 
(Gee) e oaalen a) Oe 


Rearranging terms to form the ratio Vou/Via yields the desired relation for the 
closed-loop gain Acr(s), ie. 


Vout 
Aci) = 


1 
( =) apes 


i 
1 1+ 
TAO ( 
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For the ideal op amp where Ap = 20 (or 1/4y = 0), &;, =O and Az (s) reduces to 

the well known expression 

z 

Ve 20 

We use the oo subscript to designate the ideal op amp closed-loop gain. 
The function é-(s) represents the error due to the nonideal op amp gain Ap, or 

1/Ao #0, ie 


Actsols) (5-8) 


1 
(I Aw) (5-8. 
Fos) bea 


For s = jo and for |érr(jo)] < 1, we can conveniently express €,, in terms of 
magnitude and phase, i, 


ally 
frnl3) = 


Err fo) = mye (wel = mye (eo) + Fer (co) (5-8) 


Clearly, the ¢,, decreases in magnitude as Ap increases, and in fact reduces to zero 
a8 1/Ap + 0. Also, we see that e,, depends on the ratio of the external impedances 
Z/Z,. Since in general Ay, Z, and/or Z) are complex and frequency dependent, &), 
will also be complex and frequency dependent. Moreover, |é,,| will usually increase 
with frequency (i.e., as Ao(s) decreases) 


Example 5-1 
Derive the expression for the Bode sensitivity $(°*""), defined 
the inverting configuration modeled in Fig. 5-7. 


Solution. Referring to Eq. (3-84c), our task is to determine 


sic _ Ao AAcxis) 
a = Feats) 99 


(5-9) 


where the derivative 8Acz(s)/3Ao. with Acz (s) given in Eq. (S-8a), can be written 
as 


AAci(s) 
Jag [ 


(S-10a) 


‘Thus, the sensitivity is determined to be 


(5-10) 
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We see that ¢,, is a good measure of the sensitivity of closed-loop Act (s) to the op 
amp’s open-loop Ao. Ideally, we would like this sensitivity to be zero. In Sec. 
‘we consider schemes to reduce this error; in particular to widen the frequency sie 
over which |éy/| <1. 

‘When we assume that the op amp is ideal, the analysis leading to Eq. (5-8) can 
be shortened significantly. The simplification is based on the ideal virtual ground at 
V> achieved when 1/Ay = 0. Setting V~ = 0 in Eqs. (5-4) and (5-5), we see that 
Aci can be obtained directly from Eq. (5-5). With practice, the reader should find 
straightforward to write circuit equations like Eq. (5-5) directly from inspection of 
schematic. Examining Eg. (5-8), one observes that Aci: is dependent only on 
the external feedback circuit; namely, the ratio of impedances Z, and Z. This is an 
important result which, as we will see in Chap. 7, enables us to realize active-RC 
and switched capacitor filters with precise characteristics. Even when the op amp is 
not ideal, which is clearly what we have in practice, we can still design the op amp 
and/or limit the feedback circuit such that, at least, 1/Ay(1 + Z/Z,) « 1, With this 
(5-8a), namely, 


Acts) * (5-11) 


[cant 


‘This expression is intuitively appealing in that the ¢,, function appears as a variation 
Acx(s). ise AAcr(s). Also, as we will see later, this approximation simplifies 
the expression for Acz(s) to a form which is convenient for back-of-the-envelope 
calculations. 

‘Wo important characteristics in the specification and design of inverting con: 
figurations are the input impedance Zigce and output impedance: Zouscr. They are 
particularly important when interfacing a particular design with other circuits and/or 
measurement equipment. The output impedance for the inverting configuration is the 
output impedance of the op amp scaled by 1/(1 +42), which is typically very small 
‘as noted earlier. Hence, for much of our work, we assume that the circuit has been 
designed such that Zoucr, * 0 oF significantly less than the input impedance of the 
circuit it feeds. If this is not the case we use a buffer device to reduce the effec 
tive Zoucx- Buffers will be discussed in the next subsection. The input impedance is 
readily derived, using Eq. (5-4), i.e, 


“A 
inc aa * 7, (5-124) 
Ao(s) 
or, for the ideal op amp 
Vie 
Zinta. = > Vaso (5-126) 
n 


‘That is, although the op amp input impedance is very large (and infinite in the ideal 
‘op amp). the input impedance for the inverting configuration is rather finite and ap- 
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proximately equal to Z;. Moreover, determine 


the Z; and Z, ie., Z, 


Actoe and Zincts uniquel 
ActaZi 


incl, and 


Example 5-2 
Consider the inverting configuration in Fig. 5-Ba. (a) Derive the closed-loop gain 
Acu(s) for this circuit, with op amp specs Ay(s) = Ao/(I+5/p), Zin = 0, and 
Zou, = 0. (b) Determine Aci (s) when the op amp is ideal, and (c) determine the 
Err function. 


Solution. (a) First derive the impedance functions Z; and Z, ive., 


1 _ sR +1 


he 
ca 


Z=Rb//- 


Hence, using Eq, (5-8) we obtain 


Vout 


Act(s) = 


sC Rr 1 
GRAD), t — Gi) 
Als) (sC)R, + 1)(sCpRz + 1) 


(5-13) 


(b) Actso for an ideal op amp is readily determined by setting 1/Ay = 0 in 
Eq. (5-13a), ie., 


sCiRs sCiRe 
a ae = = 5-13) 
GOR + DOOR +, tees! 


Actsols) = 


sc 


+i) 


FIGURE 5-8 
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(a) Inverting configuration circuit and (b) plot of Acea(2#)1 and |ew(2:1)| for Example 5:2. 


where Ag(s) = Ao/(1+5/a») is atypical open-loop gain for a practical op amp, AS 
we discuss in Sec. 5-3, DC gain Ag > 1000 and pole «, < 2x x 1000 rps, such that 
px, ya D Wp. Note that as $ > 90, 1/Ao(s) > $/Ag@y and 1 — Aczaw(s) > 1, 
and hence at high frequencies ¢,, is dominated by 1/Ao(s). ‘To make this example 
come to life, let us insert some numbers, ie., let us use 1/(C) Ro) = 27 (10), @p, = 
U/(C1R1) = 2 (1.5 x 10°), cop2 = 1/(C2R2) = 21B.0x 10°), wy = 2 (0.1 X10) 
and Ao = 108. Using these numbers, we plot in Fig. 5-8b |Acrso| and mr (27f) 
lerrl in dBs, as per Eqs. (5-13). Over the frequency range shown, the error magni- 
tude m,,(21f) = lere(2xf)| < —20 dB. Consequently, in this range, [Aci 27f)| 
nearly indistinguishable from |Acroo(2f)|- 


Our example circuit in Fig. 5-8a is an active-RC filter that realizes the second- 
order voltage transfer function in Eq. (5-136) and the frequency response shown in 


FIGURE 5-9 
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Fig, 5-8. As we will learn in Chaps. 7 and 8 second-order active filters serve as 
convenient building blocks for for the reader to recognize that the circuit in Fig. 5-80 is 
one realization, not the (only) realization of Acta. in Eq, (5-13). There are numerous 
circuits offered in the active filer literature to realize transfer functions equivalent to 
Eq. (5-135), but only a few are truly appropriate for realizing high-quality integrated 
active filters. In Chap. 7 we will probe this issue in greater detail and develop a small 
cadre of excellent circuit structures for realizing integrated second-order active filters. 
To be more specific, let us now consider a few of the more widely used inverting 
configurations, namely, the inverting amplifier in Fig, 5-9, the inverting integrator in 
Fig, 5-10, and the inverting summing configurations in Figs. 5-11 and 5-12, Eq 
(5-8), (Se), and (5-12) provide the information needed to characterize these circuits. 


Inverting Amplifier ‘The simplest and perhaps most widely used inverting con- 
figuration is the inverting amplifier in Fig. 5-9, where Z; sand Z = R, The 
expressions for A(s), Aso. 6s and Zince for this circuit are readily obtained using 
Eqs, (5-8), (5-11), and (5-12), ie., 


R 
Acu(s) = => (S-lda) 
18) = = a 
A a (5-140) 
Actos =~ Fy 5 
1 R 
waa (+d) (5-14e) 
Ay(s) Ry 
and 
R 
ince. © 1 (5-14d) 


a Te ) 


An important observation that can be derived from these expressions is that the effect 
of 1/Ap is magnified by closed-loop gain Aczao. That is, as the amount of feedback 
increased to reduce Ac; (s), the effect of finite Ay decreases. This is in fact a 


Inverting amplifier with 2, = A; and 2 =A. 
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¥, 


FIGURE 5-10, inverting integrator circuit, 


demonstration of one of the fundamental tradeoffs in feedback circuits. This tradeoff, 
along with other aspects of feedback circuits, were discussed in See, 3-3, 


Inverting Integrator Another important inverting configuration is the inverting 
is a resistor and Z 


a capacitor, ix 


4. (5-15a) 
700 * RO) 


(5-15) 


(S-15¢) 


and 


Zoct * 


eyes (5-15d) 
Ao(s) \sRiC 


We will say much more about the #2: 


FIGURE 5-11 General multiple-input inverting summer 
configuration. 


FIGURE 5-12 


+ Ypii(t) = = 
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@ ow 


Multplesinput inverting summer circuits: (a) summing ampilir, (b) summing integrator, and (c) 
summing integrator-ampiiier combination 


When the op amp is ideal, Eq. (5-15) describes the frequeney domain operation 
for an inverting integrator, scaled by the factor 1/R)C. That is, in the time-domain. 
Vout) is the definite integral (where we assume that the initial condition on C is 


zero): 
l 


Inverting Summer Configurations Let us consider a generalization of the bisic 
inverting configuration; namely the mulriple-input inverting summer configuration in 
Fig. 5-11. In this circuit, multiple inputs Vj. Vs.....'y feed into the op amp virtu 
ground through impedances Z;, Zy. The application of teedbuck through 
impedance Z forces the output to track the sum of the inputs, each scaled or weighted 
by a factor determined by the ratios of the feedback resistor and the Feed-in resistors 
The summation operation can be understood by carrying out an analysis similar to 


int yd (5-16) 


RC 
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that for the single input case, First, we know that the input currents J), J2,..., fy are 
given according to Olm’s Law as: 


Substituting V 


(5-17a) 


(5-17) 


Recognize that the simplicity of Eq. (5-17b), and the simple input/output relations for 
all the inverting configurations, is due to the handy work of the virtual ground, 
‘To make the configuration in Fig. 5-11 a useful circuit, we must be more speci 
with regard to impedances Z, and Z. Hence, in Fig, 5-12, we show three of the more 
widely used speciat cases of the general structure. The first is the inverting summer 
plifier, where Z, = R, and Z = R, shown in Fig. 5-12h. Mentally inserting Z; = Rj 
and Z = R into Eqs. (5-15), we observe that each input V, is scaled by a ratio R/R; 


and each scaling can be independently adjusted by altering the value of Rj. We leave 
for the reader. 
mation and inte- 


the the remaining analysis of this circuit as an exerci 

In another useful summer circuit, illustrated 
gration are combined within a single structure. 
Z, = Ri and Z = 1/sC. When 1/Ao(s) = 0, the output of this circuit is the inverted, 
weighted sum of the integrals of the input signals, ic.. 


(5-18) 
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The integration time constants are then individually controlled via the input feed-in 
resistors Ri. 

In a third scheme, shown in Fig, -12c, the summing amplifier and summing 
integration functions are combined into a single structure. In this scheme, the first M 
voltage inputs feed the op amp via resistors (ie., Z; = Rj for | <i < M) and the 
remaining N — M voltage inputs feed via capacitors (i.e., Z; = 1/sC, for M+1 < 
i <N). The output voltage for this circuit is then expressed, with 1/Ao(s) =0, by 


(5-19) 


The reader is warned that the choice of feedback and feed-in components (Z, Z;) 
in Fig, 5-6 and Fig. 5-11 is constrained by the requirement to maintain a DC path 
to ground in order to prevent DC instability (i.e., the buildup of DC offset until the 
output is pinned to either Vp or Vss). This requirement prohibits the embedding of 
op amps in a network comprised entirely of capacitors. In Chaps. 7 and 8 we con- 
struct some very useful circuits using op amps, capacitors, and switched-capacitors 
(ie., comprised of capacitors and MOSFET switches). In these circuits, switched- 
capacitors replace the function of conventional, “continuous” resistors, and. provide 
the needed DC stability. 


5-2-2. Noninverting Configuration 


FIGURE 5-13 


The noninverting configuration in Fig. 5-13a illustrates another important fe 
‘arrangement. In this configuration the input signal Vjq is fed into a noninverting V* op 
amp terminal and the inverting V~ terminal is connected to arbitrary impedances Z, 
and Zp. Also, Z, is connected to ground and Z, is connected to the output terminal 
Vou Again, we caution the reader that the requirement 10 provide proper DC path 
to ground also applies to the noninverting scheme. Hence, either Z, or Z must have 
a resistive component hout series capacitance). 


a) Noninverting configuration and (b) equivalent circuit using the op amp model in Fig, §:3 with 
&q = 00 and Zou = 0. 


(a) ® 
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Let us analyze the equivalent circuit in Fig, 5-136 to derive the closed-loop gain 
Acts) = Voue/ Vin. The equations for this circuit are 
(5-202) 
(5-20) 
(5-20c) 


Solving Eqs. (5-20) for Vou/ Via and rearranging terms, we obtain A(s) in the following 
familiar form 


Act ts) = (: + = (+2) = Acts) (5-2la) 
where 
Acints) = 142 (5-21b) 
and 
iia (i) 210 


The input and output impedances for the noninverting configuration are the input and 
output impedances (Ziq, Zou) of the op amp sealed by the loop-gain, as described for 
series-shunt configuration in Table 3-1, i 


Zz 


(I+ AM) > Zn and Zouce = < Zon (5-21d) 


14 An 
Note that Ziscz and Zuce, ate independent of the individual values of Z4 and Za. 
Hence, the designer can scale external impedances Z, and Zp with greater flexibility 
in this configuration than in the inverting configuration, where Z; = Zincx. must be 
large. 

‘At the risk of being redundant, we point out that Acz(s) = Acrso(s) when 
1/Ao = 0 for an ideal op amp. Moreover, Aczao(s) is clearly noninverting and 
controlled by the impedance ratio Zs/Z.4. The reader should note that Avo(s), for an 
ideal op amp, can be derived simply and directly by setting V+ = V~ in Eq. (6-20). 
‘Once again, the ¢,,(s) allows the designer to characterize the deviation in Ac, (s) due 
to finite Ap. If the op amp is designed and/or the external Z, Zp are limited such that 
|(/Ao)(1 + Za/Za)i € 1, then Acz(s) can be written in the following convenient 
form 


Act(s) = Actoc(s)( —&rr(s)) (5-22) 
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Let us be more specific by focusing attention on a few of the more widely used 
noninverting configurations. As the reader may expect, many important noninvert- 
ing configurations are the noninverting duals of the inverting circuits in Figs. 5-9 
through 5-12. These noninverting circuits are shown in Figs. 5-14, 5-15, and 5-17. 
Equations (5-20) through (5-21) provide the information needed to characterize these 
circuits. 


Noninverting Amplifier The noninverting amplifier in Fig. 5-141 is obtained by 
selecting Z4 = Ra and Zy = Rp. Likewise, Acro, and ¢,, for this circuit are readily 
obtained by inserting these substitutions into Eq, (5-21), ies, 


Ra 
Ansett 
cali 
| it) 
onl) = teat (5-23) 
k Ao(s) ( Ra , 


Note that Aczas has a minimum value of unity when either Ry = 0 (a short circuit) 
and/or Ry = 00 (an open circuit) In fact, for these particular connections, Aci = 
independent of all circuit components. In contrast for the inverting amplifier, Aci. 
=R/Ry —1 is achieved only when Ry R. Hence, Acice Will vary from =) 
as resistors R and Ry drift from equal values, The unity gain amplifier of voltage 
follower circuit or buffer amplifier, obtained when Ry = 00 and Ry = 0, is shown in 
Fig, 5-14, The virtue of this circuit is that, in practice, it achieves unity gain and 
behaves as a near ideal VCVS over a wide range of frequencies. Moreover, Zinc. 
60 and Zouice —> 0, as noted earlier for the more general configuration, The near ideal 
behavior at high frequencies can be derived from ¢,,(s) in Bq. (5-23) with Ry = 0, 
ie, 


(5:24) 


Bata 


In contrast, the ¢,, for a unity gain inverting amplifier, obtained by setting Ry = & 


in Eq. (5-14c), is larger by a factor of two, With these ideal characteristics, voltage 
followers make excellent isolation and input/output buffer devices. 


FIGURE 5-14 (a) Noninverting amplifier and (b) unity gain ampitier or voltage follower, 


ic send (OB) 
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80) y = 't sy 
ou 10 0 100 1000 10000 
frequency (kHz) 
FIGURE 5-15 Plot of |Aci(2n/)| and lew(2x?)| for the noninverting amplifier with Aci. = 100, 10, and 1 


‘To demonstrate the relationship between Acro and &,,(s) (ie., Eq. (5-21) and the 
corresponding impact on Acz(s), we plot (in Fig. 5-15) |Acu(J2mf)] and |ére(J27f)| 
versus frequency for three of Acusce namely, Accs = 100 (or 40 dB), 10 (or 20 
4B), 1 (oF 0 dB). Recall that for 1/Ao = 0, Acu(S) = Acte = 1+Rp/Ra, a constant 
for all frequencies. It should be evident that Acys: = 100, 10, and 1 are realized with 
resistor ratios Ry/Ry = 99, 9, and 0, respectively. For this demonstration, let us 
Use the model Ap(s) = Ao/(1+5/u)), with Ag = 10% and «, = 2m x 100 rps for 
the open-loop op amp. We see in Fig, 5-15 that the |é,,(j2/)| curves increase with 
frequency and scale directly with Actoo, ic. the |é,(j2mf)| curves are separaied by 
20 dB intervals. The impact on |Acz(j2f)| is clearly demonstrated. For the high 
gain case where Acie = 40 dB, we see that |AcuU27f)| ~ Actoo with a 3 dB- 
bandwidth of about 10 kHz. One can verify that the 3 dB-bandwidths of |Acz(j27f)) 
for Aci = 20 4B and 0 dB are 100 kHz and 1 MHz, respectively. That is, if we 
increase Acie by 20 dB, the 3 dB-bandwidth for |Aci(j2f)| will down scale by 
exacily a factor of 10 and vice versa, The trade of gain for bandwidth is one of the 
fundamental products of negative feedback, studied in Chap. 3. 


Noninverting Integrators A noninverting integrator can be realized using the 
single noninverting op amp circuit in Fig. 5-16. Let us determine the closed loop gain 
function Acus:(s) = Veue(s)/Via(s)- We leave the derivation of Acz(s) and &,r(s) as 
‘exercises for the reader. To begin, let us develop the expressions for V* and V~. i.e. 
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FIGURE 5-16 A single op amp noninverting integrator circuit, 


with 1/Ao = 0: 
(etm) en (5-25a) 
y eet i 
Be tsC) Vt — 2 Va— a Vin = 5-256) 
(Z4ec)s Rio Rin=0 (5-256) 
Solving for V~ and V* yields 


L 


v- ali (5-26a) 
Ry 


Vou 


1 
, vt = || Vou 5:26) 
lecxal . wae 


‘Assuming the ideal op amp condition V* ~ V~ 


(5-26); 


FIGURE 5-17 


430 OFSIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


‘An alternative two op amp 
oninverting integrator circuit that is 
less dependent on the passive 
‘components. 


Setting Ry = Ry =r, we obtain the transfer function for a noninverting integrator, 
i 


Aci) (5-28) 


eR 


Recalling the inverting integrator in Fig. 5-10, we note that integration operation 
was achieved inherently by the circuit structure and did not require any pre-selection 
of component values. In contrast, the noninverting integrator requires that Ra = Ry 
and that the (wo resistors—labeled R, and connected to the V* terminal—be made 
equai as shown. Unfortunately, we cannot expect the resistors to be fabricated with 
exactly equal values. Consequently. an IC realization of Eq. (5-28) cannot be achieved 
exactly. even with an ideal op amp. The actual transfer function will be determined 
by Eq. (5-27), using the actual component values (C'. R’. R, and Rj) for each 
implementation. This unfortunate, but unavoidable, situation is a manifestation of the 
sensitivity problem discussed in Sec. 3-4. The most unfortunate situation occurs when 
Rp. and Ry vary such that 1 + Rx/Ry > 2. For such cases, the circuit is unstable 
and will oscillate at a finite frequency. 

‘The circuit in Fig. 5-17 is a brute-force, two op amp realization of a noninverting 
integrator that avoids this particular sensitivity proble. In this circ 
integrator is connected in tandem, or cascade, with a unity gain inverting amplifier. 
Although in practice the resistors labeled r will not be exactly equal, we leave it to 
the reader to verify that the circuit still functions as an ideal integrator (assuming an 
ideal op amp) and only the time constant of the integrator is effected by errors in the 
components. Aside from the extra cost of the second op amp, the price paid for th 
arrangement is that the effect of Ao(s). i.e. &/+(s), inereases, We leave it to the reader 
10 verify, for matching op amps (i.e., Ag) = Aor = Ay), that 


1 (_ i 
Fels) (Ore(sDr + elDIA = Foy (+ saz) (5-29) 


where subscripts 17 and [A refer to the inverting integrator and inverting amplifier 


Noninverting Summer Configurations Unfortunately, there is no truly elegant 
and general noninverting summer configuration to complement the inverting config- 
uration in Fig. 5-11. However, there are some interesting and useful special purpose 
circuits, We will demonstrate two of these circuits in Examples 5-3 and 5-4, 
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FIGURE 5-18 (a) The noninverting summer in Example §-3 and the analysis using superposition, with (b) the 
Circuit with V2 =0 and (¢) the circuit with V; = 0, 


Example 5-3 
Figure 5-184 shows a noninverting summing amplifier, with inputs Vj, V2 and 
output Vos Assuming an ideal op amp: (a) Find the expression for the output Vou 
in terms of the inputs Vj and V3. (b) Determine the values for Ry. Res Ry, and 
Ry to realize the input/output relation: 


Vous = 21 Vi + agV2 = 2V, + 4V2 


Solution. The analysis of the circuit in Fig. 5-18 can proceed in several ways. An 
efficient means for dealing with multiple input inear circuits is to use the principle 
of superposition, which the reader should be familiar with from prior course work 
That is, decompose the analysis of the two input circuit into the analyses of wo 
single input circuits by first reducing V> to zero in one circuit and Vy to zero 
-18h and 5-18, respectively, We 
nts, 


in the other circuit, as has been done in Figs 
then know that the output Va. is the superposition of the two output compor 
namely, Vout = Vout) + Vout2- 

Let us proceed first with the circuit in Fi 
the noninverting circuit in Fig. 5-I4a, one observes that they are identic 
exception of the voltage division at the input, ie 


ve(gee)n 
: AR + Rp 


5-18b, Comparing this circuit with 
with the 


Combining this expression with Eq. (5 


a), we obtain 


(S3la) 
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Performing the same analysis on the circuit in Fig, 5-18¢ yields 


Vour 


(5-310) 
Hence, the total output Vous is 


2 Ra Ry ) fe) 
ae eee ff ue Vy 5-32) 
i (ee z) ( lca Mein (x +R (: rma ce ie) 


To perform the design required in part (b) of this example, substitute the designated 
values for Ry and Ry into Eq, (5-32) and equate the resulting coefficients of V; 
and V; with those in Eq, (5-30), ie 


(-A9( 
(+8) Gots) 


‘The ratio Ro/Rq can be found by adding these to relations in order to eliminate 
the dependence on Ry and Ry. Adding these relations yields 


Ry 
14526 or 
Ra 
Substituting this result into either Eq. (5-334) or Eq, (5-834), one can solve the 
resulting relation for the ratio Ry/Rz (or Ro/ Rj). Using Eq. (3-31a) yields: 


and 


3b) 


(5-34a) 


Note that in this case the design led to the specification of two resistor ratios, rather 
than specific values for individual resistors. This is a convenient result that fortunately 
‘occurs quite frequently in the design of active circuits. These relations give the designer 
the flexibility to adjust or scale the resistors Ri, Ro and Rs, Ry to values convenient 
for the particular fabrication technelogy being used. More importantly perhaps, the 
ratios of IC components of the same kind (e.g., re 18, Or MOSFET g's) 
can be realized with significantly higher accuracy than as individual components (see 
Sec, 3-1). It is important for the reader to remember that variations in fabrication, 
which cause components to vary from site to site, chip to chip, and wafer to wafer, 
are unavoidable in IC realization. 

Let us complete the design task initiated in Example 5-3 by determining practical 
values for Ry, Ra, Ri. and Rp. Hence, we assign the values Ry = 10 k& and 
Ry = 10 k and calculate, using Eq, (5-33), the values Rp = 50 kQ and Ry = 20 
kQ. Observe that the minimum resistor value is Rniq = 10 kQ and the maximum 
value is Rmax = 50 k®, giving a maximum-to-minimum spread (Rmss/Rnin) Of 5. 


FIGURE 5-19 
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The ratio Riax/Rnin is typically a measure of chip real-estate or cost required in the 
realization. Also, the value of Rnin usually limits the precision of the resistor value 
and its corresponding ratios (see Sec. 2-9 and Sec. 3-4), That is, large component 
values consume more chip area than small component values, but large component 
values can be fabricated more accurately. Hence, there are practical limits at both ends 
of the spectrum for any given technology. To ensure that these concerns are factored 
into the design, these parameters are often specified as part of the design objectives. 

In the next example, we show another useful circuit that combines the functions 
of inverting and noninverting amplification with summation, 


Example 5-4 


Figure 5 
and V> to the V* terminal. Assuming an ideal op amp, determine the output Vou 
in terms of the two inputs Vj and V3 


19a shows a two input configuration, with input Vj to the V~ terminal 


Solution. Using superposition as applied in the previous example, we can draw the 
two circuits in Fig. 5-19 and 5-19¢ with inputs Vi and V> alternately set to zero. 
Working first with the circuit in Fig. 5-195, we note that with V3 at ground and the 
op amp /+ = 0, no current flows through resistors R> and R4. Consequently, + 
is at ground potential and the circuit reduces to a simple inverting amplifier where 


Ra 
Vou =—( =} v 5-35 
(#) fa 


Moving on to Fig. 5-19¢, we obtain the following expressions for V+ and V~ 


(a) The noninverting circuit for Example 5-4 and the analysis using superposition, with (b) the 
Circuit with V2 = 0 and (o) the circuit with Vj 


® © 
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Forming the relation V> — 0 and solving for Voq in terms of Vp yields: 


C+ Ral) 


h 3 
(1 R/Ra) 15:89) 


Combi 


ing Eqs. (5-35) and (5-36) yields the desired result, namely, 


Ray, + Ro/Ri) , 


Vout = FeV - 
R, 


5.3 
(+ Ra/Ra) i 


‘This circuit performs weighted subtraction, The generalization of this circuit to N 
inputs is straightforward and left for the reader to consider. Note that if Ry/Ry = 


Ry/Rz then 
Re 
va-W 
(a) 


The output in Eq. (5-38) describes the operation of a differential amplifier, pro 
ducing an output Voy proportional to the difference between input signals V2 and Vi, 
The differential amplifier has important applications in the areas of instrumentation 
and signal analysis. 


5-3 PRACTICAL OP AMP CHARACTERISTICS AND MODEL 


In previous sections we have 


sumed the luxury of working with an idealized op 
amp. ‘The ideal op amp is, as previously mentioned, an approximation that usually 
provides a very good first-order fit to the real-life op amp. However, if a designer 
is going to design an op amp andor design circuits using op amps, then he or she 
must be thoroughly familiar with the characteristics of practical op amps and how 
they ef ect typical op amp based circuits and systems, These nonideal properties will, 
‘at the very least, limit the performance and range of operation of circuits and systems 
realized using op amps. The particular choice of op amp design or selection of designs 
for a given application will often be determined by carefully scrutinizing many of the 
nonideal characteris discussed in this section. 


5-341 Gain-Bandwidth and Compensation 


It was demonstrated in Sec. 3-3 that an unstable feedback circuit can be made stable 
by reducing the loop gain via the feedback factor 1. However, in practice, this is 
usually not a viable design option. For example, if our design objective is to realize 
a feedback amplifier with a specific closed-loop gain, then decreasing 1 to achieve 
a particular stability margin may conflict with this objective. There are many cases, 
such as with filters, where the design requirements are achieved by realizing specific 
values of 7. We must then explore alternative means for stabilizing op amps that do 
not require altering the external feedback circuitry. The only parameter left to work 
with in the loop-gain relation T = A(s) 11 is the open-loop transfer function A(s). 


CHAPTER 5: BEHAVIORAL MODELING OF AMPLIFIERS 435 


‘One such technique is to use RC circuits to introduce additional poles and/or 
zetos into A(s) so as to increase the gain and phase margins. This is the method 
of frequency compensation (Daryanani 1976; Gray and Meyer 1984; Grebene 1984: 
Sedra and Smith 1991; Schaumann, Ghausi, and Laker 1990) which we alluded to 
earlier in Sec. 5-1. 

Let us consider an op amp modeled by the following three-pole open-loop transfer 
function: 


Ay 1 


aes (U4 S/2x fa) VE S/2R Iya (394) 


(+575 


int < Ja < fps are poles that limit the op 
amp's open-loop frequency response. Poles fp; and fy2 are determined by the stray 
capacitances connected to the high impedance nodes of the op amp's gain stage. A 
small-signal model of a two-pole CMOS gain stage is illustrated in Fig 5-20a, In this 
circuit, Gi and Gmo are transconductances and gy and g, and C, and C), represent 
the accumulated physical conductances and capacitances attached to nodes @ and b, 
respectively. The two stages are shown to be decoupled, with fy, and fy2 determined 
independently. An analysis of this circuit reveals that 


Where Ao is the op amp DC gain, and 


A Gm Gm 


a 
Ao = cae 39D) 
oF Bak 2x Cy Ce) 

Let us attach some numbers to our discussion by letting Gy = 26.5 US. Gna 
246 US, go = 0.0075 1S, 1.2 pF, and Cy, = 13.8 pF. With these 


1 kHz, and fp 100 kHz. Note that 
ant pole. We recall from Chap. 3 that the phase margin 
can be split 


‘components, we calculate Ag 
for & fons thus fy is a dom 
PM increases as the ratio fp1/ fra increases. Thus, the further fyi and fy2 
apart, the higher the phase margin for A(s). 

Missing from the model in Fig. 5-20a is an important capacitance C, added 
in Fig, 5-20b. The details of the construct of this model, and its relationship to actual 
layouts of IC op amp circuits, are deferred to the next chapter, In CMOS (and bipolar) 
op amp circuits, C- is either a transistor parasitic capacitance or a larger intentional ca- 
pacitance (in parallel with an inherent and much smaller parasitic capacitance, usually 
‘< 0.1 pF). In either case, C. provides a path for feedback and feedforward to occur 
within the gain stage. Recall our discussion the Miller effect in Sec. 3-1. The reader 


should recognize C, as a Miller capacitance. The effect of adding C, is reflected in 
the transfer function: 
1 Ag(l —s/27 fiz) 1 
AG : “eh (5-404) 


(14 8/2m fep CO + 5/2 fp) V+ 5/27 fips 


‘As Ce is increased, the two poles split further apart: shifting the first pole lower 
in frequency (so that Jf. < fyi) and the second pole higher in frequency (so that 
‘fep2 > fy2). The third pole f,3 is created by circuitry (not shown) outside of the Miller 
feedback loop and remains unchanged. Finally, the feedforward leakage through the 
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FIGURE 6-20 Single-pole compensation: (a) uncomponsated two-pole gain stage; (b) compensated two-pole 


{gain stage; (c) root locus plot ilustrating the pole-spliting achieved by the compensation. In (c) 
the starting pole locations are those realized with (a). The poles and zero shift as functions of C. 
In (b). 


{otal Miller capacitance produces a real-valued zero at /,. in the right-half plane. This 
zero moves in the direction of the origin as C. is increased. These pole-zero shifts 
are depicted in Fig. 5-20c. Analyzing the circuit in Fig. 5-20, with the assumption 
that Gn2 > go OF go. results in the following expressions: 


Ap = Onna get Gut ee Gn2Ce ae 
Oo Bab er Fae AoC * tat Cals # CAC + CH) 
Wee ete 
oa 
(5-405) 


Using the numbers that were associated with the evaluation of Eq, (5-395), let us 
calculate the value for C. needed to shift fp to fp) = 10 Hz. Thus, we obtain 
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C_ * 4.2 pP. The corresponding values for fip2 and f.- are 2.1 MHz and 9.3 MHz. 
respectively. We see that C, has split the poles sufficiently far so that the compensated 
A(s) is essentially a one-pole system (we assume that fps > 1 MHz). ie., 


eee (5-41) 
(F525 fqn 2 


Note that in most applications, the frequencies of interest are fit < f < fu, where 
fy is the unity-gain frequency described in Sec. Within this frequeney range. 
A(s) in Eq, (5-41a) approximates an ideal integrator. i... 


Ao2z fopt _ © 


Als) = (S-41b) 


‘The quantity « = 27 Ao fipi oF GBW = Ao fant is the op amp gain-handujdth prod- 
uct. Note also that single-pole compensation force @, — «,. This result is both 
simple and appealing from a stability point of view (recall Sec. 3-3). Consequently, 
Eq. (5-416) is widely used to represent the “actual” open-loop frequency characteris- 
tic of an op amp. For audio-frequency (j.e.. f < 20 kHz) applications, op amps are 
typically designed for GBW > 1 MHz. 

The frequency compensation technique described in Eq. (5-40) and Fig, 5-20 is 
called pole splitting (Gray and Meyer 1984; Grebene 1984; Sedra and Smith 1991). 
Since |A(s)| in Eq. (5-41) largely follows a single-pole rolloff, this method is also 
called single-pole compensation. Capacitance C... when used for this purpose, is called 
a compensation capacitance. This capacitance can either be externally applied, to pins 
reserved for this purpose on the op amp package. or the capacitance can be fabricated 
as part of the op amp integrated circuit. The latter case is referred to as an internally 
compensated op amp. In the former case. the op amp is said to be uncompensated until 
the external compensation circuit is applied. External C. provides the designer with 
the flexibility to easily customize the compensation and to use precise components. 
Internal compensation removes this flexibility, but the integrated system fully realizes 
the cost and size advantages of VLSI. 

We have shown in Eqs. (5-39) and (5-40) that we can substantially alter the pole 
locations for A(s) with relatively small values of C,. The net result is that high 
frequency characteristics of A(s) are changed in a direction that increases the gain 
and phase margins, as illustrated in Fig. 5-21. The numbers used in this figure for 
the uncompensated and compensated A(s) are those associated with Eqs. (5-39) and 
(4-40), with the addition of fy = 5 MHz. As shown in Fig. 5-21, the phase margin 
for the compensated A(s) is PM ~ 70°. The op amp is now sufficiently stable for 
general use in feedback configurations. In comparison, the uncompensated op amp 
with PM ~ —35° is likely to be unstable when feedback is applied. 

A limitation associated with the single-pole compensation method can be observed 
by comparing the compensated and uncompensated low frequency loop gains in 
g. 5-21. There is a significant reduction in open-loop gain due to the compen- 
sation, for example at | kHz, where the gain is reduced from 100 dB to 60 dB due 


Gain aB 


Phase de 
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FIGURE 5-21. tkstration of tho single-pole raquency componsaion method. 


to the roll off of the first pole at fj); As we will see in Chap. 8, such reductio 
loop gain can seriously alter the frequengy response of an active-RC filter 

To attack this problem, alternative compensation techniques have been developed 
that achieve the desired stabilization while maintaining a large low frequeney open- 
oop gain, One scheme that has been used successfully in the realization of precision 
audio frequency active-RC filters is the double-pole compensation scheme that in- 
troduces two poles and zero into A(s), The compensated op amp open-loop tra 
function then takes the form 


fer 


Lt s/o.) 
AG) eas eae 5-42) 
(9) = TE s/eomp ML + 5m) : 


where «. > Wyp1,@ep2. This scheme can be shown to provide, approximately, an order 
of magnitude more open-loop gain in the audio frequency range than that obtained 
with single-pole compensation (Daryanani 1976; Moschytz, 1975). These compensa- 
tion schemes tend to be more complicated, involving more passive components than 
in the single-pole scheme. Consequently, in spite of its limitations, single-pole com- 
pensation is the most widely used method of frequency compensation. The circuit 
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design details for implementing frequeney compensation in integrated circuit op amps 


are given in Chap. 6. 


Example 5-5 

Consider (a) the inverting integrator and (b) the noninverting integrator circuits in 
Fig. 5-10 and Fig. 5-17, respectively. Use the approximate op amp open-loop gain 
model in Eq. (5-40) to evaluate the integration error that occurs due to the finite 
gain-bandwidth wo, Assume that the op amp input and output impedances aee ides. 


ried out using the model in Fig. 5-22. 


Megrator are readily written as 


Solution, ‘The analysis of both circuits is 
(a) The circuit equations for the inverting 


Il 1 o 
mt sC) Vi = (—) Vet sCVen and Van = — 
(Gt + c)y (x) fo + 8CV yy and Ving V 


Solving for the closed-loop transfer function Viui/ Vin. we obtain 


Se 
Ry 


At low frequencies, where « < w}, we make the Following approximation 


where the complex and frequency dependent ¢,,(s) represents the integrator error 


Evaluating &,,(s) at physical frequencies » = jo, we obtain (for [és] <b. eat 
Eq, (5-8d)): 
' jw 
rr JO0) Meo) + jifrr (to) = —a—e 4. 2 53a 
Bee (JON) + fh 00) = eh (5-43) 


FIGURE 5-22 Equivalent circuit for the inverting integrator, with 
the approximate op amp open-loop characteristic 
Aals) = 0/8. 
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where 


myo) «1 and gp(o) «i (5-43b) 


o 


My, (O) = Pree) 
fy. Myce) and @yy(c) are inversely proportional to @, Hence, for the circuit t0 
perform accurately as an integrator, @ < a. As we will see in Chaps, 7 and 8, the 
error related to the finite c, of actual op amps limits the performance of active-RC 
filters. 

(b) Following the same line of reasoning used in (a), the transfer 
noninverting integrator ean be expressed as 


0 for the ideal op amp where @ = oe. For finite 


inction for & 


ORC oy 


With w << oy, the reader can verify that the n 
approximately expressed as 


nitudle and phase errors ave 


1 dw 
MO ® Tare nly (5-44) 


We see in Eq, (5-44) that the use of the additional inverting unity gain amplifier has 
increased the phase error by a factor of 3 and left the magnitude error unchanged 


we summarize the error results for a variety of interesting invert- 
ing and noninverting integrator structures. ‘The basic structures in Figs. 5-234 and 
5-23c have been characterized in Eqs. (5-43) and (5-44), respectively. The phase-lag 
noninverting structure in Fig. 5-23d, where an inverting unity gain amplifier is placed 
in the feedback loop to create the effect of a negative capacitance (—C), results in a 
phase error (co) that is nearly equal and opposite in sign to that of the inverting 
integrator in Fig. 5-23a. The reader should verify that simply inverting the sign of 
the You fed back through C will not provide the compensation required to realize the 
gn (c) expressed in Fig. 5-23d. In fact, the reader should further verily that matched 
‘op amp open-loop gains (i.e, Ay = Az = @,/s) is a necessary condition for the 
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Inverting Integrators 


© @ 


© 
FIGURE 5-23 Inverting and noninverting integrator structures: (a) conventional inverting integrator, (b) actively 
‘compensated inverting integrator, (c) conventional noninverting integrator, (4) phase lag nonin- 
verting integrator, and (e) actively compensated noninverting integrator. 


desired compensation to occur. In Chap. 8, we describe several active-RC filters that 
use tandem connections of inverting and noninverting integrators. For these cases, the 
phase-lag inverting integrator would appear to be an appealing structure because the 
phase error for the tandem would nearly cancel to zero. 
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Due 10 the positive feedb: 


ck introduced by inverting the signal fed back through 
C, one must always be concerned about stability when using this phase-lag structure. 
‘This is particularly the case in active filters where it is likely that integrators are em- 
bedded in another feedback loop of even in multiple feedback loops. The structures in 
23h and 5-23¢ are called actively compensated (Schaumann, Ghausi, and Laker 
1990) integrators because additional active cireuitry is used to reduce y-(~). How- 
ever, the magnitude errors my, (#0) in all cases are Seen to be nearly identical. As in the 
phase-lag case, matched op amp dynamics are necessary conditions for these active 
compensiition schemes to operate, as advertised in F 3. The reader is encouraged 
to verify these results, It should be clear that this error analysis can be applied to a 
large variety of circuits, e.g., active filters, Some interesting circuits are considered in 
the exercises at the end of this chapter 


5-3-2 Step Response and Settling 


The rise time f, and settling time 4,, associated with an op amp's closed-loop step 
response, are important performance specifications for transit 
applications. Such applications include instrumentation electronics, control systems, 
and sampted data. systems, such as switched-capacitor filters, In these applications, 
op amp phase margins of PM < 45° (or & < 0,707) are not desirable because the 
excessive underdamping results in large overshoot and ringing in the step response 
(recall Fig. 3-19 and Fig, 3-20). We se 4 that, for such eases, the rise time 
(iu is quite fast, but the settling time (¢,)y_ is rather fong, In Fig. 3-20, the ringing 
was shown to decay with envelope 


response sensitive 


AL the other end of the spectrum, a severely overdamped design will cause the 
output to respond slowly (tJ > (UjJu) and undershoot the final value, In this case, 
the output settles slowly ((f,), 2 Ue)o) as it rises toward the finat value, For a given 
feedback configuration, the op amp step response and settling characteristics are related 
fer function and the closed-loop stability margins. An 
‘op amp’s step response is typically measured with the op amp connected as unity 
gain voltage follower (ie., with maximum feedback) as shown in Fig, 5-140. 
Exactly how ne value the op amp output seitles is determined by the 
finite gain of the op amp. Consequently, even if the op amp of a unity gain follower 
(Fig. 5-14b) has infinite bandwidth, it will not reach the step input voltage as its 
steady-state response. In other words, if a unit step (of height 1 V) is applied to a 
unity gain follower comprised of an op amp with infinite bandwidth and finite DC gain 
(Ao), the output will settle to a value (1 ~e) V. The difference or error ¢ is a function 
of (1/Ap). Note that the single-pole model for the op amp yields a step response that 
rises exponentially towards the final value. This is demonstrated by considering the 
unity gain follower comprised of an op amp with finite gain and bandwidth represented 


to the op amp open-loop trans 


the fina 


FIGURE 5-24 
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‘overdamped 


06 


Range of op amp step responses 


oa 4 
L ot 4 
02 f H 4 
nto 4 

Dee ee ae a 

° 2 4 6 A rors 


Range of closed-loop op amp step responses from underdamped to overdamped. Also shown are 
the relevant rise and fail times: (ty, (te)y for the underdamped response and (i,)o,(ts)o for the 
‘overdamped response. 


by the single-pole model, i 


A 
As) = —* (5-45) 
wae 
dd 
‘The transfer function for the unity gain follower is readily determined to be 
. 1 1 1+ 1/Ao)7! 
Actls) ae HEL Ao) (5-46) 


~T#I/AG)~ (+ 1/40)+s/Aow,  1+5/Aqo, 


Noting the relation Vox (s) = Ace (5)Via(s). the step response associated with unity 
gain follower is determined to be 


Your (t) = (=) (l= 


where @; = Apwp. Note that the final value for vou(t), expressed as You(t)Ipax = 
(1+ 1/40)! © 1 = 1/Ap = 1 ~6, is indeed less than the unity final value for 


") u(r) (3-47) 
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the unit step input. Also, the output is seen to rise toward final value with a slope 
nearly equal to «;. Consequently, the settling time is proportional to the op amp 
‘This response is sketched for a single pole system in Fig. 5-25. The step response 
for a given op amp phase margin and frequency compensation can be obtained by 
conducting a similar analysis using the higher order op amp model, e.g., Eqs, (5-39) 
nd (5-42). If the op amp load is capacitive, the size of the load capacitance will 
infiuence the step response by effectively reducing the phase margin associated with 
‘an unloaded system (see Exercise 5-16). We point out that Eq. (5-47) occurs only for 
small-signal amplitudes (i.e., a few mY"s). For larger amplitudes, the op amp slew 
rate limits the ime 10 less than w,. Slew rate is the topic of the next subsec- 
tion, 

In the design and realization of switched-capacitor filters, we are concerned with 
the settling characteristics of inverting integrator stages. In sampled data systems, the 
actual effect of an unsettled integrator will depend highly on how and when sampling 
is accomplished. Usually, many samples are taken within the time span of a signal 
period, ‘Thus, the changes in amplitude at each sample are small and so settling is not 
limited by slew rate. These and other properties of sampled-data filters will be treated 
in detail in Chaps. 7 and 8. 


5-3-3. Slew Rate and Full Power Bandwidth 


FIGURE 5-25 


In the previous sections, our analyses and observations were based on the ass 
that the op amp was operating as a linear device. This assumption is due in part 
to the concept of sinall-signal operation, which implies that the output voltages are 
{quite small. In fact, signal amplitudes are significantly smaller than the op amp's full 
scale output capability. For example, consider an op amp powered by a single +5 V 
supply. Such an op amp is usually rated to accommodate a peak-to-peak signal swing 
of up to 3.5 or 4.0 V. However, small signal operation implies an output swing of 
about | V. As the signal amplitude increases, the nonlinearities associated with the 


ption 


‘Stop response for a unity gain follower using a single-pole op amp model. 
cro} 


Lo 
oo 


AeA 


FIGURE 5-26 
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transistors within the op amp will cause the output to distort. If the output is made 
large enough, the output waveform will become clipped as the op amp saturates. Due 
to the dynamics of the op amp, the distortion will also depend strongly on how fast 
the output must change in order to follow the input signal (i.e, the frequency of the 
input). This dependence on input signal frequency is referred to as slew rate (SR) 
limiting. Slew rate limiting produces a softer form of distortion than that produced by 
clipping. 

‘One way to observe slew rate limiting is to drive a unity gain voltage follower with 
sine wave input that has an amplitude equal to the full scale peak-to-peak signal 
swing rating of the op amp. For example, let us consider the response of a unity gain 
follower stage (see Eq. (5-46)) to a 3.5 V peak-to-peak sine wave input (with the 
op amp full-scale output limited by a single +5 V supply). Let the frequency of this 
input be sufficiently high, say at «, (the closed-loop 3 dB frequency). With such an 
input, we find the output sine wave to be distorted in shape and its frequency some- 
what lower than the input frequency. This phenomenon is illustrated in the sketch in 
Fig. 5-26a. Note that the rate of change of the output at the zero crossings is smaller 
than that of the sine wave input. The reader is encouraged to try this experiment using 
2 square wave input, as shown in Fig. 5-26b, with the same period as the sine wave 
(ie., 27/a,). As might be expected, the distortion effect for the square wave input 
is visibly increased, compared to that of the sine wave input, due to the enhanced 
distortion of the square wave’s higher frequency components. 

Slew rate limiting is physically associated with the finite speed in which the ca- 
pacitors in the op amp, which include the compensation capacitance and numerous 
parasitic capacitances, can be charged or discharged in response to the input. The rate 


‘Slew rate limiting causing distortion in the op amp output: (a) for sinusoidal inputs and (b) for 
‘square wave inputs. in (6) the constant slope = izax/C is evident at the transitions of the square 
wave. 


distorted output 


? time) 
sine wave ouput 
@ 
ivonted oupat 
square wave input (Slope = ftax/O) 


time (0) 
ny 
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at which volt 


(5-48) 


Lop amp, the available current is limited to some maximum value fsx: 
Hence, the maximum rate at which the voltage «cross the capacitor can be changed is 


=) Tee 5-49) 
dt Tony € 


If the output across the capacitor is required to change faster than the slew rate SR, 
the output distorts in the manner shown in Fig, 5-26. For the square wave input in 
Fig. 5-26b, we observe that output is forced to ramp up and down with a fixed slope, 
i.e, the slew rate, ‘This is in fact the easiest means for measuring slew rate. Although 
the positive and negative slopes are shown ay equal, they are not necessarily so. That 
is, depending on cirouit configuration, the slew rates for positive and negative output 
swings may be different, The relationship between Eq, (3-49) and the actual op amp 
rs is reserved for Chap, 6. 

amp’s slew rate is ust 


of volts per 
micro second (V/jis). It is most readily measured by applying a square wa 
to the op amp (under test), connected as a unity gain follow 
determined by measuring the slope of the ramp edges of the distorted output. 

Slew rate is related to the op amp's fill power bandwidth fy. An op amp's fy 
is defined as the frequency at which & sine wave output, whose amplitude is set at 
ximum rated output voltage, begins to show distortion due to slewing, This 
maximum amplitude is usually 1V, of smaller than the supply voltage(s) due to 
unavoidable voltage drops within the op amp, For example, ket the input to the unity 
gain voltage follower be a sine wave with amplitude equal to the maximum rated 
Output (peak-to-peak) Vinays bee, Your(O) = (Vgus/2) sin(ot). Taking the derivative of 
vour(t) with respect 10 ¢ he rate at which the output changes. ie., 


re input 


; The slew rate is then 


Avon t) _ Vas 
dt iz 


cos(wt) 


The maximum value for droye(4)/dr occurs at the zero crossings, hence 


s ity yl ai 
at Ss 


2 


Given the definition of full power bandwidth, we ean write 


R 
SR 108 
ary 


x10 oor fue 


Where § 


SR is expressed in V/jes, which gives rise to the 107° and 10% multipliers 
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In essence. Eq. (5-49) is a worst- 
ar operating range for an op amp. 


in the expressions for SR and fy, respectively 
ease relation that defines the limits of the lin 
In fact, if the output amplitude becomes larger than Vay. the op amp will saturate 
and clipping occurs. For output amplitudes that are constrained to be smaller than 
Vmax, frequencies higher than fy can be processed without incurring slew rate dis 
tortion. 


Example 5-6 
If the specified slew rate for an op amp is 2 V/jzs, at its maximum rated output 
of + 3.5 V, then (a) determine the full power frequency and (b) if the op amp 
is connected as an invert a closed-loop gain Ac 
input is vyy(¢) = V, coset. with V, < 0.5 V. determine the frequency 
which slew rate Ti 


2 and the 
Fray al 


Solution. (a) Using Eq. (5-52) we obtain 


x 10° 


90.945 kHz 


I= FT0 


2V,, cose and the output 
in the 


(b) The output of the inverting amplifier is vour(t) 
amplitude is constrained | V. Carrying out this analy 


same manner as Eqs. (5-50) 1) yields 
SR= [eel X 10- = 2V, finns % 10-© = 47 finns 10° 
de max 


or 


Sax = SR/4x x 10° = 159.155 kHz. 


In Fig. 5-27, we plot Va as a function of fy. for SR = 2 V/ys. This graph 
illustrates the trade of increased fyy for reduced Viyay. given a constant SR. Note 
that the curve limits at Vina = 7 V for fu < 90.945 kHz. Similar curves are often 
included in op amp specification sheets. 


Before moving to the next section, it is useful to discuss the concept of dynumic 
range, defined as the ratio of the maximum usable output voltage to the minimum 
usable output voltage. The maximum usable output voltage will be limited by slew 
rate and ultimately Vac. 28 previously discussed. The amount of distortion tolerated 
for a given application is specified in terms of total harmonic distortion. Total hat- 
monic distortion can be experimentally determined by applying a sine wave input at 
some mid-range frequency, say 1 kHz. The output power is then measured alter the 
fundamental component at the input frequency (in this case 1 kHz) is removed by a 
notch or bandreject filter (see Chap. 7). The ratio of the measured output power (rep- 
resenting the total distortion) to the power in the fundamental component. multiplied 
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FIGURE 5-27 Plot of Vmax Versus fy for SA = 2 Vins. 


by 100, gives the percent total harmonic distortion. For high quality audio systems, 
the percent total harmonic distortion is limited to be less than 1 percent, The minimum. 
usable signal, on the other hand, is limited by the internally generated noise voltages. 
Clearly, if the signal level is less than the noise level, the noise obscures the useful 
signal. The amount by which the signal must exceed the noise to constitute a useful 
signal is specified in terms of the minimum signal ro noise ratio.. Typically, linear 
systems involving op amps have dynamic ranges between 75 and 125 (B. 


5-3-4 DC Offsets and DC Bias Currents 


In.an ideal op amp, if the input signal is zero, the output will also be zero. In an actual 
op amp, imperfections in the circuit components cause a DC voltage Vow to exist at the 
output, even when the input voltage is zero, as established in Fig. 5-28a. The response 
at DC is not always critical, but excessive DC offset will alter the output waveform 
symmetry about zero volts; possibly causing the waveform to clip over a smaller 
range of signal amplitudes than would occur if the DC offset were absent. In other 
‘words, positive (or negative) DC offset may cause clipping to occur for positive (or 
hegative) signal swings at a lower amplitude than for negative (or positive) swings. 
Consequently, the dynamic range for the op amp is reduced. This is particularly a 
problem in high gain situations, such as biomedical and sensor applications, that 
involve the processing of small input signals. In such applications, a few millivolts, 
of DC offset is amplified, with the signal, into the 1 V range. Applications like 
analog-to-digital converters require the DC voltages that represent digital codes to be 
determined very accurately. In these applications, internal offsets must be reduced to 
insignificance by offset mulling or auto-zero circuitry (see Chap. 8). 


FIGURE 5-28 


FIGURE 5-29 
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Nos) otter fee 
opamp 


@ ) 
(a) Schematic representation and (b) model of DC atfset in op amps. 


A convenient way of schematically representing DC offset is with an equivalent 
voltage source at the noninverting input to the op amp, as shown in Fig, 5-285. The 
voltage source in Fig. 5-28b is called the inpur referred offset voltage, Voy = Vor/ Ay 
and is typically on the order of +5 millivolts (mV) for bipolar op amps and + 20 
mY for MOS op amps. Offset voltage can change or drift with time and temperature 
The linear temperature coefficient for Vos drift, typically expressed in mV/°C, is often 
specified in op amp data sheets, Offset drifts while often small, can be important when 
offset nulling is required. 

Let us examine the effect of Vos on the performia 
systems. Consider the inverting amp! guration in Fig. 


"eof closed-loop op amp 
29, with the signal 


source set to ground and the input referred DC offset represented by voltage source 
ng a noninverting scheme in the same manner would result in 
5-29, That is, from the point of view of DC offset, the 
elds 


Vos. Note that exami 
the same schematic as 
inverting and noninverting configurations are identical. Analyzing this circuit 
the following relation for the output offset 


Ry 


Hence, in actual operation, the output of the inverting amplifier will have a DC offset 
superimposed onto the output signal of value (1-+ Ro/ 1) Vos. If several stages similar 
to Fig, 5-29 are cascaded, each stage will accumulate and amplify the offsets from 


Representing DC offset in the inverting and noninverting 
‘configurations, 


FIGURE 5-30 


FIGURE 5-31 


450 _ DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


Wod-1 


Was) 


The use of AC coupling to reduce the output 
due to DC offsets, 


previous stages (in addition to its own input referred offset). Consequently, a large 
DC offset can build up, even if the input offsets are quite small. In some applications, 
especially those where the closed-loop system is not required to pass DC, itis possible 
to keep the offsets under control by using capacitive, high pass, or AC coupling as 
shown in Fig. 5-30, The advantage here is that DC offsets are neither accumulated nor 
amplified, and the overail output offset is equal to the Vos of the last stage (i.e, the 
circuit in Fig. 5-30 appears to its input referred DC offset as a unity gain follower). 
‘The disadvantage of this approach is the low frequency roll off accumulation due to 
the high pass characteristic associated with each AC coupled stage. A consequenc: 
of this problem is that the capacitors required may become too large for practical 
integrated circuit realization. 

One major source of DC offset for bipolar op amps is associated with 
currents, shown in Fig. 5-31. Such bias currents are nearly nonexistent in MOS’ 
In an ideal op amp, the input impedance is infinite and no current, flows through its 
input leads. In actual op amps, small currents, needed to bias the input transistors, do 
flow into these terminals, These currents are represented as J, and /y in Fig. 5-31. 
In op amp data sheets, these currents are usually specified in terms of input bias 
current Ips, which is the average value of Ig, and fp, and the input offset current 
Tos, which is the difference between these currents. The expressions that relate ys 


as 


Representation of input bias currents by two current sources. 


o 
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and Fos to Iq) and Ipp are 


Joy + an 
2 


Tas and fos = Fay — bo 


The currents Zp) and /p2 tend to track, and Zs is a measure of the degree of trackin: 
that occurs. Typical values for these parameters are Js = 100 nA and fog = 10 nA. 
for bipolar op amps and 10 pA for MOS op amps. The effect of these currents is 10 
produce a small amount of DC offset, as illustrated in the following example. 


Example §-7 


Again, consider the inverting amplifier with a closed-loop gain of Ac, = 
realized with resistors R, = 10 k@ and R> = 50 kQ. as shown in Fig, 5-32, If the 
input bias current is 100 nA and the input offset current is in the range between 
£10 nA, what is the resulting maximum output offset voltage? 


Solution, Analyzing the circuit in Fi 


ithe 1 
eet iyo =r 
(z t )y (x) veer Ta 


where V~ = 0, due to the virt 
Consequently, the output offset is given by 


5-32 yields 


ground condition at the inverting terminal. 


6 


Vour = Iai: 


imum DC offset voltage, we must compute the maximum. 
value for Zp1. This value is seen to be (Ii )nux = (2las + Uos)nn)/2 = 105 nA. 
The resulting output offset is Vig = 5.25 mV. Clearly, Eq, (5-55) places an upper 
limit on the value of 2, through which the biasing current is provided. 


To determine the ma 


There is a very effective technique for reducing the value of the DC offset voltage 
created by the input bias currents, The technique involves the use of a resistance in the 
noninverting lead that is used to balance out the input offset currents. The application 
of the technique is shown in Fig. 5-33a for the inverting amplifier (Fig, 5-9) and 


FIGURE 5-32 Analysis of inverting amplifier, accounting for input 
bias currents. 
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Yours 0: Ry= 


@ 


FIGURE 5-33 Use of balancing resistor to cancel bias currents in an (a) inverting amplifier and (b) a unity gain 
follower. 


for the unity-gain follower (see Fig. 5-14) in Fig, 5-33h. The determination of the 
values for Ry required to mathematically cancel the output offset is left as a homework 
exercise. Note that, in practice, exact cancellation will rarely occur due to unavoidable 
variations in resistor values and due to the input offset current 


5-3-5 Common-Mode Signals 


As previously discussed, the output of an ideal op amp is proportional to the difference 
signal ¢ = vt ~V~, ie., Yom = A(s)e. Hence, if an ideal op amp is connected in 
the common-mode, as shown in Fig. 5-34, then the output is identically zero. In an 
actual op amp, this is not the case, and the ratio of the resulting output voltage to 
the common-mode input voltage is called the common-mode gain Acy. The gain 
Apu = A is then referred to as the differential-mode gain, where A is also the 
op amp’s open-loop gain. We note that, in general, Apy and Acy are frequency 
dependent, 

‘A measure of the degree to which the common-mode signal is suppressed, relative 
to the difference-mode signal, is expressed by the common-mode rejection ratio or 
CMRR. CMRR is defined as 


Wow! Ml 


CMRR 
lea! 


(5-56) 


FIGURE 5-34 Configuration to measure finite CMAR of an op amp. 


FIGURE 5-35 


5:3-6 Noise 


BA eee eee ee a eT Oe 


‘Analysis of noninverting amplifier, accounting =" 
for finite CMRR. ort CMe = 


CMRR = 201og{|Al/|Acu|} dB. CMRR is 
valties at 


‘Typically, CMRR is specified in dB, 
frequency dependent, decreasing in value as frequency increases. Typica 
low frequencies are 80 dB or larger. 

The finite CMRR is unimportant in inverting configurations (Fig. $-6), since the 


In the noninverting configuration (Fig. 5-13) the input is a“ 
input, due to the very large A. Hence, when applying the noninverting configuration 
to applications with very demanding requirements, the finite CMRR will have to be 
taken into account as an error term. 

{A simple method for including finite CMRR in the closed-loop analyses is to define 
an input referred common-mode error voltage vce = vix/CMRR. Note that when we 
multiply vce by the difference mode gain |AJ, we get the common-mode output 
vout = |Acaluce obtained using the configuration in Fig. 5-34. This error voltage 
can then be included as an additional input signal to an ideal op amp, as shown i 
Fig. 5-35. Taking into account CMRR (via vce) in the noninverting amplifier, we 
determine Your 


vor = (1+) ("+ cane) 


The finite CMRR is seen to result in a closed-loop percent gain error Ac), = 
(1/CMRR) x 100 percent. 


Aen (1+ AAeL ON 


[As discussed earlier, the minimum usable signal is limited by the small exte 
‘and internally generated spurious signals. External spurious sources include a power 
supply ripple, 60 Hz pickup..and cross talk due to electromagnetic radiation, These 
sources are typically deterministic, and can be modeled as independent voltage or 
current sources, appropriately located in the circuit. The internally generated sources 
are the random noises associated with the circuit components (e.g.. transistors and 
resistors in the op amp and feedback ). Any or all of the spurious signals can 
bbe represented as input referred voltage or current sources at the two op amp input 
terminals. The effect of these spurious sources can then be analyzed in a manner 
similar to the way DC offsets were considered in Sec. 5-3-4. The only difference here 
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is that these spurious 
characterized accordingly. 

Let us step back for a moment to review a few facts and definitions associated 
with noise. As noise is a random (or at least quasi-random) function of time, it cannot 
be assigned a specific frequency or phase, Furthermore, its average or DC value 
is zero, However, noise can be characterized and measured in the mean-square or 
root-mean-square (rms) over a given frequency range or bandwidth, The mean-square 


als are frequency dependent and/or random and need to be 


value of a noise voltage or current is symbolized by 47 and its ams value Xp = y/p 


Where x = v or i. For microelectronic circuits, oj, 72 are usually expressed in the 
units (nV)’, (pA), and vj, and i, in nVeass. PApyss: Tespectively. Noise, althou 
usually very broad band, must be measured by instruments with limited bandwidth. 
Consequently. it is often convenient to express noise in terms of per-unit-bandwidth; 
ive, di? = xB/Af or diy, = %y/ VAP. The dx? and dy are defined as the voltag 
(current) square and sms densities, respectively. Since power is proportional to the 
square of the current or voltage, dx? is also called the power spectral density (PSD) 
and labeled Sy(f). The frequency argument in S,(f) reminds us that PSDs (and x3, 
le.) are generally frequency dependent (e.g., sch is the case for noise created by 
transistors, as shown in Chaps, 1 and 2), ‘The simple 7 = Su(PAP strictly 

pplies when S)(f) is constant with trequeney. However, when S,(f) varies with 
frequency, the relation between the 4} and S,(f) is more complex, i. 


a [ Smfdf one-sided PSD (5-570) 
or 
/ Sil /)df two-sided PSD (5-57) 


‘The subscripts I and 11 differentiate between the one-sided and two-sided spectral 
densities, respectively. Since S,(/) are symmetrical about zero Hz, the conversion 
between one-sided and two-sided PSDs is accomplished as Syu(f) = 1/2Su(f). For 
microelectronic circuits, spectral densities are usually expressed in the units (nV)?/Hz. 
or nVems/VHz, and (pA)?/Hz or pAgys/V Hz. 

Let us now focus our attention on the random noise generated internally by the op 
amp. This topic is covered in greater depth in Chaps. | and 2. The primary sources of 
noise in an op amp are the thermal (du in Eqs. (1-57) and (2-46)) and flicker (di, 
in Eqs. (1-59) and (2-49) nois. ted with the op amp’s input devices. Recall 
that thermal noise, also called Nyguist noise, is caused by the random thermal motion 
of mobile charge carriers in the resistive and semiconducting materials assoctated with 
IC resistors and conducting channels of transistors. It is ditectly proportional to both 
the magnitude of the resistance and its absolute ambient temperature. Also, flicker 
noise (1/f noise) is due to the semiconductor surface imperfections that occur in the 
emission and diffusion processes. This noise is important 


\t low Frequencies and can 


FIGURE 5-36 


FIGURE 5-37 
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= — yf noise 


thermal noise Noor 


‘Sketch of noise power spectral density for 
‘an op amp MOS or bipolar input device. fh 


be reduced considerably by careful, well-controlled processing. It is also inversely 
proportional to the area of the devic 

‘The power spectral density S(/) for a ty 
the combination of thermal and 1// noise, is sketched in Fig. 5-36. We note that the 
thermal and 1/f noise source the rms, At low frequencies 
the 1/f component dominates, decreasing inversely proportional to frequency toward 
the thermal noise floor. The thermal noise floor is reached at the commer frequency fy, . 
after which the noise remains constant over the remaining noise bandwidth of the op 
amp. In continuous systems, the 1// noise tends to be more important Yhan the thermal 
noise. In sampled-data systems, the converse tends to be true, with the thermal noise 
and noise bandwidth usually being of prime importance because of aliasing, Aliasing 
‘and noise in sampled-data filters are reserved for consideration in Chap. 7. 

To calculate the noise output in closed-loop op amp systems, it is convenient to 
model the noisy op amp as a noiseless op amp. with equivalent input referred m 
square noise voltage and current sources connected to its input terminals, 
in Fig. 5-37. The input noise voltage and current are usually specified in the op amp 
data sheet as a function of frequency. This data is sketched in Fig. 5-38 for dt, and 
in The total noise output is then best determined by superposition and the add 
of the mean-square output noise components due 10 the two noise sources. 


al transistor (MOS or bipolar), due to 


Noisy op amp modeled as noiseless op amp excite by equivalentinput, mean-square, noise voltage 
and current sources. : 


noiseless op amp 
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FIGURE 5-38 Sketch of typical op amp input rms 
noise voltage and current versus. 
‘frequency. 


TAPAwats ‘VH2) 


5-4 DIFFERENTIAL AND BALANCED CONFIGURATIONS 


In the integration of analog circuits, the designer must be concerned with « host of 
second-order disturbances that can build up and limit circuit performance. Unavoid- 
able parasitics, associated with all silicon ICs, provide numerous paths for unwanted 
disturbances to couple into the signal path of an analog circuit via the substrate, the 
power supplies rails, the ground lines and/or even directly from nonideal components. 
‘The disturbances from all these sources can accumulate, potentially leading 10 se- 
rious loss in signal-to-noise and dynamic range. Throughout this chapter, we have 
used op amps that have a differential input and a single-ended output, as shown in 
Fig. 5-392. Op amps can also be designed to be fully differential and/or balanced, 
thus maintaining positive and negative signal paths throughout. In fact, to reduce the 
impact of parasitic couplings, designers of analog ICs often realize their circuits as 
differential structures rather than the single-ended schemes that we have studied thus 
far in this chapter. Yet even further improvement is obtained if the analog circuit is 
not only differential but balanced as well (Gregorian and ‘Temes 1986; Schauman 
Ghausi, and Laker 1990; Schaumann and Laker 1993). ‘Tha 
inverting and noninverting signal paths, in a completely symmetrical layout, such that 
all parasitic injections couple equally into both signal paths as common-mode signals 
‘The differential nature of these circuits causes these common-mode disturt 
cancel (or at least nearly cancel) such that their impact is reduced significantly, OF 
course, fully balanced design does not come without cost; because, as we shall see, 
it requires duplication of much of the circuitry. 

‘Throughout this chapter, we have used op amps that have a differential input 
and a single-ended output, as shown -39a. Op amps can be designed 10 be 
fully differential and/or balanced, thus maintaining positive and negative signal paths 
throughout. It is important to clearly distinguish between the three kinds of op amps 
shown in Fig. 5-39. First, we have the conventional single-ended (differential input- 
single-ended output) op amp shown in Fig. 5-39a. The op amp in Fig, 5-39) is a 
differential (differential input-differential output) op amp. The output of the latter is 
defined as the difference between the two output terminal voltages. The values of the 


FIGURE 5-39 


FIGURE 5-40 
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Three types of op amps (a) single-ended output, (b) differential output, and (c) balanced aiferential 
output 


terminal voltages, with respect to ground, are not in this ease individually defined. In 
contrast, the balanced differential (differential input-balanced differential output) op 
amp is shown in Fig. 5-39, In this case, the individual differential outputs are accu 
rately balanced and defined with respect to ground. In fact, in balanced systems, with 
dual inverting and noninverting signal paths, the outputs are completely symmetrical 
with respect to ground, as illustrated in Fig, 5-40. 

The device level design of balanced op amps is deferred to Chap. 6. However, 
it is instructive to examine a rather straightforward implementation based on the 
interconnection of two single-ended op amps, as shown in Fig. 5-41. Although this 
goheme does not lead to an Optimum design, i has been used because (works and 
it is easy to implement (Gregorian and Temes 1986). Its primary disadvantage is 
that both signals see different hardware, namely, one single-ended op amp versus 


Block diagram for a balanced differential system, 
‘ balanced =F yataneed 4 
differential differential 
“id sigs! ‘singe. 7 
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FIGURE 5-41 Implementation of balanced dilferential output op amp based on an interconnection of two single: 
‘ended op amps. 


two single-ended op amps. Hence, at high frequencies, the phase difference (recall 
Fig. 5-23) caused by the second op amp can destroy the balance between the two 
‘outputs. For voice frequency (f < 4 kHz), this simple implementation nas been 
found to give good results. 

Let us consider the differential input-differential output scheme in Fig. 5-42 with 
inputs v1. and vyy2 and outputs Your: and Yours, defined with respect to ground. 
Connected to this op amp are admittances G1, G2, Gz. and Gs, which represent 
arbitrary passive RC networks. Analyzing this system we write the following equations 


Gx(vout = v1) = Gi(er — vst) (5-584) 


Gs(vour2 — v2) = G3(v2 — vin2) 


vou: = Ai(er— v2) and vours = —A2(v1 — #2) 


FIGURE 5-42 A single differential input-<itferential output op amp configured with differential gains Ay. Az and 
extemal feedback in the dual signal paths determined by admitlances Gy, Gz, Gs, and Gs. The 
inputs Yous and vine and output Your: and Voyre are defined with respect fo ground. 

G 
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Solving Eqs. (5-58) for vours and vouT2 in terms of vyyy and vix2 yields: 


IND 
Your! (5-594) 


(5-59), 


In these approximations it is assumed that Ay 


For balanced operation we require that Gy Gs, Ay = Ap, and 


(5-604) 


G 
ux) = a (5-606) 


“Hence, for the balanced differential circuit, we have terminal voltages vy. vor in 
signal path 1 and terminal voltages —vyy. —vovr in signal path 2. 

To see the practical value of balanced design. let our balanced differential circuit 
be perturbed by some external disturbance vp. In practice. this disturbance enters 
both signal paths via parasitic components, which we can assume are nearly equal. 
Moreover, the degree of match that occurs in the parasitics is highly related to the 
degree of match achieved in realizing the desired components. Hence, for simplicity let 


FIGURE 5-43, 
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us assume that vp adds direetly to inputs +uny and —vy with unity gain (in practice, 
since the parasitic components, are somewhat smaller than the desired components, 
this gain will usually be < 1) as shown in Fig. 5-43. With this assignment the reader 


G, G 
Youn © — G(s ¥p) and Your: ~ -3 


vin + Up) (5-61) 


If we then take the difference vour; — Yours, the desired signal components add and 
the disturbance components subtract such that 


Your! — Your: = 


In addition to the cancellation of the disturbance, we sce in Eq. (5-62) that the de- 
sired signal swing is doubled. It is important at this point to distinguish between corre- 
Jated or deterministic disturbances and random noise. ‘The cancellation in 
Eq. (5-62) can only occur if vp’s in both signal paths are correlated, deterministic 
and identical, When vp’s are random (and uncorrelated) noise, than the noise powers 
in both paths will add in accordance with the discussion in Sec. 5-3-6. Even if vp in 
both signal paths are from the same noise source, the mismatches in the two paths is 
sufficient to uncorrelate the two noises. Consequently, the noise voltages add in the 
rms, or as 2, which contrasts with the doubling of the desired signals indicated in 
Eq. (5-62). Hence, even for random noise, the use of balanced differential structures 
yields a 2/2 improvement in signal-to-noise. 

It is important to remember that the equal valued components (i.e, Gy = Gs, 
. and A; = Az) needed to implement the balance in Eq. (5-60) and to 
hieve the cancellation in Eq. (5-62) are realized in practice with some error. In this 


‘A balanced diferential configuration with external disturbances vp corrupting both signal paths. 
G, 
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case, Eq. (5-59) can be used to evaluate mismatch in voyry and vour due to these 
unavoidable component mismatches. We will make valuable use of balanced structures 
‘when we consider the realization of fully integrated active-RC and switched capacitor 
filters in Chaps. 7 and 8. 

Note that we will usually find it convenient to develop our analog circuits and 
systems as single-ended structures at the start of the design. We take this approach 
because the derivation of single-ended structures and their operation are easier to 
understand than those of balanced differential structures. There are also important 
circumstances, such as battery powered circuits, where the need for minimal power 
dissipation dictates the use of single-ended configurations. Moreover, since balanced 
structures consume nearly twice the chip area of equivalent single-ended structures, the 
prudent approach for cost sensitive designs is to determine whether specifications can 
be met with a single-ended design before committing to the more complex structure. 
In any event, once a single-ended structure has been found, we will see that it is 
straightforward to translate it to a balanced differential structure, if required. In fact, 
we can view the single-ended schematic as a versatile notation that can serve as either 
the illustration for a single-ended design or as a short hand drawing for an equivalent 
fully balanced design. 

‘The following procedure can be used to implement this translation: (a) draw the 
singled-ended circuit and its mirror image reflected about ground, duplicating all the 
elements, as illustrated in Fig. 5-44a; (b) merge each mirrored single-ended op amp 
to a single balanced differential input-differential output op amp, as shown 
in Fig. 5-44b. With signals of both polarities now available, sign inversions (ie., as 
realized by a unity gain inverting amplifier) can be implemented by a simple cross 
coupling of the input or output leads, as illustrated in Fig. 5-45. This can result in 


FIGURE 5-44 Realizing a balanced differential inverting integrator: (a) the mirrored signal paths using duplicate 
single-ended structures and (6) the balanced differential structure in which the two mirrored, single 
tended op amps are replaced with a single differential input-diferential output op amp. 
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Realizing a balanced ditterential noninverting integrator: (a) the mirrored signal paths using du: 
pilicate single-ended struciures and (b) the balanced differential structure in which the redundant 
inverting unity gain amplifiers are replaced by the cross coupling of the dual outputs, 


the saving of several op amps that would otherwise be required in a single-ended 
structure. These savings reduce the cost difference between balanced differential and 
ended designs. Even more interesting is the fact that in some cases, balanced 
ap. & 
teresting balanced filter structures that offer important performance 
advantages not available in equivalent single-ended schemes. 

Caution should be raised before the reader eliminates all the so-called redundant op 
amps from his or her design. In many op amp circuits, additional op amps are used for 
active compensation oF to realize a strategic phase change. The op amps used in the 
Feedback loops of the int Figs. 5-23), 5-23d, and 5-23¢ are good 
cases in point, To remove these seemingly redundant op amps would also eliminate 
the corrective functions they provide. Consequently, these additional op amps are to 
be retained in the translation, as demonstrated in Fig. 5-46. We note that if the active 
devices being mirrored have precise single-ended gains (say K for example), then we 
divide all the translated gains by two and invert the sign of all the mirrored active 
lements (i.e.. K splits into K/2 and the mirror ~K /2).. 

Betore ending this discussion, let us make one more interesting observation, ‘The 
lity of outputs with both signs not only permits one to eliminate op amps, but 
perhaps even more interesting balanced system structures can be derived that have 
no exact single-ended counterpart. As we will see in Chap. 8, there are some inter- 
12 balanced switched-capacitor filter structures that offer important performance 
advantages which are not available in equivalent single-ended schemes. 


Structures can be derived that have no exact single-ended counterpart. In CI 


we examine 


ava 


5-5 THE OPERATIONAL TRANSCONDUCTANCE AMPLIFIER (OTA) 


An operational transconductance amplifier (OTA) (Geiger and Sanchez-Sinencio 1985; 
Schaumann, Ghausi, and Laker 1990; Schaumann and Laker 1993; Unbehauen and 
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FIGURE 5-46 A balanced diferential phase-lag compensated noninverting integrator: (a) the single-endod struc: 
{ure (Fig. 5-20e) and (b) the balanced dllferential structure, In this case, the inverting unity gain 
amplifier in the feedback loop is retained 


Cichocki 1989), also called a transconductance element or a transconductor, is de= 
vice that translates voltage inputs to current outputs such that our = Greig, ‘The 
transconductance gain Gm can usually be varied over a wide range by adjusting 
fan external DC bias current fy, When Gp is a filter parameter, fy can be used to 
control or to program the characteristics of the filter, Recently, OTAs have emerged 
as compelling alternatives to conventional op amps in the realization of fully inte- 
grated continuous-time active filters (i.e., active-Gy/C filers) (Schaumann, Ghausi, 
and Laker 1990; Schaumann and Laker 1993; Unbehauen and Cichocki 1989), par- 
ticularly at frequencies above 100 kHz. Part of the interest in OAs stems from their 
relative simplicity in comparison to a standard op amp. For example, CMOS OTAS are 
single stage circuits, essentially comprised of a simple differential stage described in 
Secs, 4-8 and 4-9, Hence, at high frequencies where large excess phase significantly 
degrades the performance of a conventional op amp, a properly designed OTA can 
still maintain near ideal behavior: 


5-5-1 Ideal Model 
‘The circuit symbol for the OTA is shown in Fig. 5-47a. The OTA is seen (o be a three 
input, one output device. The three inputs are voltage signals v*, y~, and current fy 
‘and the output is a current signal foy,. Although in linear filter applications 1» is a DC 
source used to control Gy, some interesting nonlinear functions can be realized if fy 
is a more general signal. To simplify notation in filter schematics, the bias current /y 
is often dropped from the symbol. It is emphasized that dropping 7a from the symbol 
is not to imply that fy has been eliminated or that it is unimportant, In fact, the control 
of Gm with Zp is crucial to the use of OTAS in precision filters (Schaumann, Ghausi 
and Laker 1990; Schaumann and Laker 1993; Unbehauen and Cichocki 1989). 

In Fig. 5-476, the small-signal model for an ideal OTA is seen to be a differential 
input voltage-controlled current source (VCCS), with infinite input and infinite output 
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FIGURE 5-47 The differential OTA (a) symbol and (b) ideal mode! 
impedances, i 
four = Gm(v* =v") (5-63) 


For linear filter applications where /g is used to control Gm, itis highly desirable that 
the Gy dependence on I be linear. Hence, the Gq for the ideal OTA is assumed to 
be 


Gu = Gn(ls) = nto (5-63h) 


where 1 is a constant determined by process parameters, temperature, and input device 
‘geometries (see Sec. 6-1). The linear dependence in Eq. (5-63h) occurs when the OTA 
(MOS or bipolar) operates in the weak inversion of low current region, 


6-5-2 OTA Building Block Circuits 


Several building block circuits (Geiger and Sanchez-Sinencio 1985; Schaumann, 
‘and Laker 1990; Schaumann and Laker 1993) that will be useful in ap- 
plications considered in subsequent chapters are given in Fig. 5-48. Also given are 
the ideal transfer functions and the relevant input or output impedances. The transfer 
function and impedance formulas for each circuit can be readily verified by substi- 
tuting the ideal model in Fig. 5-47h for each OTA and performing a straightforward 
circuit analysis on the resulting equivalent circuit. The reader is encouraged to verify 
the circuits in Fig. 5-48 as study exercises. 

‘There are several observations worthy of discussion regarding the behavior of 
circuits in Fig. 5-48. Let us first compare the general operation of these OTA building 
blocks with their equivalent op amp-based counterparts. In the case of op amp building 
blocks, we recall in Sec. 5-2 that specific voltage gains (or transfer functions) are 

ized by surrounding the op amp with large amounts of external negative feedback 
in order to significantly desensitize the closed-loop performance to the characteristics 
of the open-loop op amp. In fact, for ideal operation, the closed-loop performance of 
these circuits is independent of the op amp’s open-loop behavior, determined only by 
the external passive components in the feedback network (c.g., see Fig. 5-6 through 
Fig. 5-13). In other words, the open-loop gain of the op amp is a second-order effect in 
these circuits. Moreover, the feedback guarantees linear operation over a wide range 
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FIGURE 5-48 OTA building block circuits: (2) inverting voltage amplifier with load Ax, (b) noninverting voltage 
amplifier with load A, (c) inverting voltage amplifier with load 1/Gna, (@) controlled resistance, 
{(@) impedance inverter, and (f) noninverting integrator. 


of conditions, in spite of the op amp’s very high open-loop gain. In contrast, OTA 
building blocks use no external feedback and their transfer and impedance functions 
depend directly on OTA G's (e.g. see Figs. 5-47a, b, c, and f). In other words. the 
Gp of the OTA is a first-order effect in OTA-based circuits. This requires a significant 
change in design strategy from that practiced for op amp-based circuits and systems. 
‘The strategy for OTA-based circuits and systems places far greater emphasis on custom 
design, optimization, and control of the OTA parameters. 

Let us now make some specific observations regarding the OTA building block 
circuits in Fig. 5-48. Based on the inverting and noninverting voltage amplifiers, it 
should be obvious that an inverting integrator can be realized by reversing the polarity 
of the input terminals for the OTA in the noninverting integrator in Fig. 5-48. Also 
note that if we set Z, of the impedance inverter in Fig. 5-48e to a capacitor, i-e., 
Zz =V\)sC, then Zin = SC JG ni Grez WOKS like an inductor of value L = C/G mGui 
Finally, we point out that the large terminal impedances associated with OTA-based 
Circuits can present potential loading problems when two or more are interconnected 
in a circuit. OTAs can be followed by unity gain buffers to reduce output impedan 

+ and loading. However, the frequency response of the buffer may degrade the inherent 
- hhigh frequency performance of the OTA. 


55-3 Practical Considerations 
There are three major areas of nonideal behavior that limit the use of OTAS in linear 
circuits, namely, the nonlinearity of Gm. the high variability of G,, with process 


FIGURE 5-49 


FIGURE 5-60 
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and temperature, and parasitic elements that limit the frequency range, The important 
Parasitic elements are shown in the nonideal model in Fig, 5-49. Since OTAs and op 
amps have similar input circuitry, the noise, DC offset, and power supply rejection 
for an OTA is similar to that of an op amp with similar sized input devices. Hence, 
the discussion in the previous section regarding these matters is relevant to OTA 
operation. Moreover, the use of balanced OTA structures, such as that depicted in 
Fig. 5-50, enable the designer to extend the dynamic range of OTA-based circuits, In 
Fig, 5-50, the balanced OTA in Fig, 5-50a is conceptually realized as two identical 
single-ended OTAs, mirrored about ground and controlled with a common bias current 
Ty. Here, as in the case of finite amplifier gains, the single-ended Gy. splits into a 
dual pair of mirrored VCCS transconductances G,,/2 and —G»,/2. 

The most limiting nonideal behaviors are the nonlinearity and high variability 
of Gy». ‘These limitations are further exaggerated by the role Gy plays in the fi 
order behavior of OTA-based circuits. ‘The intrinsic nonlinearity of G» is the first 
crucial limitation that must be dealt with by the designer, For example, to achieve a 
sufficiently linear G,(> 80 dB dynamic range) the input signal swing may be required 
to be restricted to as little as 10 to 50 mV peak-to-peak. For this reason, linearization 
hemes (Unbehauen and Cichocki 1989) are usually required to achieve sufficiently 
near operation over any practical input signal range, say se! V or more for £3 V 
supplies. Furthermore, the value of G,, will vary significantly due to unavoidable 
rication process and ambient temperature. Consequently, several 

ave been offered for using /y to adjust and control the value 
ive filters. Linearization and control techniques for OTAS 
ae developed further in Chap. 8 


Model for a nonideal OTA, 


Balanced differential input-<itforential output OTA: (a) the symbol and (b) conceptual implementa 
tion based on the use of two identical single-ended OTAs. 
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FIGURE 5-49 


FIGURE 5-50 
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‘and temperature, and parasitic elements that limit the frequency range, The important 
parasitic elements are shown in the nonideal model in Fig. 5-49. Since OTAs and op 
‘amps have similar input circuitry, the noise, DC offset, and power supply rejection 
for an OTA is similar to that of an op amp with similar sized input devices, Hence, 
the discussion in the previous section regarding these matters is relevant 0 OTA 
‘operation, Moreover, the use of balanced OTA structures, such as that depicted in 
Fig. 5-50, enable the designer to extend the dynamic range of OTA-based circuits, In 
Fig. 5-50b, the balanced OTA in Fig. 5-50a is conceptually realized as two identical 
single-ended OTAs, mirrored about ground and controlled with a common bias current 
Iq. Here, as in the case of finite amplifier gains, the single-ended G». splits into a 
dual pair of mirrored VCCS’s with transconductances Gp,/2 and ~Gn/2. 

‘The most limiting nonideal behaviors are the nonlinearity and high variability 
of Gp. These limitations are further exaggerated by the role Gp, plays in the first- 
order behavior of OTA-based circuits. The intrinsic nonlinearity of Gy is the first 
crucial limitation that must be dealt with by the designer. For example, to achieve a 
sufficiently linear Gm (> 80 dB dynamic range) the input signal swing may be required 
to be restricted to as little as 10 to 50 mV peak-to-peak. For this reason, linearization 
schemes (Unbehauen and Cichocki 1989) are usually required to achieve sufficiently 
linear operation over any practical input signal range, say +1 V or more for +3 V 
supplies. Furthermore, the value of Gy, will vary significantly due to unavoidable 
ns in the fabrication process and ambient temperature. Consequently, several 
ise locking schemes have been offered for using / to adjust and control the value 
Of Gs for OTAS used in active filters. Linearization and control techniques for OTAs 
are developed further in Chap. 8. 


Model for a nonideal OTA 
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Balanced differential input-<itferential output OTA: (a) the symbol and (b) conceptual implementa: 
tion based on the use of two identical single-ended OTAs. 
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FIGURE EX5-3 


FIGURE EX5-5 
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5-3 Consider the inverting integrator circuit in Fig. EXS-3, with an op amp characterized 
by open-loop gain Ao(s), input resistance Ri, and output resistance Roy. Using 
the op amp model in Fig. 5-3, derive the closed-loop voltage gain Voui/Vin for the 
integrator. 

5-4 For the inverting integrator and op amp in Exercise 5.3, 
1a determine the expression for error &r(s); 

b evaluate [eyr(j2r/)] when Ry = 100 k&, C = 100 pF, Rin = 5 MQ, Row = 
100 2, and 
10° 
[1 s/2x QO + 5/222 x 10)" 


§-5 Assuming an ideal op amp, 
‘a determine the input impedance Ziq = Via/li for the circuit in Fig. EXS-5; 
b discuss the result derived in a in terms of the functionality and application of this 
circuit. 
5-6 Assuming an ideal op amp, 
‘a determine the the input impedance Zig = Via/11 for the circuit in Fig. EX5-6; 
b discuss the result derived in a in terms of the functionality and application of this 
circuit. 
5-7 Verify Eq. (5-29). 
3-8 Consider the inverting integrator in 


Ay(s) = 


ig. EXS-3. With Ry = 1 MQ, C = 100 pF, 

and Ag(s) = Ao; Determine the minimum value for Ao that will limit the error to 
leer Qxrf)| $0.1 dB over the frequency range 10 Hz < f = 20 kHz, 

5-9 Consider the inverting integrator in Fig. EXS-3. With Ry = 1 M&, C = 100 pF, 
and Ag(s) = 2x f;/s: Determine the minimum value for f, that will limit the error 
10 [érr(2xf)| < 0.1 dB over the frequency range 0 < f = 20 kH7. 


FIGURE EX5-6 


FIGURE EX5-11 
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5-10 Verify Eq. (5-44). 
Sel1 Consider the actively compensated integrator i 
a For Ay = Az = 0y/s, show that my (cr) © 1/ca, RC and Ger (en) & (of) 

b determine mipe(c) antl ye(o) with Ay ideal (ie. la = 08); 
€ compare a and b, 
5-12 Let us consider the passively compensated inverting integrator in Fig, EXS-12. With 
As) = 01/5, 
a derive érr(joo)s 
b determine the value for Ry. that will force ys(c) = 0; 
¢ discuss the practical limitations of this approach, 
§-13 Let us consider the passively compensated inverting integrator in Fig, EXS-13, With 
A(s) = @/s, 
a derive &),(jo); 
determine the value for C, that will force ¢, (co 
¢€ discuss the practical limitations of this approach, 
5-14 Consider the unity gain noninverting amplifier in Fig. EXS-2. With An(s) = 
105/(1 + 8/27 (10))(1+ s/27(2 x 10°)), 
a Determine the closed-loop voltage gain Agy(s): 
bb dotermine the phase-margin: 
¢ determine the transient response tyi(t), if vin (t) = u(t): determine the peak 
overshoot 1p and settling time f(¢ = 0.01). Note that these terms are defined in 


Chap. 


0; 


FIGURE EX5-12 


FIGURE EXS-13 


FIGURE EXS-16 


FIGURE EX5-17 
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5-15 Consider the unity gain noninverting amplifier in Fig, EX5-2, With the op amp 
specified as Ag(s) = 105/(1 -+s/ay)( -+3/ya), where y > 1, 
a determine the value of y that will achieve a phase margin PM 

b recalculate y to achieve a percent overshoot = 5 percent, 

Consider the noninvert or circuit in Fig. EXS-16, with the op amp open- 


0%; 


5-16 


fer function Vou/Vin 
b explain the effect finite « has on the integrator's response. 

5-17 In Fig, EXS-17 we have a unity gain noninverting amplifier driving a capacitive 
load of C,.. With the op amp specified as Ap(s) = 10°/(1 + s/30), Rin = 00, andl 
Row = 1 KQ, show how the presence of Cy, effects the step response. 

5-18 Calculate the phase margin and % overshoot for the circuit in Exercise 5-17 when 
C= 150 pF. 
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5-19 An op amp having Ay = 10%, f; = 10 MHz, Ring = 10 MO. and Rigo = 100 
M& is used in a noninverting amplifier configuration realizing a closed-loop gain of 
Act, = 11. If the op amp open-loop gain is modeled as Ay(s) = «9, determine 
the equivalent circuit for the closed-loop input impedance. 
$-20. An op amp powered hy -£5 V supplies, has a slew rate of SR = 0.5/118. The op amp, 
is to be used in a feedback amplitier that will achieve a gain 7.0 at f= 10 kHy 
a Determine the largest put amplitude that can be applied at f= 10 kHz such 
that the output is without distortion: 
b Repeat the calculation for f= 100 kHz. 
5-21 The input stage of an op amp, compensated with & capacitance C= 
a maximum current of 100 j2A. 
a calculate the slew rate; 
b if the maximum rated ouiput voltage is +3 V, determine the value for the op 
amp’s full power bandwidth fap 
$-22 Consider the noninverting amplifier in Fig. EX5-22. Let the closed-loop gain be 
Aci. = 10 and R = 10 MQ; and the op amp’s DC offset spees be Voy = 10 mV 
Ins = 200 nA, and fos = 20 nA. 
a Calculate the output offset voltage: 
if the op amp output saturation levels are at +3 V. determine the maximum 
4 amplitude of the sinusoidal signal that can be applied to the input without the 
output clippi 
¢ repeat a and b if Acr = 1000. 
5-23 Consider the inverting int 
PF. Let the DC offset sp 
Tos = 20 nA. 
a With vgy(0) = 0, determine and sketch rour(t) versus time: 
D if the op amp output saturates at -£3 V, calculate the time at which saturation 
occurs. 
5-24 a Reconsider Exercise 5-23 after placing a resistor of value R = 10 MQ in parallel 
with the integrating capacitor C; 
compare offset and AC responses with those of the inverting integrator in 


0 pF, supplies 


Fig. EX5-23 
RG!) 
k 
FIGURE EX5-22 + oN 
i ¢ 
Ry 
tint ‘ec 


FIGURE EX5-23 
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R 


FIGURE EX5-25 a 


5-25. Consider the differe 5, where R = 10 k8 and the common- 
mode rejection ofthe 0} (0 dB for f= 25 kHz and rolls off at 
40 db/decade for f > 25 kHz. Determine the common-mode output when v and 
vp are 1 V sinusoids at 10 kHz and 50 kz, respectively 

$-26 Consider « noisy amplifier of gain AG) = Ao/l + J(F/ Ja), and 


put referred 
- (5-57), the 


noise at the output of an amplifier ean be expressed as 


f sotnar= [ wunesndt = 50 [ wunras 
fi Hh hb 


Let us replace |AC//)| with an equivalent rectangular frequeney response such that 
IAC ley = Ao for 0 < f= fy and \ACPleq = 0 for f > fy. The equivalent 
output noise is then 


Bey f LAGE, Sind’ = Sin Ao? fv 
A 


ed as the frequency fv for which the 


‘The noise bandwidth for an amplifier is d 
1 Xdyey = Ndye Show that fy = 1.57 fa. 
ralculate the output rms noise voltage for a noninverting amplifier with Acs, = 10. 
The op amp is specified with open-loop gain Ag(if) = W!/1-+ f(//100) and 
vy) = 10 nV/s/ Hz for all f 
5-28 Verity Eqs, (5-60). 
-29 A differential output op amp can be constructed from two single-ended output op 
amps, as shown in Fig. EX5-29, 
‘a Show the operation of this circuit when both op amps are ideal; 
b if the op amps have matched open-loop gains A(x) = @/s, show the effect on 
the differential outputs 
5-30 Assuming ideal OTAs, verify that the circuit in Fig. 5-48c realizes the vollage transfer 
function Vou/Vin = —Gori/Gn2 and output impedance Zou = 1/Gma. 
8-31 Assuming ideal OTAs, verify that the circuit in Fig, 5-48e realizes the input impedance 
Zin =f Gu iGm2Zi- 


5.27 C 


5 
5. 
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FIGURE EX5-29 


5-32, Consider the OTA integrator circuit in Fig, EXS-32a, The nonideal OTA is modeled 
for finite input and output impedances as shown in Fig. EX5-32b. Let us assume 
that the input signal amplitude is sufficiently small that the OTA behaves as a linear 
circuit, 

a Show that the ideal voltage transfer function (ie., with Ci 
Vout/ Vin = Gm/8C} 

i b when Cig and go are nonzero, express Vour/Vin in the following form Vou/ Vin = 

i Gm/sCU/1 + Fre(s)h 
€ with C = 100 pF, Gy =5 2S, Cin = 0.5 pF, and gay = 50 nS, sketch Vour/ Vin 

5.33 Fig. EX5-33 is comprised of thee differential inputcifferential output OTAs, Using 
the OTA moclel in Fig, EX5-32h (with Cin = 0 and igyy = four for all OTAS). 


0, our = 0) is 


Determine the relation between the differential utput voltage (ver Your) in terms 
of the differential input voltages (i.e, vf vy and vf = uy). 

5-34 Determine the voltage transfer function (Voy,/V4) for the differential inp 
output circuit in Fig. EX5-34, 


differential 


@ o 
FIGURE EXS-02 
; fe SS 
, Gn 4 


FIGURE EX5-33 


FIGURE EX5-34 
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OPERATIONAL 
AMPLIFIER DESIGN 


INTRODUCTION 


Operational amplifiers are the prototypes of analog integrated circuits, All problems 
related to gain-bandwidth (GBW), gain, stability, and biasing are encountered in oper- 
ational amplifier design (Gray and Meyer 1984; Allen and Holberg 1987; Gregorian 
and Temes 1986). Therefore, we will discuss this topic in detail 

In Chap. 5, the operational amplifier is used as a black box. It is represented 
by a behavioral model. In this chapter the model is derived from components that 
make up the operational amplifier. These are transistors, capacitors, and, occasionally, 
resistors. The gain stages studied in Chap. 4 could easily become the first stage of 
an operational amplifier. None, however, provide the required combination of high 
gain and high gain-bandwidth while maintaining a symmetrical input configuration. 
‘Therefore, we will discuss an alternative configuration. It will be analyzed and its 
specifications will be derived. This configuration will serve as a basis with which to 
‘compare other operational amplifier configurations. 

In this chapter considerable attention is paid to symmetry and matching. as well 
as to other second-order effects, to determine a full set of operational amplifier spec 


-ifications. 


‘Throughout this chapter, @ transconductance amplifier (OTA) is used as an oper- 
ational amplifier (op amp). An OTA has a large open-loop output resistance at low 
frequencies. Its gain is characterized by a transconductance Gy that can be quite 
large. An op amp provides a large voltage gain. ts open-loop output resistance at 
low frequencies is very low. In general, an op amp an output 
buffer, such as a class AB stage or a source follower, to the output of the OTA. The 
difference between the two is explained in detail in Chap. 5. 
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There 


fe several ways 10 classify circuits. For example, we can count the number 
of transistors. We began studying circuits in Chap. 4 by calling them single-transistor 
‘amplifiers, two-transistor amplifiers, ete. In this chapter we will classily the circuits 
according to the number of nodes. A node is counted only if it has a high imped 
with respect to ground. For example, the single-transistor amplifier is a two-node 
jput node and an output node. The input node is connected to the 
input source vis aver a source resistance Rs. The CMOS inverter is a two-node circuit, 
is well. The differential amplifier with active toad (see Fig, 4-62c) is still a two-node 
circuit, The input terminals do not count as nodes because they are connected directly 
to at input voltage source, with zero imped 
Fig, 4-56a and 6, on the other hand, ae all thre 

The advantage of classifying the circuits by the number of nodes is that we know 
beforehand what complexity we must consider when analyzing that circuit, Each node 
is at a finite impedance with respect to ground, From each node there is a resistance 
R, to ground and ac Hence, « pole is established at each node, ‘The 
pole frequency is 1/(27 Ry Cy). As al resull, a two-node circuit will have two poles. 
A three-node circuit will have three poles, ete, 

In order to determine which poles are dominant, we must monitor the impedance 
The capacitances Cy, are all of the same order of magnitude (pF’s), but the 
resistances Ry, can vary considerably, When ihe resistance is high, a dominant pole 
is formed, In simple transistor circuits all resistance levels are either determined by 
‘oulput resistances 7, oF by transconductanees gp. In the first case the resistance level 
is high, whereas in the | 

For example, the CMOS inverter with low source resistance Ry is a two-node 
inplifier with one high-resistance (output) node and one low-resistance (input) node 
In this case, the dominant pole and the GBIV are determined by the output node. Then 
the nondominant pole is realized at the input node, ‘This latter pole determines the 
phase margin. 

‘The cascode amplifier of Fig, 4-Sia iy a three-node amplifier. It has one high- 
resistance node at the output and two lowsresistance nodes at the input and the inter 
mediate point. ‘The dominant pole and the GBW are realized at the output. The wo 
nondominant poles determine the phase marg 
nial amplifier with active load (Fig. 4-62c) is a two-node circuit. Its 
s {Wo output resistors r, in parallel and thus is at high level. ‘The output node 
determines the dominant pole and the GBW. The other node only has a resistance level 
of 1/gm. It is low and determines the nondominant pole and the phase margin. This 
et will be analyzed first. It is the simplest complete OTA structure. Therefore, 
it is called the simple CMOS OTA. 

‘After we examine this simple OTA, we will add an inverter stage to form the 
Miller CMOS OTA, This gives rise to a three-node amplifier with two high-resistance 
nodes. A compensation capacitance is necessary to connect these two nodes in order 10 
realize pole splitting. The third low-resistance node gives an additional nondominant 
pole, This amplifier is representative of many designs, and thus will be analyzed in 
detail. Matching, PSRR, and many more specifications are also examined, 


circuit, It has an 


to ground. Th 


ne 


cascode amplifiers of 


node circuit 


tance C 


ter the resistance level is low, 
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After we discuss the Miller CMOS OTA, we will analyze more OTAs, such as the 
symmetrical OTA, a folded cascode, etc. A design procedure will be given for all. 


6-1 DESIGN OF A SIMPLE CMOS OTA 


FIGURE 6-1 


In Fig. 6-1a, a simple CMOS OTA is shown. Its symbolic representation is shown 
in Fig..6-1b. The simple CMOS OTA consists of a self-biasing MOST differential 
stage with- active load. Transistors T1 and T2 form a matched transistor pair. They 
have kqual W/Z ratios (W/L),. Transistor T3 and T4 have equal W/L ratios (W/L)a, 
as well. All current levels are determined by current source J/g, half of which flows 
through TI and T3, with the other half flowing through T2 and T4. Note that all 
substrates are connected to the sources in order to exclude the body effect and to 
improve matching (see Sec. 6-5). 


(a) Configuration of simple CMOS OTA. (6) Symbol of OTA 
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‘The design of this CMOS OTA consists of the derivation of all tran 
W/L from the given specifications such as GBI, phase margin, gain, etc, Although 
there are several approaches to the solution of this design problem, we will discuss a 
systematic design procedure that always provides the optimum result and that can be 
easily implemented in a software pac 


istor sizes 


6-1-1 Gain of the Simple CMOS OTA 


At low frequencies, the transconduct 
Its also given by 


ve of the OTA is given by Gm = Sm) = nas 


Gn = 2K. (7), +) 


in which (HV/L); is the aspect ratio of the input transistors; K%, is the transconductance 
parameter for an nMOST in saturation. Also note that the current J in Eq. (6-1) is 
the total current, which is twice the current through one transistor, 

‘A voltage gain can be calculated as well, because the output resistance Rour at the 
‘output terminal consists of the two output resistances ro» and yas in parallel. In order 
fh value of Rour. both values of r, must be equally large and equal to 


each other. 
‘The output resistance of a MOST is determined by the Early voltage and its channel 
length. If r, ro» the value of Rour can be written as 


ro _ Vek 


Tn 


Rour (6-2) 

in which Ly is the length of transistor T1. For an nMOST in an n-well CMOS process, 

Ven is smalier than that of a pMOST. ‘Typical values of Vip are Vey = 4.5 V/jem 

and Vey = 8.3 V/um, As a result, for equal r, the gate length of the pMOST will 

be smaller than for the n MOST, using the same ratios as the values of Vey and Vip. 
‘The voltage gain Ay is then given by 


Ay = Ga Rout = View 
Vt 


which can also be written as (see Chap. 1) 


Venki 
Ay = (6-3) 
Vast — Vr s 


Parameters Kj,(~ KP,/2n) and Vey are given by the processing engineers and are 
thus technological constraints. Parameters Wi, Li, and fy are design parameters. They 
are variables and can be chosen for optimum performance. Let us calculate two more 
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resistances with important values. The resistance at node 4 with respect 1 ground 
Ress is easily ascertained. It is output resistance r, in parallel with resistance 1/gm3 
of the diode connected MOST T3. Since r,; is much larger than 1/gns, the resistance 
at node 4, i.e., Rys, can be approximated by 1/zn3 oF by 


(6-4) 


in which (W/L), = (W/L)s is the aspect ratio of both transistors T4 and T3; K;, is 
the transconductance parameter for a pMOST. 

Finally, the resistance of node 3 with respect to ground, denoted by Ry. is given 
(for both inputs shorted to ground) by 


Ras (6-5) 


{in which gq can be detailed, as well. However, node 3 is a common-mode point and 
will only play 2 role in common-mode and CMRR considerations. For differential gain, 
GBW, and SR considerations, it does not play a role. Therefore it is not calculated. 


Example 6-1 

Calculate the voltage gain and all node resistances for a simple CMOS OTA with 
Ki © 20 pA/V? and Ki, = 10 pA/V*. Its Ly = Ly = Ws = 5 xm and Wi = 
50 pum, and Ip = 10 pA. 


Gy = 63.2 tS. Its (W/L), = 10 and for 
42. Also, Ves1 — Vr = 0.16 V. and 


Solution. The OTA transconductance 
Ip = 10 WA, Rour = 2.25 MQ and Ay 
for (W/L)4 = 1, Rng = 71 kQ. 


6-1-2 The GBW and Phase-Margin 
Only two nodes are available that can cause poles. Thus we have a two-pole system. 
‘One of the poles is dominant: it occurs at frequency fy. The other is the nondominant 
pole.at frequency fay. The resistance levels at these two nodes are in Example 6-1, 
Res = 71 KG and Rys = 2.25 MQ. These values are largely different. The node 
capacitances, however, have similar values of the order of magnitude of pF’s. The 
“dominant pole thus is likely to’ occur on the node with the highest resistance level. 
Capacitance on node 5, i.e., Cys thus would create a dominant pole on node 5, about 
30 times earlier in frequency than on node 4. Moreover, the load capacitance Cy 
must be added to Cys, since it is also present on node 5. Thus, node 5 is even more 
dominant. Because the source re: assumed to be about zero, no Miller effect 

is present. 
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‘Thus, the —3 dB cut-off frequency or the dominant pole is created on node 5 and 
is given by 


1 
2a Rout(Cas + C1) 


(6-6) 


in which Cys = Cops + Coss + Cop2 + Cosz 

Capacitances Cs and Cpgs are the capacitances that are connected to the drain of 
transistor T4; Cgp2 and Cpa2 are the capacitances connected to the drain of transistor 
72. 

‘The value of the gain-bandwidth product (GBW) is then obtained by multiplication 
of Eq. (6-3) by Eq. (6-6). It is given by 


Sout 


GON = Aalto GeeCD) 


(6-7a) 


‘This expression for GBW is very general. Later we will see that the GBI is always 
determined by the input transistors gq and the dominant capacitance. In the case of 
an OTA with only one high-resistance node, the dominant capacitance is the load 
capacitance C;.. In the case of an OTA with two high-resistance nodes, the Miller 
(compensation) capacitance connects these two nodes (see Sec. 6-2), 

‘The GBW for a given C; is determined by g.1. This transconductance can have 
three different expressions (see Eqs. (1-22)), depending on what parameters are given. 
We already know that we always have two free variables for each MOST. Therefore, 
We must set gmi by choosing J and (W/L); or by choosing J and (Ves — Vr)1, 
etc, The choice made depends on the design plan, discussed in the next section, 

On the other hand, in order to avoid peaking for all feedback conditions down to 
unity-gain feedback, the phase margin must be at least 60°. This can be realized by 
placing the nondominant pole at 2 to 3 times the GBW (see Chap. 5). 

‘The nondominant pole is obviously created on node 4. It is given by 


1 
St Fea ae 


in which Rus ~ 1/gn3 = 1/8 and Cus = Cont + Coat + Coss + Coss + Cass + 
Cos + Ccas + Cons. 

Note that there is no Miller effect considered for capacitance Cons, because the 
voltage gain has already become quite small at these high frequencies. This value of 
fea normally is larger than the value of GBW. From this value of fya, the phase 
margin PM is easily calculated. 

However, this nondominant pole acts on only half the signal. It acts only on node 
4, not on node 5. A thorough analysis (see App. 6-1) shows that, when a pole acts on 
only half the signal, the effect is the same as having a pole at that frequency and a 
zero at twice that frequency, both operating on the full signal. 
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‘The phase margin is given by 


GBW GBW 
+ aretan <— (6-9) 


2 na 


PM = 90° — arctan 


Example 6-2 
Calculate the GBW, unity-gain frequene 
for the simple CMOS OTA of Example 6-1; with Ly 
W, = 50 um, and fg = 10 A. Take C, = 5 pF, Cys =3 pF 


nondominant pole and phase margin 
5 = 5 pm and 
0.37 pk. 


Solution. For (W/L), = 10 and for Iy = 10 WA, gm = 63.2 wS: GBW = 
MHz and fy = 8.84 kHz. For Cys = 0.37 pF, fyg = 44 MHz, The phase ma 
is about 84°. Remember that the actual unity-gain frequency f, (where [Ay] = 1) 
is slightly smaller than the GBW: fy = GBW sin(PM) ~ 0.89 MHz (see Chap. 3), 


Equation (6-9) clearly shows that the phase shift of the zero compensates the 
nondominant pole such that the phase margin is always larger than 70°. However. 
because of settling time (see Sec. 6-3), we do not want this pole-zero doublet to occur 
in the useful range of frequencies, i.e., the frequency range up 10 GBW, Therefore. 
as a rule, the minimum value of the ny is taken to be the GBW itself. The etfeet of 
pole-zero pairs on settling time, etc., is discussed in App. 6-1. 

For subsequent analysis we will allow the values of fyy and GBW to coincide. 
Equation of fny to GBW leads to the expression 


(6-104) 
Ga 
Substitution of g,, and assumption of Kj, © 2K’, yields 
Gia ON 
W/L)s © 2(W/L), at) (6-105) 
(W/L): © 20W/ err ) 


Ice of the node capacitances 
ean 


Condition Eq. (6-10) clearly illustrates the impor 
Cy. The larger Cys, the more extra capacitance Cy, is required. The values of Cy 
“be minimized by clever design. They are mainly functions of (IV/L.); and (W/L 
we will discuss later. 

Equation (6-105) provides the necessary condition to ensure sufficient phase mary 
and no pole-zero doublet. Thus it must be used in the design plan. Up to now, 
two equations that govern such a design plin have been obtained. The first contains 
the GBW (Eq. (6-7a)), the second contains the position of the nondominant pole 


(Eq. (6-10). 
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6-1-3. Design Plan 


‘Assume that we are asked to design a simple CMOS OTA with a certain GBW for a 
riven load capacitance C;. Equations (6-7a) and (6-10b) show that we must find three 
variables: Zm, (W/L)1, and (W/L). One equation is missing, however. Of course we 
could simply choose (IV/L), and use the two equations to solve for (W/L); and fy. 
However, there is a better way. 

ince transistor TI must provide amplification, its gq./7 ratio must be high. ‘Thus 
we choose its Ves) — Vp to be small, i, 0.2 V. It then operates in strong inversion, 
but close to weak inversion, where its gn /1 is large. ‘This serves as our third equation, 
Now we can derive all values of (W/L)), (W/L)ay and Ta. 

From GBW and Cy, we determine g,.1 by means of Eq. (6-72), since Cys is negli 
gible with respect to Cz. Ratio (W/L): = gm /2K,(Vesi ~ Vr). The required current 
is then Ip = gm1/(vasi — Vr)- Finally, ratio (W/L), is determined from Eq, (6-100). 

An alternative procedure consists of taking Vos — Vr = 0.5 V for matching (see 
6-5), or choosing (W/L) = | for minimum area, For each method a different 
design results, Several of these designs are studied in the exercises, 


example 6-3 

‘Take the simple CMOS OTA of Example 6-1 
Jy = 10 A and Cy, = 10 pF, if we fix (W/L: 
What is the required (W/L))? 


culate the maximum GBI for 
1, which gives Cy = 0.37 pF. 


Solution, Since Ty and (W/L), are known, we can calculite gy = 14 jeS and 
Jus = 6 MHz (from Eq. (6-8)), As a result, the maximum GBW is one third, or 2 
MHz, The required qi is 126 4S (from Eq. 6-7a) and (W/L); = 40. 


We cannot require the GBW to be arbitra 
value of the GBW that can be obtained, 


ly high, however. There is a limit on the 


6-1-4 Optimization for Maximum GBW 


‘The expression of GBIV., given by Eq. (6-72), can also be rewritten as given by 


ity Sm V2Kile STEN, 
caw =f __ Von 67h 
CC) 2 Cys + Ce oa 


ziven, then GBW is proportional to the square root of (W/L),. This is 
5 pF. For each value of (W/L)1, a value of (W/L), can 
be derived by means of Eq. (6-105). For example, for C, = 5 pF, at (W/L) = 10, 
the value of GBW is given by Eq. (6-7a) to be 1.26 MHz. Also, from Eq. (6-105), 
(W/L = 4. 

In these calculations, we have assumed that the node capacitances Cyy and Cys 
are independent of the sizes of the transistors connected to these nodes. This is not 
the case, however. The larger the aspect ratios are, the larger the node capacitances 
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FIGURE 6-2 GBWversus (W/L); for variable fp (1A) and Cr = 5 pF (Cng = 4 pF: Cas = 3 PF) 


become, as well. If this were not the 
(see Fig. 6-2). 
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unlimited values of GBW could be obtained 


‘A model is required to link the values of the node capacitances to the transistor 
sizes, This has been illustrated in Chap. 1, It is now shown that the resulting GBW 


reaches a maximum or optimum value 


‘After a certain size, the capacitances grow linearly with the sizes of the transistors. 


‘The node capacitance are modeled as given by 


(61a) 


‘These values can be calculated from several layouts using different sizes of transis- 


tors. Values for a3 zm CMOS processes are, for exampl 
k = 0.1 pF. These are relatively large 
and k © 2.to 5 fF. From Eq, (6-11a), it is clear that node capac 


ee C 


Ww Ww 
Cin = Coos +k (4), +h (4), 


taken t0 be Cy = 0. 
lues, For present-day dense layout, Cyo * 0. 
4 depends 
on the sizes of both transistors T1 and T3, A more accurate model is therefore 


pr, 


(6-116) 


Not to complicate things, however, We will use the simplified equation Eq. (6-114) 


* in the subsequent analysis 


Substitution of Cys and Cy4 by Cy (from Eq. (6-11)), in both Eqs. (6-7) and 


(6-10), provides two equations that 
rg = (W/L), a8 given by 


V2Ki lo Vr 


GBW = = 
Qe CL ek +h) 


are nonlinear in the variables 1, = (IV/L), and 


(6-120) 


FIGURE 6-3 
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ry[2 _ Coo + Kiri +r) 
th ee (6-128) 
me rh Ch AEG 13) fone) 
and with C, = Cz +Cyo. Numerical techniques are required to solve these equations. 
‘An easy way to find solutions is to evaluate these equations for the limiting cases, 
i.e., for low and high values of r). 


For low values of r;, the values of r; are small, as well. Equations (6-12) can then 
be approximated by 


PRT 
caw = aksle (6-130) 
n> C 


and by (6-13) 


As a result, the values of GBW increase proportionally to /(W/L);, as expected. 
‘They are plotted in Fig. 6-3. The value of rs is quite small, but increases proportionally 
to ri. Itis plotted in Fig. 6-3, as well. For the example in which Cyo = 0.5 pF and 


C}, = 5.5 pF, for r = 1, GBW = 0.58 MHz and rz = 0.016, 
For high values of r1, Eqs. (6-12) can now be approximated by 
/2Kile Ji 
sBw = Yee Vv 14a 
Gs Qe Kir, rs) ad 
and 142 (6-14hy 


CBW versus (Wt) for vate I uA) and Ck = 5 pF (Cro = 0.5 Fh = 0.1) 
i 
Aca) 


1000 A= ty 


GBW 4 wikhy, 


MHz 100 
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Elimination of rg in Eq. (6-14a) yields 


_ V2Kila 1 


OBW = (6-15) 


It is striking to note that the values of GBW now decrease with J(W7E)) (see 
Fig, 6-3). Also, the value of r is much larger, for example, for ry = 100, 74 * 200 
and GBW = 1.06 MHz. 

For intermediate values of (W/L)1, an optimum GBW is obtained. It occurs at 
values of (W/L)1, which are found by equating Eq. (6-13a) to Eq. (6-15). This yields 
1 value, called (W/L)im, which is given by 


‘ 
Ww) 

= — (6-16) 
(t),-% 6-16) 


5 pF, A 


and (W/L)in = 18.3. This value is quite 


In this example: C), = 
acceptable, 

‘At this point, the value of GBW reaches a maximum value GBW,,, It is obtained 
by substitution of (W/L): by (WW/L)iy in Eq. (6-15) or in Eq. (6-18). This yields the 
asymptotic value. For the real value we must divide by two (see Fig. 6-3), which yields 


A V2Rila 1 
22x /3kC; 


GBW 6 


For the example with J, = 10 cA, in which Cc, 0.1, GBW = 
1.24 MHz. This maximum value increases with /Tq and decreases with //C;. For 
larger output capacitance Ci,, the input transistors must be larger, and GBWy again 
decreases. Also, the smaller the & can be made, the larger GBW,, becomes. 

Also note that another value of (W/L), belongs to each value of (W/L);. Wt 
increases very rapidly from very small values (see Eq. (6-13h)) to 2(W/L); (see 
Eq. (6-14b)). The exact values of (IV/L)s can be solved from Eq. (6-12). They are 
given versus (W/L); in Fig. (6-3), as well. Reasonable values of (W/L); are around 
unity, ie., within 0.1 and 10. This means that (1/L), can only have values between 3 
and 20. Good choices are (W/L); = Cyo/k. which yields 5, and (W/L); = 0.29, For 
minimum area it would be better to take the minimum size for T4: hence (W/L)4 = 1 
and (W/L), = 9.2, or about 10 (all at Jy 10 A). This provides a value of GBW 
that is close to GBW,», i.e., 1.2 MHz. Remember this value as a rule of thumb: a3 jam 
CMOS process provides about | MHz GBW at an input stage current of about 10 ;.A. 

Finally, the maximum value of GBW,, can still be increased by increasing the 
current I. The maximum still occurs at (W/L)im, though. For increasing current, 
however, the values of (W/L), may become impractically large. Also, the values of 
Vas — Vr, which are required to accommodate the current. become too large, leading 
to mobility degradation due to velocity saturation. At that point, a different model 
must be used (see Chap. 1). 
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‘There is no need, however, to try to remember Eq. (6-17) for GBW,. The GBW is 
ill given by m1 /22 (Cz + Cys) (see Eq. (6-7a)). We now know that we reach an op- 
timum for about (W/L); ~ 20 for large currents. At that point we obtain GBW,,. Now 
we must select the largest current possible to avoid velocity saturation. For (W/L) 
20 let us assume that this current occurs at about 2 mA, These two values completely. 
determine the parameters of transistor TI: gai = 1.8 mS and GBW, = 52 MHz. 


Example 6-4 


‘A matrix layout for a large "MOST yields & © 3 1F and Cyo(W/L)1 
1 pF. What maximum GBW can be obsai 
is 10 pl 


Cuo/k 
ed with 0.1 mA? The load capacitance 


Solution. Ratio (W/L), = Cyo/k = 200. With Vos ~ 
2n/(Ves: — Vr) = 0.1 mS, The resulting GBW,, = 1 6 Mz, 


Until now we have concentrated on two characteristics only, i.e., the GBW and the 
position of the nondominant pole, leading to two design equations. In order to obtain 
‘an optimum design, we must choose as a third equation the operating point of the input 
transistors. We could ha inothver specification as a third equation, as well, such 
as slew rate, the input impedance, the output impedance, the equivalent input noise, 
Lf these sp tions have already been analyzed in Sec. 47. The slew 
rate and the equivalent input no the most important specifications, thus 
would be the best choice as a third equation 

It can be concluded that the simple CMOS OTA provides appreciable values of 
gain and GBW that are easy to design and to predict. However, the gain is never high. 
S purpose, a second stage must be added, 


6-2 THE MILLER CMOS OTA 


6-2-1 Operating Principles and Biasing 


A two-stage OTA in CMOS is shown in Fig. 6-4. It consists of two stages, the first 
of which is a differential stage with pMOST input devices TI and T2 and the current 
mirror T3 and Td acting as an active load. The second stage is a simple CMOS inverter 
with T6 as driver and TS acting as an active load. Its output is connected to its input, 
i.e., to the output of the differential stage by means of compensation capacitance C 
Since the compensation capacitance actually acts as a Miller capacitance in that stage, 
the op amp is called a Miller OTA. It is shown that for most of the frequency range, 
the output impedance is low. Hence, the Miller OTA behaves as a Miller op amp for 
most of the frequency range. 

‘The OTA configuration could be inverted as well, i.c., nMOSTs could be used as 
input devices and a pMOST current mirror. There is no difference for the subsequent 
analysis. However, for better matching (discussed in Sec. 6-5), the sources of the 
input devices are better connected to their substrate, which is a common n-well. The 
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8 
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Vgs 


FIGURE 6-4 Configuration of CMOS Millar OTA: Voo,s5 = 42.5 V: lp = 2.5 1A: 


configuration of Fig, 6-4 thus is only possible in an n-well CMOS process and the 
inverted configuration in a p-well CMOS process. Note that for all other transistors 
the substrate is connected to the source. This iy why the substrate contacts are only 
shown for the input transistors in Fig, 6-4. As a result, body-biasing effects do not 
occur and all values of Vp are equal! in absolute value. 

We have fully analyzed this op amp. The transistor parameters used are listed in 
Table 6-1. The transistor geometries are given in Table 6-2. The biasing current fy 
is 2.5 4A, the value of compensation capacitance C. is 1 pF, the load impedance 
Cx = 10 pF, and the power supply voltages are +2.5 V. 

‘The Miller op amp is biased by an independent current source fy. Transistors ‘T7 
and T8 have equal sizes. Thus, current 7, also flows in the differential input stage. 
Trailsistor TS is much larger (about ten times as large). Thus, the current in the second 
stage is much larger, as well. All currents are known. They are listed in Table 6-2 for 


» all transistors. : 

‘The DC voltages on all points can be calculated, as well, provided assumptions are 
made with respect to the input and output voltages. Let us assume that the op amp 
is connected in unity gain configuration with the inputs grounded. Hence, Vix = 
Vive = Vour = 0 V. Asa result all values of Ves and Vpy can easily be calculated. 
‘They are also given in Table 6-2, as they have been obtained from a SPICE run (the 
SPICE input file is given in Table 6-3). The value of Vos is not given explicitly, but 


TABLE 6-41 
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TECHNOLOGICAL PARAMETERS FOR A STANDARD 3 xm 
CMOS N-WELL TECHNOLOGY 


Parameter ‘MOST —_pMOST Dimensions 
Vro og -09 Vv 
Veo 45 83 V/um 
(hand calculation) 19 65 WAV 
(KP: SPICE) 50 7 WANE 
a 1.4 5 acs 
wD 0.22 0.35 am 
GAMMA, og os W 
PHI 07 
caso 0.18 
capo 0.18 
oo 0.07 
cusw 0.39 
MJ es - 
sw 0.39 - 
10-9 Aime 
10" om? 
10 vem 
25 45 
0 ° 
-0.4 0.4 
10° 5x 10-1 
5 
5 
425 
08 
08 
Crwot-susseate 0.06 


rather Ves — Vr. which only differs over a fixed amount of |Vr| = 0.9 V. Since for all 
transistors the substrate is connected to the source, body biasing effects do not occur 
and all values of Vr are equal in absolute value in Table 6-2. 

It is important to note that all values of Vps are considerably larger than Ves ~ Vr 
As a consequence, all transistors operate under saturation conditions. The actual values 
of Vpsan are added, as well. as they have been obtained from SPICE. They are all 
slightly smaller than Ves — Vr. Hence, all transistors are in the saturation region. 

Moreover, the values of Vos — Vr are always larger than the weak inversion limit, 
which is normally a few hundred mV (see Chap. 1) and which corresponds with 
currents Ipswi. Indeed, all currents Ips are larger than Zpsui. Thus all transistors 
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TABLE 6-2 PARAMETER VALUES OF THE TRANSISTORS OF THE MILLER OTA OF 


FIG, 6-4. ALL VALUES ARE TAKEN FROM SPICE (TABLE 6-3), NOTE THAT Vy = 1.99 -V, 
Wwe = -1.36 V, Va = 1.24 V, AND Vys = 1.07 V. 
MosT NP Wy Ly W/L Ins Iasi Vas—VYr —Vosua Vos 
(em) um) WAN) eA) WA) ow ™ 

h™ oP 216 4 125 (007 034026250 
m % 16 4 125 007 034.823 
7m ON 1010 a4 185 01s esata 
mM ON 10 10 24 1.28018 Okt at 
% OP 55 5 107-252 05808325 
1% ON 15 8 626-8233 oat ote 25 
7 OP 4a) 10) 11-25) 0080s ae 1.28 
% Pp a 10 1125 0.06 = 053 ae 1.49 
MOST gm no Cos a0 Cs, Cow 

WS) WS) 8) FY) F) (iF) 
1 75 21 0.00826 7 97 50 
T 78 210008 ate 7 a 50 
T 109 1.7 0024 49 en BU 12 
TH 108 «4.7 One Br: 12 
15 95.5. 2.53 0.61 141 15 195 101 
TS 248416 1.48 30220824 68 
7 95 25 0,013 65 3 52 cy 
18 95 2.5 0.013 65 3 52 33 


1 model is used to calculate their gy 
be 


operate in strong inversion. The strong invers 

‘The values are given in Table 6-2. The values of the output conductances ¢, 

calculated, as well, They are also given in Table 6-2. 

It is important to note that the values of gate length and width have mask dimen 

ns. The effective dimensions are usually somewhat smaller (see Chap. 1) 

AILDC biasing conditions are now known, together with all the conductances. The 
small-signal gain and GBW can now be calculated. 

Notice that this amplifier is a three-node amplifier, Two of them are at a high- 
resistance level. They are connected by compensation capacitance C,.. The third node 
(nuihber 2 in Fig. 6-4) is at a low-resistance level. We will carry out the analysis of 
gain, GBW, and phase margin focusing on the two high-resistance nodes. Then we 

* will verify how much node 2 affects the phase margin. 


6-22 Gain of the Miller OTA 
Now the gain of the Miller CMOS OTA is calculated at low frequencies. For this 
purpose we use the small-signal equivalent circuit of Fig. 6-5. Note that node 2 has 
been omitted. A two-node circuit results, in which compensation capacitance C. acts 
as a feedback element 
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TABLE 6-3 SPICE LIST FOR THE CALCULATION OF THE GAIN Ayy FOR THE MILLER CMOS OTA 


+ MILLER OTA (TEMPERATURE = 27.000 DEG C) 
* CALCULATION OF THE DIFFERENTIAL GAIN ADD 

* CIRCUIT DESCRIPTION 

ML 2.6 33 PMOS We25.2U Le15,3U AD=234P AS=234P PD=44U PS=44U, 
M2 17.3.3 PMOS We25,7U L=15.3U ADe234P AS=234P PD=44U PS=A4U 
M3 2.2 9.9 NOS W=9.2U Lm9.56U AD=9OP ASH9OP PD=20U PS=280 

Md 12.9 9 NMOS Wa9. 38U Le9.56U AD=9OP AS=90P PD=2BU PS=28U 

MS 45.8 6 POUT WaS4,2U Led. 3U ADe495P AS=495P PD=73U P5=73U 
M6 4.19.9 NOUT W114. 2U Lmd.56U AD=1035P AS=1035P PD=133U PSw1330 
M7 3.5.6 @ PMOS Wo12. 2U Le9,3U ADe117P AS=117P PO-31U PSmI1LU 
MB 5 5 8 8 PMOS Wu12. 2U Im9.3U ADW117P AS=117P PD=31U PS=310 
1B 50DC 2.8 

yop 8 00¢ 2.5 

vss 900¢ -2.5 

VIN 7.0 DC 0.AC 1 

cL 40102 

RL 40 100K 

cc alae 

* DC-PEEDBACK 

FB 100401 

REE 10 616 

crR 601 

* SPECIAL 3U N-WELL PARAMETERS 

+ We WEEE = WM + 2*DW ¢ FOR NMOS AND PMOS: NEFF = WII - 0.8 

+ L= LEFE = 1M + 2*Du~ 2*LD : FOR NMOS: LEFF = 1M ~ 0.44 

* FOR PNOS: LEFF = IM ~ 0.7 

*OUIPUT CONDUCTANCE: FOR NMOS : LAMBDA = 1/4.5*L**1.1 

‘ FOR PMOS : LAMBDA = 1/8.34L**1.14 

MODEL NHOS NMOS LEVEL=2 VTO=0. 9 KP=50E-6 GAIMA=0..30 PHI=0.70 
+ CGSO=1,76E-10 CGDO=1.76E-10 Cd=0.7E~4 MJ=0.5 CUSH=3. 9-10 
+ MJSH=0, 33 JS=1B-3 TOXe42.5N NFS=1211 LD=0 UCRIT=1E4 RSH=29 
+ LAMBDA=0.019 

MODEL NOU? NMOS LEVEL=2 VTO=0.9 KP=S0E-6 GAMMA=O.30 PHT=0,70 
+ CGS0=1.76E~10 CGDO=1.76E-10 C¥=0.7E-4 MIO. 5 CSW=3.98-10 
+ MJSM=0, 33 JS=1B~3 TOX=42.5N NES=1EL1 LD#O UCRIT=1E4 RSH=25 
+ LANBDA*0 042 

: MODEL PMOS PMOS LEVEL™2 VTO=-0.9 KP*17E~6 GAMMA0, 50 PHI™0.69 
4+ CGBO"2. BE-10 CGDO=2,BE-10 Cd=3.3E~4 MJn0.5 CISHmd. AE-10 

+ MISW=0 ,33 JS#1B-3 TOXe42. 5N NFS#1E11 LO=0 UCRIT@1E4 RSHm25 
+ LAMBDA=0 008 

:MODEL POUT PHOS LEVEL"2 VTO=-0.9 KP=17E~6 GAMMA=0.50 PHI=0..69 
4+ CGSO#2, 9E-10 CGDO=2,8E-10 CJ} ,3R-4 MJm0.5 CSW=4.4E~10 
+ MJSH=0 .33 JS=18-3 TOXe42.5N NFS=1611 LOO UCRIT™1E4 RSit=25 
+ LAMBDA=0.023 

* CONTROL CARDS 

OPTIONS LIMPTS~1000 

AC DEC 10 1 100MEG 

:NODESET V(1)=-1.4 V(2) 8-1-4 V(3)=1.3 ¥(4)=0 V(5) 2.1 
+ (6)=0.V (7) =0 ¥(8)=2.5.V(9)=-2.5 

-PRINT AC VDB(4) VP (4) 

PLOT AC VDB(4) VP (4) 

“WIDTH OUT = 75 

SEND, 


FIGURE 6-5 
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cena 


= “eit | Poet 


Equivalent circuit of the CMOS Miler OTA. 
Get = 7-5 1S: Ome = 246 1S: Gaze = 922 + Gos = 0.03 4S: C. 
37 pF; Cj = 


19.8 WS: Cy = 


G=Gitest oe 


The first stage is a simple CMOS OTA as has been discussed in Sec. 6-1. Its gain 
is given by 


fe 6-18) 


Avo = 


where gort = Bo2 + gos is the load conductance of the first stage. The second stage is 
simple inverter. Its gain has been calculated before in Sec. 4-5. It is given by 
Bn 
Ary = $88 6-19 
= Gh ) 


where Gi, = Gr + g05+ 06 is the total load conductance of the last stage. The overall 
‘gain at low frequencies thus is given by the product of both, or by 
Avo = AnoAca (#) (=) (6-20) 
ene) \G, 


Example 6-5 
Calculate the values of the gains for the parameters of Table 6-2. 


Solution. Ayio = 250 or 48 dB: A,2y = 20.8 or 26.3 dB. The overall gain thus is 
Avo = 5200 or 74.3 aB. 


623. Gain-Bandwidth Product and Phase-Margin 


For high-frequency performance, the values of the capacitances must be added. Since 
all transistors operate in saturation, the capacitances can easily be calculated (see 
Table 1-3 to 1-5 in Chap. 1). Their values are also given in Table 6-2. 


Poles and Zeros Without Compensation Capacitance Now the poles and zeros 
of the Miller op amp can be calculated. First, the compensation capacitance C, 
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omitted. Each node represents one pole. The input nodes can be omitted because the 
OTA js driven by low-resistance input sources. The common-mode node 3 can be 
omitted as well, because only differential mode gain is considered here, Common- 
mode gain is discussed in Sec. 6-5. 

‘Three nodes are left, ie., node 1, 2, and 4, and thus we have a three-pole system. 
‘The impedance at node 1 is the highest in the circuit, because only ry's connect it to 
ground. It is most likely to be the node of the dominant pole. Its value is gi 


Sp 


Cy 


a 
Con2 + Cops + Cons + Case (see Table 6-8 on pi 
explained in Chap. 1. 

For the example, Cose is by far the largest one: Cy, = 0.373 pF and goo 
02 + Sor = 0.030 tS, which yields f,, = 18.3 kHz, a low value indeed. Still, it is 
higher than the dominant pole of an op amp that is typically 100 Hz, The reason is 
that there is not yet compensation capacitance C,. As a result, the dominant pole is 
considerably higher. 

‘The other poles are created on nodes 2 and 4. The second pole fy: is created on 
the output node or node 4. It is given by 


1¢ 506), as 


G 


— 6-22 
2x(C. + Ca) Wed 


Sos 


with Cys = Cons + Cons + Cone. 
For the example, Cy = 0.184 pF, which is obviously neg! 


ble with respect to the 


large ice of 10 pF. As a result, since Gi, = Gi + gos + 80 = 11.8 1S, 
Sos 
‘The pole on node 2 is given by 
Sm 
2 (6-23 
I= ona Y 


with Cy2 = Cass + Coas + Coss + Caps + Can: + Com 

Note that no Miller effect is taken into account on Cgps because the gain at that 
frequency is quite low. 

For the example, Cj2 = 0.170 pF and fy2 = 9.6 MHz. It is clear that this pole can 
be omitted. Moreover, this pole acts on half the signal only. As a result, it causes a pole 
‘at that frequency and a zero at twice that frequency (see App. 6-1). At the frequency 
of the GBW, which is about 1 MHz, the error in phase, as a result of the omission of 
this pole-zero doublet, is only about arctan (GBW / f,2) — arctan (GBW /2 f,2) © 2.8°. 
ial equivalent circuit of the OTA is shown in Fig. 6-5. The resu 
Bode diagram of the Miller OTA is shown in Fig. 6-6a. The two poles are spaced 
closely together, resulting in a negative phase margin PM. The op amp thus will 
show peaking in unity-gain configuration. Compensation capacitance must be added 
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FIGURE 6-64 Bode diagram of Miller OTA with C- = 0 pF and Cz = 1 pF. 


to increase the phase margin PM to a value of about 70°. Assume that C, = 1 pF 

« is added as indicated in Fig. 6-4 and in Fig. 6-5. In this way, we obtain a two- 
pole system with feedback capacitance, as has already been thoroughly analyzed in 
Chaps. 3 and 4. 


Bode Diagrams With Compensation Capacitance The pole on node 1 now hus 
become even more dominant than before (see Fig. 6-6a). The —20 dB/dec line crosses 
the unity-gain axis just above 1 MHz. The GBW product thus is well-defined. The 
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phase margin PM is now positive. Its value is larger than 45°. The second pole is 
situated somewhere between I and 10 MHz. The exact values are now calculated. 

‘The Miller OTA is represented by the iwo-pole system of Fig. 6-5. The dominant 
pole is a result of the Miller effect of capacitance C.. The dominant pole or bandwidth 
BW is approximately given by 


BW fu = (6-24a) 


lis value is BV = 228 Hz. 
‘The gain-bandwidth product GBW is obtained by the product of this pole frequency 
and the open-loop gain, given by Eq. (6-20). Thus it is approximately given by 


GBW = (6-25, 


An exaet analysis on the circuit of 


Gy Sea (6-25) 


2aC. 1+ 
(08) 
Bao C 


1.19 MHz, The error 


with 


In this examph 
eanw is only 6.7 percent. 

‘The bandwidth BW can now be written better as a function of the GBW, for us 
later derivations. It is given by 


(6-25a) gives G3W 


GBw 


(6-24) 
Aw 


‘The nondominant pole still oceurs on the output node 4. Its value is derived by 
straightforward analysis of the circuit of Fig. 6-5. It is given by 


Sut (6-26) 


in which the approximation is valid if Coy < C,. Cj, (see also Eq. (4-24) with Cos « 
Cos). At these high frequencies, the compensation capacitance acts as a short circu 
‘Transistor T6 thus is connected as a diode. its impedance, which is the same as the 
output impedance, thus has become 
about 3.8 MHz, which is about a factor of three larger than the value of the GBW . This 
is no surprise because that is why the compensation capacitance C. has been chosen. 
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The phase-margin PM is now given by 


Gaw 
PM = 90" — arctan (6-27) 
ut 
which yields 72.6°. Note that this factor of three between the nondominant pole and 
the GBW is an excellent rule of thumb to realize phase margins of about 70 
In this two-pole system a positive zero occurs, as well. Its value is given by 
— (6-28) 


2x, 
which yields 39 MHz. It can be ignored because its contribution can be derived by an 
expression similar to Eq. (6-26). Its contribution to the phase margin is only —1.7°, 
Finally, remember that we still have a pole-zero doublet on node 2. Its contribution 
to the phase margin was calculated, after Eq. (6-23) and was only ~2.8°, We can ignore 
this, as well. 
‘These characteristic frequencies have been collected in Table 6-4. They will be 
{used in later calculations, as well. 
As a result of the compensation capacitance, a stable response is achieved without 
peaking, even under unity-gain feedback conditions. To clarify the actual effect of the 
compensation capacitance C,. Fig. 6-6 gives the pole-zero position diagram, with C, 


as a variable, Also, the Bode diagram is repeated in Fig. 6-6b for several values of C, 
TABLE 6-4 CHARACTERISTIC EQUATIONS OF CMOS MILLER OTA 
Parameter Expression Value Relerence Temperature 
Cootticient 
fost 1 4.25 /A Table 6-2 constant 
K = 19 uA? Table6-2T-# 
Gm 2 Ioss/(Vos: ~ Vr) 75S Eq. 61 T 
2lloss Kn W/L)>S 

Ins 2 Iose/(Vass — Vr) 2464S EG? 
oat = 1/foas (Vip. La + Ven-La/los: 0.0848 Eq. 6-2 constant 
Ano Gm /Qe2e 250 Eq618 9 T-2 
Aveo Sra /G) 20.8 Eq.619 0 T-# 
Ao Anno: Aza 5200 &q6200 0 7 
Gaw rms /2x Co 1.19MHz Eq.6-25a 7 4? 
faspit-osa,.BW  GBW/Avo 26Hz — EG.G-24a | T#? 
far Gi/2xC; 186 KHe constant 
potas Gne/2xC{(1+Cn/Ce)  2.85MHz  £G.626 TA? 

‘ ® Gne/2aC} 3.8MHz  £G.626 0 7-42 

- =3.caW 3.6 MHz 

fartea Gm6/2xCe 30.2MH2 Eg.628 Tt? 
tes eas /2 Ce 5.gkHz — Eq.649 constant 
fee Qne/2xCns 405 MHz Eq.660 7-22 
PM 90° — arctan(GBW/fag) 72 £9.6-27 constant 


90° —arctan(GBW/f,) 67° constant 
te GBW - sin(PM) 1AOMHz — App.61 0 T-82 
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or 


10k 


se 1.19M=GBW 
on alate 1 i n ald 


10 100 1k Ok 100K = IM‘ 1OMHiz 
FIGURE 6-65 Bode diagram ot A, for variable Cc. 


6-2-4 Design Plan 


TABLE 6-5 
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Without compensation capacitance, the poles at nodes 1 and 4 are dominant, 


Clearly, pole splitting starts for C,,, as given by Eq. (4-25) or Cry = Cyt/Auay © 20 
FF (exact value is 17.9 fF). Only for C, = 1 pF, however, is the phase marg 
sufficiently large. The nondominant pole is fixed at a frequency fig, obtained by 
Eq. (4-24), and given by Eq. (6-26). Its value is 3.8 MHz. The zero f. occurs at even 
larger frequencies. It coincides with fg if C. © Cy, as explained for Eq, (4-91). 

Now that we know all the relevant equations, how do we actually design a Miller 
CMOS OTA? 


Previously, values of currents and transistor sizes were given. Depending on the appli- 
cation, values of GBW or other specifications are given. It is the task of the designer to 
derive all transistor dimensions. Also, the current consumption and input noise must 
always be made as small as possible. 

Let us take the specifications given in Table 6-5. The design equations have already 
been given; they are the expressions for gm. GBW, and fyy and are collected in 
Table 6-4, We know that, with respect to phase margin, avoiding peaking (phase 
margin PM > 70°) requires the nondominant pole to be about three times the GBW 
(see Table 6-4). 


Determine Compensation Capacitance C, In contrast to the design procedures 
of the simple CMOS OTA, the size of the input transistor is not readily determined 
from the GBW. Now the expression of the GBW contains compensation capa 
Ce instead of the load capacitance C,. Capacitance Cy, is known, but C, 
Therefore, C. is to be found first from the phase margin or other considerations. 

‘The GBW and PM are determined by three variables. gts Smos and Ce, by 1 
of Eqs. (6-25) and (6-27). One of the variables can be freely chosen, Rather than 
choosing one we will introduce a third constraint (equation). In this way we obtain 
three equations in three variables. The solution of this set of equations provides us 
with an exact and optimum solution. 


DESIGN SPECIFICATIONS FOR THE MILLER CMOS OTA 
WITH Vopss = +2.5 V. 


Parameter Specifications Calculation SPICE 


caw 1 1.19 4.42 MHz 
SR 2 2.27 220 Wus 
An 260 74 74 8 
PM >60 67 66 

Voutsmax +2 42.08 v 
Vinem 20.5 $0.84 v 

tay 25 25 25° A 
foumax 30 27.7 27.7 uA 


498 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS. 


As a third equation, the total area of the op amp is taken. It must be as small as 
possible. We could have chosen, as well, another constraint, such as minimum noi 
maximum SR, maximum output swing, a large PSRR, etc. We have chosen minimum. 
total area, however, because we want to avoid transistors that become exceedingly 
large because of the optimum-design procedure. The total area Ay of the amplifier 
depends mainly on the sizes of the output transistors TS and T6, and on the size 
of the compensation capacitance. Hence, as a simplified expression we take Ar ~ 
As++ Ag+ Ac 

From this third expression, i.e., the total area of the amplifier, the current /3 = fy 
will be derived. Of course, the value of that current could be taken directly as a third 
equation, 50 WA. We prefer the equation with Ay, however, because itis a 
bit more complicated. 

As a result, three variables gut. gme. and C; must be obtained from three expres- 
sions of GBW, PM, and Ar. The compensation capacitance C. is determined from 
the position of the nondominant pole. Since gq determines the nondominant pole, it 
ig taken first. We do not take gig as a variable, but rather Jo. The procedure could 
then be as follows 


1 Choose /g(= /s) as an independent variable to begin 
2 For T6: 
© Choose Voss — Vr (© 0.2 V) 
© calculate gng and (WV/L)o; remember that gm6 = 2l6/(Vese — Vr) and 
(W/L)o = 8m6/ (2K, (Voss — Vr) 
© choose minimum Ls = 5 xm 
© calculate We 
© calculate size Ag of T6; take as model Ag = Ag+2As = W(18+L) pm’ 
(see Chap. 1): 
3. Repeat step 2 for TS (but for Voss — Vr * 0.5 V) 
4 Calculate C,. Trom the sizes of TS and T6 (see Chap. 1) 
5 Calculate C, trom the exact Eq. (6-26) 
6 Caleulite size Ac of C, for 0.4 fF/jem2 
7 Total size Ap = As + Ag + Ac 


‘This procedure can be repeated for a wide range of currents Js, Since transistor 
TG provides gain, it is set for maximum gq/1 without going into weak inversion 
Hence, Ves — Vr = 0.2 V. ‘Transistor TS is not that critical since it merely serves as 
‘a current source. For optimum matching, it is suggested to take its Voss — Vr large. 
Hence, Vass — Vr = 0.5 to | V. It limits the positive output voltage swing, however. 
‘Therefore, Voss—Vr = 0.5 V, still allowing 2 V output excursion for vpp+ = 2.5 V. 

‘The total areas of the two transistors and of the compensation capacitance are given 
in Fig, 6-7. The total area is given, as well. 

From this figure it can be concluded that Ig == 25 1A is a good choice. Thus, 
this is now our third equation. The use of lower currents is prohibited by the rapidly 
increasing value of the size of C.. Tis can be seen from Eq. (6-26). Decreasing gna 

by decreasing the current, drastically increases C. in order to keep the nondominant 


FIGURE 6-7 
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pole at 3-GBW. Hence, if the current is lower than about 20 j1A, no solution is 
possible, i.e., Eq. (6-26) would give a negative value of C, 

For GBW = I MHz and C, = 5 pF, the resultant values are: for fs 
Cc = 1 pF and Ar = 0.005 mm?. 


252A, 


Determine (W/L); and I, Now that C, is known, the same design procedure 
can be followed as for the simple CMOS OTA. From Eq. (6-25) of the GBW , the gn 
can now be determined. Since transistor TI provides gain as well, it is set again at 
Vast —Vr = 0.2 V. Asa result (W/L): = gmi/(2K; (Vos: — Vr) = 1.6. The current 
1 = Bm(Vos ~ Vr)/2= 1.25 pA and thus the biasing current Ip = 2/, = 2.5 A. 
For minimum 1/f noise, the input transistors are made larger in area. As a result we 
have chosen for Ly = 16 jum. and thus W; = 26 jum, 

Finally for maximum symmetry in the input siage (see Sec. 6 
that the voltages on nodes 1 and 2 are equal. Hence, Voss— Vr = 
The dimensions of T3 and T4 are easily derived. Again they are given by (WW/L)s 
(W/L)s = 8na/(2K),(Voss — ¥r)). All dimensions are listed in Table 6-2, 

This design procedure is by no means unique. The designer must decide which 
specifications carry the largest weight. A weighted combination of specifications could 
be used. It is common that when a circuit is optimized to fulfill only one or Iwo 
specifications, the other characteristics may become nonsense. It is important in an 
optimization procedure to decide beforehand which specifications should be used in 
that procedure, On the other hand, since this OTA has only three independent variables, 
only three specifications can be used in the design procedure. 


We must ensure 
‘oss— Vr =0.2V. 
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Ideally, all specifications should be included. This leads to an oj ion problem, 
however. Usually only the most important specifications are included, such as GBW , 
SR, total current, noise, and total area, The other characteristics must be monitored 
very carefully during that optimization. They are, for example, the output swing and the 
‘common-mode input range. Design packages exist that provide a user interface, which 
allows monitoring of all the specifications. An example is the DONALD interface in 
ARIADNE (Swings and Sansen 1992) 

In order to draw the attention of the designer to all other characteristics, the 
all derived for the Miller CMOS OTA in Sec. 6-3. 


6-2-5 BICMOS Miller OTAs 


AL this point let us compare BICMOS alternatives. Although we could consider bipo- 
lar alternatives as we saw in Chap. 2, BICMOS combines the advantages of both 
technologies. Now let us see in what sense the BICMOS Miller OTA may perform 
better than its CMOS equivalent. 

‘The first altemative is shown in Fig. 6-8a. MOST T6 is replaced by a bipolar 
transistor in order to increase the pole splitting (see Sec. 4-1-4). Indeed, its transcon- 
ductance is larger than that of a MOST. For the same currents, a smaller compensation 
capacitance C. is required, increasing the GHW. = 

‘There is no point substituting the input devices, 
large SR/GBW ratio is required. 

On the other hand, the impedance at node 1 decreases drastically because of the 
low input resistance (rz) of transistor T6. As a result, the gain of the first stage 
decreases as well. Thus the total gain will be much less than before. Moreover, the 
DC voltages at nodes 1 and 2 are difficult to make the same. Ihus the drain voltages 
of the input devices leading to offset are different-(see Sec. 6-5). Therefore we prefer 
the configuration in Fig. 6-85. 

Instead of or bipolar transistor, a Darlington configuration is used (see Fig, 4- 
Its input impedance is much higher, such that the total gain is high. Also, a three- 
transistor current mirror (see Fig. 4-78) is taken, such that the voltages at the nodes 
1 and 2 are the same. However, there are two drawbacks. 

We introduced two more nodes into the circuit, leading to two more nondominant 
poles. Thus the phase margin decreases. Also, the bipolar transistor T4 has a large 
collector-to-substrate capacitance Ccs. This increases node capacitance at node 1, 
which necessitates a slightly Jarger compensation capacitance. 

AS a result, itis not clear whether the substitution of MOST 16 by a bipolar trans 
tor has improved the performance. It seems that some characteristics have improved, 
whereas others have deteriorated. 


put impedance and 


6-3 FULL SET OF CHARACTERISTICS OF THE MILLER OTA 
design procedure has been spelled out to provide a certain 


In the previous section, 


amount of GBIV. Several other characteristics have been overlooked, however. In this 
section we will calculate second-order characteristics. All numerical values are taken 
from the first-order analysis of the CMOS Miller CTA in the previous section. 
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FIGURE 6-8 Miller BICMOS OTAs. 
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It is our aim to derive a full set of characteristics for the CMOS Miller OTA. A. 
complete analysis is the best way to lear about all the intricacies of a circuit 

Doubtless the most important characteristics are those for which the cireuit has been 
designed. They are usually the AC characteristics and especially those at high fre- 
quencies. However, all AC circuit operation depends on the DC operation, Therefore, 
always be analyzed for its DC operation first. 

‘The DC operating point for the CMOS Miller OTA is given in Table 6-2 for 
supply voltages Vp V and Vss V. All currents are set by the current 
source J, which has been chosen to be 2.5 A. The DC voltage levels of the nodes 
are determined, however, by the supply voltage levels. The OTA has been designed 
such that all transistors are in the saturation region. This is guaranteed for zero input 
voltages. This may not be the ease, however, if the common-mode (or average) input 
voltage is t00 high or too low, nor if the output voltage excursion is 100 large, 

‘The input common-mode range, for which all transistors are in the saturation region, 
is examined first. 


6-3-1 Full DC Analysis: Common-Mode Input Voltage Range Versus 
Supply Voltage 


‘The common-mode input voltage is the average input voltage. It is thus given by 


vi + YN? 


Yew = (6-29) 


2 


ls 


nge is limited to the voltage levels where any transistor goes out of saturation 
where Vos < Vos — Vr). If both input voltages increase, the common-source 
voltage (node 3 in Fig. 6-4) increases as well, reducing vps of the current source 
transistor 77, The limit is reached when T7 enters the linear region. The input voltage 
jon limit thus is given by 


ex 


Viewtmax = Voo — Vassar — Vest (6-304) 


which is 2.5 — 1.66 = 0.84 V. using the values of Table 6-2, This 
positive power-supply line Vpp, as shown in Fig. 6-9. 

If both input voltages decrease, the input transistors enter the linear region. At this 
point, the 


alue tracks the 


(6-30b) 


which is -2.5 + 0.16 = —2.34 V, using the values of Table 6-2. 

For variable power-supply lines Vp = [Vssl, the limits View max and Vicar min ate 
shown in Fig. 6-9. They both track the power-supply lines. The total range is only 
3.18 Von 5 V at Von = IVssl Y. It is not symmetiical with respect to zero 
volts. A large loss is encountered due to current source transistor T7. 

It is possible to extend the common-mode input voltage range to include the nega 
tive power-supply line. This may be necessary if we use only a single-supply voltage 
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VOLTAGE [V1 


‘GiaS> EDM Sapna doe Gee Go 
‘SUPPLY VOLTAGE V| 
Vp = West 
FIGURE 6-9 _Common-mode input voltage range versus supply voltage for the Miller op amo. 


and the OTA must operate between, for example, 0 and 5 V. We may want the OTA 
to be operational, even when the input voltages are at Q volts. For this purpose it is 
sufficient to make V¢s; more than 0.16 V larger (sce Eq. (6-30). However, this 
decreases Vicumax by the same amount. As a result, the total range does not change, 
but merely shifts downward and now includes the negative power-supply line. 


6-3-2 Full DC Analysis: Output Voltage Range Versus Supply Voltage 
‘The output voltage range is limited by two phenomena: 


‘© one output transistor is driven out of saturation, or 


100 little current is available to drive the load. 


‘The maximum current available from TS to drive the load Ry of 100 kQ HA. 
+ Thus the limits for the positive swing are given by 
: Voutmax = min[Vop — Vossrs. Rt toss} (6-31a) 
which is min (2.08, 2.52] = 2.08 V. The limits for the negative swing are given by 
31h) 


Voutmin = Vss + Vossus 
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which is ~2.32 V. Transistor T6 can always be driven sufficiently high to sink much 
more current than 25 yx. 

AtVpp = |Vss| = 2.5 V, the available output voltage swing is symmetrical around 
zero volts. The output voltage range is shown for variable Vpp = |Vss| in Fig. 6-10. 
It closely tracks the full power-supply range. Symmetry can be maintained up to 
Vo = |Vss|=3 V. At that point, the finite current from TS in Ry, limits the positive 
ulput voltage swing to about 2.5 V. 


6-3-3 Full DC Analysis: Maximum Output Current (Source and Sink) 


FIGURE 6-10 


‘The maximum source output current is the maximum current that can be delivered to 
the load. Thus it is the current available fron: transistor TS that is Lossy = 25.2 A 
(see Table 6-2). 

‘The maximum sink output current is much larger. As shown in Fig. 6-10, the 
maximum negative excursion V, sinking (taking up) 23.2 jz from I 
resistance Ry (100 kQ). Transistor ‘T6 can sink much more current, however. ‘Chie 
‘current could be taken up from a large capacitive load, 

The maximum current is reached when input voltage vyy> (on the + side) is pulled 
dlown heavily. Node voltage | increases, causing 16 to draw (or sink) a large current. 


Output voltage range versus supply voltage for the Miler op ame. 
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‘The limit is reached when transistor T2 enters the linear region, Hence 


Vi = Vina + Vas2 — Vorsune (6-324) 


and thus Vase = Vi — Vss 


= Vina + Vas — Voss — Vss 


which is Vixz +3.48 V using the values of Table 6-2. 
The resulting current, assuming that 76 is still in saturation, is given by 


W 


Tain = Lose = Ky (*) (ese = Vr? = toss (6-32h) 
Is 


L 


For Vinz & —1 V(Vixi = 0 V), this current is 3.8 mA. 
This concludes the full DC analysis of the CMOS Miller OTA, We will discuss the 
AC analysis next. 


6-3-4 AC Analysis: Low Frequencies 

For a full analysis of the AC characteristics, the small-signal parameters of 
are used. At each node the impedance is calculated with respect to ground. In this 
way the designer can determine which nodes will play a dominant role in the gain- 
frequency characteristic, Remember, however, that such node impedances depend on 
the load of the amplifier, which differs if the output is shorted to ground. Sometimes 
a shorted output is required (Sedra and Smith 1987). 

‘The resistive part of the impedance at node / is denoted by Ro, and the capacitive 
part by C,j. They are given by the approximate expressions listed in Table 6-6, Their 
numerical values are in Table 6-7, together with all other relevant numerical values. 

For the calculation of a node impedance, Blackman’s rule must be used (see 
Sec. 3-2). If no feedback is present, this impedance can also be found by inspection: 

The expressions of the node resistances are straightforward (see Table 6-6). Those 
of the node capacitances, on the other hand, deserve more attention, All C,; denote 
the node capacitances without taking into account Miller effect. As can be seen in 
Table 6-8, Miller effect (subscript M) occurs twice, i.e., on nodes 1 and 4. The Miller 
multiplication factor occurs on node 1 so that Cya¢ és much larger than Cy. On node 
4, a capacitive division occurs, such that Cysyy is smaller than C1 

‘The numerical values are repeated in Table 6-7. The small-signal equivalent circuit 
of Fig. 6-5 is used again. The open-loop pole frequencies fy = 1/2 R,C, are added. 
It is obvious that the lowest (dominant) pole frequency is obtained on node 1. The 
second pole occurs on node 2. Node 3, on the other hand, does not come in because 
it is a common-mode point for a differential drive. 

‘The values of the gains from the input to node i are added in Table 6-7, as well. 
‘The expressions have already been given in Table 6-4; the low-frequency gain on 
node 1 is Ayio = 250 and the total gain on node 4 is Ayo, which is 5200. 
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TABLE 6-8 EXPRESSIONS OF NODE RESISTANCES AND CAPACITANCES: 


Node Node resistance R-Value Node capacitance Co Value 
Expression (k9) Expression (F) 
1 Rov = 1/9008 9300 Goh = Coy + Omar 227 
Gms = Coon + Cov 
: + Ga0s-+ Cope + Coss 0.73 
Cor = Celt + Aveo!) 22.3 
2 Ream 1/0na 97.1 Gye = Ona = Cass + Cows 
Casa + Caps + Caos + Coat 017 
3 Rea =1 Omi + One) 66:7 Cag = Cra  Gyons + Cor 
+ Caor'+ Casi + Coe: + Case + Cova 0.68 
4 Rot = 1/1906 + goss) 4 Cou = Cnt + Cosnt 048 
(no Ay, no Ci) Crs = Cans + Coas + Cons 0.184 
Grass = (Cz. Cnt ACE + Cri) 028 
5 Res= 1/000 105.3 Gos = Gre = Case + Coos 


+ Casz + Caor + Cass + Cans 0.92 
C5 = Ce + Cans 


TABLE 6-7 NODE IMPEDANCES OF CMOS MILLER OTA; NOTE THAT THE DC VOLTAGES V(6) = (9) 
= 0V; (8) =2.5 VAND V9) = -2.5 V. 


Node Voc Ro Ca Cy fo Aw Avo 
) (2) (PF) (FH 
A eecicceosso0) l0;a7s' aay) martin 250 0,048 
2 =1.36 97.1 0.17 0.17 9,36 M 0.36 7.10" 
3 1.24 66.7 0.68 «= 0.68.5 M 0 1 
4 0 4.0 918 0.46 86.4M 5200 1 
5 1,07 105.3 0,92 0,924.72 M 0 0 


TABLE 6-8 CHARACTERISTICS OF CMOS MILLER OTA UNDER 
DIFFERENT PARAMETER CONDITIONS: 


Parameters Ao = GBW PM hat 
(28) (MHz) () A) 
nominal Tat 1026.7 
673087 70-225 
626 © 0.88 7122.5 


111.9562 82.5 
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In a unity-gain closed-loop configuration, the gains Ay at low frequencies are 
denoted bt Ayco. They are derived from the open-loop values by dividing by yo 
‘The GBW, however, requires more explanation. 


6-3-5 Gain-Bandwidth Versus Blasing Current 


‘The AC characteristics at higher frequencies are completely dominated by the GBW 

and the phase margin (PM). We know that the PM must always be approximately 70° 

The GBW is now investigated in great detail for the existing Miller CMOS OTA. We 

vary the biasing current fy from the biasing current 13 of 2.5 4A for which it has 

been designed, and we look at the GBW that can be obtained. Note that all parameter 

values with an asterisk? refer to the values of the parameters at /j, = 2.5 4A as they 
© are given in Table 6-2. 

{The exact expression of the CMOS Miller OTAs GBW has been derived before 
(Gee Eq. (6-25b)). The GBW depends on the biasing current Jy through the transcon- 
ductance and the output conductance of the transistors. The actual dependence on the 
biasing current is related to the operation region of these transistors: weak inversion, 
strong inversion, or velocity saturation. 

Remember (from Chap. 1) that the expressions of the transconductances are given 
by 


@ in weak inversion: miei = Ios/nkT/q 
in strong inversion: gma = 2VK W/LIps 
« in velocity saturatior WCox max 


whereas the output conductance ¢,, is always directly proportional to the current: 
8 = Ips/VeL- 


All Transistors in Strong Inversion If all transistors TI to T6 operate in strong 
inversion and the conductances gq, and gq can be normalized to the values gj, and 
‘gh, they have at 13 = 2.5 4A. From the expressions above we See that gw is propor- 
tional to the square root of the current, whereas the output conductance g, is directly 
proportional to the current, as given by 


to 
m= any | 2 and 
8 stm 


Equation (6-25b) of the GBW can then be rewritten, as gi 


GBW = 


alg 
B+ (eJIa) ala 


FIGURE 6-11 
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in which 


b=, (1+ 


As a result, for small biasing currents, GBW_is proportional to fy. For moderate 
biasing currents, the GBW is proportional to Tp, and for high bi 
GBW has become constant. This behavior is sketched asymptotically in Fig, 6-11. 
he first breakpoint, at low currents, is obtained from b = ey/Tq and given by 

(b/c), which is 7.8 nA. 

The second breakpoint, at high current 
by Fay = (c/d)?, whieh is 1.34 A. 

However, the GBW behavior described above is not valid for small (weak inversion) 
and large (velocity saturation) biasing currents. For low currents, the input 
20 into weak inversion, Another expression is required 


sing currents, the 


, is obtained from eT = df and given 


sistors 


GAW versus biasing current fa for Miler CMOS OTA with the following speeitications: 
Gn = 7-5 18: Gig = 246 1S: Gog = 0.09 nS: GL = 11.8 48; Ce Cm = 1.973 pF 
uO, 4 Ons = Cort Cf = 11,18 pF: 1 + Cn /Ce = 9.97; 1 + Cf = 11.18, 


= 104 MIL 


19 Muy, 
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Input Transistors in Weak Inversion If the input transistors operate in weak 
inversion, then the expression Eq. (6-25) of GBW can be shown to be 


caw (6-33b) 


btclp+a'ly 


in which the coefficients are derived in Exercise 6-8. 

‘This expression is also plotted in Fig. 6-11. At low currents, the values for weak 
inversion are plotted in solid lines, whereas those for strong inversion are plotted in 
dashed lines. 

At low currents the GBW is proportional to /3. The transition point at J) is now 
shifted to Ips. The most important breakpoint occurs at /x3, however, where the weak 
inversion region changes into the strong inversion region. This current Jax is given 
by 


Tas = seit (6-34) 


which is 0.14 1A (see Table 6-2). 
‘Thus, this current is the lower limit of the strong inversion region where the GBW. 
is proportional to /Tp (see Fig. 6-11). At this point, the value of GBW is given by 


GaW; =GBW «| (6-35) 
ty 


which is 0.28 MHz (see Fig. 6-11). 
Now we will examine the upper limit of GBW, which occurs at very high currents, 


High Current Limit: Velocity Saturation At currents higher than [j2 (1.34 A). 
the GBW becomes constant and thus reaches its maximum value GBW max. Remember 
that the transistors are still in strong inversion. The value of GBW max thus is still 
obtained from Eq. (6-255) and is given by 


x i (6-36) 


GBW may = 5 SOL 
d 2xG 


For gm1 taken at /92, GBW max = 104.5 MHz (see Fig. 6-11). 

However, at that high current, velocity saturation may already be reached. The 
maximum value of gq that can be reached is W;Cox x. Which is 2.1 mS for transistor 
TI (for va © 107 cm/s). The corresponding value of GW is 330 MHz, with fps; = 
190 mA. This current is a lot smaller than Zp2 (1.34 A). We want to stay in strong 
inversion away from velocity saturation. Therefore, we take a current which is smaller 
by a factor of about ten. As a result, [psi = 19 mA and Igy = 2/psi = 38 mA. The 
maximum of GBW max is then /T0 times smaller, or 104 MHz. 
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It is clear that velocity saturation will only come in if input transistors are used 
with very small dimensions, giving rise to a small value of £psyo. This is clearly not 
the case for our CMOS Miller OTA. 


High Current Current Saturation At high currents, the transistors need 
a larger Vps in order to stay in saturation, and to avoid ending up in the linear region. 
In first order this minimum Vps is Vossx s — Vr. Voltage Vs increases with 
increasing current. 

The resulting output voltage without distortion equals the supply voltage minus 
voltage Vis (see previous section). The resulting output voltage decreases. Let us 
‘assume that we want to ensure a minimum output voltage Vourm. For sinusoidal op- 
mn this corresponds with a peak value of Voutar and an RMS value of Yours / V2. 

Let us now investigate the maximum value of the biasing current /, before placing 
‘any transistors into the linear region (we always take Vourw = 1 V): 


1 In otder to keep T7 in saturation: Vps7 < Von — Vasilnma7 © 4 mA 
2 In order to keep Tl, T2, and T6 in saturation: Vys:.26 < Vas - Vase + 
Vest: lomae1.2.9 © 0.62 mA 
3 In order to keep TI, T2, and T3 in saturation: Vosi23 < Vss — Vass + 
Vest I maxt.23 ¥ 0.5 mA 
4 In order to keep TS in saturation: Voss < Von — Voura Imax © 0.017 mA 
5 In order to keep T6 in saturation: Voss < Vss — Vout 1a mace © 0.115 mA 


This calculation shows that increasing Jy pushes TS into the linear region first, 
distortion. The real limitation for very large GBI thus lies in the output 
transistors. OF course, we could realize a new design: we could increase the dimensions 
of the output transistors TS and T6. This would increase the capacitance C,;, however, 
requiring a larger compensation capacitance C,.. This in turn would decrease the GBW , 
etc. The design cycle starts all over again. 

This illustrates that all characteristics of an op amp are related and that none can 
be increased without observing all the other characteristics. 

Looking at Fig. 6-I1, we can draw some final conclusions. The input devices of 
an cp amp will most probably operate in strong inversion. At the weak inversion 
side, the GBW decreases too drastically. At the velocity saturation side, large values 
of GBW can be reached, provided the designer takes into account other important 
specifications, such as output voltage amplitude, etc. Let us discuss several of these 
specifications. 


causi 


6-3-6 Slew Rate Versus Load Capacitance 
Slewing is obtained when a large input signal is applied to the op amp. For a large 
positive input voltage step, transistor T2 is cut off almost instantaneously (see Fig. 6-4). 
‘The current from the current source T7 then flows through transistors T! and T3. 
causing the same current to be drawn through T4. Since T2 is off, this cu 
only be drawn through capacitance C-. A constant current /g through a capacita 
C, generates a voltage ramp with siope AV/At = Ip/C,. However, the voltage at 
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node 1 is fixed because it is Voss. and transistor T6 is always on. In fact, 1 
TS always provides sufficient current to T6. As a result, the voltage ramp appears at 
node 4, 

For a large negative input voltage step, transistor T2 is heavily pulled on, and 
leaves TI off. Thus transistors T3 and T4 are also off. The current from T2 is now 
pushed through C., causing a negative voltage ramp with the same slope In/C, at 
the output. 

‘The slew rate is given by 


SR = # (6-37) 


the value of which is 2.5 V/jus. It is called the imernal SR because node | is the 
limiting node and an internal node. 
Capacitance C. is not the only capacitance that must be charged and discharged, 
¥ however. Load capacitance C, must be charged and discharged, as well. Discharging 
C1 is no problem because transistor T6 can pull (or sink) a lot of current when 
overdriven. Charging C;, however, can only be realized in a finite time, because C, 
is charged by means of the current from TS. This current is actually only fs—/, since 
C- takes Is away. As a consequence, for a positive input voltage step, the voltage at 
the internal node 1 decreases, also decreasing the current through T6. Current /s ~ In 
then charges Cz, resulting in a positive voltage ramp with a slope given by 


(6-38) 


This is called the external SR because the external (output) node is the limiting 
node. For example, current 1s — 1g is 22.3 1A (see Table 6-2) and SRey © 2.2 V/s. 
It is smaller than the previous Sj. As result, the overall slew rate SR is the smaller, 
about 2.2 V/us. 

The SR versus the load capacitance is shown in Fig. 6-12. The breakpoint value 
between the $Rig: and the SRew is given by 


Cte (6-39) 


dominant, 


which is 8.9 pF in Fig. 6-12. For larger values of C).. the exter 
due to the charging of the load capacitance C, 


63-7. Output Voltage Range Versus Frequency 
The output voltage is an important characteristic 
amp that only can deliver 100 mV. There is clearly a comprom 
discussed in Sec. 6-3-5. 

‘The output voltage range is limited by the supply voltage at lower frequencies (see 
Sec. 6-3-2) and by the slew rate at higher frequencies (see Chap. 3). 


- It is useless to design a 100 MHz op 
se t0 be made, as we 


FIGURE 6-12 


FIGURE 6-13 
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Output voltage range versus frequency for the Miller CMOS OTA, 


At low frequencies the output voltage range is limited by Vourmax = 2.08 V or 
Vour min = ~2.32 V, as show: 6-10 and repeated in Fig, 6-13. 
‘At high frequencies, the maximum output voltage is given by 


SR 
Vout mask = 5 (6-40) 
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which gives a hyperbola in Fig, 6-13. The breakpoints are at I7L and 153 KHz. This 
latter bandwidth is often called the power bandwidth of the amplifier. 

For | Veuis output voltage (1.42 Vpesa). the maximum frequency is 250 kHz: for 1 
Vpeats the maximum frequency is 355 Kllz, At the frequency of the GBW, the outptt 
voltage is only 0.3 Vpeak 


6-3-8 Settling Time 


ime 


The OTA of Fig. 6-4 can be used in a feedback configuration to gent with 
a well-controlled and precise value A,. Its value can be between | and its open-loop 
gain Ayo. Both feedback resistors and capacitors can be used to set the gain Ay (see 
Chap. 5). 

Since the GBW of the OTA is fixed, the bandwidth BW in first-order is given by 
BW = GBW/A,. A time constant t, corresponds with this frequency BI. 
by ty = 1/2nBW. If the phase margin is larger than approximately 70°, this circuit 
tenaves as a first-order system with time constant ty. 

For a step input (Fig. 6-14a), the output (Fig. 6-14b) initially slews, then slowly 
settles toward its final value, determined by the gain Ay...The slew rate is governed 
by the availability of biasing current to charge the capacitance at the dominant node. 
The settling time, however, is governed by small-signal time constants. In a first-order 
system it is governed by time constant ry. 

In a first-order analysis, we can assume that the slewing time is short with respect 
to the settling time. In this case, the output voltage reaches its final value by means 
of an exponential characteristic (see Fig. 6-I4c), with time constant ty = 1/27 fy 

For the CMOS Miller OTA, the phase margin PM is 67°. This is close eno 
90° to be regarded as a first-order system. The settling time 4 (€) is approximated by 


1 1 
s(e) ® yin ( +) ~ Se — In (= 6-41) 
ne) vn(7) GBI »(2) : 


in which ¢ is the error when settling occurs (see Sec. 5-3-2) 

If the phase margin is much smaller than 76°, the expression is more complicated 
It is given in App. 6-1 

For 0.1 percent, In(1/e) = 6.9 and for GBW = 1.19 MHz, tq = 0.134 j1s, such 
that f, (0.1 percent) = 0.92 j2s, in unity-gain configuration (Ay = 1). For 0.01 percent. 
In(1/e) = 9.2 and ¢, (0.01 percent) = 1.23 js. The 0.1 percent settling time thus is 
about 6 js. For an input voltage step of 0.2 Y. the output voltage must change over 
2.V. With a slew rate of 2.2 V/j1s (see previous example). this would only take 0.9 js 
which is comparable with respect to the 0.1 percent settling time of (1.92 js. It should 
be added to the settling time in order to obtain a worst-case value (see Fig. 6-144) 

The results of a SPICE simulation for the CMOS Miller OTA are shown in 
Fig. 6-15. A small input step of only 10 mV is taken. ‘The gain is unity, such that the 
output settles to 10 mV, as well. In this way, slew rate limitations are negligible. The 
rise time and settling time are all due to the time constant ty. Two different vertical 
scales are used to evidence the overshoot. The resulting settling times can be read on 
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@ 
FIGURE 6-14 Settling time includes etfects of (b) stow rate, (c) time constant exponential, or (a) both, 
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FIGURE 6-15 Step response of Miller CMOS OTA. 


the top graph, about ¢, (0.1 percent) ~ 0.7 jzs and , (0.01 percent) © 1.0 js. These 
values are shorter than those calculated because of the relatively small phase margin 
and the small overshoot allowed. 


6-3-9 Input Impedance 
As'with any op amp, the Miller CMOS OTA has two input terminals. Hence. three 
; ~ different input impedances can be defined, as shown in Fig. 6-16a: C, and C_ from 
ier terminal to ground, and Cy between both terminals. The input resistances are 
nearly infinitely high and therefore have been omitted. 
Now several capacitances are calculated for the OTA in open-loop configuration. 
‘We will short one of the inputs to ground, in order to calculate the capacitance at the 
other input. 


FIGURE 6-16 
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ont 


C= Cosot 
Tatawe, 


@ o 
(2) Input impedance capacitances. (b) Equivalent circuit to calculate C, 


Noninverting Input is Grounded In this case the input capacitance C; 
by Cig = Cy + C- (See Fig. 6-16a). In the circuit of Fig. 6-4, we look into the gate 
of transistor TI. ‘This transistor has, as source impedance, 1/gn2 in parallél with 
capacitances Ces and the output capacitance of current mirror transistor T7, Its load 
resistor is 1/¢m:s. Thus the gain of transistor TL from gate to drain is low. The Miller 
effect of capacitance Cg»; can be ignored. As a result, the input capacitance of 
transistor TI is approximately Cgsi/2. The factor 2 is to include the effect of 1/2 
in its source. 

‘The input capacitance Cia. thus 


ipproximately given by 
Ca: 
Cy C= <t (6-42) 


Inyerting Input is Grounded In this case, the input capacitance Cia, is given 
by Cine = Cu + Cy. (see Fig. 6-162). We now look into the gate of transistor T2 in the 
circuit of Fig. 6-4. This transistor has as joad conductance goas, in parallel wi 
input capacitance of transistor C¢se and the compensation capacitance C., multiplied 
by the gain of the second stage Ayzo (Miller effect). This is given by Eq. (6-19) and 
equal to 20.8, for this OTA. The input capacitance Ciq, is approximately given by 


Co 


Ce 
= C1+ 0, FE +14 Ano)Coor (6-43) 
Now we can identify the capacitances from Eqs. (6-42) and (6-43) to be (note that 
Cosi = Cosa): 


= 
ge 


c_x0 (44a) 
Cy = (1+ Avw)Conr 
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The value of C,. only holds for very low frequencies, however, For frequencies 
higher than the open-loop bandwidth (228 Hz for this OTA), capacitances C 
especially C-, short-out conductance g,2s: thus the value of A jy decreases. The value 
of Cy, versus frequency can easily be calculated by means of the simplified circuit 
of Fig, 6-165. Transconductance ¢,,2 has been divided by two in order to include the 
effect of 1/gm1 in the source of transistor T2. The input capacitance C. is given by 


1+ (St) 


(Con: + Cu) 


(6-44) 


Cx © AuoCan2 


1+ Avo: 
Bn2. 


with CL = Coss + (1+ Avzo)Ce, provided Ayig > 1 (250 for this OTA), 

For our Miller OTA, the value of Cia is Cy, which is Cgsi/2 or 0.11 pF. 
corresponding value of Zip is sketched in Fig. 6-17. At kHz it is L45 GQ, 

The low frequency values Ayj9 = 250 and Ayay = 20.8 are taken from Table 6-4 
The low frequency value of C,. thus is 1.76 pF and the value of Cjy.1.87 pF. The 
pole of Ayo occurs at the open-loop BW of the OTA, which is 228 Hz (see Table 6-4). 
‘The characteristic of Aye versus frequency is shown in Fig. 6-174 for the sake of 
comparison. 
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For frequencies up to 228 Hz, the absolute value of Ziq; thus corresponds to a 
capacitance of 1.87 pF. From 228 Hz on, Zia, is constant until it hits the impedance 
line corresponding to Cy only, or 0.11 pF (see Fig. 6-176). In that frequency region, 
the input impedance is thus resistive. Its value is easily extracted from Eq. (6-44) 
and is given by 


(6-45a) 


whieh is about 420 MQ (C. 
frequency fins. after which 


caw 
L 


10 
FIGURE 6-175 


100 1E 10K 100K TN TOM F 
Input impedances of Miller CMOS OTA. 
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This frequency is found by equation of Zi. = 2/2Cgsi and yp. and is given 
. by ; 
1 


(SS) 
Can 
which is about fins = 3.5 kHz. 
The zero in Eq. (6-446) of C can be neglected, because it only occurs on 186 
MHz (see Table 6-4). 


(6-45) 


Closed-Loop Input Impedance Versus Frequency For unity-gain feedback, the 
input capacitance must be divided by the loop gain (see Chap. 5). It is given by 


(6-46) 


(6-47) 


50 (see Table 6-4), the first term is only 0.02 1F 
55 fF, which is 2.8 GO at 100 Hz. 

‘At low frequencies, below BY 8 Hz, both capacitances are reduced by the 
loop gain Ayo. The effect of Cen2 is dominant because of its Miller effect. The value of 
Capo is only reduced by the gain of the second stage Ayao (which has a value of 20.8). 

From frequencies above 228 Hz on, both A, and Aj; decrease, but A.2 stays 
constant (see Fig. 6-17a). The effect of Ces; starts increasing, whereas the effect 
of Cepz stays constant. As a result, the effect of Ccs2 becomes dominant at the 
frequency where both terms of Eg. (6-46) have become equal. This frequency is the 
same as in Eq. (6-45b), which is about 3.5 KHz for our OTA. From that frequency 
on, the capacitance Cine increases with frequency. Thus, the corresponding Zins 
decreases with twice that slope (—40 dB/dec) until the GBW is reached. For even 
higher frequencies, it coincides with the open-loop values (see Fig. 6-17). 

‘These considerations are for unity-gain feedback. For other levels of feedback, 
similay derivations are easily carried out. We must remember, however, that the input 
capacitance will be larger for less loop gain. The unity-gain configuration always 
provides minimum input capacitance. and thus is an ideal stage for buffer applications. 


Since Avo = 5200 and Avio 
and the second 0.53 fF, totaling 0. 


6310 Output Impedance 
‘The output impedance is another important characteristic of an OTA. This is especially 
true for an OTA in contrast with an op amp, because an OTA has no output stage to 
lower the output impedance. 
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‘The output impedance in open-loop configuration can be modeled by an output 
resistance in parallel with an output capacitance. For the calculation of the output 
impedance of the OTA in Fig. 6-4, the output load consisting of Rz, and C,, usually is 
omitted. This is not always the case, however. The output impedance value, with the 
‘output load included, is interesting, especially because C; is part of the stabilization 
scheme. In this analysis, the output-load components Ry and C;, are omitted. They 
can be placed in parallel, if necessary. 

‘The output impedance is found by application of a current source to the small-signal 
circuit of Fig. 6-5, as shown in Fig. 6-182. The output impedance then equals the ratio 
Of the resulting voltage vq fo that current iu. Since the output load components 
Ry and Cy are omitted, load G,(= Gz + gos + ges) has been substituted by gos 
(= gos + 806). The output impedance is then easily calculated to be 


(6-48) 


if gue >> So2s and gose. which is clearly the case. 
‘At low frequencies, Zour equals 1/2055. whicl 
versus frequency is shown in Fig. 6-185. The first pole occurs at a frequency of about 
Jy, = 35 Hz. The second pole only occurs at 71 MHz and therefore is not shown in 
Fig. 6-18). 
‘Also, a zero occurs (at about 5.3 kHz). This zero is an important break frequency 
because it occurs in the middle of the frequency band of interest. It is given by 


about 556 k®. The plot of Zour 


(6-49) 


and is also I 
For intermediate frequencies larger than fs = 5.3 kHz, the output impedance is 
resistive and low. Its value is obtained from Eq. (6-45) and is given by 


= (: +@)-= (6-50) 


Since 1/gns = 4.1 kQ, this value is about 5.6 k®. Since the second pole occurs 
at around 70 MHz, this low resistance is maintained up to very high frequencies. 

This result is not unexpected. An output impedance of 1/g», has already been found 
for all previous OTA stages (see Chap. 4). Indeed, for all frequencies larger than 
the compensation capacitance C. acts as a short. In this way transistor T6 acts as 
a diode, giving rise to an input and output resistance of 1/gms. To our surprise, an 
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FIGURE 6-18 (a) Equivalent circuit of the Miller OTA for the calculation of Za (derived from Fig. 6-5), and (b) 
‘output impedances of Miller CMOS OTA. 
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OTA does not exhibit a high output resistance, as suggested by output resistance gs. 
It exhibits merely 1/gno for most of the useful frequency range. Only at very low 
frequencies is the output resistance gosq. Therefore, this OTA can be used as an op 
amp in most applications 

For unity-gain feedback, the value of the output impedance must be divided by 
the total loop gain (1 + A,), The resulting closed-loop output impedance Zou is also 
given in Fig. 6-18. The open-loop gain Ay is now much larger, however, be 
we have omitted R,. raising A,y from $200 to 35000. Also, the dominant pole is 
decreased by the same ratio, ie, from 228 to 35 Hz, Remember that the dominant 
pole of the gain is also the dominant pole of the open-loop output impedance. 
GBW depends only on gq and C,, and thus remains the same. 

The closed-loop output impedinice Zou, at very low frequencies, is approximately 


given by 
= Zour 
aw \g 


which is 16 2 (s% 
Jn 0f 35 Hz, 

‘The zero f-s that occurs at 5.3 kHz in the open-loop char urs in 
closed loop. From that frequency on, the output impedance inereases with frequene 
similar to an inductor. At the frequency of the GBW, no more loop gain is available. 
‘Thus, both open and closed loop characteristics coincide at value 1/gno- 

Now that gain and input and output-impedance have been studied, we must consider 
temperature behavior 


) ( fuse t (6-51) 
Sms) Smifins — Aviogine 


Fig, 6-18), It does: not char 


xe at the dominant-pole frequency 


teristic, also 0% 


6-3-11 Temperature Effects 


In order to study the influence of temperature variations, the following realistic as 
sumptions are made 


The bia 
‘The load components Ry, and C,, are independent of temperature 
All capacitances are independent of temperatui 
Alle 
‘The Early voltage Ve is independent of temperature 


1g current Zy is independent of ter 


istors stay in saturation 


The only parameter assumed to depend on temperature is mobility, which decreases 
with temperature. It is contained in the gain factor K’, which thus varies as Kj, T~" 
Coefficient a depends on the doping level and is about 1.5. 

‘The other temperature dependencies can be easily calculated, They have been added 
in the last column of Table 6-4. The low-frequency gain, the GBW,, the second pole, 
and the zero decrease with increasing temperature, while the first pole increases. As a 
result, the phase margin that depends only on the relative position of the second pole 
with respect to GBW is almost independent of temperature. 


CHAPTER 6: OPERATIONAL AMPLIFIER DESIGN 523 


100.0 TTT 4 T THT 


[DIFFERENTIAL MODE GAIN (AMPLITUDE) 


30.0 


TTT TT yt 


00 


TITTY 


FIGURE 6-192 


Several SPICE plots have been made for verification. The temperatu 
27° and 80°. Also, the K%, factor has been changed to simulate “slow” and 
devices. The plots are shown in Fig. 6-19a (above) and Fig. 6-19 (shown on the 
following page) and the results are summarized in Table 6-8. It shows that the GBW. 
varies considerably with K,, and thus with temperature. 


6-4 NOISE ANALYSIS OF OTAs 
After we have studied several characteristics of the Miller CMOS OTA, we will 
analyze its noise performance. The Miller OTA is a two-stage amplifier, however, so 
‘we must consider the noise contributions of both stages. 2¢ this is the first time that 
we must analyze the noise of a two-stage amplifier, we will carry out the analysi 
general. The specific case of the Miller OTA then is taken for the sake of illustr 
Each transistor contributes white noise and 1/f noise. The equivalent input n« 
voltage dv? of a MOST thus is given by (see Chap. 1) 


mn Blass Lith 


(6-52), 
Ses TA 
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The Ky values for a standard 3 jum n-well CMOS process (for fo, = 42.5 nm) 
have been discussed in Chap. 1. They are Kr, = 9.8 x 10-? V21m? for an nMOST, 
and Kp = 0.49 x 10-? V2yum? for a pMOST. 

‘The values of the equivalent input noise voltages dv3, can now be calculated for 
each transistor Ti as given by Eq. (6-52). (see Table 6-9 and 6-10), The transistor 
dimensions and gq values are taken from Table 6-2. 


6-4-1 Noise Performance at Low Frequencies 


In order to calculate the noise performance at low frequencies, all capacitances are 
omitted. The transistor noise voltage sources can be added to one equivalent input 
noise voltage du;,, by use of the following expressioi 


ae, = 30, (=) 6-53) 


TABLE 6-9 
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EQUIVALENT INPUT NOISE VOLTAGES OF TRANSISTORS OF CMOS MILLER OTA 


Most N/P oo W L Sn Wain We 
(am) (um) uS) white What) He 
(0Venes/VA2)_(uVanss/v/H2) 
T1172 P 2% 816 75 383 1.13 
13,74 oN to = 10-=S 103 327 1056 
15 P 55 5 985 10.7 4.45 
6 Na 115 5 286 67 436 
TP 3 095 34.0 2.08 


TABLE 6-10 CONTRIBUTIONS OF TRANSISTOR NOISE SOURCES TO THE TOTAL OUTPUT NOISE 


Ayso = Gil. = 250; Ayan = Ge = 20.8; Ayo = AysoAy2 = 5200 
MOST — Amo fae white (1/0 we 
Ao 
(1071 Veso/#H2) _(10°"? Viags/H2) 
TT2 Ae 1 ae, 1467 1.277 
eat 
3,74 28 Ag 1.37 #3 (2) 2007 209 
2 
15 oa (2) 2.8%10-* 5x 10-6 
n8 Aa 
16 aa 7.2% 10- 3x10 
9 
Gnt_Gox3 3 a3 ( Gost ae 3 § 
me 1.9x10-8 ave (Set Sos 4.2% 10" 1.6% 10 
2 Oma Im 72 Gna Gent 
12 — Amaro—Amso 3 x10-* © (Avaro — Ars)” 1x10 4107 
total sum is 6948 420 


in which dv; is the equivalent input noise voltage of transistor Ti and Aya is the 
gain from that noise source to the output. 

‘The gains are calculated first, then multiplied by the noise sources. All expressions 
and numerical values are collected in Table 6-10. However, a few of them require 
some additional attention. a 

‘The equivalent input noise voltage dv, of transistor T7 causes a noise drain-source 
current i, which splits into two equal currents (see Fig. 6-4) flowing through both 
input transistors. A simplified equivalent circuit is given in Fig. 6-20. One current 
{;/2 is mirrored by T3—T4 and subtracted from the other current. The resulting output 
current flows into the load of the first stage. The resulting voltage is then amplified 


FIGURE 6-20 
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us 1 = % 


Equivalent circuit to calculate the gain (= v7/ir) of the noise voltage of transistor T7. 


by the second stage, as indicated by the expression in Table 6-10. The resulting gain 
Ayo 18 9.6. 

‘The noise current through transistor T8 has two paths to the output: one through 
77 and the first stage (with the same gain Ag,79 = 9.6 as for the noise irom 77), and 
one through TS with gain Agqsy = 8.1. The expression is also given in Table 6-10. It 
is clear from the numerical values that both noise currents nearly cancel each other. 
“The current component's contribution through the first stage is only little larger. 

Division of the gains in the first column of Table 6-10 by the total gain Ao provides 
the values of the second column. Multiplication of these values by the equivalent input 
noise voltages squared (from Table 6-9), yields the output noise voltage powers. 

‘The total white output noise is 6948 x 10-'* V2/Hz or 83 nVguus/VHz; the 1 
1/f output noise at 1 Hz is 420 x 10°! V2/Hz or 20.5 Vews/V/Hz. Note that only 
devices of the input stage play an important role, as could be expected. Also note 
that for white noise all four input stage transistors give an important contribution. The 
1/f noise, on the other hand, is fully dominated by the load devices T3 and T4. 

‘The sum of the terms in the middle columt. of Table 6-10 can be approximated by 


Bot 


Ws, ~2 |avd, + dv ( )| (6-54) 


Remember, however, that the equivalent input noise voltage consists of both white 
noise and 1// noise components, as given by 


(6-55) 


At all intermediate frequencies the white noise is dominant. Substitution of all 
terns doz, by their expression 8kT /3¢midf yields, for the white noise excess factor 


(6-56) 


CHAPTER 6: OPERATIONAL AMPLIFIER DESIGN 527 


38.3 nVpuis/ Hz from Table 6-9 and dimes 


which is 2x 2.37 or 4.75 (with diy 
83.4 nVews/VH2) 
At low frequenci 


the 1/f noise is dominant, It can be written sis 


Ken WL (Snr) : 
Kew 6-57 
ee | Ga 


which is 313 (with doy) = 1.13 eVaus/VHz at 1 Hz from Table 6-9 and dij = 
20 1Vrus/V/Hz. at 1 Hz). 

Since the 1/f noise source voltage decreases with frequency and the white noise 
voltage is constant, it will become equal at the so-called corner frequency /,. Its value 
is given by the ratio dij /dvjj.y, OF 57 kHz, This value seems to be high, but is 
very typical for small MOSTs, 

Until now, only the noise has been calculated at low frequencies where capacitances 
are not a factor. Therefore, all white noise is expressed per V/Hz and the 1/f noise per 
Hz at 1 Hz, The total noise can be found by integration over frequency, This will 
be discussed for white noise later in Sec. 6-4-3. First let us explore what happens at 
high frequencies, when all capacitances come in, 


6-4-2 Noise Performance at High Frequencies 


FIGURE 6-21 


At intermediate and high frequencies, the effects of all capacitances must be included. 
At these frequencies the 1/f noise can be ignored. 

The CMOS Miller OTA consists of two stages, both haying a different gain versus 
frequency characteristic. The equivalent input noise sources of the transistors thus are 
amplified toward the output, with different gain versus frequency characteristics, 

‘The equivalent input noise of the first stage is denoted by dv; (as shown in 
Fig. 6-21). It is caused mainly by the four input transistors TI through T4. lis value is 
simply given by dvpiew in Eq. (6-84), or 83.4 nVeus/¥Hz. lts gain versus frequency 
characteristic is the open-loop gain characteristic A,, of the OTA, as shown in Fig. 6-6 


Noise model for the Miller CMOS OTA 


Fi Bmitia | Fe Boat 
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and in Fig. 6-22a. It has the form 


Ay = Aw (6-58) 


(5) Om) 


Its low-frequency value is Ay = 5200 and the poles occur at fp = 228 Hz. and at 
fn % 3,8 MHz (see Table 6-4), It also has a positive zero at f. * 39 MHz (not 
shown in Fig, 6-224), 


FIGURE 6-222 Open-loop gains Ay and Aye of the Miller OTA. 
lag [deal 
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The equivalent input noise of the second stage is denoted by diz (as shown in 
Fig, 6-21). It is caused mainly by the two second-stage transistors TS and 6, Its 
value is given by an expression similar to Eq. (6-54), as given by 


8s 


which is 62 x 107"* V2/Hz or 7.88 nVams/V iz (with the es of Table 6-4), Its 
gain to the output again is at low frequencies given by Aygo, The gain versus frequency 
characteristic of dv? is very different, however, as a result of the unusual position of 
the voltage source dv) in the circuit (see 1), Straightforward is of this 
gain Ay yields 


(6-60) 


Pes 


in which f.3 has already been derived for the output impedance (see Fig, 6-18) by 
Eq. 6-49, and 


2G 


re listed in Table 6-4, as well, The characteristic of A,» 
is also shown in Fig. 6-22a, Remember that Aygo = 20.8 and f.y = 5.3 KH 

It may be a surprise to see that a zero occurs in the middle of the useful frequency 
region., i.e., at 5.3 kHz. This zero is a result of the interaction of the oupwt con= 
ductance gja4 of the first stage and the compensation capacitance C,, which governs 
the frequency performance of the second stage. 1 does not appear in the total gain 
characteristic Ay, but it does appear in the gain of the second stage Ay2 
shown in Fig, 6-22c. 

‘The contributions of the noise sources Jv; and v3 to the output in open loop are 
now shown in Fig. 6-22h. Source dv) is simply amplified by the total gain [ay|. ‘The 
noise of the second stage @v3 is amplified by |Aya]. The total open-loop output noise 
power dv3,, (voltage squared) is the summation of both contributions given by 


All characteristic frequencies 


s clearly 


vay = |v ide + [Aya (6-61) 


At intermediate frequencies, almost the entire output noise arises from the first 
stage. At higher frequencies, however, when |4,| decreases below unity, the second- 
stage noise exceeds the contribution of the first stage. 
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FIGURE 6-2b Open-loop output noise of a Miller CMOS OTA, 
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This is clearly noticeable when we plot the equivalent input noise versus frequency, 
6-22c. It is given by 


(6-62a) 


(6-62) 
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FIGURE 6-22c Open-loop input noise of a Miller CMOS OTA, 


since frequencies f-1 and f; are higher than 40 MHz (see Table 6-4). Thus the zero 
‘fos causes the noise of the second stage to become dominant at higher frequencies, 

When feedback is applied to the CMOS Miller OTA, the output noise power du 
is reduced by |1 — 7(f)?? where T(/) is the loop-gain, 
loop gain T(f) equals the open-loop g: 


unity-gain feedback, the 


Ay, given by Eq. (6-58), stich that 


f 
(! 1 GaW ) 


I=T(P) = 14 AWD Aw (6-63) 
if we neglect all poles and zeros abot 
The closed-loop output voltage dv 
‘ The = 
j 
$ % lAvlduy + (6-64) 
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re a) 


(ib \(E) 


Both closed-loop gains Aye and Aya. are given in Fig. 6-234, The output noise 
contributions |Ayeldv, and |A,acldv2 are given in Fig, 6-23b. The total output noise 
voltage is given in Fig. 6-23c. Its the equivalent input noise voltage because the gain 
.. The 1/f noise has been added, as well. 

Atall intermediate frequencies the output noise is approximately equal to the first- 
stage input noise dv;. With increasing frequency, the loop gain decreases below unity. 
‘The influence of feedback vanishes, such that the influence of the second-stage noise 
increases. 

It is clear from Fig. 6-23b that at high frequencies beyond the GBW , the output 
noise at frequencies around the gain-bandwidth can form an important contribution 
to the total integrated output noise. Remember that the axes are logarithmic and 
that noise adds up linearly. Already we can conclude that the Miller OTA can have 
poor high-frequency noise behavior, compared to a simple OTA, if it is not properly 
designed 5 


and Ave 


6-4-3 Total Integrated Output Noise 


In order to obtain the total integrated noise, the integral of the noise voltage power 
must be carried out over all frequencies (see Chap. 3), Carrying out integrals over 
expressions such as that in Eq. 6-64 is important, and therefore we will take some 
approximations. We will take all noise contributions separately and assume that we 
‘must deal only with first-order expressions. 

‘The total integrated output noise contains three contributions. (see Fig. 6-230), 
‘They are 


# the 1/f noise at low frequencies up to comer frequency fo 
‘© the white noise Jv; up to frequencies around GBW 
the white noise dv at frequencies higher than fy2- 


‘The first integrated noise component is given by 


if , Ty (6-654) 


in which dig is derived from Eq. (6-56). and in which the lower integration bound- 
ary is arbitrarily taken to be f; = 1 Hz. This can be worked out to 


(6-65b) 
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FIGURE 6-23 (a) Closed-loop gains of Miller CMOS OTA. (b) Closed loop output noise contributions. (c) Equiv- 
Want Innuk naiea Volidda of a Miller OTA:. 
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For dimep = 20 Vems/VHz and fe 
Upp = 68 jtVans. This is quite a large value. 

‘The second noise source extends from zero to GBI, with a first-order roll off. 
‘Thus the noise bandwidth is GBW (-r/2). Its value is then given by 


57 kHz, this first noise component is 


(6-65¢) 


in which dvz,,,. is obtained from Eq. (6-56). For dUjiem = 84 nVayss/Hz and GBW = 
1.19 MHz, this second noise component is 14 2Vpyss. Thus it is larger than 
the 1/f noise component, but not by much, 

‘The third noise source dv} has been calculated in Eq. (6-59). As an approximation, 
it is taken from zero to fy. with a first-order roll off at fy2- Its value is then given 
by 


(6-654) 


For fy2 (Hz, this third noise component is ty = 19.2 4¢Vats- Tht 
low beca igible, however. 

‘The white noise of the first stage is clearly dominant, closely followed by the 1// 
noise of the first stage, The total integrated output noise is 114? + 68? + 19? = 
134 2Vews. if the 1/f noise is taken from 1 Hz. 

If a different design optimization is carried out to reduce the 1/f noise (large 
WL. input devices), the white noise can be made more dominant, In this case, the 
expression of Y)y.2 can be rewritten by means of Eqs. (6-56), (6-25a), and (6-65c), 
which yields 


which again is 114 j2Vasts. 

‘As has already been explained in Chap. 1, the total integrated noise of a f 
system is independent of the gain or transconductance in exactly the same way as the 
integrated noise of a resistor is independent of its value. The total noise depends on 
the capacitance of the first-order time constant, which is the compensation capacitance 
, for the CMOS Miller OTA. 


Example 6-6 

After a a CMOS OTA and a bipolar OTA have been optimized for noise, let us 
compare their noise performance (the integrated white noise). Both have a GBW 

| MHz; the CMOS OTA has C, = 1 pF. whereas the bipolar one has C. = 2 pF. 
Which OTA performs better? 
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Solution, Both have equal integrated white noise. In fact, yy. is a factor of Iwo 
smaller in the MOST (after optimization), offset by the C,. which is wo times 
lower. 


6-5 MATCHING CHARACTERISTICS. 


Matching components, such as two resistors, two capacitances, 1W0 1 
is one of the most important design features in analog circuit design. Until now the 
input transistors of a differential pair have been assumed to be exactly identical, In 
practice, however, this is never the case. Because of photolithography, etching, etc. 
the characteristics of two matched transistors are slightly different. The larger the 
the less of a role these differences play. 

These small differences do not influence the main specifications, such as the gain 
‘and GBW. Thus, other characteristics must be added to quantify these matching proper~ 
ties. They are, for example, offset and CMRR, defined in Chap. 5. These characteristics 
are calculated in this section for CMOS differential stages, Offset and CMRR are also 
calculated for the Miller CMOS OTA. Guidelines are given for design of low mis- 
matching. Finally, these characteristics are calculated for bipolar differential 
as well. 


Nsistors, ete. 


eS. 


6-5-1" Transistor Mismatch Model 


Definition ‘The most important parameters of an nMOST at DC and low frequen- 
cies‘are Vp, K, and y. Therefore, differences (deltas) must be introduced for all three 
parameters. The case of a simple differential pair with resistive loads (see Fig, 6-24) 
is discussed first, The deltas are: 


© AVr: difference in threshold voltage between two matched transistors is a result 
of differences in oxide thickness, substrate doping, etc. Its value will be calculated 
later, but is typically 10 to 25 mV. 

© AK: difference in gain factor K = Kj, W/L: is a result of differences in oxide 
thickness and mobility; its typical val be as high as 0.1 oF 10 percent. 

© Ay: difference in body factor is a result of differences in oxide thickness, the 
substrate doping, ete., and is typic igh as 0,05 or 5 percent. 


Finally, the load resistances can be slightly different as well: AR, is the difference 
in Rz. Typical values depend on the size (see Chap. 1). When we need a value for 
an example, we will use AR, /Ry = 5 percent. 
~ These deltas can occur between two adjacent devices in the same circuit layout: 
between two devices with the same function in two adjacent chips on the same wafer. 
between two wafers, and between two batches. These deltas can be classified into two 
categories. 

The latter are a result of global variations, which occur over a wafer or from 
batch to batch. The second category is a result of local variations. which refer to 
adjacent components on the same wafer and even in the same circuit, The first category 
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FIGURE 6-24 
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Differential pairs with mismatched components, 


influences absolute values, whereas the other influences matching. We are interested 
mainly in the later. Absolute values are difficult to realize. If they are required in 
precision analog design, we must to use laser trimming and other trimming techniques. 

‘These deltas occur in a statistical way (see Chap. 3). They have the value of a 
iance, which is defined as follows. A variable x with randomly distributed values 
average oF mean x, has a standard deviation o,, such that 90 percent of 
its values occur within £30,. The variance is then a? and Ax = o,. They are now 
derived from experimental data for a MOST. 


‘Threshold Voltage Mismatch Vp. The technological parameters that contribute 
‘most to deviations in Vy are the oxide thickness and the bulk doping level. In modern 
VLSI MOS processing, the oxide thickness is reproducible. As a result, its contribu- 
tion to AV; can be ignored. Variations in bulk doping level are the main source of 
match AV. However, bulk doping level refers both to the original bulk dopiiig 
of the wafer and to subsequent modifications by means of ion-implants. The more 
ion-implants, the more deviation occurs. 

Experiments (Lakshmikumar et al. 1989, Pelgrom et al. 1988) have shown that the 
variance ayr of mismatch AV; is described by 


——— 6-67) 
Ve VrVWL ee? 
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in which V7 is the average or mean value of Vy and opy, * 0.016 V - am for an 
nMOST and about 50 percent more for a pMOST in a standard 3 xm CMOS n-well 
process, Note that the dimension of apy; is V-jem, whereas the dimension for ov, is V. 

As expected for local variations, the larger the size, the smaller the variance or 
mismatch AVp. The variance is larger for a pMOST because of its higher number of 
threshold voltage adjustments with ion-implantation, 

Finally, note that AVr is normally expressed in mV"s; we do not use AVy/Vr in 
percentages. 


Gain Factor Mismatch K Gain factor K includes both the K’ parameter 


(% Cox) and the gate dimensions W and L. Its variance can be written as 


ox 
z= 


in which X is the average value of K, and in which ox» * 0.0056 jam and oxwy © 
0,02 jam for an nMOST; both are about 50 percent larger for a pMOST. Even for 
larger devices, the first term with oxo is usually negligible. Variations in K thus 
are due mainly to photolithographic variations of W and £ and to much less extent 
variations in mobility (or K,,) or in oxide thickness. 

In principle the deviation in mobility (in K’) depends on deviations in the bulk 
doping level and thus could be correlated to AVr. This effect is small, however. 
‘Also, both AK’ and AVr could be correlated through variation in oxide thickness. As 
previously stated, the oxide thickness can be made homogeneous. As a result, AVy 
and AK are assumed not to be correlated. 


(6-68) 


Body Factor Mismatch -y This factor includes mainly the bulk doping level and 
oxide thickness. As stated before, the variation in bulk doping level is most important. 
It can be written as given by 


oy 


y JWo 


in which 7 is the average value of y and in which o,, * 0.016 jm for an nMOST 
and 0.012 um for a pMOST. Again, note that ¢, has V/V as dimensions whereas 00 
has xm. 
~ However, since the sources are connected to the respective substrates in all appli- 
cations in this section, the body factor mismatch can be ignored. Thus, Ay will no 
+ Tanger be of concer. 


(6-69) 


65-2 Offset Voltage Definition 
In general, when both input voltages of an open-loop amplifier are connected to 
ground, the output voltage is not zero. The offset voltage Vj. is, per definition, the 
input voltage required to force the output to zero volts (see Chap. 5). 
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‘This offset voltage can be caused by random mismatches, such as AR, AV, 
and AK in Fig 6-24a, It is then called randonr offset. The offset voltage also can be 
caused by asymmetry in circuit configuration, as is the case in Fig, 6-24. ‘Then it is 
called systematic offset, Random offset is calculated first, 


Random Offset It is not difficult to calculate the relationship between the \’s 
in Fig, 6-24 and the offset voltage V,., because V,. is a small signal. lis effect thus 
can be calculated by use of the small-signal parameters in a small-signal model, 

No A’s If no A’s are present, application of the differential input voltage Vj. 
ives a differential output voltage Vaiory Which is given by (see Fig, 6-24) 


Vindas = Sm RV (6-70) 


The effects of the A's now can be calculated as follows, 

Effect AR; Both inputs are connected to ground, If only AR, is present, the 
current fy still is equally divided over both transistors, ‘The output voltage with respect 
to Vip at the drain of transistor TH thus is ~Ry /n/2. On the drain of transistor T2, 
tine output voltage is ~CRy, + AR,)/a/2. This difference causes an output voltage 
Vase. which is given by 


Vat (6-7la) 


Effect AVy: Both inputs again are connected to ground, Hf only Ay is present, 
the drain currents through both transistors will be slightly different, The difference is 
Alps = SmAVy. Since AVp can be regarded as a small-signal input voltage, it will 
be amplified 10 the output by small-signal gain gp. The output voltage Vag thus 
is given by 


Vour = 8u Ri AVe (6-71b) 


Effect AK: Both in 
both transistors again are slightly different. The difference is now A/ps = IpsAK/K. 
Since each transistor carries about 1/2, this difference in current is 1/24 K /K. The 
output voltage Vx is then given by 


Ss are connected to 


ound, The drain currents through 


Riln OK 


ra (6-Tle) 


Vouk 


Total Random Offset: ‘The total random offfet Vir cant be found by equation 
of Eq. (6-70) to the sum of Eqs. (6-71a and ), It provides the random offset voltage 
Vine that would be present if all three A’s were taken into account simultaneously. 
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After division by the gain gm Rz., this yields 
Ig 1 (ARL Ip (AK 
y= t—(—+ ee 72) 
a et (Gt) santa (Fe) Sie) 


In strong inversion, @m = 2fps/(Vas — Vr) = In/(Ves — Vr). In this case Eq. (6-72) 


can be converted into 


(6-73) 


Note that all deltas have arbitrary signs + or —. Their effects thus are added statisti- 
cally. This means that their absolute values are only added in rare cases. 

‘Also, the influence of AR, and AK becomes smaller by biasing the transistors 
at smaller values of Vos — Vr. In this case, the transistors operate closer to weak 
inversion. AVr is then the main factor influencing Vor. 

For a given current, however, small values of Vijs ~ Vr lead to large values of 

: W/L. As a conclusion, mismatch depends on deltas and on biasing points, as well, 
One design rule has already become apparent; low offset can be achieved by using 
low values of. Ves — Vr. For a given current, this means that the W/L ratios must be 
large (since W/L’=Tps7K"(Vas — Vr)*). 


Example 6-7 

Calculate the maximum value of Vix, for AV = 20 mV; relative errors in Ry 
and K are 5 percent and 10 percent, respectively. The transistors are biased at 
Vos — Vr =0.5 V. Compare with the result if Vas ~ Vr = 0.2 V. 


Solution. The maximum value of Vis = 20 + 250(0.15) 
Vr =0.5 V and 35 mV for Vs — Vr = 0.2 V. 


57.5 mV for Ves = 


6-5-3 Mismatch Effects on a Current Mirror 


In the previous section, mismatch in a differential pair was shown to generate a random 
offset voltage, which can be reduced by biasing the transistors at low Ves — Vp. For 
a fixed current this means that the W/L must be large. A current mirror uses two 
matched transistors, as well. The question arises whether or not the same design rules 
apply to a current source. 
_ Mismatch is indicated again by AV; and AK (see Fig. 6-2Sa). In this case, how- 
+ — ever, we are interested to know the relative variation in the output current A fout/ lout 
* as a result of the deltas. 
‘The variation in current A ovr is easily calculated as in the previous section, It is 
given by 


Alour = 8m AVr + = lout (6-74) 
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FIGURE 6-25 Current mismatch as a result of different values in Vas. 


Since in stron; 


inversion gw = 2lour/(Ves — Vr). the ratio A fovr/Tour becomes 


Alour 2 AK 
————__ avr + (6-75) 
Tor Ves-Vr OK 


‘This is the random current variation. It can be made small by biasing the transistors 
at large values of Ves — Vr. Hence, they must operate deeply in strong. 
This also means that for a given current, transistors must be used with small W/L 
ratios, The conclusions are thus exactly the opposite as for a differential pai 

There is also a systematic curren variation, however. Both trans 


6-25a may have different values of Vps. As a results, the currents are slightly 


different (see Fig. 6-25b) because of the slope of the ps — Vps curve (Early effect). 
“The relative difference in current is given by 


Alps: _ Vos —V 
Tos LVe 


(6-76) 


in which Ve is the Early voltage per unit gate length (see Chap. 1). The voltage 
difference Vos — Ves depends on the DC output voltage. which is set by a feedback 
network or the subsequent circuit. Thus it is a fixed quantity that depends on design, 
not a random quantity. Therefore, A/ps</Ips is called a systematic error. Actually, 
this source of systematic error is the most important one for DC performance in analog 
circuits, as will be illustrated later. 

Note that this error is a systematic offset component caused by asymmetry in DC 
biasing. Thus it is only present in DC performance evaluation. In first-order it is not 
detectable in small-signal performance. Random errors, on the other hand, play a role 
in both DC and AC performance. 


6-5-4 Differential Stage With Active Load 


{A differential stage with an active load is actually a combination of a single differential 
pair and a current mirror (see Fig. 6-240). Both random and systematic errors thus 
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will occur. The total random offset voltage can be written as 
Vpar = Varia —* (6-77) 


in which Vesta is offset due to mismatch between transistors Tl and T2, and A/ss is 
offset due to mismatch between transistors T3 and T4. After filling in Voriz and A/ss 
from Eqs. (6-73) and (6-75), respectively, this expression becomes 


Jost () 2AVras | 
Viper Vas 12 ee | cree) cer (6-78a) 
eet LA Kas)” Vass = Ver 


or since 2m = 2/ps/(Ves — Vr), in strong inversion, 


Vast — Vi 
2 tA Vy + 


Vast — Vr (=) yg Vass — Vr { OKu 
Voss — Vr 2 


Kr 2 Kus 
(6-78) 
Also, a DC systematic offset component Vays is caused by asymmetry in the DC 
biasing. Systematic offset occurs as soon as the output voltage differs from the DC 
drain voltage of TI and 73 (see Fig. 6-24b), which we denote by Vpi3. This difference 
in voltage is thus Voura — Vo1s. The currents through T3 and T4 are then different, as 
is the current through TI and T2. The systematic offset Vous is derived from Eq. (6-76) 
and can be written as 


Vee = Vp 


(6-79) 


¥ = Yor Vou (Yes Vip 


2 LiVep 


Note that for the first time, a difference in absolute value is taken into account 
between the Vr of an nMOST and the Vr of a pMOST. 

The same conclusions thus can be drawn as that of a simple differential pair. The 
offset can be made small by: 


‘reducing the systematic error as much as possible (by making node voltages 
Vouta = Vois 

“s biasing the input transistors at low values of Ves — Vr. i.e., close to weak 
inversion, which means that all W/L ratios must be made large for a given current. 

© biasing the load transistor at an intermediate value such that AK3s dominates 
for higher values of Voss — Vr. and AV; dominates for lower values of Voss — Vr. 


It can be concluded that in a proper design, A Vr between two matched transistors 
is the main source of concer. Therefore, techniques will be described to reduce AV 
by means of layout manipulation. In Chap. 8, techniques will be given to reduce the 
effects of offset by means of clever circuit design. 
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However, besides the random offset Vosr and the DC systematic offset Vix. caused 
by asymmetry in DC biasing, there is a third source of offset. It is the systematic 
m caused by the common-mode input voltage drive. 
denote the common-mode or average input voltage of the differential stage 
(see Fig. 6-246) by dye. which is given by (vm + vn2)/2. The purest commor 
mode drive is realized by connecting both gates to an input voltage source vjim. A 
current then flows through resistance Ra, which is given by ign = Viem/ Rn (provided 
1/81 € Rp). Hall this current iz» then flows through transistor TY and 
The effect of this current can be calculated from the equivalent circuit of 
6-24h, which is simplified to that given in Fig. 6-26. In this equivalent circuit, 
both transistors TI and T2 are represented by the independent current sources. with 
equal current igg,/2. Load transistor T3 is represented by its small-signal resistance 
1/gm3; transistor T4 acts as an ideal current-controlied current source with the same 
current j as through T3. The output current is taken as output signal. It lows through 
in parallel with r,s, which is in parallel with the load capacitance C,. 
‘st we will carry out the calculations for intermediate frequencies, where the load 
capacitance acts as 2 short circuit to ground, shorting out the output re 
and faq. Thus, the output current flows through this short to ground, 
‘The output current ing,, caused by current fen, is obtained by straightforward cal- 
culation to be 


jot V/gns 1 
Seo es (6-80) 
Fe/2— Tat V/8m3— BaaFoi 
or, after substitution Of fiw By Yim this becomes 
fran gl eed 
pm (6-81) 


Viem — 2Re Bw3Fot 


‘The differential input voltage. which is required to compensate for this output current 
‘out 18 Simply igg:/Sm1- This input voltage is the systematic Offset rjxem caused by a 


FIGURE 6-26 Equivalent circuit of differential pair for 
‘common-mode drive 


6-5-5 Offset Drift 
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common-mode input voltage drive vj», given by 


fut 


Smt 


(6-82) 


¢ both gui Ra and gmi%n1 usually have large values, vYjsem is quite small; it only 
plays a role if tem is large. 

At very low frequencies and DC, the output current flows through rp (rns is still 
taken to 00), which causes a large output voltage. The differential voltage gain is then 
large, as well, It is easy to verify (see exercises) that the resulting equation is exactly 
the same as that given by Eq, (6-82). We must keep in mind, however, that a DC 
voltage vycu is always applied. In fact, itis the common reference point for the input 
voltages. Normally, this is ground and thus vyey = Vsy or Vpp. There is always a 
DC systematic offset Voxrm caused by the input gate biasing. 

If the differential stage has a purely differential drive, ie., if the input voltages are 
the same in amplitude but with opposite phase, then the AC components of vy, 
Vozem are 7er0, but not the DC ones. 


nd 


Example 6-8 
For a simple CMOS OTA with fy = 20 1A, Vop,ss = #25 V, Cr = 10 pF. 
(W/L)) = 10 and (W/L)q = 1 with Ly = Ly = 5 pum; also: Voy = Vip = LV 
Ki = 30 WA/V, Ki = 15 WA, Vip = 8 V/um, and Ven = 5 V/um, We 
assume the DC input and output voltage at 0 V. The deltas are AVp = 5 mV. 
OK/K = AR,/R, = 0.1, and finally, Rp = 2 M&. Find all relevant offset 
voltages if we assume that they all add up (the extreme worst case) 


Solution, Since Ips and (W/L), is known, we can calculate Ves; — Vr 
Vlos/K,W/L), = 0.18 Vand gm) = 2os/(Vesr — Ve) = U1 4S: sim 
Tarly, for'the load transistor, Vegi ~ Vr = 0.82 V and gqy = 24.5 8, For the 
input devices Eq. (6-73) yields V,.12 = 5+ 18 = 23 mV. Eq. (6-79) then gives 
Vou = 23+ 1.149 + 40.8 = 77 mY. The difference in DC output voltage is 
2.5 — 1.82 = 0.68 V. Therefore, Eq. (6-78) gives Viyy = 0.34(20.8 = 7.3) = 
4.4 mV. Finally the input voltage is at 0 V. The common-mode voltag 
thus 2.5 V and Eq. (6-82) gives Voyem = 2.5/2.7 x 10* = 0.09 mV, 

The largest terms are the random offset of the input devices and especially of 
the active load. 


Vion is 


The offset voltage V,, can change versus time and temperature (also versus stress 
gradients, radiation, etc,). Both are called drift. The drift versus time is attributed to 
charge changes in the oxide due to chemical reactions occurring in time, Since they 
can be controlled by appropriate processing, we will disregard them in this text 


6 CMRR 


FIGURE 6-27 Circuit for calculation of Ave 
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‘The change of offset versus temperature for a differential pair with active load 
depends on the changes of AVr, and of AK versus temperature. The change of AVr 
versus temperature is quite small, usually a few mV per °C. 

‘The variation of AK versus temperature is considerably larger because it includes 
‘mobility. Hence, the ratio AK/K depends on temperature as well. As a result, the 
drift of the offset voltage versus temperature AV,,/AT is not negligible at all. We will 
discuss this topic further after we have examined the bipolar transistor with respect 
to offset and drift. 


‘The common-mode rejection ratio of a differential pair has been defined in Chap. 3. 
It is the ratio of Agg/Adge. in which Agg is the differential output voltage for a pure 
differential drive and Aye is the differential output voltage for a pure common-mode 
drive. For the simple differential pair of Fig. 6-24a, the gain Agy = Aw = SmiFon4- 

The gain Aye is easily calculated, provided both inputs are connected to the 
‘common-mode input voltage vje, as chown in Fig. 6-27. Both transistors are then op- 
‘erating as two source followers in parallel. For an ideal current source 1g(Ra = 00), 
no current can ever flow as a result of the input voltage vie. Hence, the resulting 
output voltage vey is zero and Aye = 0, and, as a result, CMRR = 00. 

However, a current source is never ideal. Its output resistance is never infinitely 
high. Its output resistance is represented by Ra in parallel with the current source (see 
Fig. 6-27). Also, a capacitance Cy is present. This capacitance is ignored. It will be 
included in Sec. 6-5-9. 
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The input voltage source ¥),. causes a current 10 flow in both transistors, about j,/2 


OF vje/2Re. Both currents flow through the loads Ry,, as well. They cause an output 
voltage vps 25 soon as mismatches occur. 

Mismatch ARz, For a difference in Ry only. the output is calculated as before. 
It is given by Uae 


(6-83a) 
Mismatch AVy Only in Vr, the currents caused by vje that flow in Tl and T2 
ily different. This difference Ai,. causes an output voltage of Yaw = 2K, Ai, 
This current Aji, is a circular current flowing through only TI, T2, and both 
load resistances (Fig. 6-27). Thus it is given by Ai, = gmiAVr/2 With gy) = 
21psi/(Vasi — Vr). As a result 
VodT = Smt Re AV (6-83h) 
Mismatch AK, For AK, only a 
As a result 
(6-830) 
Eves AR: 
Ate = — a (6-84) 
Ye R. 
and the corresponding random CMRR, thus is given by 
Aaa 
MRR, = <4 (6-85) 
Ade 
kc) Ves — Vr 


~ Note that the CMRR, can be improved by increasing the input transconductance 
mi, and by taking a current Source with high output resistance Rp. 


Example 6-9 
‘What is the random offset V,.. and the CMRR, for the input d 
Example 6-8 if all deltas add up? 


es of the previous 
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Solution. In this Example, gi = 111 4S and its Ves: — Vr = 0.18 V. The 
denominator of the Eq. (6-85) thus is 0.255. With Ry = 2 MQ, The numerator is 
444 such that CMRR, = 1741, or 65 dB, if the effects of all deltas add up. This is 
‘a typical value for MOST differential stages and op amps. Remember, this CMRR, 
is a minimum or worst-case value. The offset itself is.0.255 x (Ves: — Vr)/2 or 
90 mV, which is 23 mV (see Eq. 6-73). 


6-5-7. Relation Between Random Vos, and CMAR, 
‘Actually, both CMRR, (in Eq. (6-95)) and random Vosr 
same deltas. Indeed, it is the asymmetry in the different 
nonzero value of Vp; and a finite value of CMRR. 
‘We then have two different characteristics, described by the same sources of asym- 
metry. Let us combine them by taking the product of both. 


in Eq. (6-73)) contain the 
| amplifier that causes a 


=) 
5 emi Ra) (6-864) 


Vose “CMRR, = 
or, since m1 = Ip/(Vast — Vr). we have 


Vie s CMRR, 


IoRe (6-86b) 


However, for a single-transistor current source J, the output resistance is simply 
the Early resistance (see Chap. 1) given by Ra = VenLn/In. Hence, 


CMRR, = 


‘ene (6-87) 


‘This result is remarkable. It shows that random offset and CMRR, are unambigu- 
ously connected. For example, for Vg, = 4.5 V and a channel length of 5 jum, the 
early voltage of the current source transistor is then 22.5 V. When the random offset 
Vour is 10 mV, then CMRR, = 2250 of 67 dB. 

Higher CMRR, can be reached only if Vos, can be made smaller, and vice vers 
‘Also, techniques to reduce Vj;- will automatically increase CMRR,.. For example, 
laser trimming Ry to an Vy, of 100 V, directly generates 107 dB CMRR,. 

‘This remarkable relationship only holds for random offset. However, a differential 
pair with active load also generates a DC systematic offset if it is not symmetrically 
biased. The question arises whether or not there is a similar relationship for system: 
offset. 


6-5-8 Relation Between Systematic Voss and CMARs 


In the case of DC systematic offset, a DC difference in output voltage is present. This 
difference is divided by the small-signal gain to give rise to the systematic offset. 
However, the small-signal model is not affected by it. The values of the parameters 
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of the small-signal model are not changed because of the presence of DC system- 
atic offset. Hence, the calculation of the gains Ayy and Ay, are not affected by DC 
systematic offset. As a result, a systematic CMRR, cannot be derived in this way. 
Obviously, there is a relationship between the systematic offSet ix.q. as a result 
of a common-mode drive, and the CMRR,. The CMRR, can be rewritten as given by 


Aaa _ Your! Yas ie 
CoRR, = AH = Youre = we (6-88) 
Aac vour/ Yi Un 


in which jour is the output current in the capacitive load in parallel with ry2//rg. (see 
Fig, 6-240). It is the output current obtained by the amplification of v,,, with factor 
Ada. It is also the output current obtained by the amplification of the common-mode 
voltage vie, With factor Aye. By definition, the currents are the same in both cases, 
In other words, vjc is the common-mode input voltage required to compensate for the 
effect of offset voltage Voss. 

The relation between the CMRR, and the systematic offset v,., is obtained by 
Eq. (6-82) and Eq. (6-88), as given by 


CMRR, = — = 28m Ra SFor (6-89) 


As a result, we have two expressions for the CMRR, one that depends on random 
offset CMRR,, given by Eq. (6-85), and one given by systematic offset caused by a 
common-mode input drive CMRR,., given by Eq. (6-89). The resulting CMRR is then 
given by 

I 1 u 


ey 


== 6-90) 
CMRR ~ CMRR, ~ CMRR, Ge 


As a result, the smaller CMRR is always dominant, 


Example 6-10 


‘What is the systematic CMRR, for the input devices of the previous Example 6-8? 
Compare the result with the random CMRR, of Example 6-9. 


Solution. From Example 6-8 we take CMRR, = 2.7 x 10*, or 88 dB. Since 
CMRR, = 1741 ot 65 4B, we obtain a total CMRR of about 64 dB. The ran- 
dom CMRR, thus is dominant. 


This leads to the interesting conclusion that the total of the CMRR depends on 
the way it is calculated or measured. From a SPICE run, or a hand calculation (in 
which no deltas are introduced), only values for the systematic offset v,,, and CMRR, 
can be obtained. The DC systematic offset is obtained as the DC input voltage to 
bbe applied to create the output current or voltage zero. Both and Ay 
can be obtained separately from SPICE. Their ratio is the CMRR,, Remember that 
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for a purely differential drive, no AC current flows in the current source such that 
CMRR, = 00. This is one method to separate the effects of random and systematic 
offset at intermediate frequencies. 

‘The random offset and CMRR, can only be evaluated by introduction of AVr, 
ARL/ Ri, of AK/K. 

From measurements, total values of offset and CMRR are obtained, which are 
combinations of the two other ones. 


6-5-9 CMAR Versus Frequency 


Random CMRR and systematic CMRR are only present if current is flowing in Ry (see 

Fig. 6-27). Thus, they are influenced by the capacitances at the circuit nodes. Two of 

the capacitances play an important role: they are the capacitance across Ry denoted by 

Cp and the capacitance across transistor T3. The latter causes the nondominant pole 

Jus inthe Agy characteristic. The first, however, causes a zero in the Age characteristic. 
The zero due to Cy is given by 


s (6-91) 


Both gains are shown in Fig. 6-28. The dominant pole fz occurs in both charac- 
teristics. The resulting CMRR ily obtained by division of Aga by Age. Iti 
also shown in Fig. 6-28. The —3 dB frequency for the CMRR thus is also fn. It 
Vitelly important to realize current sources with very low output capacitance Cp, if 
high CMRR is required at high frequencies. 


6-5-10 Offset and CMAR of the Miller CMOS OTA 


For the Miller CMOS OTA, the DC systematic offset caused by DC biasing is caleu- 
lated first, It is easily obtained from Table 6-7, with the DC voltage levels at all nodes. 
‘The difference in voltage between nodes 1 and 2 of the first stage is only 30 mV. 
Since the gain Ayyo of the first stage is about 250 (see Eq. (6-18)), the DC systematic 
“offset is only about 30/250 ~ 0.1 mV. It thus is negligible. 

In order to find the random offset, asymmetry must be introduced, Assume, for 
example, that the difference between the transconductances of the input transistors is 
‘a mere | percent. ‘This can be caused by a relative error of 1 percent in K or by a 
difference of a few mV’s in Vr, or by a combination of both. 

In the case of only a relative error of 1 percent in K, the random offset is ea 
obtained from Eq. 6-73 10 be Voyr = 1.7 mY, since for the input transistors the values 
of Vos — Vr = 0.34 V, as given in Table 6-2. 

‘The corresponding CMRR, then can be obtained from Eq. (6-85), provided the 
output resistance Re is known for the current source transistor 17, This value is again 
given by Table 6-2 to be Ry = 77 MQ. Since fq = 2.5 WA, the product Vase » 
CMRR, = 192 V. Hence, CMRR, = 1.13 x 10° or 101 dB. This is the low-frequency 
value. It is quite large because we have assumed only | percent variation in K. 


IGURE 6.28 
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‘The CMRR, as a result of common-mode input drive is given by Eq. (6-89). All 
values are easily obtained from Table 6-2. As a result, CMRR, = 1/2 x 577 x 1717 = 
4,95 x 10°, or 114 dB. The resultant CMRR at low frequencies is then obtained from 
Eq? (6-90) and given by 87100 or 98.8 dB. 

‘At high frequencies, the capacitance from node 3 to ground (see Fig. 6-4) begins 
to play an important role. Let us call this capacitance C3. It has a value 


¢ 


in which Cyem is the well-to-substrate capacitance of the input transistors. Its value 
is 0.17 pF at 0 V (see parameter in Table 6-1), and 0.1 pF at 1.26 V biasing voltage 
in the circuit. Capacitance Cpg7 = 34 IF (see Table 6-2). The resultant value of C3 
thus is 0.134 pF. 


= Cpar + Creat 


550 _ DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


Capacitance Cyo on node 2 plays a role as well. Its value has been calculated 
before to be 0.17 pF (see Table 6-7). Both capacitances Cs and Cyo control: the 
CMRR behavior at high frequencies. Their ratio Ci2/C3 = 1.26. 

‘Taking into account Ag,; and the systematic offset, the total CMRR versus fre- 
quency is obtained from straightforward analysis. It is given by 


(6-93) 
with 


exer 


2 gna 


and 


This expression is now evaluated for either random offset or for systematic offset 
only. 


Systematic Offset Only if random offset is zero. ie..if Agqy = 0,then Eq, (6-93) 
can be simplified to 


CMRR, 


(6-94) 


+n, 


8) + FisGu2s) 


33 MQ (see Table 6-2). At low frequent 
corresponds to Eq. (6-89). The two poles are clearly distinguished. They correspond 
to the two capacitances C3 and C,2. For capacitance C3. one pole occurs at 15.4 kHz 
and the other at 28 kHz. 


roduced such that 


Random Offset Only If Agu: is i 


Agmi . $013 


Smt Sd 


which is 0.29 percent and 0.37 percent respectively, then Eq. (6-93) can be simy 
fied to 


(6-95) 


For relatively large random offset (if Agni/so1 = 1 percent), the low frequency 
value is 1.25 x 10° or 102 dB. As shown in (6-95), the pole then no longer 
depends on Agmi. It has become constant, with a time constant r1C3, corresponding 
to 7 kHz, 


FIGURE 6-29 
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The characteristics of the common-mode gain and the resultant CMRR, for 
Agmi/8m1 = 1 percent, are shown in Fig. 6-29a and 6-29h, They have been cal- 
culated with SPICE. It is clear that around 10 kHz the CMRR starts rolling off. It iy 
the slope of the roll off, since both CMRR, and CMRR, 


not clear, however, which 
play a role. 


65-11 
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Design for Low Offset and Drift 


The effects of random offset can be minimized by design and layout rules, It has been 
previously indicated that in a differential pair, transistors must be designed with a 
small value of Ves — Vr (see Eq. (6-73)). For transistors in a current mirror, however, 
a large value of Ves — Vr must be taken (see Eq. (6-75)). In this section, attention is 
paid to the reduction of the deltas themselves by means of layout rules. 

Two kinds of errors can cause mismatch: global errors and local errors. (Laks 
mikumar, Hadaway. and Copeland 1989). Global errors are associated with changes 
of underetching over the wafer. of diffusion depths, etc. Local errors are associated 
with the definition of the line ed s can be jagged, rounded 
off, distorted, etc. The importance of local errors always decreases with the size of the 
device dimensions. which is not necessarily the case with global errors. In a simple 
model, the effect of local errors decreases with the dimensions of the device, whereas 
the effect of the global errors is constant. For example, the deviation of Vr can be 
described by 


(6-96) 


AVr = AVro\/ P. 
piste) WL 


in which Py and Pj.< are proportionality constants errors and local 
errors, respectively. Their value must be extracted from experimental data, 

For resistances. the curves with experimental data are given in Fig. 2-31. For 
capacitances, the curves are given in Fig. 2-34. Large sizes are thus used to reduce 
the effects of mismatch. 

Several other layout design rules can be distinguished as well. They are a result 
of the experience of many analog designers and have been collected from various 
sources. They can be described in the following sequence: 


1 Only try to match devices of equal nature. Do not match MOSTS with JFETs, 
jon-implanted ones, nor MOS capacitances with diffused 


ones, ete. 

2 The devices to be matched must operate on the same temperature. Power de- 
vices present on the chip are sources of heat and they generate thermal gradients 
(see Fig. 6-30). For this reason, it is important to know the isotherms (lines of equal 
temperature) on the chip and to realign the devices on the same isotherm, i.e., on & 
line of constant temperature. 

3 Increasing the size of the devices for better matching is always a good option. 

4 Lay out the devices at a minimum distance from each other. This may not be 
as important for resistances as it is for capacitances and hence it is also important for 
MOST’s, because of the large contribution of global errors. 

5 Lay out devices with the same orientation with respect to the silicon crystal, 
putting them in parallel (see Fig. 6-31) such that the currents take the same direction. 
MOSTs have slightly different mobilities in different orientations. 

6 Alll devices to be matched must have the same area to perimeter ratio. In this 
way, they have tie same ratio of global to local errors, which optimizes matching, 
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FIGURE 6-30 Chip layout with isotherms. 
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FIGURE 6-31 Matched transistor pairs in increasing order of matching. 


For example, consider a current mirror with a ratio of two. It is better to take 1wo 
imes the same transistor than to take a single transistor with double width W (see 
Fig. 6-32). 

7 Itis easier to match round devices than square devi 
of comers, given the uncertainty involved and thus the potential for mismatch, For 
the same reason, the number of bends and comers in the connections between pairs 
must be the same, This rule is especially applicable for lateral pup transistors. 

8 Try a centroid layout for the devices to be matched, An example of a centroid 
layout for a differential pair is illustrated in Fig. 6-33. Both transistors of the dif- 
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ferential pair are doubled and connected pairwise in parallel. In this manner, global 
errors are averaged out. However, care must be taken to avoid differences in source 
resistance, Only one resi ided in the drain of Tla to realize a crossover. 
In Fig. 6-34, a centroid layout is shown for a eapacitor array, Al squares 
represent unit capacitances wcitance is marked with a cross. All ca 
ances that are equally hatehed are put in parallel and they thus form capacitance 


nce is 


FIGURE 6-33 Cross-coupled differential par. 
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FIGURE 6-34 Capacitor array in centroid layout 


ratios with the binary ratios of 1-2 Note that the point of gravity is the 
same; always in the middle of the central capacitance (crossed in Fig. 6-34) 

9 Add dummy devices at both ends of a series of equal devices, The first and the 
last devices in a series have different etch effects and are mismatched. (see Fig. 6-32). 
Also, add a dummy ring around or or capacitor bank (see Fig. 2-35), 

10 We show in the next section that a pair of bipolar transistors have a AVnp 
that is always about a factor of ten smaller than for a pair of equal-sized MOSTS, 
‘Thus, the use of bipolar transistors is recommended whenever matching iy required. 
OF course, this design rule may only be of importance in a BIMOS process. 

11 If design rules are not sufficient to reduce mismatch, trimming must be applied 
‘Three kinds of trimming are available (Grebene 1984); 


2 


# A laser can be used to trim one of the load resistances (see Fig, 6-34), 
In this way, a AR, is introduced to compensate for a AV; or AK. This only 
works at one specific point of biasing and temperature and thus the drift is 
unpredictable 
# Diodes can be applied in parallel to parts of the loud resistance, “Zap- 
ping” some of these diodes allows the designer to short out parts of that resis- 
. tance, z 
© Fuses can be applied in parallel to parts of the load resistance. ¢ 
a thin aluminum strip. A large current through the fuse causes the aluminum 
to melt, which in turn opens the connection. 


fuse is 


Trimming must be cartied out on a per device basis and is thus costly, As a 
consequence, designs that avoid trimming are preferred. 
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6-5-12 Offset in JFET Differential Amplifiers 
JFETS can easily replace MOSTs in a differential pair (see Fig. 6-24a). In fact, models 
for JFETS and MOSTS are very similar. The single significant alteration is that the 
threshold voltage Vz must be replaced by the pinchoff voltage Vp (see Eq. ( 
It is thus sufficient to investigate the random offset caused by the pincholT voltage 
(given by Eq. (1-48)). 
Taking the derivative of Vp to Nq and a gives 


+ rit) (6-97) 


Both Ny and a are accurately controlled by means of ion-implantation. As a result, 
the relative deviations are of the order of 1 to 2 percent. A Vp of about | V thus 
yields offsets that are less than 10 mV. This is a lot lower than what can be achieved 
‘with MOSTs, and of the same order of magnitude of what can he realized with bipolar 
transistors. 

Note that diffused JFETS are much worse in this respect, because a diffusion step is 
less controllable than an ion-implant. the relative deviations are an order of magnitude 
worse, as are the offsets. 


6-5-13 Offset and CMA in Bipolar Differential Amplifiers 


Until this point, the mismatch characteristics have been examined for a differential am- 
plifier with only MOSTS and JFETS. With bipolar transistors, a similar aecount ean be 
given. Again, both random and systematic offset occurs and. as before, systematic off- 
set can be made negligible by appropriate design (and will thus not be repeated). Ran- 
dom offset on the other hand determines the CMRR,.. It can thus be coneluded that the 
treatment for a bipolar differential pair is very similar for the MOST differential pair, 

However, the bipolar transistor is modelea by different parameters and the collector 
current is modeled by saturation current [es (see Chap, 2). Moreover, the bipolar 
transistor needs a finite input bias current, i.., the base current, ‘This current is modeled 
by the beta of the transistor. For this reason, we need to investigate how these two 
parameters determine the random offset Vo, and eventually the CMRR, 


Random Offset A bipolar differential pair is depicted in Mismatches, 
which cause random offset, have been introduced by means of Ales, AB and AR, 
Their contribution to the random offset Vaer can be calculated in exactly the same 
way as for MOST transistors. 

For a voltage drive, the input bias currents, and hence the fs, do not play a role. 
‘As a result, AB can also be left out. The resultant expression of the offset voltage is 
given by 


ok Ale: AR, 
Voy aT (te, a) 


a Tes R; (698) 


FIGURE 6-35 
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Bipolar differential pair with mismatches. 


in which Alcs is the mismatch in saturation current Ics, mainly due to variations 
in base charge Qp and in emitter area Ag. For a Alcs of 5 percent and in Ry of 1 
percent, its value is about 1,5 mV. This value is a lot smaller than for a MOST. The 
‘main reason is that the offset is now only proportional to &T'/q (* 26 mV), whereas 
for a MOST the offset is proportional to Ves — Vr. which is usually around 0.2 10 
05 V. As a result, the offset of the bipolar transistor pair is an order of magnitude 
smaller than for a MOST pair. 

If the source resistances or the base res 


stance rg are large, then misma 


also plays a role. In this case, a term must be added to Eq. (6-98), given by 
AB 
Youre = rata (6-99) 


in which [pp is the base current. This may especially show up for lateral pnp”s, where 
the betas are lower and the base resistances higher. 


Relationship Between Offset and CMRR The random offset Vj,- of a bipolar 
transistor pair is related to the CMRR,, by a simple expression similar to the expression 
found in Eq. (6-87) for a MOST differential pair. For a bipolar transistor pair, it is 
easy to show that the product of random offset and CMRR is given by 


Vine CMRR, (6-100a) 
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in which Rp is the output resistance of the current source (see 
transistor current source is used, such that Rp =r) = Ve/Ic- 
however, Eq. (6-100a) can be further simplified to 


ig. 6-35). A single- 
ince gm = qlc/kT, 


Vour « CMRR, = Ve (6-100) 


For a typical 600 MHz bipolar process, Vp * 35 V. As a result, for Vaye = 1.5 mV, 
the CMRR, ~ 23,000 (87 dB). This is a representative value for bipolar transistor 
differential amplifiers and operational amplifiers. It is typically 20 dB (ten times) larger 
than for MOST differential pairs, because the offset is typically ten times smaller, 

Remember that the systematic offset has been made negligible by proper design 
(or symmetry). 


Example 6-11 
Consider a transistor Ve = 35 V and ra = 300 Q. Its base current is 100 nA, 


‘Take 10 percent mismatch in beta and 5 percent for the other ones. What random 
offset and CMRR are expected? 


Solution. dition (6-98) gives V., = 3.9 mY, if all mismatches add up (which 
is never the case). Equation (6-99) gives only Voges = 3 11V, which is negligible, 
‘The CMRR, is obtained from Eq. (6-100b) and is approximately 9000 or 79 dB. 


Offset Drift The drift of the offset versus temperature is easily obtained from 
Eq. (6-98) by taking the derivative with respect to temperature. It is given by 

AVour 

Tees oa: 


(6-101) 


which is only about 5 eV/°C for the example with 1.5 mV offset. This is a small 
value compared to MOSTS. 

More importantly, the offset drift A Vpy-/T is proportional to the offset Vos itself. 
Techniques to reduce random offset thus also reduce the drift. They can both be made 
small with the same effort. This is a considerable advantage over MOSTs, where offset 
and drift are not related and thus bipolar transistors are by far the best option if good 
performance in offset and drift are required. 


65-14 Blas Current, Offset and Drift 
In contrast with MOSTS, bipolar transistors require input biasing currents. These are 
the DC base currents that flow into the base if npn transistors are used (see Fig. 6-36). 
‘They flow out of the base if pnp transistors are used. They depend on the betas of the 
bipolar transistors and thus also on the temperature. 
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FIGURE 6-36 Bias currents in bipolar diferontial pair. 


‘The bias current Is of a bipolar differential pair (or a bipolar operational amplifier) 
is then simply defined as base current Ing or fe/B. The bias current offset Ios is the 
difference in bias current between the two inputs, 


lke (= , “\ (6-102) 
RP 


Thos 


é 


A typical value of relative error on f is 10 percent, The offset fix, is thus about 10 
percent of the current Mins. 

For a pure voltage drive, the effect of parameter f is negligible, but this is not 
the case for precision applications, In Chap. 5, the effect of a bias current on pre 
gain is investigated, In this type of application, an op amp is preferred with MC 
or JFETs in the input stage, as no bias current flows and the gain is very 
Alternatives are discussed in the next paragraph, 


Ts 


Design for Low Input Bias Current For high precision applications, it is not 
sufficient to select MOSTS or JFETs as input devices. The input bias currents are low 
* but the errors due to offset are larger. This issue requires farther inyestigatio 
‘The input bias currents are compared for bipolar transistors, MOSTs, and JFETS 
Fig 6-37. The bias current is highest for a conventional bipolar transistor. It 
decreases with temperature, however, because f increases with temperature (about 
0.7 percent/*C). To decrease the bias current, superbeta bipolar transistors are intro- 
duced. They have values of about 2000 to 5000 but they have breakdown voltages of 
che mrawdwolts| (aes Chap). Sumerbelacbinalar transiiersecuire di deener eniit- 


FIGURE 6-97 
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ter diffusion, which is a modification in stan 
lable. 

A JFET seems to be a good alternative. However, this is only true at room tem- 
perature, At high temperatures, the junction reverse current of the gate doubles about 
every 8°C (see Fig, 6-37) and thus becomes quite high at high temperatures. Only 
MOST perform better at all temperatures, provided they are not equipped with pro- 
tection diodes, which have similar junction reverse currents as the input gates of the 
JFETS. 

While MOSTS provide very low bias currents, they also provide the highest offset. 
For low offset, bipolar transistors must be used. In order to reduce the bias currents, 
superbeta transistors must be added to the process. Circuit tricks can also be used 10 
reduce the bias currents, examples of which are given in Fig, 6-38. 

In the first example (from op amp OP27), the current is measured in the collector 
(1s/2) by transistor T4, Its base current (J9/2f) is mirrored by the pnp current mirror 
TS-T6 and provided to the input terminal, where it equals the bias current required 
(/n/2B). Mismatches limit the bias current of this current compensation scheme to 
about 5 to 10 percent. Moreover, the noise performance is bad because too many 
transistors are used on both sides. 

A better altemative (also from op amp OP27) is shown in Fig. 6-38. The current 
is now derived from a separate current source with value J /2. The base currents are 
derived from transistors T3-T4 and mirrored by T5-T6-T7 to the input terminals. With 
these techniques, the input biasing currents can be reduced by approximately a factor 
of ten, Mismatch prohibits further reductions. 


wrd processing and thus may not be 
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FIGURE 6-38 Bias current compensation according to (a) op amp OPO7 and (b) op amp OP27. 


Another important difference between these circuits is that the compensation circuit 
in Fig. 6-38a provides local (differential) feedback, whereas the one in Fig. 6-38) 
provides common-mode feedback, i.c., the stability conditions are different, 
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6-6 POWER SUPPLY REJECTION RATIO 


In modern IC designs, analog and digital functions are joined together on the s 
chip, and as a result, interaction is possible between both parts, This interaction co 
sists of spikes, which are generated by clocks (from digital parts or from switched 
capacitor circuits), by output drivers, ete. Spikes are generated on the supply lines, on 
ground, and on the substrate. ‘These spikes are easily coupled to the analog circuits 
One of the important characteristics of modem analog blocks is their insensitivity to 
spikes on the supply fines. This is expressed by their Power Supply Rejection Ratios 
(PSRRS). 

If we reduce the power consumption of analog blocks, the impedance levels at their 
terminals increase, as does their sensitivity to spurious signals. Spikes on the supply 
lines are therefore detected much more easily, ‘This is second reason to worry about 
PSRR; The more this ratio becomes degraded, the less power becomes available. 

One of the peculiar difficulties associated with PSRR is that high values of PSRR can 
be obtained at low frequencies but not at high frequencies. However, it is especially 
at high frequencies that a high PSRR is required. The spikes on the power supply 
lines are short time spikes and thus contain many high frequency components, As a 
consequence, a high PSRR at only intermediate and high frequencies is required. 

Hand calculations of PSRR pose several problems. One such problem is that with 
the positive power supply line as an AC input, many connections are made to that 
input. Hence, we must deal with a multiple input amplifier, which we do not often 
analyze. The hand calculations yield expressions that easily become cumbersome. 
‘The use of SPICE is of no help here because the role of each transistor parameter is 
hidden by numbers. As a result, only symbolic analysis is useful to study PSRR. Such 
a simulator is ISAAC Gielen and Sansen 1991), In fact, 
this section have been generated and verified by means of ISAAC. 

In this section, we analyze the PSRR of several elementary amplifiers. The simple 
CMOS OTA is analyzed first, followed by the Miller CMOS OTA. 

An amplifier has several terminals: one oF two for the input, one for the output, one 
connected to the positive power supply line and one connected to the negative power 
supply line, For all of them, a common ground is used as a reference terminal, For 
each terminal, a gain can be defined to the output terminal, For the input terminal, this 
is the voltage gain Ay. For the positive power supply Vio, the gain App = vour/Ypp. 
For the negative power supply Vss. the gain is Ass = vour/uss. 

We want the gains Aypp and Ags to be low in comparison to Ay. In analogy to the 
definition of the CMRR, the PSRR pp and PSRRss can be di 


‘ame 


several expressions used in 


fined as 


Ay _ Your Yoo _ Yop 


PSRR op = as (6-103a) 
ap RRR aN 
Li aca 

PSRRs5 = = PE TSS OSS (6-103) 
Ass" UN Your Up 


The different gains are now calculated in order to evaluate the PSRR’s (Steyaert 
and Sansen 1992). 
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6-6-1 PSARpp of a Simple CMOS OTA 
A simple CMOS OTA consists of a differential input stage with an active load. The 
scheme of Fig. 6-39 has been copied from Fig. 6-la. Only the capacitance Cy, is 
present as a load. The ideal current source has been replaced by a real one, formed 
by a simple current mirror. which is driven by a current source 7. 

Several characteristics are already known for this OTA: the gain Ay, the bandwidth 
BW, and the gain-bandwidth GBW. These characteristics are taken from Sec. 6-1 


PSRRpp wnces With Vip as an input terminal, the 
circuit can be simplified to the one show ig. 6-40q. The input devices TI and T 
are simply replaced by their output resistances r and ro. Also, the current source is 
replaced by its output resistance rua. 

From this circuit, a small an be derived, shown in 
Fig. 6-40b. Transistor 73 is replaced by 1/gq) and transistor’T4 is replaced by an ideal 
ccurrent dependent current generator j. Moreover, we have assumed that Ry. > 
Under the assumption that gus 2> gou/2sthe gain App is obtained from straightfor- 
ward analys 


(6-104) 


FIGURE 6-99 Simple CMOS OTA. 


| 
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FIGURE 6-40 


< Ke 
o 


(a) Equivalent circuit of simple CMOS OTA for calculation of PSR pp. (b) Smallsignal equivalent 
circuit of Fig, 6-402. 


in which 


circuit 

‘The gain characteristics Ay and 
and for fy = 10 cA, which yields gn = 63.2 pS and gprs = 0.444 0S. 
Aw = 142. ‘The BW and GBW are, respectively, 14 Kt 


frequency of the App is thus also BW 


PSRR op = 

Apo 
ant because the break frequencies (i 
Fig. 6-49). The PSRR pp is thus 
beyond GBW , Of course. this i 
hitherto been omitted. 

For the calculations in Eqs, 6-104 and 6-105, we have used voltage gain, In the sub- 
sequent calculations, however, we will use transconductance, as simpler calculations 
result, To illustrate this point, we will repeat the calculations above with transconduc- 
tances and then proceed to more complex derivation: 

‘The output current through load capacitance C;, is now taken as the output quantity 
rather than the output voltage (see Fig, 6-40). Of course, we can only do that provided 
the current through C;, is larger than the current through gj2s. This is the case for all 
frequencies larger than the BW. These analyses thus always assume that we are on!y 
interested in frequencies larger than the BW. 


(6-105) 


the BW) in both Ay and App are 
large and constant up to frequencies 
only possible because the parasitic capacitances have 


100 
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FIGURE 6-41 
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CMOS OTA. 


‘The output current through load capacitance C;, asa result of the input voltage, 


is 


imply gqu1- The output current through load capacitance C;, for the circuit of 


Fig. 6-400 is easily derived. as for Eq. (6-104). It is given by 


four 
Yop 


i (6-106) 


Bw 
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For intermediate and high frequencies, i.e., for all frequencies higher than BW, the 
above expression is reduced to g,2s. Both transconduetances are shown in Fig. 6-41, 
‘The PSRR ppiy is then given by 


PSRR poi (6-107) 


jou 


von 


The PSRR pp is also shown in Fig, 6-41), and it is obviously the same as in 
8: Ola. It is large and constant up to frequencies beyond GBW.. Do not forget. 
however, that this is because the coupling capacitances have been omitte 

‘The only difference between the PSRR of Fig. 6-414 and 6-410 is that in Fig, 41b, 
we have omitted the break frequency BW such that the calculations have become 
simpler. 

Let us now include all the 
the calculation 


itic and coupling capacitances, and repeat 


PSRRpp With Coupling Capa termediate and higher frequen- 
cies, all small capacitances of the transistors and of the interconnections come 
he most important ones are the coupling capacitances between the supply line Vip 
cl the output, because they are in parallel with g,as. ‘They are coupling capaci 
Crop and Cyspp between nodes 4 and 5, respectively, and the supply line Vipp (see 
Fig. 6-40a). They can be calculated partially from transistor geometries, Note that 
interconnect and other small witances must also be added and therefore Cysop 
and C,spp ate never precisely known, nor do they appear in the list of parameters in 
Table 6-2. 

It is readily verified that the easiest way to include the effect of these capacitances 
is to substitute gong by goa4 + (Cran + Caspo)s in the above expression 

‘The PSRR ppiy is now given by 


anc 


four 
PSRR, fli cell ae (6-108) 
Ot Tour ~ guns |, Cui + Cas o)s 

vp Bans 


which is valid for all frequencies higher than BW. It is also shown in Fig, 6-41, in 
which the curve is labeled “with Ceoup” where evidently Cooup = Cusp + Cnso0- 
‘The pole of the PSRR ppiy occurs at the frequency fpp, which is given by 


8s 
ue ——— 6-109) 
122" 3a (Cniov + Caso) ia 


If we assume Cnspp and Cysop = 0.2 pF, then break frequency fp is about 177 
kHz, as shown in Fig. 6-415. 
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At high frequencies, i.e., at frequencies higher than fyy. the PSRR is denoted by 
PSRR pow and is given by 


PSRR pon = SO 6-110) 
EDM EO eh Pane 


Of particular importance is the PSRR yy obtained at the frequency of the GBW itselt, 
which is the maximum useful frequency of that circuit, Remember that the GBW is 


given by 
caw = Se (111) 
Cis 
such that the PSRR at GBW is given by 
PSRRop.caw 11 


Indeed, gm1 occurs in both PSRR yoy, and GBI. By taki 
normalized PSRR pp at high frequencies is obtained. Also, the frequency dependence 
is taken out and it is thus an excellent measure for PSRR at high requencies. 

Using the above values, the value of PSRR po,cmw is $/0.4 = 12.5 or 22 dB. While 
this is not a large value, remember that this is at 2 MHz. It is proportionally larger at 
lower frequencies (see Fig. 6-41). 


So) OUl in this way, a 


6-6-2 PSARss of a Simple CMOS OTA 


In order to evaluate the PSRRss, we again refer to Fig. 6-39. The gain of the Vss 
supply to the output is the product of two gain factors. They are 


© the current iss at the output of the current mirror as a result of vss. and 
4 the output current four as a result of current iss. 


acitance 


To simplify the expressior calculate the current through load cap 
Cz. This is valid for frequencies larger than BW = 14 kHz, 
The driving current / of the current mirror is ideal. It is a pure DC current source. 
Hence, no AC current flows into T6. As a result. the only AC current that can How 
through TS is through its output resistance r,s. The current iys caused by vss is simply 
+ given by 


(6-113) 


If the differential stage is perfectly symmetrical, the output current fou-y caused by 
iss is zero. In this case, the gain Ags is zero and PSRRss is infinity. 
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However, if we assume mismatches in the input transistors, i.e. if the input tran- 
lors have different transconductances, then the current ratio is given by 


jour 


; (6-114) 
iss 


‘The resulting PSRRssiy is thus given by 


jour 


PSRRssiz (6-115) 


(6-116) 


and the PSRRssiz changes accor 

Equation (6-115) shows that the PSRRss is usually much larger than the PSRR pp. 
Both cont Sm/8o. which corresponds to the gain of the amp! 
‘The PSRRss, however, is increased by the inverse mismatch ratio, which is 100 for 
1 percent mismatch, 

At high frequencies, coupling capacitances must be introduced, The most important 
one is coupling capacitance C,s5s i.e., the coupling capacitance between node 3 
supply line Vss. It shunts gos at frequencies higher than fss, given by 


ss = (6-117) 


2Cass 
At this frequency, the PSRRss starts rolling off. 
Note that for both input transistors, the bulks are connected to the sources, If thi 


is not the case, then the bulk transconductances are mismatched as well. The total 
expression of the PSRRssiy is then given by 


Sot 1 

(gos + Cuass)s Ami, A8mi 
st 

gmt” 2Smnt 


(6-118) 


‘The worst mismatch determines the PSRRssiy. Do not forget that the signs have 
been taken arbitrarily. The sign of the mismatches are impossible to predict. 
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At high frequencies, the PSRR ss,cnw is given by 


Cu 
Grass M8mn 


PSRRss.cow = (6-119) 


if both input transistors are in the same well. The PSRRss.caw depends on both the 
capacitive ratio and on matching and is thus hard to predict 


Example 6-12 


Calculate the break frequency fss and the PSRRss.cmw for Cr = 5 pF if 5 percent 
mismatch is present in input transconductance (GBW = 2MHz). The current source 
has an output resistance of 2 MQ in parallel with 0.2 pF. 


4 MHz. At the GBW. PSRRss.caw = 2000, 
ce of the 


Solution. From Eq. (6-117), fss 
or 66 GB. This is an excellent result because of the small output capac 
current source. 


Equation (6-119) provides the PSRR at the GBW frequency as a result of a small 
coupling capacitance to the common source point of the differential pair (node 3 in 
Fig. 6-39). However, there is another capacitance at that point that is as important: the 
capacitance Cyey between the common well and the substrate. Indeed, it is aly 
advantageous to put input transistors in a common well for better matching. As a result, 
the common source point is connected to that well, which has a large capacitance with 
Fespect to the substrate 

‘The well for nMOSTs (see Fig. 6-39) is of the p-type and the substrate is of the 
n-type, Tt must be connected to the positive power supply. We thus obtain another 
expression for the PSRR pp, which is of the same nature as the PSRRss. given in 
Eq, (6-119). It is given by 


PSRR pow.caw = (6-120) 


Coen Ami 


Its value obviously depends on the minimum value of Cyqi that can be achieved. 
In Eq. (6-92), we have used a value of Cyei = 0.1 pF. The values of Example 6-7 
then yield PSRR ppw.caw = 72 4B, which is an excellent result. Unless Cun is larg 
the PSRRppw,cow can be neglected with respect to the PSRR pp.caw of Eq, (6-112 
which was only 22 dB. 


6-6-3 PSRRpp of the Miller CMOS OTA 
The schematic of the Miller OTA is shown in Fig. 6-4, We must calculate the output 
Voltage vour as a result of variations in Vp, denoted by vpp. Two different inputs 
are connected to Vpp, and they allow currents through transistors T7 and TS. The 
contributions of two different currents are calculated to find voy and the PSRR yp. 


870 + 
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Current Through ‘Transistor T7 ‘Transistor T7 serves as a current source. Be- 
cause its vgs has no AC component, the transistor can only carry AC current through 
5 output conductance gy7. If we assume that all mismatches are contained in the 
the same as for the current source of the simple CMOS 


The current ioury through transistor T7 due to vpp is determined by r7 and the 
coupling capacitance Cyspp in parallel with it. A fraction Agni /2gmt Of this current 
reaches node 1, where it is amplified by a factor 1/C,s to contribute to the output 
voltage. The output voltage vour7 is given by 


vourr _ (gor + Cusp) ASm 
vop Cos 


(6-121) 


For this calculation we have assumed that the gain of the OTA can be simplified to 
Ay = gmi/Ccs. This is obviously only valid for frequencies larger than the open-loop 
bandwidth, which is about 230 Hz. (see Table 6-4) for this Miller OTA. 


Current Through Transistor TS The 
an output voltage, which is easy to calculate only if we know the impedance Zi. 
represented by the T6-C. combination as seen from its drain. We therefore calculate 
it separatel 

The equivalent circuit is shown in Fig, 6-42. Transistors T2 and T4 are replaced by 
their output conductance gins. The impedance Zo. = vse/ig: is approximately given 
by 


ae (6-122) 
& 


in which f:3 and fs have already been defined for calculation of the output impedance 
in Eq. (6-60). Both break frequencies are also listed in Table 6-4, For the Miller OTA. 
of the example, fi = 5.3 kHz and fay = 105 MHz. Note that in Eq. (6-122), g00. 
has been neglected with respect t0 gno. Indeed, go2s is only 0.03 4x8 (see Table 6-2) 
and gng is 246 4S. 

For intermediate frequencies larger than 5.3 kHz, the impedance Zo. can be sim- 
plified to 1/gn6. The compensation capacitance C, shorts drain and gate together. As 
a result, the impedance of this diode-connected MOST is I/gn6- 

‘The effect of the current through TS is row easily calculated. This current is 
determined by ros and its parallel coupling capacitance C,spp between node 4 and 
the Vop supply line, The resulting output voltage is thus given by 


st Cua 
= Ses Cuspps (6-123) 
Yop Bn 


Yours 
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FIGURE 6-42 Equivalont crcl of Miler OTA forthe calculation of ; 
Impedance Zee a (a) 
and the resulting PSRR pp is given by 
Youry 
ee ee Sint 5 ae 
PSRR 0» = “jour + Tours = nahn mecca, 
OT NUTS (ar + Caps so Pr Cas 
Up Pent Sn 


ng the coefficients 


Its value at intermediate and high frequencies can be found by ta 
in s only, as given by 


PSRRowiy aa (6-1 
4 GADD 6, 
The high frequency PSRR pp caw’ is ultimately given by 
‘i i iS 
PSRR po.anw = ¢—z,—— (6-125b) 


Guapo S8mi 
ae 
Co Bm mie 


rmi/2aeC,. This is an excellent result, but it depends on matching. The 


since GBW = 
2 pF, 1.2 percent 


maximum value is gm6/Ros. Which is 403, or 52 dB. If Cusoo 
matching would be required to achieve this maximum value. 
* {At very low frequencies (mains, supply frequency. etc.) compensition capacitance 
= Ce cannot be regarded as a short. The low frequency component of Eq. (6-124) must 
then be modified (see Exercise 6-19) as given by 


Bor (Agni, Sons) , Sos 
48s, 


PSRRovo (6-126) 
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Let us take as an example the values of Table 6-2. The term go13/gna is only 
0.0029, The mismatch term Agmi/gmi is dominant in this expression. The value 
of PSRRppo varies, depending on the sign of the mismatch. If m2 > gmt by 1 
percent, then PSRR ppo = (—)8 x 10%, or 118 dB. In the opposite case, when gq < 
Smis PSRR poo = 1.4 X 108, or 83 dB. 


5-4 PSARgq of the Miller OTA 


We now calculate the output voltage vour as a result of vss. Since there are three 
inputs, three different currents must be calculated to find vour. Moreover, the input 
well capacitance is also connected to the Vss supply line, 


Current Through Transistor ‘T3- This transistor is connected as a diode. 
current through it is thus determined by r,1 and its pai 
pacitance is Cy2y, which is the parasitic coupling capacitan 
3, which mainly consists of Coa 
‘This current through transistor T3 flows through transistor T2 to node 1, where it 
implified by 1/C.s to reach the output, The output voltage is given by 


The 
le! capacitance, ‘T 
between nod 


sour (6-127) 


Current Through ‘Transistor T4 ‘The current is now determined by the output 
conductance gos of transistor ‘T4, in parallel with coupling capacitance Cyiss. ‘This 
curtent is also amplified by 1/C.s to reach the output. The output voltage is now 
given by 


Yours 
Uss Cs 


oa + Cnisss 


(6-128) 


Current Through T6 In order to gain insight into the effect of vss on the output 
voltage through T6 and capacitance C,, the simplified circuit of Fig, 6-43a is used. 
‘The first stage is represented by gy. The second stage is represented by a gain stage, 
with gain Ay = gnoR}., across which the compensation capacitance C. is applied. 
The output conductance goo Of the fitst stage is omitted, The error caused by this 
omission will be verified later. 

This an then be further simplified, as shown 
analysis yields 


. 6-430. Straightforward 


af 
Ce + Cuss 
SABC: 


FIGURE 6-43 
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(a) Equivalent circult of Miler OTA for PSRR ss; (b) simplilied equivalent circuits of Miller OTA tor 
Calculation of PSRRgs, and: (c) the simplest model. 


Cnss 


Even for small values of Aca, this expression yields at approximately unity. The signals 


caused 


vss of the negative power supply thus reach the output unattenuated. This 
by the compensation capacitance C,, which shorts drain to gate for these frequen: 
as shown in Fig. 6-43c. The resulting impedance of T6 is thus again 1/¢n¢. Our 
assumption that g,4 can be neglected is thus verified, and note that conductance g21 
is indeed much smaller than 1/g0s 


Current Due to the Input Well Capacitance The input MOSTs of the Miller 
OTA (see Fig. 6-4) are put in an n-well. To provide better matching, the s1-well is con- 
nected to the sources. A large well to substrate capacitance Cy. results between node 
3 and the p-type substrate, which is connected to the Vss supply line. Its contribution 

” must thus add up to the other three contributions. 

The current from uss is determined by the coupling capacitance Cyeu. A fraction 
Agmi/2gmi Of this current reaches node 1, where it is amplified by a factor 1/C,s to 
contribute to the output voltage. The output voltage voutwei is thus given by 


VouTwelt Geet A8mnt 
Pours 6-130) 
Uss. Ce fmt 30) 
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‘Thus, PSRRss consists of four contributions, and it is given by 


Sm 
(6-131) 
Giza + Guiss + Gwenn K 
since or = gine 
At intermediate and high frequencies, the PSRRssiy is given by 
gm 
PSRR ssi Pra —————— (6-132a) 
81 Gras + Cniss + Guans + COS 
Finally, at the GBW (= gmi/2xC,), the PSRRss,caw is given by 
PSRRss.co (6-132) 


To our surprise, this value is approximately unity. This result is nevertheless quite 
acceptable. At these frequ the compensation capacitance C, acts as a short 
citeuit. Hence, transistor 6 is connected as a diode, It thus represents only 1/¢n 
which is small compared to the load impedance. Note that signals on Vsy reach the 
Joad unattenuated. 

This is probably the most important disadvantage of the Miller OTA, Spurious 
signals on the negative power supply line reach the output without any rejection, 
‘and circuit modifications are required to remedy this problem. An example of this is 
provided in the next section, 

‘AL very low frequencies, compensation capacitance C, can no longer be regarded 
‘as a short circuit. The low frequency component of Eq. (6-130) is then modified (see 
Exercise 6-20) to 


(6-133) 


We will again use the values of Table 6-2 for the following example. The second 
term, rather than the mismatch term, is dominant in this expression. In this case, the 
PSRR sso is even larger than the open-loop gain. They would be the same if the load 
were fog and not Ry. 

Depending on the sign of the mismatch, the value of PSRRssy can vary slightly. 
If gma > m1 by 1 percent then PSRRsso = 9 x 108, or 99 dB. In the opposite case, 
PSRR sso = 3.7 x 10! or 91 dB. 

Results have been obtained with SPICE for both PSRR yp and PSRRss, and are 
given in Fig. 6-29. Mismatches of 1 percent are assumed between the transcondue- 
tances of the input transistors whenever necessary. Of note is the bad PSRRss, which 
is approximately unity around GBW (1 MHz). 
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TABLE 6-11 CHARACTERISTICS OF THE MILLER CMOS OTA 


Parameter Specifications Calculations SPICE 
lp 25 25 25 nA 
fotmacl#2.5 V) 30 277 277 WA 
Tolal active area 0.01 mm? 
Gaw 1.19 142 MHz 
SR 227 22 Wius 
Ao 74 74 dB 
PM 67 66 

Veus,max +208 v 
Veen +084 v 
Gal-) 04 oF 
Reuto 556 ko 
Output noise ve 134 1 Vans 
System offset on o1 mv 
Random offset (Agm = 1%) 47 16 mv 
CMR 988 988 dB 
PSRRo0 9 (Jat = 1-01 - gaa) 83 63 oB 
PSRRsso (Geni = 1-01 * Gna) 3 a dB 


Alll the characteristics of the Miller CMOS OTA are listed in Table 6-11, Some of 
them are repeated from Table 6-5. For the total active area, the layout of Fig. 6-44 (on 
the following page) has been used. In this layout, all transistors are easily recognizable 
by means of the dimensions given in Table 6-2. 

Now that we have fully analyzed the Miller OTA, we move on to the analysis 
of other configurations. Of course, we are unable in this text 10 cover these other 
configurations in the same depth as the Miller OTA. We thus limit ourselves to the 
expressions of the GBW and few other important characteristics. Of course, the reader 
is encouraged to develop the full set of characteristics, if so inclined. 

After the analysis of these configurations, we focus on some design options and 
discuss a number of existing op amp designs for the sake of illustration. 


6-7 DESIGN OF OTHER OTAS 
Until this point, we have discussed only the s 
CMOS OTA derived from it. Their input stage consists of a differential pair loaded 
by a current mirror. This load is thus very asymmetrical. Therefore, we may pre- 
fer the symmetrical CMOS OTA. which provides the same load to both input 
devices. 


imple CMOS OTA and the Miller 


6-7-1 Symmetrical CMOS OTA 
‘The circuit schematic of the CMOS OTA with symmetrical input stage is 
Fig. 6-45. The differential pair is formed by input transistors T| and T2, They drive 
their output currents in two transistors, T3 and T4, which are connected as diodes. 
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‘They are the inputs of two current mirrors with current muliplication factor B. Typical 
values are B = | to 3. The output current of transistor TS (see Fig. 6-45) is then 
mirrored once more in current mirror T7, T8, with B = 1, dicated, 


Gain of the Symmetrical CMOS OTA At nodes 4, 5, and 6, a diode connected 
FET js driven by a current source. A diode connected FET represents only a small 
signal resistance of 1/go, Whereas the current sources have an output resistance ry, 
which is much higher than 1/gq. As a result, at each of these nodes, the small-signal 
resistance with respect to ground is quite small, ic, 1/gn- 

‘The small-signal resistance is high only at the output node 7. It is formed by the 
two output resistances rg and rg in parallel. For equal values of rag = Pox, Output 
resistance Rour equals rop/2. On the other hand, the transconductance of the OTA is 
now a factor B higher than for the simple OTA, i.e., Bgmi- 


FIGURE 6-45 
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Symmetrical CMOS OTA (p-well. 


The voltage gain A, is then given by multiplication of the transconductance and 


Roun, or by 
Ms (6-134) 
ut 6-134) 
L}, 


after substitution of the MOST parameters (see Chap. 1), 

Note that factor B is not present in the expression of the gain A,.. The transconduc- 
tance increases B times, whereas Rovr decreases B times. Yet, in comparison with 
Ay in Eq, (6-3a), an additional design factor appears in Eg, (6-134), which is Lo. lis 
value can be taken as larger than L). The voltage gain A, can thus be increased by 
increasing the value of roq or Ls. With this additional degree of treeddom the outptt 
resistance Rour and the voltage gain Ay can be increased without affecting the OTA 
transconductance. 

Up until this point, the total gain Ay of the OTA has been considered. The gain of 
the first stage Ay, alone is important as well, as it determines the noise performance 
of the OTA. It is given by the ratio of (vs — ¥%4)/a4y1, If vyx2 is grounded, It is found 
by inspection (see Sec, 6-1) to be 


W/L): 
(W/L)y 


Sat (6-135) 
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For low noise purposes, we must ensure that the noise of the input stage is dominant 
over the noise of the output transistors referred to the input. Therefore, the gain must 
be larger than unity. i.c.. the gain must have a minimum value of three, the reasons 
for which will be explained shortly. 

‘As a result, a new design constraint can be introduced. For a given value of (W/L). 
the value of (W/L)s must be smaller than 0.22 (W/L), if Kj/K), * 2 


GBW of the al CMOS OTA The values of the dominant and non- 
dominant poles can be determined, as well as the value of the GBW, in much the 
same way in which they were determined for a simple OTA. However, since more 
nodes are carrying signal voltages, more nondominant poles are present. They must 
be shifted to sufficiently high frequencies in order to ensure a phase margin of more 
than 60°. 

‘The dominant pole fy is evidently realized at node 7, which exhibits the highest 
resistance, ie., Rovr. Its value is given by 


1 


Fe Se RoC HE 


(6-136) 


in which Cy7 includes all capaci 
Fig. 6 


lances connected to node 7, due to the OTA (see 
5). The value of GBW is given by 


VOR Te VOTE 
Cnr 


(6-137) 


3a (Cn + C1) 


after substitution of the MOST parameters, 

In comparison with the GBW of the simple 0 en by Eqs. (6-2a) and 
(6-7b), the GBW of the symmetrical OTA is B times larger. Note, however, that 
the total current consumption is (B+ 1) times larger as well. The value of GBW is 
thus increased, but at the expense of more current consumption. 

‘On the other hand, let us not forget that the increased symmetry of the input stage 
‘an additional advantage, which has not yet been represented by numbers. This will be 
done later. In order to be able to effectively use this value of GBW, the nondominant 
poles are evaluated first. The calculation of the phase margin will show that the factor 
of B can never be made large. 


Phase Margin PM of the Symmetrical CMOS OTA Nondominant poles occur 
at all other nodes, i.c., at aodes 4, 5, and 6, due to the capacitances on these nodes. 
Nodes 4 and 5 carry smalll signals, which have the same amplitude but the opposite 
phase. Therefore, the poles at nodes 4 and 5 are the same. Together, they form one 
single nondominant pole fyis (see also App. 6-1). 
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Itis found by inspection and is given by 


Soot V2Ki la OWED 


2xCs ox 


(6-138) 


Sas © 


aS. 


The other nondominant pole occurs at node 6, i. faaos but acts on only half of the 
output signal. Indeed, only the current flowing in T3, TS, T7, and TS is subject to 
this pole. A thorough analysis (see App. 6-1) shows that, when a pole acts on only 
half of the signal, a zero must be added at twice the frequency. A pole-zero doublet 
is thus created. This pole is again found by inspection and is given by 


mr _ Kila SBOE 


x 139) 
huis * ae = (6-139) 
and fis = Saas 
‘The value of the phase margin PM is given by 
PM = 90° — gs — Goo (6-140) 
caw 
with @ys = arctan = arctan BAai ee 
and gas = arctan SOY — arctan SOM 
ns Suis Ins 


= arotan gf BOWED Cob arctan b [B/E _ Coo 
SMW); CL + On 2) (W/L; Cut Go 


after substitution of GW. fyes. and faio. Also Kj ~ 2K, and gain Ay has been 
taken from Eq. (6-135). 
Tt can be concluded that the phase margin PM can be increased by 


« decreasing node capacitances Cys and Cyg 
© decreasing B 


, © increasing (W/L); 


(provided we keep constant Ay; = 3 and constant C,). 

It is not acceptable to decrease B too much. Factor B is normally inereased to 
increase the slew rate (as we will see later in this section). A good compromise is 
B = 3. For a given Cy. this leaves us thus only (W/L); to play with to ensure 
sufficient phase margin. 

However the phase margin is not very sensitive to (IV/L)> because ¢ is only a 
very weak function of (W/L)7. As a result. other design plans may be more suitable, 
as-explained later. 
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Example 6-13 
‘Take a symmetrical OTA with fy 

L) =5 um and W, = 50 pm(K), 
gains and the GBW for C; = 10 pF. 


6 = 10mm, 
Calculate the 


Find the PM for (W/L) = 10 and Ayy = 3 if G,: 
B=. 


0.3 MHz, The PM = 90° — gs — Yno = 90° — 42° — 4.9? = 43.1°, 
the respective values are Royy = 8.3 M&, Bgmi = 63.3 418, but Ay 
same, For C, = 10 pF, GBW = 0.1 MHz, ‘The PM = 90° ~ 16,7 


‘The design plan is very similar to the plan for a simple OTA, Again, 
it is carried out in tWo steps. The GBW is determined at the dominant node, which is 
the output nox n by Eq. (6-137). Second, the ph zzin is determined by 
the two nondomin at the two other nodes, 

Assume that Cy, is given. For a given current Zy, a given (Vgsi — Vy). and a given 
GBW., the size of the input transistor (WW/L), is obtained from Eq, (6-137). ‘The sizes 
of the transistors (W/L), and (IV/L)7 must be such that the phase margin, given in 
Eq. (6-140), is sufficiently large. Two extra variables are added, je., the gain of the 
first stage Ay; and the current multiplier B. 

As a result, we have four variables fq, (W/L)1. (W/L)a, and (W/L); to satisty 
four specifications: GBW, PM, Ayi, and B, provided Cy, is given. An exact solution 
can thus be found. 

We can also relax the specifications. After all, B is present because of the slew 
rate and Ay) is present because of the noise, Let us first calculate these characteristics 
ly before we make a decision about the design phin, 


Slew Rate Again, for the symmetrical OTA, the slew 
oad cap: . The current ayailable to charge this ca 
slew rate is given by 


e is determined by the 
ance is now Bly. The 


ty 
=p 
C+ Cn 


SR 


(6-141) 


It is B times larger than the slew rate for the simple OTA, which yields a con- 
siderable advantage. Remember, however, that the current consumption was (B + 1) 
times larger as well, 


Noise Performance The total output noise voltage power dujy is the sum of the 
equivalent input noise voltage powers dig, of each transistor, multiplied by their gain 
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squared. The equivalent input noise voltage power dus, is then obtained by division 
of the total gain squared. This yields 


aig = 2a} +2 ( 


Bl ( eas 6-142: 
+3 |(&) « (6-142) 
Substitution of all dvz, by their expression SkTd//Feni yiekls 
ee [ss | (6-130) 
B Lem Sat a 


Note that the total equivalent input noise has been normalized to the equivalent 
input noise of one input transistor only. This is the so-called excess noise y 
Remembering that gui/gna = Avi and that guo/gna = B. the previous expression 


becomes 
Pie sm ene (ip [Richt (6- 
Au B \ K,(W/L)s 


n thus be reduced to the equivalent input noise 
of only the two input transistors, provided the gain of the first stage Ay is lar 
Since this impairs the stability, as shown by Eq. (6-140), is taken for 
Aoi, such as three to five. Increasing B helps, but it also reduces the phise mar 

A good compromise for B is one to three. 


43) 


The total equivalent input noise c: 


Example 6-14 
Calculate the excess noise and the total input noise voltage for the amplifier of 
Fig. 6-45, from Example 6-13 with B = 1 in unity gain contig output 
connected to a noninverting input terminal). Also, calculate the maximum signal 
“to-noise $/N. ratio for a sinusoidal output with a 2.5 V supply voltage. 


Solution. Since (W/L), = 10 and Ayy = 3, Eq. (6-135) yields (IV/L)s = 2.2: also, 
(W/L)s = (W/L)3 = 2.2 because B = 1. Hence, the total equivalent input noise 
voltage power is y =5.3 times that of only the input transistor, For this transistor 
Tl, gmi = 63.3 1S, which yields dvj = 1.75 x 10-16 V?/Hz and dij, = 9.3 x 
10-"® v2/Hz, For a bandwidth of 0.1 MHz with a single-pole characteristic, the 
noise bandwidth is 2/2 times as much (see Chap, 5), or 0.16 MHz. The equivalent 


FIGURE 6-46, 
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input noise is thus 1.5 x 10-! V2 or 12 j.Vpys. The peak output amplitude for a 
sine waveform is 2.5 V and its RMS value is 2.5/2 = 1.77 Vas. As a result, 
the maximum S/N ratio is 1.5 x 10%, or 103 dB. 


BICMOS Alternatives In a BICMOS process with an n-well, the symmetrical 
OTA can be realized 6-46, To obtain better matching, the sources of 
the input devices are connected to their common well. The input devices are MOST, 
because of the high input impedance and the high $R/GBIV ratio. The MOST current 
mirrors have been replaced by npn transistor mirrors, 

‘The advantages of using a BICMOS process are as follows. First, the minimum 
voltage across a bipolar transistor is only a few hundred mV’s, allowing a larger 
‘output swing, Second, the transconductance of a bipolar transistor is: smaller. ‘This 
auses the impedances at nodes 4 and 5 to be smaller, At these nodes, however, the 
aapacitance is higher because of the collector-to-substrate capacitances. As the main 
nondominant pole is determined at these nodes, it will depend on the actual values 
used, whether the phase margin is smaller or not, 

However, the noise performance will always be worse. The gain Ay) will probably 
be less than unity, giving rise to a large contribution by all transistors (see Eq. (143))). 
In the CMOS circuit, we can effectively timit the noise contributions to the noise of 
‘two input transistors only, which is the best that can be achieved with any differential 
circuit. 


as shown in Fi 


‘Symmetrical BICMOS OTA (r-well), 
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Note that current mirrors can be substituted by more complicated mirrors to increase 
the symmetry, Since this primarily involves the use of cascode transistors, we devote 
a separate section to this possibility 


6-7-2 Cascode Symmetrical CMOS OTA 


FIGURE 6-47 


In order to increase the open-loop gain and the symmetry, cascode transistors ean be 
added, Of course, cascodes can be aulded in any OTA circuit. As an ex 
add cascodes in the symmetrical CMOS OTA discussed in the previous section. The 
circuit schematic 6-47. Transistors M7 to M10 are cascode transistors. 
They are biased by a separate biasing network consisting of transistors M15 to MIS, 
the current in which is set by current source /y and transistor M14, 


imple, fet us 


Gain The only high impedance point in this circuit is the output node. All other 
such points are at a resistance level of I/go,. The output resistance Roxy consists of 
a resistance toward transistor M8, called Rovry(= 1/goury), and one toward MIO, 
called Rourin(= V/gourio), It is given by 


- (6-144) 
Sours + gourw 


Son 


Rou = 


with Bours 


Cascode symmetrical CMOS OTA (n-well) 
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and SouTi0 = 


Bmi0 + Santo 


‘The gain Ayo is thus 


ven by 
Awo = Smt Rour (6-145) 


Note that this circuit is realized in an n-well CMOS process. The n-well bulk of 
pMOST MB is connected to its source. This is not possible for n MOST MIO, however. 
‘As a result, gnpto appears in the expression of gocrio. Also, note that both gours and 
gourio can be made very small, yielding a very large output resistance Rour. This is 
a direct result of the use of the cascode transistors MS and M10. 


GBW and Phase Margin PM Since there is only one high impedance node, the 
GBW is simply given by 


(6-146) 


which is the same expression for the symmetrical OTA, except for the addition of 
Smpi- In order to be able to effectively use this value of GBW, the nondominant poles 
and the phase margin PM must be evaluated. 

Nondominant poles occur at all other nodes, i-e.. at nodes 4, 5, 8, 9, 6, and 11. 
Nodes 4 and 5 carry signals with the same amplitude but opposite phase. Therefore, 


nodes 4 and 5 form one single nondominant pole fais (see App. 6-1), given by 
Bont 
ints * 5G (6-147) 


‘The same applies to nodes 8 and 9. They form a single pole, given by 


ww Sms 
fats © Cs 


(6-148) 


The other nondominant poles occur at node 6, node 10, and node 11. They are 
given by 


Set 
nts ~ 6-14 
Ints = ae (6-149) 
and Jnare ~ SAS (1 + Gy) (6-150) 
22Cao 
and fun = 6-151) 


2G 
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in which G,yis the loopgain (at high frequencies) around transistor THI, As a result, 
the phase shift due to fuz10 is the smaller one and can be neglected, 

All three poles act on only half of the ouiput signal. All three generate a zero 
at double the frequency (see App. 6-1), and therefore their contribution to the phase 
margin can be made negligible. 

We can conclude that the phase margin PM is determined mainly by poles. fius 


and fua9- 


Design Plan The design is very similar to the design for the symmetrical OTA, 
and is carried out in two steps. First, the GBW is determined at the output node. 
Second, the phase margin is determined mainly by the nondominant poles on nodes 
5 and 9. The sizes of the transistors (W/L); and (IV/L)x must be such that the phase 
margin is sufficiently large. 

‘As a result, we have six variables: namely Ip. (W/L)1. (W/L)s. (W/L). (W/L)s. 
and (W/L)jo to satisfy the four specifications GBW., PM, A,,, and B. provided C; 
is given. Obviously, we have more variables than constraints. We can now choose 
other (Ves — Vr) values. We can also involve the slew rate, the noise, and a few other 
specifications. 

We will not calculate the values for slew rate and noise, as they are exactly the 
same values obtained for the symmetrical OTA (see Sec. 6-7-1). The cascode tran- 
sistors should not contribute to the noise, assuming they are properly designed (see 
Sec. 4-5-4). 

Such a cascode symmetrical CMOS OTA has been realized, Its essential features 
are discussed in Sec. 6-9-1 and its dimensions are presented in App. 6-2. 


6-7-3 Symmetrical Miller CMOS OTA With High PSRR 


In order to increase the open-loop gain of a symmetrical OTA, a second stage can 
be added, as it was for the Miller OTA. The new schematic is given in Fig. 6-48 
(Steyaert and Sansen 1990). 

A p-well CMOS process is used. which explains why the input devices are n MOST. 
Cascode transistors MII and M12 have been added to increase the input load sym- 
metry and the gain. The second stage consists of transistors M13 and M14, Load 
transistor M14 is driven by transistor M3 of the first stage. 

‘The compensation capacitance C. normally connected between the output and the 
input of the second stage transistor M13, is guided through cascode transistor MII. 
The advantage of doing so is the increase of the PSRRys. as explained next 

+ The gain, GBW , PM, SR, and y have been discussed often and thus the 
are left to the reader. There cannot be any doubt that the GBW is given by gq1/ 
We now focus on the PSRRss. 

In order to suppress the feedforward path from Vss over the compensation capac~ 
itance C_ to the output, a unidirectionally operating device, such as a MOST MII 
is used. That part of the circuit is repeated in Fig. 6-49a. Transistor MII is readily 


ulations 
Go 


FIGURE 6-48 


FIGURE 6-49 
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Miler symmetrical CMOS OTA with high PSRRss (p-wel). 


recognized. Its biasing is left out, but it must ensure that the MOST always operates 
in saturation. The parasitic capacitance from the gate of M13 to Vss is denoted by 
Cass. 

For analysis, the transistor is substituted by its smalls 
shown in Fig. 6-49h. Note that the parasit 
the MOST cannot be neglected. 


ignal equivalent circuit, 
-apacitance to ground Cy at the drain of 


Your 


@ 
Principle schematic of OTA with high PSRRss. 
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Straightforward analysis of this circuit yields 


EN et (6-152 
uss CeO? = 
a 2n(C. + Casi) 
P Sa 6s ( f ) 
it 1+j— 
@ TT 


which is normally no problem, 

For a large fins Smit must also be la 
take for MII a transistor that is equal i 
Cinss 


CMOS OTA, a factor of 10 has been gained by insertion of transistor M11. While it 
is always better to add the transistor, an extra node is added to the circuit, and this 


Such a symmetrical Miller CMOS OTA has been realized. Its features are discussed 
in Sec. 6-9-1 and its dimensions and characteristics are given in App. 6-2. 


6-7-4 Folded-Cascode CMOS OTA 


The main disadvantage of the cascode symmetrical CMOS OTA 
its limited output swing. For this purpose, and for other reasons t 
clear, a folded-cascode CMOS OTA is preferred. The circuit schematic is 
Fig. 6-50. Transistors MS and M6 are cascode transistors, Transistors M7 10 M9 form 
a cascoded current mirror. The cascode transistors are biased by « separate biasing 
network (not shown), which provides Vixy and Vga. The currenis sre ser hy current 
Source Z and transistors M11 to M13. Normally. the current through transistor M3 
is twice the current through transistor MI. As a result, the current through transistors 
+ -M5-9 is the same as through the input transistors MI and M2. 


Gain If vq is the differential AC input voltage, then gy.1vjq/2 is the AC current 
flowing in the input transistors. This current flows from transistor M1 through transis 
tor M6 to the output. The current through transistor M2 flows through transistor MS 
and is mirrored by transistors M8 and M9 through transistor M7 to the output. 


FIGURE 6-50 
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Folded Cascode CMOS OTA. 


‘The only high impedance point in this circuit is the output node, All other nodes 
are at a resistance level of 1/¢m. The output resistance Rour consists of a resistance 
toward M7, called Rours(= 1/gours), and one toward M6, called Roure(= 1/gours)- 
Icis given by 


Re ._—— (6-154) 
a SouT7 + &o 
with, on 
Bm 
‘and ours = Set{bet 801) 
Bmb + Simi 
‘The gain Ayo is given by . 
Aco = Smt Rour (6-155) 


Note that this circuit is realized in a n-well CMOS process. The n-well bulk’ of 
pMOST M7 is connected to its source. This is also the case for both input devices, 
but it is impossible for the nMOST M6. AS a result, gms appears in the expression 
‘of gours. Also note that a very large output resistance Rout can be realized. 
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GBW and Phase Margin PM Since there is only one high impedance node, the 
GBW is given by 


Smt 


BW = ——___ 
CBW = Gv FC) 


(6-156) 


which is the same expression given for the simple OTA. For the phase margin PM, 
the nondominant poles must be evaluated. 

Nondominant poles occur at all other nodes, i.e., at nodes 8, 9, 11, and 12. Nodes 
8 and 9 cary signals with the same amplitude but opposite phase. Therefore, nodes 
8 and 9 form one single nondominant pole fyix (see App. 6-1), given by 


+ Smbs 


rats 6-157 
Soa, Cn (6-157) 
The other nondominant poles occur at node 11 and 12, They are given by 
Sn 
tty (6-158; 
FO ee i y 
and Suarz * (6-159) 


z 


Cun 


However, both poles act only on half the output signal, and thus both generate a 
zero at double the frequency (see App. 6-1). 


The value of the phase margin PM is then given by 


PM = 90° ~ gus ~ ant — Gare (6-160) 
: fm Con 
with rs = arctan PO" = arctan S24 _Cos_ 
i sis Bn + Bne C+ Guin 
Gow 
and 
aa 


= arctan $0 Gott arctan 4 Sat _Cos_ 
Sms Cr + Caro 2 gn Ce + Coto, 


and gaia is given by a similar expression as that given for gts. 
- We can conclude that the phase margin PM is mainly determined by pole fis. 


Design Plan Again, the design is carried out in two steps. The GBW is determined 
at the output node and the phase margin is determined mainly by the nondominant 
pole on node 8. 

The independent variables are Ip. (Vest — Vr). (Vess— Vr). (Vess— Vr). (Vase 
Vr), (Ves9 — Vr), and the biasing voltages Vg; and Vgo. 
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Assume that Cy, is known. Fora given current [y and a given GBW,, the size of the 
input transistor (WV/L); is obtained from a choice in (Vos1 ~ Vr) ~ 0.2 V (because 
they are amplifying devices). The sizes of the transistors (IW/L)s. must be such that 
the phase margin PM is sufficiently large. 

Obviously, we have more variables than constraints. We can now make choices in 
the other (Ves — Vr) values and/or we can allow the slew rate, the noise, and other 
specifications to come into play. For example, for the current mirrors. (Vass — Vr) = 
(Voso—Vir) * 0.5 V for matching and all other (Vgs—Vr) * 0.3 V. Also, Vai = 0.1 V 
and Vg2 = —0.1 V, ete. 

Let us now calculate the slew rate and the noise. The calculation of other charac- 
teristics are left to the reader. 


Slew Rate The slew rate is obviously determined by the load capacitance, The 
current available to charge this capacitance is now the DC current through transistor 
M10, denoted by aio. The slew rate is given by 


Jaw. 
SR = —— (6-161 
CL + Coo 4 


Noise Performance ‘The total output noise volt 


power diay is the sum of the 
equivalent input noise voltage powers dv, of each transistor, multiplied by their gain 
squared, 


This yields (approximately) 


(6-162) 


Substitution of all du, by their expression SkTdf/3gmi yields, as excess noise 
ot, 


2( + Sst tat) (6-163) 
Sm Bm 


‘The total equivalent input noise can thus be reduced to the equivalent input noise 
of only the two input transistors, provided gns and gms are small. Remember that this 
depends on their sizes and/or their (Ves — Vr) values. 

‘Such a folded-cascode CMOS OTA has been realized. Its prime features are dis 
cussed in Sec, 6-9-1 and its dimensions and characteristics are provided in App. 6-2. 


BICMOS Folded-Cascode OTA Several BICMOS folded-cascode OTAS can be 
derived from the CMOS OTA. A good example is shown in Fig. 6-51. The input 
devices are pMOSTs because there is an n-well CMOS process available. In this 
way, their sources can be connected to their bulk to avoid bulk biasing. 
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FIGURE 6-51 Folded Cascode BICMOS OTA. 


WE set up the cascode transistors as npn transistors in order to realize a low 
impedance at nodes 8 and 9, and in turn a high phase margin is easy to realize, All 
current mirror devices are MOSTS. As a load, a symmetrical current mirror is used 
(ee Fig. 4-765) with high output resistance. The major drawback of this mirror is its 
high voltage drop. 

‘The design plan is very much the same as the CMOS version. Only this time we 
do not have to include the size or the (Ves — Vr) of transistors M5 and M6. We have 
one variable less and thus less choices to make. 


6-7-5 Operational Current Amplifier (OCA) 
Sometimes currents must be amplified rather than voltage: for photodiodes), 
and it is then better to use a current-mode OTA (Sedra and Smith, 1987). A CMOS 
configuration is shown in Fig. 6-52. Since this circuit takes a current as an input, it is 
called an operational current amplifier (OCA). The simplest OCA is a current mirror. 
However, a current mirror is not differential. Differential configurations with current 
mirrors are thus OCA’s. The configuration of Fig. 6-52 is a simple one because four 
simple current mirrors are used. Each of the current mirrors can be substituted by more 
sophisticated ones (see Sec. 4-8-3) to improve performance, but let us first perform a 
first-order analysis. 

‘The operation is fairly straightforward. Transistors M1 and M3 are input transistor 
They can sink or source the input current jjy. Assume that the input current is positive 
such that the current is sourced by transistor MI. It is then amplified by current mirror 


FIGURE 6-52 


592 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


Yoo 
By 
Ms 24/7 ns 
a an 
| bs al 
nll es a; 
aS Yours 
WT i) Ms Wl li 
aa] Ms 
8 \ 
| 


Operational current ampli 


MS.6 by a factor By to reach the output. The current gain is thus B, which is a 
transistor ratio, and can thus be set at very predictable and precise values. Typical 
values are $10 10. 

‘The input transistors are biased by devices M2,4 that carry a DC current /, which 
is a factor By smaller. Typical values are 0.1 10 1. 

Note that this circuit is mirrored with respect to the horizontal axis. As a result, 
Sn2 = Smts Sn7 = Sms, etc. Mismatches will thus play an important role, Let us first 
discuss the elementary characteristics, such as the gain. 


Gain OTA is normally current-driven and its input impedance must thus be 
low. Indeed, it is only 1/2gm1 (Since ga.3 = gm1)- The only high impedance point in 
this circuit is the output node. All the other nodes are at a resistance level of the order 
of magnitude of 1/gq. The current gain is Aix = B2- We can also take the output 
voltage as we have done for the OTA, and we obtain a transresistance Ag. At low 
frequencies it is given by 


Your __B 

iin Bos 
in which gos = g06-+ gos. Since the output conductance is proportional to the current, 
Ago is given by 


Aro (6-164) 


poe (6-164) 
ix Bota 


which depends only on the current and the channel length of the input transistors. 


Aro 
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BW and Phase Margin PM Since there is only one high impedance node. the 
BW is given by 


cs d 
= (6-165) 
mC. + Ga) i 


Note that we cannot define the GBI. Indeed, the gain is a resistance Ag and there 
is no point where |Ag| = I. When we apply a lot of feedback, i.c., when the external 
feedback resistor Rr is small, the closed-loop transresistance is simply Ry and a large 
closed-loop bandwidth BW is achieved. It is approximately given by 


BWe (6-166) 


2a Re(C + Cus) 


If this bandwidth is close to the nondominant poles, the phase margin may become 
too small. It is clear that the position of the nondominant poles limits the maximum 
achievable bandwidth BW for the OCA as well as for the OTA. 

Nondominant poles occur at ail other nodes, i.e., at nodes 1 
node | forms a nondominant pole fyi. as given by 


4,6, and 7. Input 


re 
2eCu 


Seay (6-167) 


Nodes 3 and 4 carry signals with the same amplitude but opposite phase, and 
therefore nodes 3 and 4 form one single nondominant pole f,ys (see also App. 6-1), 
given by 


(6-168) 


The other nondominant pole at node 6 does not come into play because it appears at 
the gate of cascode transistor MI (see Sec. 4-6-2). The same applies to the pole at 
node 7. 

A zero appeats across transistor M6, given by 


Sn 
(6-169) 
Cops 


The value of the phase margin PM is thus given by 


PM = 90° — a1 — 3 + 3 (6-170) 


Y, 
with Yat = arctan —! 
fut 


BWe 


fs 


arctan 


and G3 
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All of these values depend on the actual amount of feedback applied and thu: 
resistor Rp. 

I is possible to define a GBI if we use a voltage source vy with source resistor 
Rs at the input as shown in Fig. 6-52. OF course, we must ensure that resistor Rs is 
always larger than 1/2y1. If not, the input current iqy is given by the input resistan 


on 


UN i! 
eels (6-171) 
ty Rig 
and the voltage gain is given by 
your _ Aro 1 
Aw paul ty = (6-172) 


fix Riv Bois(Rs + 1/28m1) 


which indeed depends on Ry. The GBI is determined by the dominant pole, ic. 
capacitance Cy, 


given by 


GBW =— 
2a Rs(Ci + Cus) 


(6-173) 


which evidently depends on Ry as well. If we keep Rs constant and vary only the 
feedback resistor Ry. we obtain a GBW as we did for an OTA. However, if instead 
we vary Rs, then GBW varies as well, and we can no longer consider a GBIV. In the 
latter case, the BW’r is constant, as given by Eq. (6-166). 


Design Plan The design is carried out, not surprisingly, in two steps. The BW is 
determined at the output node and the phase ma determined by the nondominant 
poles and! 

The independent variables are Jp, (Ves1 — Vir). (Vass = Vr), Bi, and Bp, and we 
assume that C;, is given and a certain BW is required. The output resistance 1/goss 
is thus determined. For a reasonable channel length Los, the output current Zpsos 
and the width Wo,s is determined. Parameter B> is determined on the basis of the 
current gain, the power consumption, and especially the nondominant poles. The sizes, 
of the transistors (1V/L)),3 are then determined as well, Parameter By is not critical; 
it merely fixes the sizes of the transistors (W/L)o.s+ 

It is obvious that we have more constraints than variables. Such & simple OCA is 
full of compromises and it is therefore better to substitute the simple current mirrors 
by more sophisticated ones. This substitution somewhat relaxes the compromises 

Let us now calculate the slew rate and the noise, as we have done for the other 
amplifiers, 


Slew Rate The slew rate is not determined by the load capacitance this time, 
able to charge this capacitance can be 4) ge because 
it is By times the input current. There is thus no slew rate limitation as there is for 
a conventional OTA or op amp. This is probably the main advantage of OCAs and 
Gurren AInDIErS: . 
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Noise Performance The total output noise current power dig,, is the sum of 
the noise currents dif, of each transistor multiplied by their gain squared, This wives 
approximately 


B+ | (6-174) 


Substitution of all diz, by their expression SkT'gnidf/3 yields, for the equivalent 


input noise current, 
16KT. i} 1 

SE (tte asa (ie 6-175) 

3 [en (14) +8 ( x) (enins 


The total equivalent input noise can thus be limited to the noise of the wo input 
transistors, provided g,.5 is small and By and B are large. This is yet another extra 
compromise, 

The design does not become easier by employing « BICMOS process rather than 
a CMOS process, It is an obvious choice to replace the four input transistors ML 
to M4 by bipolar transistors in order to realize a low input resistance. However, in 


order to maintain symmetry, we need a pnp transistor with the charaeteristies of « 
not a standard: 


f we have a vertical pnp, whieh 


npn transistor, T 
component. 


6-8 DESIGN OPTIONS 
In previous sections, a simple CMOS OTA, a symmetri 
OTA have been analyzed in great detail. Moreover, all characterist 
tion) have been derived for the CMOS Miller OTA. ‘The design aspects have been 
limited to a few characteristics, such as the GBW and stability, In this section, more 
attention is paid to the design aspects. 

In the following three subsections, design alternatives are discussed. The first al- 
ternative is the relation between optimum GBI or SR. ‘The second alternative handles 
the stability problem caused by the right hand zero. The third alternative discusses 
the merits and the pitfalls of the use of easeodes. 

This chapter concludes with the discussion of a number of op amp configurations 
insdifferent technologies and combinations of technologies. The advantages and dis- 
advantages are indicated, yet with a minimum of detail, These conligurations are only 
representative for each technolo; 
and specifications for these op amp configurations are present in. App. 6-2. 


and new ones ean always be added, The schematics 


6-8-1 Design for Optimum GBW or SR 


Design procedures have been given for the optimum GBW (see 5). De- 
sign procedures can also be given for the optimum SR. Both characteristics reflect 
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high-frequency performance. Linear amplifiers are better characterized by their GBW.. 
Switched-capacitor filters, on the other hand, reach higher frequencies if their OTAS 
have « higher slew rate, Which one do we choose? How far can the GBW be increased 
at the cost of the SR, or vice versa? 

In order to illustrate this design compromise, let us refer to the example of the 
CMOS Miller OTA, which we now know quite well. Its GBW = 1.19 MHz and its 
SR = 2.23 V/s (see Table 6-5). As a result, the maximum output voltage that can 
be obtained at the frequency of the GBW is obtained from Eq. (6-40) and is given by 


SR 
2nGBW 


Vout (6-176) 


which is 0.3 V. This output voltage is SR-limited (see Fig. 6-13) and thus has a 
triangular waveform, Such a triangle has about 10 percent third harmonic distortion, 
If we aim to limit the distortion to | percent, then we must divide the output amplitude 
by V10, since third harmonic distortion is proportional to the square of the output 
voltage amplitude, As a consequence, the maximum output voltage that we obtain at 
1.19 MHz (with less than | percent distortion) is only about 0.3/s/10 ~ 0.1 ¥ or 
0.07 Vayys. This result is quite disappointin 

‘The only remedy is to increase the SR /2xGBIV ratio by proper design, In order to 
derive the consequent design rules, we first have a look at the simplest configuration, 
ice. the simple CMOS OTA of Fig, 6-1. 

Both the GBW and the SR are then determined by the load capacitance C,, as given 
is given by 


ty 
Smt 


(6-177) 


Note that this ratio is expressed in volts, In order to inerease this ratio, the transcon- 
ductance of the input transistor must be made small with respect to its DC current 
Jy/2. Usually, we must design for a large input transconductance, This is an excep: 
tion and probably the only one we encounter. This expression indicates that we must 
design for a small transcondu ‘Actually, this is not true—we do not have to 
design for a small transconductance but rather for a small transconductance to current 
ratio, Let us examine how this can be realized in several technologies, 

With MOS transistors, the ratio in Eq. (6-177) can be further evaluated; it is equal 
to (Ves — Vr). The input transistors must thus operate with large (Ves ~ Vr) values 
and in strong inversion. This conclusion is the opposite of what has been reached for 
large GBW and for small mismatch, A comprontise must then be taken, 

For example, if at fq = 10 A and (W/L); = 10, GBW = 0.9 MHz (Ky = 
20 A/V?) and SR = 1.25 V/ps for 8 pF load. ‘The ratio in Eq. (6-177) is only 
0,22 V. This value can be increased only (for constant fa) by decreasing (W/L)i. 
‘The input transistors then operate in stronger inversion. For (W/L), = 1, the ratio in 
Eq, (6-177) and (Vgsi— Vr) increase by a factor'y/T0, or about 3, and so does the SR. 

Note that the same conchusions that are valid for MOSTs are valid for JFETS. 
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For bipolar transistors, the ratio in Eq. (6-151) is not a design parameter: ie, 
‘we cannot modify it, Indeed, this ratio is simply 2&7 /q. or about 52 mV at room 
temperature and is thus always small. The application of emitter resistors increases 
this ratio by a factor (I+ gq Re). However, it also causes additional offset and noi 
considerably degrading the noise performance of the OTA. This is why the input stage 
in BICMOS usually consists of MOSTs 

For the Miller CMOS OTA of Fig. 6-4, the ratio of Eq. (6-176) is easily calculated 


from Eqs. (6-25) and (6-37) or (6-38). If internal SR is the limiting factor, then 
Eq. (6-37) is the expression to be used. The compensation capacitance then drops out 


and the same conclusions are valid for th 
If, however, the external SR is the li 
Eq, (4-150) is then given by 


input stage of the simple CMOS OTA. 
‘ing factor, Eq. (6-34) is used. The ratio in 


C 
a (6-178) 
C1 


The best way to increase this ratio is to increase Js. Indeed, gm: and C, determine 
the GBW, whereas Cy is given. However, /s can only be increased insofar as the 
extemal SR is factor. If Js is increased even more, the interna 
dominates again. This minimum value of fs, which ensures that the external SR is not 
the limiting factor, is obtained by comparison of Eqs. (6-37) and (6-38). It is given by 


(6-179) 


WA. 


difference is small. 

If extremely large values of SR are required, or if we prefer that the input devices 
have small values of (Ves — Vr). then transconductance reduction stages can be used. 
‘An example is given in Fig. 6-53 (Schmoock 1975). Two pairs of transistors are used. 
The external transistors M1 and M4 are 1 times larger (in (1V/L) than the internal 
transistors M2 and M3, Two equal biasing sources are required with value /g. 

For small input signals, the internal transistors only operate at fy /(v1 + 1) 
current. Their transconductance can thus be made smail and the currents through the 
extemal transistors are then lost to ground, 

For large input signals, e.g.. for a large input voltage at the gates of T1 and T2. 
both TI and T2 are shut off. All current J of their current source then flows through 
3 to the output. The ratio in Eq. (6-177) is then multiplied by a factor (1 + 1). 
ismatches can somewhat limit the efficiency of this design trick, but all op amps 
with very large SRs use it, albeit in different implementations. 


FIGURE 6-53 
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Transconductance reduction technique. 


6-8-2 Compensation of the Positive Zero 


he use of a Miller compensation 
that is located in the right-hand complex plane. This 
the stability of the OTA (see Fig. 6-7), especially if 
This zero must then be compensated. 

Several design techniques exist. In 4a, a simplified schematic is given of a 
Miller OTA. Its small-signal equivalent circuit is, ig. 6-54b. The correspond: 
ing expressions of GBW, f-, and fyg are given in the first column of Table 6-12. Note 
that the zero depends on the transconductance gy of the second stage. If a bipolan 
transistor is used, or a MOST with large gq, the zero frequency may be sufficiently 
high so that no compensation is required. This is why the second stage in a BIMOS 
process should consist of a bipolar transistor. 

In all other cases, an additional stage (or component) must be inserted in series wit 
the compensation capacitance C.. Three possibilities are generally discussed. In the 

-gain buffer stage is used (see Fig. 6-54c). In the second, (see Fig. 6-54/) 
a series resistance is inserted. In the last one (see Fig. 6-54), a cascode transistor is 
used, as in Fig. 6-48. The buffer stage solution is examined first. 

This buffer stage can easily be realized by means of a source follower (sec 
Fig. 6-54d). Its gain can be less than unity and is therefore denoted by Ac. Its equivalen 
circuit is shown in Fig. 6-54e. After insertion in the equivalent circuit of Fig. 6-54b, 
the voltage gain can easily be calculated, and it is given by 


positive zero, ie, a zerc 
zero is particularly harmful for 
value is close to the GBW. 


Avo 

T-FURICi + C2 + RICO Acgna Ra) + Ri RaC(Ci + CDs? 
= gig Rik expression, the GBW, zero, and nondominant pol 
are,easily derived. They are listed in Table 6-12, together with the expressions when 


Ay= 


(6-180) 
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FIGURE 6-54 (a) Simpllied schematic of Miler OTA, and (b) small-signal equivalent circuit 


no buffer is present. For all expressions in Table 6-12. it is assumed that C, > C 
and C2. 

The positive zero has clearly dis 
gain of the buffer. The GBW does 
nondominant pole is hardly affected. 

We can conclude that the use of a source follower is a 
nate the positive zero caused by the compensation capacitance, The intuitive reason 
for this is that this buffer stage acts as an unidirectional voltage follower, which 
does not allow the feedforward current to pass from the input of the A,> ampli- 


peared. This situation is independent of the 
ot change, provided the gain is unity and the 


eflicient way to elimi- 


TABLE 6-12 
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CHARACTERISTIC FREQUENCIES FOR THE ZERO 
COMPENSATION (Gc > C;.C2) FOR A SOURCE FOLLOWER 
(GAIN Ac) OR A RESISTOR As. 


Without iA eae 
One 
ns So 
nua 2G 2rG: 
b — fee 2 es 
ree 
a na 
BC OH 
6 = 3 


fier to its output. This has an addlt 
as well, 

However, care must be taken to avoid parasitic capacitances. An additional node 
is created at the source of the source follower. which may somewhat degrade the 
stability, 

A resistor Ry can also be used in place of a source follower (see Fig. 6-544), It can 
be rei d by means of two MOST in their ohmic region, as shown in Fig. 6-S4g. 
In this case, the gain is obtained in the same way as before. It is given by 


al advantage in that the PSRR has improved 


(6-181) 


with, = RC + Cr + RIC, (13 


and 


I 1 1 1 
BB [ive (ata) +#(Re 7a) 


and RUR2RCiC2C. 


‘The zero drops out provided £3 = 1/gn2- The resultant GBW and nondominant 
pole are listed again in Table 6-12. They are not affected by resistor R3 because RxCe 
is negligible in both coefficients a and b. However, a second nondominant or third 
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pole f; emerges. It'is always at higher frequencies than f,y because C\C2/(C) + C2) 
is always smaller than (Cy + C2). 

AS a result, the positive zero has been converted into a negative pole at higher 
frequencies and thus its effect is negligible. 

‘This technique has an advantage in that no extra node is introduced. On the other 
hand, it does not improve the PSRR. The main question is how accurately the value 
of 1/gn2 can be approached by means of a resistor, or by means of two MOSTS 
It proves not to be too difficult to reatize this value, within about 20 percent. This 
is sufficiently accurate to make this technique work. This could be veritied by the 
pole-zero position diagram, with R as a variable, 

A cascode transistor T3 can also be used, as shown in Fig. 6-54f: In this case, 


he 


gain is given by 
14 Cofsnas 
Aw —— 6-182) 
Tas thst bes ‘ 
1 2 
with a= RIC + RaCa + RC. (— +E 4 soak 
Gna Ri 
¢ 1 
and b= Ri RCC [ on ( 
and = RRC CoC. bs 


The zero drops out, provided the input impedance of the cascode transistor T: 
1/gm3 is small. Zero has vanished and a second-order expression results, providing 
approximately the same values of GBI and phase margin. 

This technique has an additional advantage in that the PSRR is improved as well 
(see Fig. 6-48). The main disadvantage is that extra current is required, 


6-8-3 Fully-Differential or Balanced OTAS 
Amplifiers in which a differential output is available are differential at both input and 
output terminals. They are called fully-differential amplifiers or balanced amplifiers 
‘and their use has been discussed in Sec, 5-5. They are essential for noise insensitive 
analog circuits. The fully-differential structure provides excellent PSRR and CMRR, 

+ even at high frequencies, Therefore, we can envisage exclusive use of fully-differential 
structures for all mixed anatog-digital circuits in the future. 
In this section we focus on some of their design aspects. 


Balanced Simple CMOS OTA It is very easy 10 convert a single-ended OT: 
in a balanced OTA. It is sufficient to leave out its output current mirror. From the 
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simple CMOS OTA of the balanced simple CMOS OT 
readily derived. The differential output is taken between the two drains, Both halves 
of the circuit thus behave as single-transistor amplifiers with active | heir gain, 
GBW, ete. have already been fully analyzed in Sec. 6-1. The biasing, however, is quite 
different. 

Initially we need to fix the average output BC voltage. If this is not done, the 
average (or common-mode) output yoltage Vour.cuy may be too Tow, pushing the input 
transistors in the linear region, It may also be too high, pushing the load transistors 
in the linear re; 
order to ensure high gain, We thus need 
the common-mode output voltage Vour.ew 

‘The common-mode feedback amiplitier of the balanced CMOS OTA consists oF 
transistors ‘TS through TS (see Fig. 6-554). The common-mode equivalent circuit is 
sketched in Fig. 6-55). The common-mode ouiput voltage is measured by transistors 
‘TS and ‘T6 and their ouput sig added up at node 6, which is ealled the 
common-mode summation point. A current mirror with active load (with current Jc) 
then provides common-mode feedback to the gates of load transistors T3 and T4, As a 
result, transistors ‘T'3 and ‘T4 will carry a current 4/2, whereas transistors TS and T6 
will carry a current f¢/2. The average or common-mode DC output voltage Youre 
is thus Vip — Vass 

As a result, we obtain two different amplifiers: a differential-mode amplifier (1 
through T4) and a common-mode amplifier (T3 through 8). Note that some tran- 
sistors are shared. Indeed, transistors T3 and T4 occur in both the differential and 


[ Fig, 6-55 is 


1, However, all transistors must be kept in the saturation region in 


common-mode feedback circuit to determine 


FIGURE 6-55 (a) Balanced simple CMOS OTA, (b) Common-mode equivalent circuit, 
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the common-mode amplifier. Both amplifiers have their own gain, GBW, slew rate, 
input and output voltage range, noise, etc. A full analysis can thus be given for each 
amplifier, but we will focus only on the relationship between some chara 

the differential amplifier with the ones of the common-mode amplifier. These relations 
can be described by four requirements that must be satisfied by any: common-mode 
amplifier: 


teristics of 


1 The GBWexy of the common-mode amplifier must be equal to oF larger t 
the GBWp of the differential amplifier in order to ensure stable biasing conditions for 
all frequencies of interest up to GBW p. 

2 The common-mode DC output voltage Vourcy must be well stabilized and 
predictable, ic. independent of matching between transistors, temperature, ete 

3 The differential amplifier still must provide a maximum output swing, ie.. 
preferably from the negative supply to the positive supply ral 

4 The differential amplifier still must operate over a maximum common-mode 
input voltage Vix,cur- 


Let us verify these requirements on the balanced CMOS OTA of Fig. 6-55«: 


1 The GBWp is 8m /2%C,, whereas the GBW cy 
Thus, for the first requirement it is sufficient to make sure that gus > 
easily done by use of current source /¢ and or Vass or (W/L)s 

2 The DC output voltage Vour.car is determined by transistors TS and T6, Some 
mismatch in the current mirror T7,8 may cause a small deviation. which is not all that 
important. This requirement is thus satisfied. 

3 The differential output swing is limited by the input range of the amp! 
transistors TS and T6. This value depends on their values Vgss. From Fig. 4-600 we 
learn that the maximum swing is about V2(Vess — Vr). which is usually a lot 
than the supply voltage. A compromise can be found here. 

4 The input common-mode input voltage range Vix.cy is now also limited by 
the output voltage Voyr.cy It can thus be smaller with common-mode feedback. 


gns/2*C, (See Fig, 6-55)), 
forts Which is 


In this way, four additional constraints are added in the design plan of a common- 
mode amplifier. In general, not all requirements can be fulfilled, 


compromise. Let us illustrate this with three circuit examples. 


nd this results in a 


‘al OTA With Linear MOSTS A conventional symmetrical 
OTA is taken from Fig. 6-45, and MOSTs TI! through ‘T13 are added in series 
with the bottom current mirrors as shown in Fig. 6-56 (Choi et al. 1983), These 
transistors operate in the linear region. Their Vpy is only about 0.2 V. The 
transistor T13 is connected to ground, whereas the gates of transistors TH and T12 
are connected to the outputs. Since all transistors are matched, the DC common: 
mode output voltage Vowr.ciy will be around 0 V, Indeed, transistors TH and T12 
will change the voltage at node 10 (whieh is the common-mode summation point) 


Balanced Symmetri 


ke of 
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FIGURE 6-86 Balanced symmetrical OTA with MOSTs in the linear region. (Choi et al. 1983) 


which changes the Voso,i9 and the output currents such that 
approximately zero volts. 
Let us see how this conti 


output voltages are 


ion performs: 


1 The GBW p is again gui/2C,, whereas the GBW ew = gani/2tCi. How- 
ever, in the linear region the transconductance gi is quite small: gyi © KP Vosii- 
Hence, gins & gmt, which does not fulfill the first requirement. Conmmon-mode large 
signals (such as overvoltages, etc.) will thus keep this circuit out of operation for time 
1/2: GBW cy). This may not harm tclephone 
inky harms data transmission systems, in which every bit 


periods of the order of reaw.car 


communications but it cert 
counts, 

2 The DC output voltage Vour.car is determined by transistors TH through T3. 
Mismatches may cause a considerable deviation in DC output voltage from zero volts 
and thus this requirement is not fulfilled either. 

3 The differential output swing is about the same as with any other cascode 
symmetrical OTA, provided only a small voltage Vpsii is allowed across the linear 
MOSTS T11 through T13. We form a compromise with the requirement: 
Vpsii increases the GBWea but decreases the output swing. 

4 The input common-mode input voltage range Vin,cyy is also about the same 
as with any other cascode symmetrical OTA. The same comments apply as for the 
previous requirement 


jereasing 


We conclude that this amplifier performs well for a wide input and output volt- 
age range but not at high frequencies. Also, its DC output voltage is sensitive to 
mismatches. Let us look at two altematives. 
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Balanced Miller symmetrical CMOS OTA with Error Amplifier _ In order to 
increase the GBW cy, a separate amplifier is used in Fig. 6-57 (Haspestagh and Sansen 
1988). The differential amplifier is a Miller symmetrical CMOS OTA derived from 
Fig. 6-48. Since it has two stages, a compensation capacitance C, is included. 

‘The output voltages are measured by a separate error amplifier, consisting of tran- 
sistors M15~20. The common-mode summation point is at the drains of M16 and 
MI7. This signal is then fed to the gate of the input current transistors M56. 

Since the gates of M16 and MI7 are at ground, the output voltages will also be 
maintained at around zero volts. The error amplifier is differential in order to handle 
positive and negative output voltage excursions as well. 


1 The GBWcy can now be set independently by gm1s in the same way as for the 
balanced CMOS OTA of Fig. 6-55. The first requirement is thus fulfilled, 

2 Since the DC output voltage is measured by a differential pair (M15,16 and 
MI7,18), it will be sensitive only to the mismatch of that pair, This configuration is 
thus fairly insensitive to other mismatches in the main differential amplifier. 

3 The output swing will be limited by the input range of the common-mode pair 
MIS5,16 and M17,18. This is a weak point indeed. We must design the latter transistors 
MIS-I8 for as large a Vesis as possible. However, this will reduce gis and thus the 
GBWcy unless large currents are used. 

4 The input voltage range is not affected by the common-mode amplifier and so 
this condition is very easily met. 

We conclude that this Miller symmetrical CMOS OTA with a separate error amplifier 
meets every condition except the third one, i... its output voltage swing is too limited, 


FIGURE 6-57 Miller symmetry CMOS OTA with orror amp balanced (Haspeslagh and Sanson 1988). 
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FIGURE 6-58 Balanced folded cascode with error amp. (Banu, Khoury, and Tsividis 1988) 


Balanced Folded Cascode Op Amp With Error Amplifier A separate error 
amplifier is also used in the circuit of Fig, 6-58 (Banu, Khoury, and Tsividis 1988), 
‘The main amplifier is a folded-cascode amplifier, as shown in Fig. 6-50, The loud 
vitance is C,(= 4 pF). The outputs are followed by two source followers with 
tors M12, allowing a large output current drive. 

‘The common-mode summation point is at the middle point between the two RC 
networks at the outputs, This point is fed to a differential pair with transistors M6A 
‘and B. The other input of this pair is connected to ground such that this middle point 
will be around ground itself. The common-mode feedback loop is closed through 
‘current mirrors M7 and M2. 

‘The same three requirements are fulfilled as for the previous amplifier. The GBW eu 
can be set by means of gas. A differential pair is used as a common-mode amplifier, 


tra 


to avoid excessive problems with mismatches. Also the input voltage range is not 
‘affected by the common-mode error amplifier. Let us check the output voltage swing. 
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imited by the current in the source follower, which 
is available to generate the output swing across the load resistor of 20k. For this 
Purpose, the source follower transistors M12 are made very large. This requirement 
thus fulfilled at the expense of a considerable amount of current (in the source 
followers). 

It can be concluded that the last configuration offers an attractive solution, It fulfills 
all four conditions but takes more current. Also, a separate amplifier is used for the 
‘common-mode feedback. On first sight, this separate amplifier seems to provide only 
advantages, but we must not forget that such amplifier has more nodes, and thus more 
nondominant poles, and it is thus difficult to strike the right compromise. 

Nevertheless, several compromises must be made. Two interwoven amplifiers must 
bbe optimized simultaneously, with respect to speed, noise, etc. This is not a trivial task 
and we suggest to the reader to first acquire familiarity with single-ended amplifiers 
before tackling the design of balanced amplifiers. The drawing of a design plan of a 
balanced amplifier is the ne plus ultra of a truly proficient analog circuit designer. 


‘The output voltage swit 


6-9 OP AMP EXAMPLES 
In order to illustrate design techniques, we provide a number of configurations of oper- 
ational amplifiers. Both custom made and standard operational amplifiers are included 
For each of them, some important specifications are provided, For the CMOS op amps 
the transistor dimensions are given as well. In this way they can easily be studied 
in detail, The reader will find these configurations specifications and dimensions in 
App 6-2. 

None of the amplifiers are actually analyzed in full detail, They are given as 
examples to be studied by the readers. Some of the design features are withhell, 
however, for the exercises. 


6-9-1 CMOS Op Amp Configurations. 


Cascode CMOS OTA The first OTA presented here is a symmetrical OTA, in 

" which cascode transistors have been added (see Fig. APG-1), The current of the input 

differential pair is about 10 0A, leading to a GBW of 3 MHz with only 12 pF as a 

‘compensation capacitance. Also, the SR is more than 3 V/jes. These excellent results 

are partially due to the large current multiplication factor B from M4 10 M6, which is 

4, The equivalent input thes i ¢ is high because of the low input current 
used. 

Stages with cascode transistors can be used just about everywhere, An advantage in 
amplifying stages is that they isolate the input node from the output node. eliminating 
the Miller effect. They also always increase the output resistance at low frequencies, 
leading to more low-frequency gain, more low-frequency CMRR. etc.. but not the 
GBW. 

‘Their main disadvantage is that they limit the output swing. The cascode transistors 
must be maintained in the saturation region. The drain-source voltage drop must have 
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a minimum value of Voss = Ves — Vir above the drain-source voltage of the driver 
transistor, Since cascode transistors are always small (in W/L), their Vpsoy is never 
smal i.e,, one volt of more, 


CMOS OTA With Hi 


gh PSRR_ ‘The second CMOS configuration has been op- 
timized with respect to PSRR (see Fig, 6-48 and Fig, AP6-2). It is actually a Miller 
CMOS OTA, the first stage of which is a symmetrical OTA. The main modification 
is the addition of cascode transistors M11 and MI2 to increase the symmetry of the 
first stage. 

However, the main improvement is 
vents M13 from behaving as a diode at high frequ 
values of PSRR ss (see Sec. 6-6). Moreover, this transi 
‘eventuial positive zero (Steyaert and Sansen 1990), 


aused by transistor M11. This transistor pre- 
ies, leading 1 much higher 


or avoids the presence of the 


ode CMOS OTA The third and last CMOS op a 
folded CMOS OTA 6-50 and Fig. AP6-3). An additional 
M7 is added in order to increase the output resistance and hence the low frequency 
gain, Its GBW and SR are high as is the total current consumption. It is a good example 
of optimized circuit design. 


np consists of a 
vode transistor 


6-9-2 Bipolar Op Amp Configurations 


In order to show that the design techniques are applicable to bipolar operational am- 
plifiers as well, a number of them are discussed. The list starts with very conventional 
configurations, which are very similar to their MOS counterparts. At the end, some 
very sophisticated op amps are added, which provide performance hitherto unavailable 
from CMOS op amps. 


Bipolar Op Amp NJM-4558 (JRC) The first bipolar op amp is a very cheap 
two-stage Miller amplifier (see Fig. AP6~4), The first stage is a simple OTA running at 
20 j1A. Its output is connected, over an emitter follower, to a single transistor amplifier 
with active load, A double emitter follower (with unity gain) forms the output stage. 
‘A Miller compensation capacitance connects both high impedance points. 
‘The GBW obtained is about the same as for a CMOS op amp with the same input 
‘age current, The SR is less here, as expected (see Sec. 6-9-1). The main disadvantage 
is the large input current, This is a result of the relatively low beta values of the input 
pnp devices. 

Note that the biasing circuit is included. It consists of a JET (or modulated resis- 
tance), which allows the Zener diode (reverse EB junction) to bias at about 7 V. The 
resistor in the following transistor determines all the currents, 


Bipolar Op Amp LM-4250 (NS) This op 
run at very low supply voltages, i.e., 41.5 V (see Fig. AP6-5), This is a result of the 
complicated emitter follower (T5=T7) between the first stage and the second one. It 


np has an advantage in that it can 
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provides an output DC voltage that is about the its input DC voltage. ic. 
about 0.6 V above the Vee supply line. 

This op amp can run at very low currents because the current can be set externally 
by means of T9, but the performance is correspondingly low. For a 10 jiA current in 
the input stage, the GBW is only 0.25 MHz. The SR is low as well, despite the presence 
of the resistances Rs,s. The noise performance is bad because of the resistances Rs. 
Finally, the input current is high, as for the previous bipolar op amp. Special high 
beta (100) devices have been used to reduce this input current. 


Bipolar Op Amp LM-124 (NS)_This op amp is very similar to the previous one, 
except for two differences (see Fig. AP6-6). The current of the input stage cannot be 
set. It is fixed at 6 2A. Also, an emitter follower is used at each input, forming a 
Darlington pair at each input. As a result, the input current is 
lateral pnp devices with low beta. An important advantage of this input configuration 
is the fact that the common-mode input voltage range includes ground. This op amp 
can thus be used for single-supply battery applications. 


ly low, even with 


Bipolar Op Amp 741 This op amp has been included because it has been the 
standard general purpose op amp for a long time (see Fig. APG-7). It has moderate 
performance for all its specifications. 

It has two stages separated by an emitter follower, but in the input stage. the pnp 
devices are replaced by npn-pnp combinations that allow for the reduction of the input 
current. An additional common-mode feedback loop (Q8.9) is then required for stable 
biasing. Note that all currents are set by transistors QI,12 and the resistor Rs. of 
39 kQ. 


Bipolar Op Amp CA3080 (RCA) This amplifier is of a special type (sce 
Fig. AP6-8), It is a bipolar OTA. Indeed. the input trinsistors are followed by three 
current mirrors. They have unity as current gain with very small error. The output 
current is thus simply mi times the input differential voltage. This gq can be changed 
by altering the input stage current. The performance is moderate because of the large 


‘number of pnp devices used. 


Bipolar Op Amp OP-27 (AD-PMI) This is the first high-performance op amp 
(see Fig. AP6-9). It offers large GBW and SR. and especially large gain. low off- 
set voltage and low noise. All of this comes. however. at the cost of lar: 
consumption. 

Tt consists of three stages. The first stage uses four cross-coupled input transistors 
for better matching, and load resistors to allow offset trimming. Also. the input currents 
are largely compensated (see Sec. 6-5-14). Emitter followers are again used between 
the two first stages. 

The second stage uses pnp input transistors with large emitter resistances. Also. 
their output is partially shorted by Rs. This is necessary to increase the bandwidth 
of the second stage at the expense of gain. The third final’ Single 


610 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


transistor amplifier with active load. The output stage 
of its symmetry. 

‘The presence of three stages means three high impedance points. For stability they 
must be connected by three compensation capacitors, This is why several RC network 
‘are present in this circuit. The compensation can only be a result of tedious analyses 
and several rerun: 

‘The offset can be trimmed to low values such as 10 j:V, leading to a 126 dB 
CMRR. This yields a product of 20 V, which is closely related to the Early voltage 
Of the input stage current source transistor. 

Finally, the input thermal noise voltage is very low. This is a result of the large 
n the input stage (240 2A) and the use of double input transistors with low 

ices. 


particularly attractive because 


Bipolar Op Amp NESS34 (Phil 


lips-Signeties) This configuration is similar to 
the previous one (see Fig. AP6-10). It is again a three stage amplifier and thus at 
least three compensation capacitors are required. However, the second stage is. not 
a real differential stage. Also, the output stage can deliver more current, as is often 
required in audio (600 2) applications with a large load capacitance. Its high frequency 
performance is even better than before but its current consumption is higher as well. 


Bipolar Op Amp LT1008 (LIT) This is the first op amp with significantly low 
input current (see Fig. APG-L1). It is a result of the use of super beta transistors 
at the input with only 2 A as total jon, input current 
cancellation circuitry is added. The input current is a mere 30 pA. 

‘The second stag ential psir (Q21 1 bootstrapped 
active load (Q24). This bootstrap (see Exercise 6-34) increases the gain at low fre- 
quencies. Its output (at the base of Q28) is connected to an output buffer. As a result, 
only two gain stages are present, and yet the open loop gain is more than 126 dB. 

Resistive loads are used in the first stage. As a re: 
to trim the offset to very low values, leading to very high CMRR, 

‘The other specifications are moderate. A biasing block is included. The current 
through the JFET J1 biases a current reference consisting of Q31-35 in which the 
current is set by the 3.3 k& resistor. The total current consumption is low. 


Bipolar Op Amp LMI (NS) LMI is the predecessor of the previous op amp 
(see Fig. AP6-12). Similar specifications are obtained with similar circuit techniques. 
Again, super-beta transistors have been embedded 


6-9-3 BIMCS and BIFET Op Amp Configurations 
Operational amplifiers benefit as much from the ecmbina as they 
eo from digital cells. The advantages of both technologies have been indicated many 
times before and several examples have been presented. A few more examples are 
now given to illustrate these points. 


CHAPTER 6: OPERATIONAL AMPLIFIER DESIGN 611 


BIMOS Op Amp CA3140 (RCA) This is one of the first BIMOS op amps ever 
made (see Fig. AP6-13). It consists of two stages and an output bulfer stage. The 
input transistors are MOSTS, to reduce the input current and to increase the SR/GBW 
ratio (see Sec. 6-8-1). The second stage consists of a bipolar transistor amplifying 
device to create sufficient pole spl 

Note that the current source of the input stage uses a cascode. This increases its 
output resistance and hence the CMRR. 

‘The biasing block is included as well. It consists of a current reference circuit. in 
which the current is set by the $ k@ resistance. The high frequency performance is 
excellent but the current consumption is relatively large. 


BIMOS Op Amp _A recent version of a BIMOS op amp is added to the list (see 
Fig. AP6-14). It achieves similar performance as before but at much lower current 
consumption. This is largely due to the smaller linewidths used (3 yam versus 10 jam 
before). However, the maximum supply voltages are lower. 

The input transistors are MOSTs, which reduce the input current and increase the 
SRIGBW ratio. Two emitter followers separate the first stage rom the second stage, 
which consists of an npm differential stage with cascode transistors. This increases its 
output resistance and hence its gain. The output buffer consists of a series of emitter 
followers. (Rodgers 1989) 


BIFET Op Amp LF356 (NS) By means of ion-implantation, JFETS are easy to 
add to a bipolar technology. This has resulted in several types of BIFET op amps. A 
few of the more successful ones are described (see Fig. AP6-15). 

The first JFET op amp was the LF356, which consists of two amplifying stages, 
the first one of which consists of pJFETs. This yields low input current and low noise. 
Also, the SR/GBW ratio is high. Its main disadvantage is its current consumption. 

Bipolar transistors are used in the second stage to ensure adequate pole splitting 
The output stage only contains npn transistors and pJFETs, yielding high bandwidth. 

Since both first stages are differential. common-mode feedback is required for 
proper biasing (see Sec. 6-8-4). This is realized by only one npn transistor with its 
collector to the sources of the input pJFETS 


BIFET Op Amp TL070 (TI) More recent BIFET op amps are simpler and closer 
copies of their full bipolar equivalents (see Fig. AP6-16). In this op amp. only the 
input pnp devices have been replaced by pIFETs (compared with the NIM-4858 in 
. AP6-4), The resulting input current is thus low and the SR/GBW is high. The 
input noise voltage is low as well. 


BIFET Op Amp LF411 (NS) This op amp is very similar to the previous one 
(see Fig. AP6-I7). The biasing circuits, however, are significantly different 


BIFET-MOS Op Amp (Das) _ In order to conclude this series of op amp con- 
figurations, a custom op amp is added that combines all available technologies (see 
Fig, AP6-18). 


SUMMARY 


EXERCISES 
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It consists of two stages and an output buffer. The input transistors 
which results in low input current and low noise, The second stage contait 
MOST with active load, Therefore, 3 
compensation capacitance, 

The output stage uses a bipolar transistor to source current to the load. The biasing 
currents of the input stages can be set at different values from the one of the output 
stage, 
he performance is mod except for the noise, which is very low. 

‘This concludes the list of op amps, We repeat that they are not intended as a 
comprehensive design guide, but merely as 


re pJFETS, 
only one 
MOST resistance is required in series with the 


starting point for design issue 


In this chapter, the analysis and design aspects of operational amplifiers and operational 
transconductance amplifiers (OTAs) have been covered, We started with the design 
of @ simple CMOS OTA, for which a design plan was spelled out. This OTA wé 
extended with a second stage to form a Miller CMOS OTA, A design plan was given 
for optimum performance of the GBW, phase margin, etc, 

Since this Miller CMOS OTA is often used, it has been analyzed in great detail 
‘The input range and output range examined versus frequency, the settling time, the 
output impedance, ete. A separate section was devoted to its noise performance, both 
at low frequencies and at high frequencies, 

Another section was then spent on matching, which discussed how matching plays 
an important role in the offset characteristics and in the CMRR and PSRR at high 
frequencies. For other characteristics, the performance of the Miller CMOS OTA was 
calculated and verified with SPICE, 

Several other OTA configurations were discussed next. They are the symmetri- 
cil CMOS OTA, the cascode OTA, the folded cascode OTA, and finally the OCA 
(operational current amplifier), They were discussed for both CMOS and BICMOS 
technologies, 

In analog design, there are always plenty of alternatives to consider, some of which 
disenssed in the second last section, They include the choices: do we design for 
optimum GBW or SR? Are we required to include positive zero compensation? Do 
we design single-ended or full-differential circuits’? 

This chapter concluded with a number of examples of op amps and OTAS, Little 
detail is given, but each example can serve as a starting point for new designs. 


we 


6-1 Design a simple CMOS OTA (see Fig. 6-1a) for a given GBW, a giver 
and a given phase margin (corresponding with fy. 
for ali other parameters, 
Use a simplified modet 
Repeat this: 

a for a given current I 
b for nbisan raion Vreeaies 


load Ci, 
3 GBIV), Give a design plan 
howing which parameters are calculated and in what order. 
for node capacitance Cys, ic. use Eq. (6-11) with ky = 0. 
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¢ fora given value of (W/L)) 
d for a given value of (W/L )4 

6-2 Change the biasing current Zq in an existing, simple CMOS OTA (see Fig. 6-1a) 
with a specific load C,. Sketch the resulting GBI and phase margin (PM) versus 
current Ia. 

6-3 Design a simple CMOS OTA (sce Fig, 6-1a) for a given GBW and a given phase 
margin (corresponding to ny * 3 GBNV ). We want to fix the input MOST Vesi Vo 
at 0.2 V for large gm/Zns ratio, and keep (W/L), = | for minimum size. Give & 
design plan for the other parameters, Take a niode capacitance Cra ~ Ay (W/L). 
with ky = 10 fF. Find the required load capacitance Cy,, (W/L);, and a, Caleuate 
resulting values for GBW = 10 MHz (and Ky, = 25 eA/V® and Ky, = 10 eA/V") 

6-4 A high-gain stage has the simple CMOS OTA of Fig, EX6-4, Its load is Cx. Weis 
used as an integrator with feedback capacitance Cy. All other capacitances are taken 
1s zero. Give the pole-zero position diagram with Cyr as a variable, and mark the 
interesting break points. 

6-5 Take a simple CMOS OTA (see 


jg. 6-1a) as a high-gain amplifier for biomedi- 
cal signals at low frequencies. Therefore, the capacitive loud can be omitted: The 
equivalent input noise is determined mainly by the four transistors. However, the 
noise contributed by the current source Zn. which is denoted by in = dij is not 
negligible. Calculate the output noise voltage (For grounded inputs) as u result of tw 
in the following cases: 
A rol fon and yg = Ys = 08 
b fot = ron = 00 and Px = Tt 
© Foy on and Fy = Font 

6-6 Design a Miller CMOS OTA (see Fig. 6-4) for a GBW = 10 MHz (with fins 
3, GBW) and Cz, = 5 pF. Find an expression for the required C,. versus the current 
Ie of the second stage, Concerning transistor T6, we know that its Vaso—Vr = 0.5 V. 
because of matching with transistors T3 and TA, and that its Caso © Ko(/ Lo is 


FIGURE EX6-4 —High-gain stage 


Ry 


Ma 


FIGURE EX6-11 
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6-10 
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6-12 


6-13 


6-14 


Butfor amplifier, 
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the main contributor to node capacitance C,). Also, its ke = 6 IF and parameter 


expression of C. versus fe and find the required current /4 for Ce = 1 pF 
How do you interpret this curve? 

What are the sizes of the input wransistors if Vast ~ Vr = 
05 V and Ki, = 10 wA/V2? 
Design a Miller BICMOS OTA (see 
F, Develop a de 


0.2 V and Vas3—Vr = 


ig. 6-86) for a GBW = 10 MHz. (with fxg 
as in the previous exercise, for the 
0,8 pF. 
pression for the GBW of the form of 
the input transistors in weak inversion, Also ealeuiate the numer 
es used for Fig, 6-11 
A bipolar Miller op amp has a GBW of 3 MHz and a compensation capacitance of 
30 p used in a gain stage with closed-loop gain of 20 dB, Plot its bandwidth 
(3 dB frequency) versus its output signal amplitude (For values up to 10 V) and 
comment on the breakpoints. 
A bipolar Miller op amp has  GBW of 3 MH 
capacitance of 30 pF, It is used in a gain stage with closed-loop gain of Ay = 20 dB, 
where it delivers 2 V output voltage. What is the worst-case settling time (0.1%)? 
Plot this setting time as a function of the closed-loop gain Ay. and comment on the 
breakpoints 
A unity-yain butter uses @ Miller CMOS OTA (Fig, 6-4) with « high capacitive lond 
(see Fig. EX6-11), Its GBW is 10 MHz, he large input transistor has Cos = 3 ph 


‘npn transistors 
Derive from 


J. (6-330) with, 
values for the 


SR of 1 V/jis, and a compensation 


md Cop = 0.4 pF. The package and input pad add a parasitic capacitance of 
Cy = 0.3 pF, Plot the input capacitance versus frequency up to 10 MHz. 
Design a Miller CMOS OTA for Hi-Fi amplification of 40 dB, up to at least 25 kHz 


with low noise, Its total noise must be less than 20 jcVayss and the 1/f noise must 
be tess than 0.1 jeVevis/ Viz at 10 Hz (lake the same K” and Vas — Vi as in 
Exercise 6.6). What is the resulting corer frequency? 

‘A well-designed Miller CMOS op amp (with pMOS input) has a GBW of 3 MHz 
a slew rate of 5 V/jes, and 10 nVayts/VHz equivalent input noise. ‘The comer 
frequency is 1 KHz. Is offset voltage is 15 mV. Also, its COMRR is 60 AB and sta 
rolling off at 300 kHz, Extract as many parameters as you cat 
Redesign the Miller CMOS OTA for better noise performance at high frequencies. 
‘Change the current in the second stage (through transistors TY and T2), such that the 
‘maximum noise contribution of the second stage (sce Fig. 6-23) at GBW is only 
one-tenth (in noise voltage) of the low-frequency noise contribution of the first stage, 
Whit is the resulting current? 
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Yon 


Crono 


FIGURE EX6-17 CMOS inverter amplifier Lid G 


FIGURE EX6-18 Cascode stage Vis 


fe Eq, (6-126), 

6-29 Derive Eq. (6-133), 

6-21 Give a design plan for a symmetrical CMOS OTA (see Fig. 6-45) with a given 
GBW, a given load C,, and a given phase margin (e.g., 70°). The gain of the first 
stage must be Ay; > 3. Give a design plan for all other parameters; ie, show the 
parameters calculated in succession. Repeat this 
a for a given current Jy 
b for a given value of (W/L), 
¢ for a given value of Vesi — Vr 
d for a given value of B 

6-22 Design a symmetrical CMOS OTA (see Fig, 6-45) for a GW = 10 MHz (with 70 
phase margin) and Cz, = 5 pF. The first stage gain Ay; = 3. Also take B 

‘Take as node capacitances Cys = kW/L)1 and Cys = K(W/L)» with & 
Also, Ki, = 25 A/V? and Ki = 10 A/V? 


6.23 


6.25 


6-26 


6.27 


6-28 


6-29 


6-30 


6-31 
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Design a symmetrical CMOS OTA (see Fig. 6-45) for a GBW = 10 MHz (with 70. 
phase margin) and Cz = 5 pF. The first stage gain Use Ves = Vr = 0.2 V 
for the input transistors, and Ves — Vr = 0.5 V for all other transistor pairs, if 
applicable. 

Take as node capacitances Cy 
Also, Kj =25 A/V? and Ky, 


(W/L); and Cy = (W/L); with k = 10 FF. 
10. A/V’ 


Design a symmetrical BICMOS OTA (see Fig. 6-46) as we have done for a CMOS 
OTA in Exercise 6-23. Its GBW = 10 MHz (with 70° phase margin) and C, = 5 pF. 
Use Vesi—Vr = 0.2 V for the input transistors. Remember that the node capacitances, 


will be dominated by the collector-substrate capacitances: Ccs = 1.5 pF for all npn 
transistors. Also, Kj, = 10 A/V2. 

Derive an expression for the PSRR of a symmetrical CMOS OTA with a load ca- 
pacitance of Cy. 

We want to design a cascode symmetrical CMOS OTA (see Fig. 6-47). lis GBW = 
10 MHz (with 65° phase margin) and C, = 5 pF. The first-stage gain Ay, must 
be 3 to reduce the noise. Moreover, the input white noise must not be larger than 
10 nVens//H2z. 

Use Vast — Vr = 0.2 V for the input transistors. Take as node capacitances 
Cys = K(W/L), and Cyy = ke(W/L)g = kB(W/L)g with k = 10 IF. Also, Ki = 
25 wA/V? and K’, = 10 wA/V2 
A cascode symmetrical CMOS OTA (see Fig. 6-47) is given with fy 
(W/L)i.29,0 (W/L)3.4 = 3, and all other (W/L) = 6. Also, Vro 
and Vpp,ss = +2.5 V. Calculate the maximum output voltage swing assuming that 
all transistors must be kept in the saturation region at all times. Design a 
network; i.e, what are the sizes of transistors Tid to TI8 (using Ves — Vr 
if necessary); Ki, = 25 wA/V? and K’, = 10 xA/V?. 

Design a folded cascode CMOS OTA’ (see Fig. 6-50) for a GBW = 10 MHz (with 
70° phase margin) and C, = 5 pF. Design it for maximum output voltage swing, 
assuming that all transistors must be kept in the saturation region at all times (also 
take Ves — Vr = 0.2 V. Vio = 0.8 V, and Vop.ss = +2.5 V. Calculate the values 
of VBI and VB2. The capacitances Cys ~ 2k(W/L)y and Cyis,12 © K(W/L)o with 
k= 10 FF. Use Kj =25 wA/V? and Ki = 10 was’ 

Design a folded cascode BICMOS OTA (sce Fig. 6-51) for a GBW = 10 MHz 
(with 70° phase margin) and C, = 5 pF. Design it for maximum output voltage 
swing, assuming that all transistors must be kept in the saturation region (also take 
Vos — Vr = 0.2 V; Vro = 0.8 V. and Vpp.ss = 42.5 V. Calculate the value of 
VBI. The capacitances Cys ~ 2k(W/L); and Cyis,12.13 © A(W/L)o with k = 10 FF. 
Also, Ces tors. Use Kj, = 25 A/V? and 
K 
Désign a CMOS OCA (see Fig. 6-52) with a current gain of Bs = 10. With Re 
10 k@ and C; = 10 pF, the BW = 1.6 MHz. We do not want more than 20° phase 
shift at 20 times this frequency. Moreover, the input white noise must not be larger 
than 4 pAgys/V/Hz. For this reason By = 1. 

Use Vosi — Vr = 0.2 V for the input transistors. Take as node capacitances 
Cnt = Cus = k(W/L)) with k = 204F. Also, Ky = 25 wA/V? and K}, = 10 pA/V?, 
Design a balanced, simple CMOS OTA (see Fig. 6-55) for a GBW = 10 MHz (with 
70° phase margin) and C, = 5 pF. Design it for GBWcy = 2 GBW py. Take 
Ip = Ic = 20 A and (Ves — Vr)s6 = 1 V and Ves — Vr = 0.2 V for all other 


FIGURE EX6-32 


6-32 A folded cascode CMOS OTA with two inputs is shown in Fig. EXt 


6-33 The input stage of a fully differential op 


6-34 A simple bipolar OT 
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transistors. ‘The capacitance Cys = KCW/L)7 with k = 20 fF. Use Ki, 
and Ki, = 10 pA/V?. 


HAN? 


2. Two parallel 
inputs are used in order to ensure that the op amp works for all input voltages from 
one supply voltage to the other (i.e, from “rail to rail"). It is a balanced folded 
cascode amplifier, but the common-mode amplifier is not shown, 

Plot the GBW versus the input common-mode range for Vpp.ss = £15 V. 
Calculate the values of all Vai.2.34 and the maximum ouput swing. Calculate all 
transistor sizes, Current fy = 20 A and Cy, = 5 pR. All Ves — Vr = 0.2 V and 
Vro = 0.7 V. Use Kiy = 25 A/V? and Ki, = 10 A/V*, 
mp uses positive feedback, as shown in 
Fig. EX6-33 (Castello, Grassi, and Donati 1990) to inerease the input transconduc~ 
tance. Calculate this improvement in gain and gain bandwidth, Take (W/L), = 20 
and (W/L)s = 15 (and In = 50 j2A). 

‘A (see Fig. EX6-34a) is followed by an emitter-follower to 
provide a low-impedance output. The same emitter-follower is used (0 bootstrap 
transistor Q3 in Fig. EX6-34b, in order to boost the gain at low frequencies (De 
Man, Van Parijs, and Cuppens 1977), Calculate the resulting change in gain and in 


GBW, if Cy = 10 pF is the only capacitance in play, Take fy = 2 = 100 As 
= 250, and al 
Folded cascode op amp with double input 
Vow 
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FIGURE EX6-33 _High-gain stage with positive feedback 


CHAPTER 6: OPERATIONAL AMPLIFIER DESIGN 619 


v 
‘vo 


M6 


oury ou: 


MI Mz 


6-35 The balanced folded cascode of Fig. EX6-35 uses a compensation capacitance C, 
to increase its gain at high frequencies (Stefanelli et. al.. 1993). ‘The common mode 
amplifier is not shown. Calculate what capacitance C, is required to compensate the 
pole generated at the input transistor gate for Rs = 100 2. Take fy = 40 nA, 
Ci =5 pF, and all Ves — Vr = 0.2 V. Also, Cosi = 2 pF and Cop: = 0.4 pF. 
‘What is the largest value of Rs for which the compensation works? 
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6-36 The folded cascode CMOS OTA of Fig. EX6-36 is provided with feedforward 
pacitances Cy to compensate the noncominant pole (Apfel and Gray, 1974; Op't 

Eynde and Sansen 1990), Calculate the optimum Cp by means of the pole-zero po- 
sition diagram. Take /q = 40 4A, Cy = 5 pF, and all Ves = Vr = 0.2 V. Also, 
Cyains = 0.3 PB, Use Kj = 25 wA/V? and Ki, = 10 A/V: 

6-37 The folded cascode CMOS OTA of Fig, EX6-57 is provided with regulated or active 
cascodes (Siickinger and Guggenbihl 1990; Bult and Geelen 1990). This means 
that local feedback is applied around the cascode transistors to reduce the effect 
ff the node capacitances Cya,ys- Calculate the improvement in phase margin in the 
following cases 
‘@ without node capacitances Cyg,n9 0 ground 
with node capacitances Cyg,y9 tO ground 
© swith nod capacitances Cya,9 to ground 

around the cascode transistors (Sansen 

of Cy 

Take Jp = 40 At Cr Vos — Vr = 0.2 V and all rp's are 2 MQ. 
Also, Chins = Cnsns = 0.3 pF, and coupling capacitance C59 between nodes. 5 
and 9 is Chsv = Cas = 0.2 pF. Use Kj, = 25 xA/V? and Kp = 10 4A/V*, 


\d feedforward capacitances Cy (dashed) 
id Chang 1990), Find the optimum value 


Vio 


\n 


ie bas ope 


FIGURE EX6-35 CMOS folded cascode OTA with input pole compensation. 
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FIGURE EX6-36 Folded cascode OTA with feedforward. 
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FIGURE EX6-37 CMOS OTA with regulated or active folded cascode and with feedforward. 
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APPENDIX 6- 


: Pole-Zero Doublets and Settling Time 


Pole-Zero Doublets in Differential Cireuits Differential circuits have two outputs. 
ice C/2 between both outputs (see Fig. AG-La) ereates a pole at the frequency 
fis given by : 


1 


ae 6-1 
ARC os) 


fi 
because the time constant is (2R)(C/2). 
his circuit can be split in two differential half circuits, provided the capacitance is split 
fay well, as shown in Fig. A6-1b. A virtual ground is created between both capacitances 
C, and therefore both capacitances C can be taken to ground as well (see Fig. A6-1c). 
Despite the fact that we have two capacitances, we still have only one pole, i., the circuit 
is of first-order. 

What happens if the capacitances C (see Fi 
different? Do we then have two poles that are 
order circuit? 

For the analysis, we substitute the transistors by means of current sources with value 
Smbis/ ght analysis yields the gain 


‘A6-2a), or both resistors R. are slightly 
Wy different or do we have a second- 


(A6-20) 


The corresponding Bode diagrams are shown in Fig, A6-2b, It is clear that the cireuit is 
still of first-order for both high frequ although a pole-zero doublet his been created. 

Except around the break frequency itself, this Bode diagram can be well approximated 
by the first-order characteristic (represented as @ dashed line in Fig, A6-2h) given by 


the phase of which can be approximated by 


(A6-2b) 


i ( Aa 
—aretan £ arctan (1 + 25) £ + retan 
sais 7 fi 


AC) f 
= —arcta =)\= A6-3) 
san (14 ac) i (A6-3) 
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FIGURE A6-1 


The error of this last approximation for frequencies lower than f;/3 is barely one 
degree, and is thus negligible. This approximation can thus be used for calculation of the 


A6-3a)? They have 


phase margin, etc. 
1/2zRC>. 


‘What happens if the capacitances C are k 
values C; and Co, giving tise to two distinct poles fi = 
Do we then have a second-order circuit? 


different (see Fig 
12x RC; and fr 
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Yon 


@ o 
FIGURE A6-2 Differential stage with (a) schematic (b) Bode diagram, 


Yoo 


@ o 
FIGURE A6-3 Differential stage with Cp => C; (a) schematic (b) Bode diagrams. 
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it analysis yields the gain 


(AG-4) 


EDC) 
in which 1/ fiz = 1/2fi + 1/2f2 


If we assume Cy >> Cy then fe < fi and fi2 © 2 fe. The corresponding Bode diagrams 
are shown in Fig. A6-3b. It is again clear that the circuit is still of first-order for both high 
frequencies. A pole-zero doublet has been created at the lower frequency fs. 

‘The phase is given by 


sm retin = eta £ A6-5 
= arctan = — arctan = + artan == (A6-5) 
‘The phase diagram shows that itis no longer possible to work with approximations, 
A further extrapolation of the above problem is illustrated by the circuit shown in 
Fig. A6-4. It is the simple CMOS OTA, in which only the nondominant pole is withheld, 
Indeed, the load capacitance, which normally creates the dominant pole, is left out for 
simplicity. We now must find the pole corresponding to node capacitance Cys. 
On first sight, the pole frequency is given by 


Sas an - (A6-6) 


FIGURE A6-4 Simple CMOS OTA with one non-dominant pole (a) circult (b) Bode diagram, 


@ ® 
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However, straight analysis shows that the gain is actually given by 


(A6-7) 


‘The corresponding Bode diagram is shown in Fig. A6-4b. We notice that a pole-zero 
doublet is generated, which leaves the gain at high frequencies at Ayo/2, The phase shift 
is maximum at V3 f,3 and is 19.5°. For frequencies lower than f,3, the phase shift can 


which is sketched as a dashed line. For frequencies lower than f,3/3, the erro 
0,5”. The latter approximation can thus be used to calculate the phase margin PM of the 
simple CMOS OTA. 

The reason that capacitance Cys generates only a doublet rather than a si 
that C,s acts only on half the signal. As a result, it merely reduces Ayo t0 Ayo/2, which 
is described by a doublet. We conclude that a capacitance on a node creates a pole but 
that a pole on half the signal also generates a zero at double the pole frequency. 

Exactly the same situation occurs with the nondominant pole at node 6 of th 
rical CMOS OTA (see Fig. 6-45). This node generates additional phase shift a 
of the pole-zero doublet at frequency sqrr/2%Cyo- 


gle pole i 


ymmet= 
a result 


Settling Time For a first 
normalized 


der circuit, the settling time is given by Eq, (6-41). The 
iting time f,(e) is given by 


(A6-9) 


in which toaw = 
tye) = 1. 
In underdamped second-order circ 


s normalized settling time 


with PM < 76°, the settling time is given by 


1 [ie =| 


Aer 2in(i/e) 


(A6-10) 


_ sin?(PM) 
~ cos(PM) 


This is plotted for ¢ = 10% in Fig. AG-5. It clearly shows that for phase margins 
between 60 and 70°, we can take unity for f5y(€) without large error. 


with ky 


Pole-Zero Doublets and Settling-Time Assume that a pole-zero doublet occurs 
in the gain-frequency characteristic, as shown in Fig. A6-6a. It occurs at frequency fy: 
and has a spacing of Afy.. In unity-gain configuration, the settling time is expected to 
be described by rosy as described in App. 6-1. However. the pole-zero doublet causes 
a slow settling component with time constant t,- = 1/2 fp. (Kamath, Meyer, and Gray 
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5 30 35 60 08 70 75 
FIGURE A6-5 Normalized setting time for « = 0.1%. 
Ay Your 
Your 
caw f él ' 
@ 
FIGURE A6-6 (a) Bode ciagram with (b) doublet causes slow setting 
1974), Its output voltage is given by 
! 
. Vour= Viv [t=exn (=) « AG) 
Tov 


+ and is shown in Fig. A6-6), 
Assume that we have a GBW of 10 MHz. (temw = 16 ns). Without this slow seting 
component, we have a settling time of 0.11 1s for e = 10%, If coefficient A f-/GBW is 
of the order of 1 percent, and fy = GBW /10, then we obtain tp: In(10) = 3.7 yes settling 
time. 
This is a point of concern for feedforward circuits (see Fig. 4-57) and other pole-zero 
cancellation schemes, If the cancelfstinn is not perfect, a pole-zero doublet is generated, 
giving rise to excessive settling times. 


APPENDIX 6-2: Amplifier Configurations 


FIGURE AP6-1 
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CASCODE CMOS OTA 
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FIGURE AP6-2 CMOS OTA WITH HIGH PSAR (Steyaert and Sansen 1990) 
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FIGURE AP6-3 FOLDED CASCODE CMOS OTA 
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FIGURE AP6-4 BIPOLAR OP AMP NJM-4558 (JRC) 
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FIGURE AP6-5 BIPOLAR OP AMP LM-4250 (NATIONAL SEMICONDUCTOR) 
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FIGURE AP6-6 BIPOLAR OP AMP LM-124 (NATIONAL SEMICONDUCTOR) 
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FIGURE AP6-7 BIPOLAR OP AMP MODEL 741 
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FIGURE AP6-8 BIPOLAR OP AMP CA3080 (RCA CORP.) 


Da 
oo 
INVERTING 
INPUT 
NON- (Ges 
INVERTING ©) QI Q2 OUTPUT 
INPUT 
Q10 
AMPLIFIER 
BIAS INPUT he on 
¥ D6 

Specifications (at fret 10 WA) 
Parameter Value Unit 

(atv) 

4 0.12 MHz 

0.25 V/us 

0.4 mS 

50 nA 

10 WA 

10 uA 


18 nVaus/VFE 


635 


636. DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


FIGURE AP6-9 BIPOLAR OP AMP OP-27 (PRECISION MONOLITHICS INC) 
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FIGURE AP6-10 BIPOLAR OP AMP NE5534 (PHILIPS-SIGNETICS) 
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FIGURE AP6-11 BIPOLAR OP AMP LT1008 (LINEAR TECHNOLOGY) 
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FIGURE AP6-12 BIPOLAR OP AMP LM11 (NATIONAL SEMICONDUCTOR) 
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FIGURE AP6-13 BIMOS OP AMP CA3140 (RCA CORP.) 
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FIGURE AP6-14 BIMOS OP AMP (Rodgers and Thurber 1989) 
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FIGURE AP6-15 BIFET OP AMP LF356 (NATIONAL SEMICONDUCTOR) 
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FIGURE AP6-16 BIFET OP AMP TLO70 (TEXAS INSTRUMENTS) 
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FIGURE AP6-17 BIPFET OP AMP LF411 (NATIONAL SEMICONDUCTOR) 
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FIGURE AP6-18 BIFET-MOS OP AMP (DAS) 
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FUNDAMENTALS OF 
CONTINUOUS-TIME 
AND SAMPLED-DATA 
ACTIVE FILTERS 


INTRODUCTION 


An electrical filter of filter circuit can be defined as a network of circuit components 
(ite., resistors, capacitors, inductors, and transistors) that operates on or processes 
signals (Daryanani 1976; Ghausi and Laker 1981; Gregorian and ‘Temes 
aumann et al. 1990; Schaumann and Laker 1993; Sedrs 1989; Unbehauen 
chaumann and Laker 1993). The filter's response y(¢) (usually 
1) will differ from its excitation .c(/) (usually a voltage input 
cordance with the signal-processing algorithm performed by the filter 
circuit. Filters can be designed to perform either linear or nonlinear signal processing. 
Although nonlinear filters are an important class of filters for a variety of applications, 
the vast majority of filters implemented are designed for linear operation, Hence, our 
focus in this chapter (and the next chapter, 100) is the design of microelectronic finear 
filters. Henceforth, to simplify the terminology, we will use the term filter to imply a 
linear filter unless noted otherwis 

The term active filter refers to a filter that incorporates active device(s) (e.g., tran- 
sistor) or amplifier circuit(s) in its schematic. Typically, in such a filter, active circuits 
replace the function of inductors in what would otherwise be a resistor-inductor- 
capacitor, or RLC circuit. We know that the resonant frequency for a passive RLC 
circuit 


electric: 
1986; 
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To get a feel for the dimensions of these components let us consider the case 
where f; = 1 MHz and C = 100 pF (1e., a very large microelectronic capacitor). The 
corresponding inductor value for this f, is L = 250 jcH, much too large (by several 
orders of magnitude) to implement as a planar structure on an IC, Moreover, planar 
inductors are nonideal due to parasitic capacitance and losses (i.e.. low inductor Q). 
For a fixed f,, the only way to reduce L in Eq. (7-1a) is to increase C, which in 
this case is already very large. When f, is sufficiently high (ie., > 500 MHz), it ean 
be realized with IC-compatible £ (< 10 nfl) and C (Nguyen and Meyer 1990), In 
contrast, the f; realized by an active filter usually is related to an RC product or an 
equivalent, e.g. 


or OR (7-lby 


Hence, f, = 1 MHz can be achieved with C = 1 pF and R = 1/27 f,C ~ 150k: 
Large R's, say < 10 MQ, or their equivalent are IC-compatible and can be ef 
ciently implemented in a variety of structures. The specifics of active-filter design and 
implementation are discussed 

This chapter is devoted to reviewing the fundamentals of linear-active filtering 
in the continuous-time and sampled-data domains. For those readers who need to 
refresh their understanding of sampled-data and diserete-time systems, a brie re- 
view of these subjects is provided in App. 7-1. The fundamental schemes for inte- 
grated analog filters; namely, circuits based on active-resistor-capacitor (or active-RC), 
active-transconductance-capacitor (or active~Gy /C) and active-switched-capacitor 
(or active-SC), are introduced in Sec. 7-2. In Secs. 7-1 and 7-3 through 7-6, we examine 
the various performance requirements for a filter and develop methods for synthesiz- 
ing efficient numerical transfer functions from frequency response specs. Sensitivity, 
variability, and their relationship to manufacturing yield, are important criteria for 
designing and evaluating filter circuits. In Sec. 7-7 we apply models developed in 
Chap. 3 to evaluate sensitivity, variability, and yield of integrated filters. Typically, 
circuit design involves a coupling of symbolic a and CAD simulation for study- 
ing and designing circuits. Symbolic analysis provides insight into circuit behavior 
and design tradeoffs that would not otherwise be evident. Hence, in Sec. 7-8 we apply 
a hybrid of discrete-time and analog circuit concepts to facilitate the symbolic analysis 
of switched-capacitor circuits. 


7-1 LINEAR FILTERING CONCEPTS AND DEFINITIONS 
Linear filtering, most intuitively described as a spectral selection process, can be 
represented and specified in several ways. To characterize this process. let us first 
use our knowledge of elementary signal theory to describe the signals that we will 
be dealing with. A periodic signal, say s(t) (or x(t), y(1)). where s(t) is either a 
voltage or current defined over the period 7; = 1/f, = 2/w,, can be expressed as 
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the Fourier series 


5) = ay-+ Yay costker,t) + ) >be sin(ken,t) = > Speier! (7-2a) 


= 0 


‘The real coefficients ap, ax, b,, oF complex coefficient S;, define the spectral com- 
ponents of the signal at particular frequencies ex = key, rps (ay or So is the DC 
component). More generally, if s(t) is not periodic, it ean be expressed by the Fourier 
integral 


sn) [ Sljoreldo (72) 


where @ = 2z.f is continuous frequency and complex S(jo) is the continuous Fourier 
spectrum of signal s(F). 

A finear filter response y(t), with spectrum ¥, or ¥(jo), is derived by weighting 
each speetrtl component of input (0) by a complex number Hy or H(ja), ies. for 
periodic signals 


x)= OMX = y Yel (7-34) 
Prom saree 


and for nonperiodie signals 


ip saivel™ aps jot, 
wo=x | H(jo)X (joe! deo =f Yeiarettden (1-30) 


In Eq. (7-3) we see that the filter algorithm is contained in the transfer function 
H(jo), which we conveniently partition into magnitude and phase functions, such 
that 


fie 
RelH1S = Mwyei* (7-30) 


‘Typically, we express gain in decibels (or dB) and phase in degrees, i.c., 


wl] 180° 
G() = 2logig M(w)dB_ and eo) = arin { UH 


—— 3) 
ReHGa sf OM) 


Combining Eqs. (7-3) and (7-3c), we see that a linear filter selectively scales the 
amplitude and adds to the phase of the input via M(w) and g(o), respectively, 


¥ (jo) = Myl@el = M(w)Mx (oe! (a) 


FIGURE 7-1 
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Filter design then is a two-step process: namely, (1) derive a Gl) andjor gto) 
to achieve a specified performance and (2) synthesize a robust, economical circuit 
schematic and component values to realize step one, 

Equations (7-3) and (7-4), as illustrated in Fig. 7-1, are the essence of linear fil 
tering. Many filters that we will encounter are gain-shaping filters where the primar 
filter function is G(w). However, there are a class of phase-shaping filters called phase 
or delay equalizers, which are specified by g(w) or group delay, as defined by 


dglo) 


deo 


seconds (75 


tw) = — 


ally for such filters, we specify G(w) to be constant, say 0 dB, for all @ 
least in the range of interest). Delay equalizers and gain-shaping filters are frequently 
ied in the signal processing of data and video signals that are particularly 
sensitive to the phasing of spectral components. On the other hand, gain-shaping 
filters are usually sufficient in the processing of audio and speech signals that are 
relatively insensitive to phase. 

From Eq. (7-3) we see that (7), for an ideal linear filte 
components that are present in .(/). In contrast, @ nonlinear filter will produce 
spectral components not found in 1(¢). Nonlinearities appear in linear filters that use 
active circuits in their implementation, such as op amps and OTA. When nonlinear 
behavior occurs in a linear filter, it impairs the filter's performance by producing un- 
wanted harmonic components (e.g., the gray spectral lines at 2f;, fi+ fa. 2/2. etc. 
of output y(¢) in Fig. 7-1). This impairment is called harmonic distortion (Schaumann 
et al, 1990; Sedra 1989) and the root-mean-square (rms) sum of all harmonic ampli- 
tudes in y(¢) is called toral harmonic distortion (THD). THD is usually specified as 
the percentage ratio of the rms sum of harmonic amplitudes to the rms fundamental 
amplitude. Sources of nonlinear distortion in op amps and OTAs were discussed in 
Chaps. 5 and 6. Since op amp-based active filters are comprised of one or more op 
amps embedded in single or multiple negative-feedback loops. nonlinear distortion 
will be reduced, as discussed in Chap. 5. However, in OTA-based active filters, each 
open-loop OTA must be individually linearized 


y 


can have only spectral 


new 


Filtering llustrated as a spectral weighting process, where the input spectrum is comprised of the 
three spectral components at frequencies f with amplitudes |X;) for k = 1, 2, and 3. The fiter, 
described by the weights |Hs| at, passes the fy, f2 components while attenuating the highest 
frequency components at f. In addition, unavoidable nonlinearities in the liter have introduced 
‘new spectral components at the sum frequencies fy + f2, fo +13, and fy + fs, and at the 
second harmonics off, .e., 2. These undesired components, shown in gray. represent harmonic 
distortion. 
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7-2. SCHEMES FOR INTEGRATED ANALOG FILTERS. 


In this chapter and Chap, 8, we will explore three schemes for realizing microelee- 
tronic analog filters, namely active-RC, active-Gn/C, and active-SC filters. The first 
two schemes are continuous-time in nature, and the third is sampled-data; each presents 
and disadvantages that must be weighed by the designer before 
n application. These approaches, although viewed as being in direct 
‘competition with one another, are sometimes used together in complementary system 
roles. One example is the use of lowpass active-RC filters for ant 


unique advant 


use in any giv 


‘aliasing and recor 
struetion interfaces to a switched-capacitor filter (see Fig, A7-7b in App. 7-1). Many 
features trom active-RC circuits and their design lore have been incorporated in sy 
thesis: methodologies for active-SC /C filters. Conversely, the current 
fully integrated active-RC and active-Gy,/C filters have been based on 
the rich technical foundation developed for VLSI active-SC filters, 

AL this stage let us point out that quality VLSI active-filters, depending upon the 
implementation approach, can be realized over a wide range of frequencies (50 Hz 
= f < 100 MHz) in CMOS, bipolar, or BICMOS technologies. Equivalent quality 
VLSI active-SC filters, over a somewhat narrower range (50 Hz < f < 1 MHz), 
are realizable in CMOS and BICMOS technologies, Due to the need for small, high- 
quality switches, bipolar technology is not viable for active-SC filters. The comparative 
> filters are higher precision, greater linearity, and, perhaps, 
smaller die size and power dissipation, On the other hand, aetive-RC and active Gy,/C 
filters can achieve higher signal-processing frequencies and, being continuous-time, 
they are not complicated by the sample-data effects described in App. 7-1. Both 
switched-capacitor and continuous-time active titers (Gregorian and ‘Temes 1986; 

chaumann et al, 1990; Schaumann and Laker 1993; Sedra 1989: Unbehauen and 
Cichocki 1989) ean be implemented with digital logic on the same chip to realize a 
wide variety of mixed analog/digital VLSI systems, (see Kuraishi et al. 1984; Callias 
etal 1989), 


id active: 


advances 


advantages for activ 


7-24 Active-RC and Active Gm/C Filters 


Figures 7-2 and 7-3 represent the variety of schemes available for realizing inte- 
grated active-RC filters (Gregorian and Temes 1986; Schaumann et al. 1990; Schau- 
mann and Laker 1993; Sedra 1989; Unbehauen and Cichocki 1989). In Fig. 7-2 we 
show a typical schematic for a single op amp second-order filter, and in Fig. 7-3 
we illustrate the signal-flow graph for a high-order filter comprised of interconnected 
integrators of the types described in Chap. 5. In both figures, active-RC filters are 
made up of resistors (A's), capacitors (C's), and amplifier circuits. With the OTA, 
the functions served by op amps and resistors are combined in the OTA transcon- 
ductance Gy». 

‘The importance of active-RC filters has been apparent as far back as the 1950's, 
when it was anticipated that circuits composed of R's, C's, and transistors could 
take advantage of the solid-state advances occurring at that time better than circuits 
comprised of L's and C’s. It is evident that usi ¢ circuits in filters provides 
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FIGURE 7-2 (a) A typical second-order acive-RC fiter with input vy and output vour. Ths titer is realized with 


Ais, C’s, and a single op amp. In the IC realization of this schematic, integrated circuit A's are 
‘actually distributed RC lines of length L and width W, realized with either (b) a resistive material 
1 (¢) a pMOST operating in the triode region. High quality capacitors in bipolar are realized as in 
(@). The tayout strategy for matched resistors is illustrated in (e), 


the opportunity to realize gain. i.e., the magnification of voltages, currents, and/or 
power, at preselected frequencies. Recently, active filters based on the G,,”s of OTAS 
(Fig. 7-3c) have been demonstrated (Geiger and Sanchez-Sinencio 1985; Schaumann 
and Laker 1993; Schaumann et al. 1990; Sedra 1989; Unbehauen and Cichocki 1989) 
to provide interesting alternatives to the more traditional resistor op amp-based active 
filters, particularly at frequencies well above the audio band (f > 100 kHz). As seen 
in Chap. 6, OTAs are realized with simpler circuits, and can achieve significantly 
higher bandwidths, than op amps. However, ay mentioned in Chap. 5, the improved 


FIGURE 7-3 
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KVEOA 


o © 
‘Many high performance continuous-time active fiers are based on the interconnection of integrator 


blocks, as shown in (a). An integrator is realized using either (b) the classic negative feedback op 
‘amp circuit or (c) the operational transconductance amplifier (OTA) based circult, 


high-frequency performance of OTA-based acti 
reduced linearity. 

Active-RC filters, such as those in Figs 7-2 and 7-3, are chara 
functions of the form 


filters is reali 


“d at the expense of 


terized by transfer 


a 
, ay T] (s —@.) 
MG) = si (7-6) 


Tle =o) 


where M = N, also poles a, and zeros «.; are functions of 1/RjC; (e.g. Eq. (7-1) 
for op amp or Gnj/Cr for OTA-based filters, respectively. From elementary filter 
theory we know that the poles and zeros of passive RC networks are constrained to 
lie on the negative real axis of the s-plane. The use of op amps (or OTAs) and the 
application of feedback (inverting and/or noninverting as described in Chap. 5) provide 
‘a means to shift the poles and zeros off the real axis and locate them anywhere in the 
s-plane, In Chap. 8 we will derive design formulas that relate #(s) to the values of 
the circuit components using techniques studied in Chap. 5. Also, we will examine 
the important second-order effects due to the practical limits of integrated-circuit op 
amps, OTAs, and passive components. 

The realization of useful integrated active-RC and active-Gy./C filters require 
high-quality passive components (Unbehauen and Cichocki 1989; Grebene 1984); 
ice., linear, low-loss capacitors (Chap. 1 and Fig. 7-2d) in the 0.1 pF—100 pF range 
‘and linear resistors (Chap. 2-9 and Figs. 7-26, 7-2c, and 7-2e) in the 100 KQ to 
100 M& range. Also required are op amps (Chap. 6) with gain-bandwidths of GBW > 
1 MHz, and linear, wide bandwidth OTAs (Chap. 6) realizing G,’s in the range 
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0.1 48-1000 jxS. (Unbehauen and Cichocki 1989: Schaumann and Laker 1993.) The 
latter is more difficult to achieve over a suitably wide range of input signal levels, as 
we will discuss in Chap. 8. 

It is of paramount importance that all pass 
or sufficiently near linear in order to meet THD and dynamic range requirements. 
Moreover, op amps and OTAs must have sufficient phase margin PM > 600" to ensure 
stability, as described in Chaps. 3 and 6. Since the impedance levels internal 10 
filter will tend to be high, the output impedances for op amps can be increased 
(10 k& < Z, > 100 k®) to reduce power dissipation and die size. The exception to 
this trend will be op amps that must also drive off chip loads. Tools and techniques 
are provided in Chaps. 3, 5, and 6 to synthesize suitable op amps, OTAS and related 
feedback circui 

As far as capacitors are concerned, we are fortunate that very high quality IC 
capacitors (Grebene 1984: Allstot and Black 1983) (€.g.. Cysts poiy in Table 2-7) are 
readily available in most CMOS and bipolar processes, as described in Sec. 2-9. Such 
capacitors are nearly ideal; i.e., linear, very low loss. and with very small temper- 
ature variability. In bipolar processes, capacitors of similar quality can be realized 
with metal as top plate, Si0> dielectric. and heavily doped emitter diffusion as bot- 
tom plate, (see Fig. 7-2d). We note that a separate capacitor dielectric layer is more 
commonly found in CMOS processes than in bipolar processes. In any event, we can 
assume that ideal (but not precise) capacitors in the 1 pF-100 pF range are generally 
available. As discussed in Chaps. 1 and 2. IC capacitors (both intended and parasitic) 
are characterized by a capacitance density (C, fF/jum? or nF/cm*), and geometry 
(width W and length L). The value for an IC capacitor of area LW ym? and C, 
{F/um? is then C = 10-°C, LW pF. When C is defined in terms of a square unit of 
Wx W um, then C = 107°C, L/W pF and L/W is the number of W x W units, 
or squares in LW. 

In the case of resistors, several options for bipolar and MOS realizations are pre- 
sented in Sec. 2-9. These options lead to a wide range of cost-performance tradeotts, 
indicated in Table 2-6. The integrated resistors in Table 2-6 are realized using a pat- 
temed resistive material of some kind, ic. thin film, diffusion, and ion-implant (see 
Fig. 7-2b). In addition, a voltage-controlled resistor (Gregorian and Temes 1986: Sedra 
1989; Unbehauen and Cichocki 1989) can be realized in a CMOS process by oper- 
ating a MOST (either p or n) in the so-called linear (or triode) region, as described 
in Chap. 1 (See Fig. 7-2c). Henceforth, we will refer to MOST voltage-comtrolled 
résistors as MOST-R’s or. in particular, an nMOST-R or pMOST-R. 

All resistors are characterized by sheet resistance (Rx 2/5) and geometry (width W 
and length L). In the case of MOST-R’s. we can express an effective sheet resistance 
Re = Rosa in terms of the external control voltage Vc applied to the MOST gate, 
as given in Eq. (1-9) and repeated in Table 7-1. The value for a resistor of length 
L um, width Wum, and sheet resistance Rg = Rpsuq 2/0 (when D has dimensions 
Wam x Wyum), is R= Rosiq(L/W). We note that to suitably define linear MOST-R, 
(see Fig. 7-2c), either the voltage drop », to v» must be kept sufficiently small or a 
licarised MOSES structure must be used: 


e and active components be linear, 
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TABLE 7-1. TYPIGAL ELECTRICAL CHARACTERISTICS FOR IC RESISTORS USEO IN FILTERS. 
Sheet Absolulo—‘Malching Approximate —_—Diaibuted 

Resistor ‘esistance ininsle accuracy temperature capaciance 

Type Rn Recuracy «—«W=210—coolicent’ dona Cn 
20 AR/RE%  10nmM+% PC fF lym? 

Bakar 

fon-mplantd 100-1000 20015 002 ~o4 

MOS 

powell 2500 10 21002 03 ~o.2 

MosT:A 

fae <50k 2% 10025 os ~07 

= Ve WA e. G 
Suing maa even Wo lbs FA cv mW Ines R= Wo ge lw pride a 


‘state in Fig. 7-26. 


it was noted in Chap. 2 that IC resistors have an associated distributed parasitic 
capacitance Cx, determined by the particular properties of the dielectric between the 
resistor structure-and-substrate and the geometry of the resistor (Grebene 1984). The 
consequences of these capacitances are to shift the pole-zero locations and to increase 
the order of the filter. This, in effect, limits the bandwidth available from the filter 
to f < fc in Eq. (2-56). Also, the op amp and OTA are similarly bandlimited as 
described in Chaps, 5 and 6. In the first-order design of an integrated active-RC filter, 
wwe usually make the simplifying assumptions that fgc = 00, op amp GBW = co, 
and OTA BW = co. In subsequent refinements we consider the impacts that finite 
‘fac, GBW., and BW have on the precision of the filter's response at all relevant 
Frequencies. Given that f/GBW <1, f/fa <1, and f/BW < 1, where f is any 
frequency in the range where precision G(o) and y(oo) are required, a well-designed 
filter will not be sensitive to these parameters 

To locate precisely the filter poles and zeros in Eq. (7-6), and to hold them fixed 
with a varying ambient environment (temperature, humidity, etc.), the 1/RC or the 
Gy/C must be defined precisely and held as constant as possible as the ambient 
environment changes. Based on the electrical characteristics in Table 7-1 it is clear 
that all the IC resistor realizations are inherently imprecise and vary with temperature, 
However, if laid out with care, a high degree of matching accuracy can be achieved 
so that precision ratios of like resistors can be realized, as described in Chap. 3. 

‘A good layout technique is illustrated in Fig. 7-2e, where resistors Ri = Ru, 
Ry = 3Ry. "Rs = 4.5Ry, in the schematic of Fig. 7-24, are laid out to maximize 
matching accuracy. In this circuit Rj is the smallest resistor; hence, we designate its 
structure (an L x W resistor and two contacts) as the unit resistance Ry. Ro, the next 
largest resistor, is an integer (i.e., N = 3) multiple of the unit Ry. Hence, its layout i 
realized with NV simple step-and-repeats of the unit Ry). Resistor Ry is a noninteger 
(ie. N + 8 = 4.5, where 0 < 5 < 1) multiple of Ry. Its layout is achieved by 
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repeating Ry NI times and realizing the 1+4 as a nonunit element with dimensions 
xy. One important characteristic of this resistor structure is that the perimeter (P, /P;) 
ratio can always be made equal to the resistor rati P,/P; = R,/R). Hence, edge 
undercuts in the definition of the features in Fig. 7 tend to cancel in the resistor 
\s (see Exercise 7-7). For N Ry resistors, the segmented layout structure ensures 
this quality. For (N %+8)Ry resistors. the final segment’s x x y can be sized such that 
its perimeter (Pi,5) is (1 +5) Py. ic 


+6 (77a) 


Solving for x and y yiel 


G+L+W) (145+ W) 


x ee 7-1b) 
L045) ~ T+0+5W i 


Correspondingly. NRy resis 


Note that each Ry has four comers and two cont 
tors have N x4 comers and N x2 contacts. Hence, variations in resistance due to th 
features also will tend to cancel in the ratios. For (N + 4), resistors. this relation- 
ship is achieved only approximately. Consequently, best matching will occur between 
resistors that are integer multiples of the unit Ry). A similar layout arrangement 
recommended for matched capacitors as described in the next subsection. 

Since we need precise RC products, matching resistors will not be sufficient to 
realize precision filters. In Chaps. 1 and 2 we observed that R’s and C’s (or Gy’s and 
C's) are fabricated using different features or mask levels in all IC processes. Hence, 
errors or variations in the R’s (or G,.’s) and C’s will be uncorrelated in 1/RC’s (or 
Gp/C’s). Thus, to achieve precision, either R's or C’s must be trimmed or tuned. 
For example, with thin film R's, precision is usually obtained by laser cutting the 
resistive pattern to trim the value. In the cases of a MOST-R and OTA G,,, the control 
voltage Ve and current /g, respectively, are used to tune these quantities, In fact, 
adaptive tuning incorporating a phase-frequency locked loop has been used to correct 
for fabrication errors and time-dependent variations in the ambient environment. It 
would appear from Tables 2-6 and 7-1 that p-well resistors behaved too poorly to be 
useful in filters. However, there are applications where these economical (i.e. high 
‘tesistivity) resistors are adequate. Later in this chapter we will address the problem 
Of filter sensitivity to such component variations and mismatches. 


7-2-2 Active-SC Filters 
In contrast to the continuous-time active-RC filter. consider the active-SC filter in 
Fig 7-4a (Ghausi and Laker 1981: Gregorian and Temes 1986; Schaumann et al. 1990; 
‘Schaumann and Laker 1993; Sedra 1989; Unbehauen and Cichocki 1989), We see that 


CLK 


it 


12" Counter 


Vou(2) 
W(t) 


osost “iden | 
Yoo] oN OW 
amg, ion sing 
input ie ouput ‘ 
on on 
»Most ' 
eta = 
oe ore , 
E; 
OFF 
Ll imosr 
anatog, analog 
ae is rts @ 
Wy 1” Diffusion Poly 2 Gate 
Souree, Drain — 
la a pWell 
Meta 
tke 
a poy? x 
| jan 
a ae fee USL poy 1 
an-b]Eeains jal 


Gi=cu || enit'+) 


© 

FIGURE 7-4 (a) A typical second-order SC filter with input vin(k), Vin(z) and output vou(k), Vou). This fiter 
‘is comprised of C's, analog switches and two op amps. Reallzations of analog switches using 
complementary and’ nMOST structures are shown in (b) and (c), respectively. The timing and 
digital hardware required to realize 4°, 4°, and complinients are shown in (d). The layout practice 
{for matched capacitors is ilustrated in (e). 
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active-SC filters are comprised of capacitors (C's), analog switches (or transmission 
gates), and op amps. The analog switches open and close periodically under the control 
of orthogonal, square wave-like signals #° and $”, each with period 7 (as shown in 
Fig. 7-4d). To visualize the operation of a switched capacitor, let us focus our attention 
in on the switched capacitor composed of capacitor C), and switches labeled | 
and 3, 4, controlled by ° and ’, respectively. in Fig. 7-4a. With switches | 
ON and 3, 4 OFF, the charge on C; follows via(t), ise, ger = C1vin(t). The instant 
switches 1 and 2 turn OFF, say, at ¢ ~ 7/2, and the sample vjn(7) is captured or 
recorded on to C), If this process repeats with period 7’, then at each ¢ = kT'/2, a 
new sample vin(kT) (with k = 1. .) will be recorded onto C;, and the sample 
rate is f, = 1/T. Att ~ &T/2, and subsequent odd multiples of 7/2, switches 3 
and 4 are ON and | and 2 are OFF, At these instants the polarity of Cy reverses, 
and C; discharges onto C2 assisted by the virtual ground at the op amp input. As we 
will see later, virtual grounds and continuous local feedback are essential for robust 
active-SC filter operation. Consequently, many schemes discussed in Chap. 5 are not 
useful in practical switched-capacitor circuits, e.g,, inverting feedback schemes usin 
only switched-capacitors, all noninverting feedback schemes described in See. 5-2. 
and OTA-based structures in Sec, 5-5, In fact, the ability to achieve sign inyersion in 
‘a switched-capacitor renders noninverting structures unnecessary. 

We note that voltages charging capacitors can be from independent sources such 
aS Vig, Outputs of op amps, or the voltages held on other capacitors. This: samplin 
process and movement of discrete charge packets (e.g.. qo\(kT) = Cyrig(KT)) via 
the switching of capacitors is the essence of switched-capacitor filters. Thus. in-depth 
understanding of the principles of sampled-data systems is essential if the reader is to 
get maximum benefit from this chapter, and certainly if the reader desires to become 
a designer of sophisticated active-SC filters. For this purpose we provide in App. 7-1 
a brief, but self-contained, review of this material. 

Most practical active-SC filters are operated by nonoverlapping biphase control 
nals, e.¢., 6° and @” in Fig. 7-4d. In our notation we will, from time to time, refer to 
° as cither the even-phase or e-phase, and #” as either the odd-phase or o-phase. We 
note that additional phases are introduced in some switched-capacitor circuits 10 re- 
duce DC offsets, 1/f op amp noise. and/or low-frequency spurious signals. However, 
even in such cases the primary signal processing is usually confined to two phases. 
Although it is convenient to visualize #*. 6" as ideal 50 percent dut 
waves, nonoverlap of the switch phases is essential for successful switched-capacitor 
operation. To be specific, the switched-capacitor circuit will fail catastrophically if 
and @° switches become turned ON simultaneously. In contrast. * and @” switches 
that are OFF simultaneously for short periods of time do not interfere with the circuit's 
proper operation. Hence, to avoid any opportunity for overlap in @* and @, due to 
unavoidable variations in their finite rise/fall times, duty cycles of 35 to 45 percent 
are realized, in practice. This timing is illustrated in Fig. 7-4d, where each period 7 
seen to have a5 to 10 percent “dead zone,” where both #° and @” are low. 

The analog switches in Fig. 7-4a are realized (Allstot and Black 1983; Grebene 
1984; Unbehauen and Cichocki 1989) using the MOST structures in Figs, 7-4 and 
7-4c, as discussed in Chap. 1. Note the difference in symbols used to represent an 
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switeh in Fi 


7-4a, and the nMOST and pMOST in Fig, 7-4. The analog 
switch symbol does not have an arrow to designate polarity, At this point, the analog 
switch symbol represents either realization. Since the CMOS structure in Fig. 7-4b 
ntains @ near constant ON-resistance over the full voltage range [Von to Visi, 
typically it is preferred. However, the single nMOST (or NMOS) switch is also used 
to reduce parasitic capacitance in circuit locations where signals are constrained to 
very low level, e.g., op amp virtual grounds, To implement the CMOS swith, the 
nMOST and pMOST must be driven from complement control signals, ic., °. 6° 
or correspondingly’ #°, @", The timing: for the complement controls is illustrated in 
Fig. 7-4d. It is tempting for the novice to be drawn into the misconception that 
"= 6° or vice versa, Although this relation would be correct if the duty cycles were 
50) percent, such an occurrence is impractical. Hence, our use of @*, @” rather than 
.@ avoids contusion on this important detail. 

Clock signals @° and $” and their complements, if needed, a 
precise master source, such as an on-chip ery 


fe derived from 
tal oscillator or an external system clock. 
“The master is divided logically to the desired sampling frequency and split into two 
nonoverlapping phases using cross-coupled NOR gates. If needed, the complements 
are realized with subsequent inverter stages, Typical digital circuitry needed to perform 
these operations is shown in Fig. 7-4d. Two gate delays in each of the cross-coupled 
paths is usually sufficient to realize a suitable dead zone, Although usually not included 
in published active-SC filter schematics, clock generation is a small, but important 
part of the cost of an active-SC filter. Fortunately, this support function is 1 
with relatively undemanding digital logic and the resulting hardware can be shared 
over many switched-capacitor subcircuits. 

Active-SC filters, like active-RC filters, requi 
loss capacitors (Allstot and Black 1983; Gregorian and ‘Temes 1986; Unbehaven andl 
Cichocki 1989) described in Chap. L. The basic requirements for op amps used in 
1C filters are similar to those described for active-RC filters. However, due 
r sampled-cata nature, the open-loop DC gain Ay and the settling time are 
more important criteria than the GBI of the dominant pole. The primary electrical 
requirement for the analog switch is that its ON resistance Row be sufficiently small, 
such that 1/RoxCr >> 2mfy (where Cr = C+ Cp, C is the intended 
Cp is the parasitic capacitance connected to the switch) over the full dynamic range 
of the filter. Typically, Roy < 10 K&, maintained over the filter dynamic range, 
sufficient for this purpose. As noted earlier, the voltage range for maintaining Roy 
relaxes substantially at the op amp virtual grounds. In any event, the Roy for either 
structure is adjusted by sizing the W/L of the MOSTs, as described in Chap. 1 

In addition to the Row specification, there is a conflicting requirement that the 
gate-source Cy, and gate-drain C,y capacitances be as small 
the control signal (f°, $°) leakage into the filter. It is also desirable to m 
parasitic capacitances to the substzate or bulk. Fortunately, at the inputs of op amps 
which are most sensitive to these effects, the signal amplitude is tightly constrained by 
the virtual ground; the switches can be made sufficiently small to 
Moreover, the single nMOST (or NMOS) switch in Fig. 7-4c can be effective in these 
locations, e.g., switch 3 in Fig. 7-44. 


lized 


nd use the same linear, very low 
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The fundamental innovation! in active-SC filters is the functional replacement of 
the resistor with a switched capacitor. To see how the switched capacitor works, 
let us turn our attention to Fig. 7-Sa, where we show a simple swi 
circuit comprised of switched-capacitor C, and capacitor C2. One: the analog 
switches are controlled by the precision biphase clock signals ¢". #” (see Fig. 74a 
Switched-capacitor C; synchronously toggles the top and botiom plies of capacitor 
Cy between vj and v2, respectively, and ground, Note that in this ease the sign of C) 
niot reversed during the switching action, Samples are recorded on C2 at the precise 
instant the @* switches open and disconnect C2 from the signal path, Furthermore, 
capacitor C| is instantaneously discharged when the #" switches close, connecting the 
top and bottom plates of C; directly to ground, If qc. vj, and vy are slowly variable 
with respect to the clock period T-, the circuit equation for the switehed-capacitor C; 
(with Cz = 0) can be written as 


dae) _ 6, dve) « ¢ 
a adr 


T-8e) 


ic) 


Hence, we see that the switched-capacitor C), with switch period 7, serves the fune- 
tion of a resistor Ry, where 


(78) 


“1G.” Os 


Since C; and f, typically are on the order of 1 to 100 pF and 100 kHz. respectively 
the equivalent Ry is 10 to 0.1 MQ, Hence, very large equivalent R's are realized in 
essentially the space required to realize a few pF's of capacitance and four MOST 
switches. 


‘switched-copacitor cireuits can be found in dhe Herature as far Back ay the 1950, Lai switche 
capacitor techniques were related MOS technologies by DL. Fried in 1972, sch cect wete I 
lab curiosities. Five years later, move MOS active-$C filters were launched into the limelight wil 
pioneering work of R. W. Broderson,P. R. Gray. D. A. Hodges. and stadents at U. C, Berkeley 


FIGURE 7-5 A simple SC circuit and its RC equivalent. In (a) the SC circuit is comprised of Cp and SC Cs. The 


ing for the switches is shown in Fig. 7-7d. A functionally equivalent RC circuit is shown in (0) 
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If we let C2 # 0, the switched-capacitor and RC networks in 
poles, where 


7-5 realize single 


eft = hyn (T8c) 


For typi (7-80) that 
‘Wy can be adjusted ov yin» realized from C, and C2 in the | to 
100 pF range, In fact, the entire audio range and beyond can be accommodated with 
values for C; and Cs, consistent with VLSI, Moreover, w, can be externally sealed 
10 Key by shifting f, 0 K f,. This enables us to oversample at fy = 10fy (where 
Jy is the Nyquist frequency defined in App. 7-1) with lite penalty. Equation (7-8e) 
‘also demonstrates the inherent precision of switched-capacitor circuits in comparison 
to their RC counterparts, 

Active-RC zeros/poles are fixed by values for I/RC’s (ot Gm /C’s), which we ree- 
ognize can vary significantly with temperature and processing tolerances. In contrast, 


the active-SC zeros/poles depend on a crystal controlled f, and the ratio of capaci 
tors (77) of identical structure. With a crystal-based source, sampling frequeney  f, 
is accurately defined (e.g. [Afi/fal < 0.001 percent), Hence, the task of realizing 


precision «), reduces to the implementation of precision yj2. This is good news, since 
ilizing critical circuit parameters with ratios of matched components, as described 
. 3-4, ig the foundation of IC design. In fact, with careful layout (as illustrated i 
ig. 7-4e) inherently imprecise MOS capacitors (|AC;/C)| = ++20%) can be matched, 
such that |Ayij/71)| <0.) perce 

‘This layout strategy (Gregorian and ‘Temes 1986; Unbehauen and Cichocki 1989s, 
Alistot and Black 1983) is similar in spirit to that suggested for matched resistors 
in Fig, 7-2 Cy. C2 = 4.5Cy, Cy = 3Ry, in the 
Fig. 7-4a schematic are realized as modular poly I-poly2 structures. The detailed ele: 
trical and physical properties of poly L-poly2 capacitors are described in Chap, 2, The 
top plates, ic., poly2, of the capacitors are connected to the source, drain of a p-well 
nMOST, et. the switch in Fig. 7-4¢. In this circuit, C) is the smallest capacitor; 
hence, we designate its structure {a b x b poly 2 layer, (b +a) x (b-+a) poly I layer 
and one contact to poly 2| as the unit capacitance Cy. Typically, the value for a is 
the minimum permitted by the process design rules, Cs, the next largest capacitor 
is an N = 3 multiple of the unit Cy. Hence, its layout is realized with N’ simple 
step-andl-repeats of the unit Cy. Capacitor C2 is a noninteger NV +5 = 4.5 multiple 
of Cy. Its layout is achieved by repeating Cy, N — 1 times, and realizing the 1 +8 
fas @ nonunit element with dimensions c x d. Note that the poly 1 bottom plates of 
the elemental capacitances are accumulated into a single sheet, with added area for a 
poly I-metal contact. 

‘An important characteristic of this capacitor structure is that the ratios of perimeter 
(2)/P)) and area (Aj/A;) can always be made equal to the capacitor ratio, ie, P)/ Pj 
‘Ai/Aj = C)/C). This condition is similar to that recommended for matched resistors 
Hence, edge undercuts (Ax) in the definition of the features in Fig. 7-4e will tend 
to cancel in the capacitor ratios. For NCy capaciters the segmented layout structure 
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ensures this quality. For (N’+5) Cr) eapacitors, the final segment’s c xd can be sized 
such that its perimeter P),5 = (1 + 3) Py rea Ass = (1 + 5)Ay, ie. 


Aus _ ed 
Ay 


Pua _ otd 
Py tb 


145 (7-94) 


and 


Solving for ¢ and d yields: 


cap{irs+VErs} and dab {tas—vi 


(7-9) 


The number of corners and contacts for NCy capacitors are Nx those of the u this 
relationship is achieved only approximately for (N-+-5)Cy capacitors. As per Eq. 7-Bc. 
realizing matched capacitors in this way will yield precision integrated filters without 
the laser trimming or sophisticated adaptive tuning schemes required for integrated 
active-RC schemes. 

Returning to Eqs. (7-8), it is important to understand that the approximation 
Eg, (7-84) is based on slowly varying v.2, such that v1.2(f) © vya(kF) in between 
sampling intervals (k + 1)T <1 < AT. In practice, our sample-data signals will be 
based on the zero-ordler-hold or sample-and-hold function described in Fig. 7-6 in 
App. 7-1. However, we can rigorously define the operation of the switched capacitor 
; at the discrete sampling instants ¢ = 47, by the discrete-time difference equation, 


AgeulkT) _ gev(kT) = qei(k = 1/2)T) _ Cyan (kT) ~ Cy(kT) 


7-10 
7 r = (7-10a) 


where qci((k — 1/2)T) = 0, due to the discharging of Cy to ground during the 
@°-phase. Multiplying Eq, (7-10a) by period 7. we obtain an expression that relates 
the charge Ag transferred at ¢ = kT’ to the terminal voltage samples v(kT). vk) 
and capacitance Cy, i 


Aq(AT) = Ciuy(kT) = CyvtkT) (7-100) 


(where in App. 71 we define = =e!) 


(7-106) 


The fact that C; has no memory of past samples vj (k—1)T. va(k =I), is the result of 
discharging C; during the °-phase. As we will see later, the forms of Eq. (7-10b) and 
(7-10¢) are typical of discrete nodal-charge equations for switched-capacitor circuits. 
In any event, at this point Eqs. (7-8) and (7-10) describe an analog circuit operation 
that lead to significant advances in miniaturization, precision of pole-zero location, 
functionality, and integration on the same chip as digital VLSI. 
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FIGURE 7-6 
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: (a) lowpass; (b) highpass; (c) bandpass: (d) band-reject or notch; (e) lowpass 


(g) allpass. For each category, the following skeiches are provide 


(i) the Gio) forthe ideal fiter, (i) the Ge) fora second-order fer, and (ii) the respective s-domain 
and z-domain pole-zero patierns corresponding to the second order cases in (i 
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FIGURE 7-6 (cont'd) 


In general, based on Eqs. (7-10) and the associated discussion, the input and output 
voltage samples (via(KT). vou(kT)) of active-SC filters are related via a difference 
equation of the form 


M 


y 
tou T) + Broa (k= HVT) = So Antin((k = 07) (ta) 


where Ap, By are functions of ratioed capacitors (switched and unswitched); M. 
N are finite nonnegative integers; and the sampling rate is f; = 1/T. Taking the 
transform of both sides of Eq. (7-11a) and forming the voltage ratio Vou/ Vins We 
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write the 2-domain filter transfer function as 


w 
Lae 


: 11h) 


) TLG =9,)2- 
fat 
where M < N for IIR filters (see App. 7-1), and the zeros (2.,), poles () are 
functions of capacitor ratios. Later design formulas relating Aj, B) (oF 2), 2p) to 
capacitor ratios will be derived using z-domain techniques (Ghausi and Laker 1981; 
gorian and ‘Temes 1986; Unbehauen and Cichocki 1989), analogous to those in 
Chap. 5. 

We emphasize that the transfer function is the primary link between the filter's 
performance and its physical realization. That is, once H(s) or H(c) is determined, 
the designer can immediately estimate many important circuit qualities (e.g., circuit 
complexity, size or chip die area, sensitivity, and the detailed structure of the mag 
tude, phase and/or group delay). Moreover, H(s) (or H(z)) is the starting point for 
the synthesis of the filter circuit. Hence, deriving a “good” H from a collection of 
filter specs is the first step, and in many instances one of the most important steps in 
filter synthesis, 


7-3. FILTER TYPES AND FREQUENCY RESPONSE SPECIFICATIONS 


fe more efficient presentation for the remainder of this chapter, we have 
rate the development of continuous-time and sampled-data filters into 
a single presentation. We believe that this presentation style will enable the reader to 
more effectively explore the common, as weil as unique, opportunities in each domain. 

‘Typically, continuous and sampled filters are classified according to the frequency- 
domain functions they perform, e.g., lowpass, highpass, bandpass, etc. They are further 
characterized by the complexity and fine structure of their frequency responses (gain, 
phase, or group delay). In this section, we define each filter type and discuss how 
their frequency responses are specified. 

‘The complexity and cost of a filter is directly related to the order of the numerator 
(M) and denominator (V) polynomials of H = H1(s or 2) in Eqs. (7-6) and (7-11), 
Although practical filters involve wide ranges of M and NV, the building blocks of 
active filters are first- and second-order* stages or cells. Using the notation in Eqs. (7-6) 
and (7-11), these filter-building blocks are represented (for both continuous-time and 


2Second-order active filter-buikding olocks are also called biquadratic sections, or simply biquads. 
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sampled-data), respectively, as 


asta as? £ays + ay a 
nso sad AW = agen (7-124) 
Aste ad) 1 (7-12) 

2+ Bo 
(7-120) 


As we will see in Chapter 8 any filter specification can be realized by a modular 
active-RC, active-Gm/C, or active-SC filter comprised of first- and/or second-order 
cells connected in tandem, with and without multiple loops of external feedback. 

For biquads with complex zeros and poles, we can express Eqs. (7-12) in the 
following useful forms: for continuous-time filters 


if 
HG) = pute (7-134) 
for sampled-data filters (see App. 7-1) 
2) ok 
ag =i es at) (7-136) 


T= 2r, cos 


‘The parameters wy, oy and Q-, Qp are the s-domain null, resonant frequencies, and 
pole, zero quality factors, respectively. Recall in Chap. 3 that for Qy 2 1, wy = wp 
when wy is the pole frequency, Similarly, for Q. >> 1, wy >. where w: is the 


zero frequency. In many instances Q- = 00 and wy = w.. Parameters r., Fp, and 
6y, 0 are the z-comain zero, pole moduli, and arguments, respectively, The constant 
4; (oF Aa) is used to adjust gain G() at some reference frequency, say @ = 0 or 


© = @ OF @ = 00, (0 a particular level, We know that, in general, G(w) reaches its 
* maximum value near, or at, the resonant frequency @y and its minimum value near, 
or at, the null frequency «oy 

‘As shown in Chap. 3 and App. 7-1, the sharpness of the peak at «x is proportional 
to the value of Q,, or rp. Similarly. the sharpness of the minimum at «wy is determined 
by Q- or r:. Also, as indicated in Eq. (A7-47), rp. 1S Qn O: > co. The 
exact placement of the maximum and minimum G(v)'s depends on the values for Q, 
and Q. (or rp, and r) and the relative values of wy, @y (or Ho. Ov). For instance, 
for Qp > 1 (or rp © 1) and either a > wy oF ey > wp, the maximum, or peak of 
G(w) occurs at wy independent of the exact values of wy, Qp, and Q-. In addition, 


7-34 


Lowpass 
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Oy © oy and Oy © ewT, when Q, > 1 and Q- > 1. In many cases, 1/O- = 0 
(or r hat is the zeros lie on the jeo-axis (or unit circle) and @y detines a 
null where G(w) = —co dB*. Although we constrain the poles to lie in the 
regions of the s, z-planes, the zeros can be placed anywhere. When the zeros lie in 
the right-half s-plane (or outside the unit circle), the + in the numerator of /1(s) in 
Eq. (7-13a) is ~ (or r- > 1 in Eq, (7-13b)). 

In the continuous-time and sampled-data domains, we classify fiers into the fol 
lowing generic categories: lowpass, highpass, bandpass, band-reject or notch, lowpass 
notch, highpass notch, and alipass. The H for these filter categories, each illustrated 
in Fig, 7-6, are readily identifiable special cases of Eqs. (7-12), Let us now examine 
atch category one by one, starting with the lowpass. 


Let us consider first the lowpass (LP) filter in Fig. 7-64. The LP filter's function is 
to pass low frequencies ( < cpa) and to attenuate high frequencies ( > @pa) 
Frequency py is the cutoff frequency, the frequencies (0 < w < wp) are the 
passhand and the frequencies (wpa <@ < 00) are the stopband. A sec 
G(o) is illustrated as gray curve superimposed on the ideal gain response, 
in black. Observe the discrepancy between the second-order response and the ideal 
response, The ideal filter Go) shows a sharp, steplike 
and stopbund, This ideal response, sometimes called a brick wall response, cannot be 
realized with a finite filter circuit, Hence, the ideal response can anly be appre: 
asymptotically as the order of Hf approaches infinity, Fortunately, we can meet a 
surprisingly large number of practical filter requirements with N’ < 10, Analogous 
‘arguments cant made for all the other filter categories, as well 

Also shown in Fig. 7-6 are the pole-zero pattems for the second-order /1's, where 


sition between passband 


ched 


to (7-14a) 

2 DS) 

oR 
and 

1 -1 ‘n 

Yate) _ RNG GOED 
De) 

We set k= k/4[1 — 2rp cos 0 + 73), such that [H( 0) = |G = =k 


ind @ = 2xrf, participate in defining the structure of Gc), 
illustrated in Figs. 7-6a and 7-7a. The two zeros at 2 = —1 correspond to the mapping 
of the two ‘0 to the half-sampling frequency in the z-dom 
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Mw) 


GMw) 


GHw) 


© 


FIGURE 7-7. G"(o) versus « for selected sampla-data {iters, illustrating the fold over at odd integer multiples 
Cf the «4/2, The filer types shown are (a) lowpass; (b) highpass: and (c) allpass. 


Note that when the desired DC gain is G(0) 20 log(Mo) dB, then k and 
Eqs. (7-14) can be set, respectively, to k = Mo and k' = Mo/4[1 — 2rp cos +13]. 
* Due to the repetition in e/”, the sampled-data G*(w) in Fig. 7-7a folds over at odd 
integer multiples of «,/2, as described in App. 7-1. 
A For the sample rates of typical interest in SC filters, the zeros at > = —1 have 
negligible effect on gain response of an LP filter (Ghausi and Laker 1981). Hence, 
‘we can exchange one or both (1 +27!) factors in N(z) with either the constant term 
(specifically 2) or a unit-delay term (specifically 2:-!). The 2 multiplier is needed 
to preserve the DC gain, (KN ()|-21 = 4k’) in Eq. (7-146). As we will see in 
Chap. 8, the use of unit-delay terms in N(z) can be useful in reducing effects due to 

the finite settling times of op amps, when biquads are connected in tandem chains. 


TABLE 7-2 


7-3-2 Highpass 
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Nz) FOR LOWPASS. 
DOMAIN BIQUADS 


LP form! N(z) 


LP20 (e227) 
Lei 2z(1+2"') 
LP10 ar¢z-) 

poe az 


Por ar 
P00 4 


‘te notation LPH in Table $1 refers to 
Topas 242) with (1-422) astrs 
and J (28) factors) 


yy event, the resulting LP H(-)’s are simply represented by their N(z)'s, 
‘Table 7-2. We note that LPO2 and LPOI are the most often used LP functions 
SC filter design. 


Consider next the highpass (HP) filter in Fig. 7-6. The HP filter’s function is to 
pass high frequencies (w > wpa) and to attenuate low frequencies (@ < wpa). The 
frequencies (wpe < @ < 0o)* are the passband and the frequencies (0 < @ < wpy) 
are the stopband. As we noted earlier, an ideal brick wall HP can only be approached 
asymptotically, as N becomes iarge. The baseband G(w) and the pole-zero patterns 
for N =2 are illustrated in Fig. 7-66, where 


(7-15a) 


(7-15b) 


DE 


see that the s-domain 2er0s at s = 0 are mapped into the 
Note that if our specification calls for G(co) = 2010g(Mzx) JB, then we set k = Mz. 


“in practice, all physical electrical circuits are bandlimited. In the case of integrated active fiers, the 


We refer to G(co) generically when we design HP fers. However this gsin cannot be measured. 
Hence, we actually specify G(ayg,) = Mac, and we expect that G(a) is constant in the vicinity of waz. 
‘such that G(op,) equals the theoretical G(co). 


TABLE 7-3 
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for H(s) and k’ = M.o/4[1 + 2r, cos +12] for H(z). Since the HP H(=) does not 
have zeros at z = —I, it is uniquely described by Eq. (7-15h). In Fig. 7-7b we see 
that the fold-oveis of the HP sampled-data G¥(c) produce a curious train of BP-like 
bands centered about « = ku/2. 


Consider next the bandpass (BP) filter in Fig. 7-6c. The BP filter's function is to p: 
a band of frequencies (copa < @ < wpm») and to attenuate both low frequencies 
(@ < opp) and high frequencies (w > wpm), where weg and opi are the low 
and high cutoff frequencies, respectively. The frequencies (pq; <@ < cpp,) are the 
passband and the frequencies (c < cy andl « > opm,) are the stopbands. In this 
case, the resonant or center frequency is a» ~ J@pmreppy and the 3 dB bandwidth 
is B = @pny — opny. Again, the ideal BP can only be realized asymptotically. When 
G(w) is symmetrical about wy, then the filter is said to be a symmetric BP, The 
baseband G(w) and the pole-zero patterns for the second-order /7's are illustrated in 
Fig. 7-6c, where 


k (2) s 
HG) = ees = SING) (7-160) 
me Ds) 
Op 
and 
us (7-160) 
dD. 
where &’ = k[D(el7)/N (e/* ph, 


In this case, we see that the s-domain zeros at s = 0, 00 are mapped into the 
z-domain zeros at : = 1, —1, respectively. Note that when Q, 3 I, then the 3 dB 
bandwidth is B ~ «/Qp. 

As in the LP case, we can exchange the (1 +2!) factor in NV (z) with either the 
constant 2 or a unit delay 2:~', The resulting BP H(z)'s can be represented by their 
N()'s, as listed in Table 7-3. For reasons similar to that of the LP, the predominant 
BP form used in active-SC filter design is the BPOI. 


‘N(z) FOR BANDPASS 
= DOMAIN BIQUADS 


BP form! N(z) 

BPIO K(1+2-1)(1— 2-1) 
BPO 2kz-"(1-2-!) 
BPOO k(t — 2-1) 


4 he noiation BPIJ follows the same 
reasoning as that forthe LPI 


7-3-4 Band-Reject 
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Let us next consider the band-reject (BR) or notch filter in Fig, 7-6d. The BR filter's 
function is to reject a band of frequencies (ws—) < « < wsny), while passi 


(sn) < @ < @sgp) are the stopband and the frequencies (@ < «sm and w > csn,) 
are the passbands, The baseband G(w) and the pole-zero patterns for the second-order. 
BR H’s are illustrated in Fig.7-64, where 


(7-1Ta) 


and 


(7-17) 


where k’ = KLD(1)/N(1)] when wy > wo or = k[D(—1)/N(—1)] when wy < a, 
The “true” BR response occurs when the pole and zero frequencies are coincident, 
ie., @y = op. This results in a sharp null ato = wy = ep, ie., theoretically 
G(wp) = —00 4B, and symmetrical low- and high-frequency passbands about 1, 
it 1, the zeros of H(z) lie exactly on the unit circle. The symmetry of the 
notch can be skewed toward a lowpass or a highpass by shifting the zero (or pole) 
frequency such that wy # ay in Eqs. (7-17). That is, we have a lowpass notch (LPN) 
when wy > ey and a highpass notch (HPN) when ay <9, as shown in Fig, 7-6¢ 
and 7-6, respectively. 


72-5. Allpass or Delay Equalizer 


‘Thus far we have considered gain-shaping filters specified by either Gw), and we 
have ignored phase. Using the definition for group delay r(w) in Eq. (7-5) we can 
derive the following useful expressions: for continuous-time filters: 


(7-180) 


(7-186) 
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Group delay z(«) represents the time delay experienced by each and every spectral 
component of the input signal as it is processed by the filter. In voice and audio 
applications, ignoring the phase and group delay is usually justifiable because the 
human ear is insensitive to changes in phase or delay with frequency. However, in 
ideal data and video transmission systems the phase is linear (i.e., g(o») = —cy) with 
frequency or, equivalently, the group delay is constant (t() = Ty) with frequency 
‘When t(w) # constant in such systems, the variation in delay or phase is called delay 
distortion or phase distortion, For example, delay distortion produced by modem filters 
can impair the detection of the logic 1’s and 0's contained in dita signals resulting in 
unacceptable transmission errors. 

In general, the group delay for a gain-shaping filter will not be constant with 
frequeney. For example, consider the phase and group delay for a continuous-time 
LP filter with second order //(s) of the form in Eq. (7-14a). These functions ean be 
expressed as follows 


pun(o) = — arctan —— 20 (7-194) 
yok = 
and 
oe (7-198) 


wiie (B) 


The phase and group delay in Eqs. (7-19) are plotted in Fig. 7-8 for Q, 
0,707, 1, and 10, Note for Q, > 0.707, the group delay peaks near the pole frequency 
@o, and the peak becomes increasingly more pronounced as Q,, increases. Thus, high 
Qp gain-shaping filters are seen to produce severe delay distortion, 

One means to reduce this distortion is to apply a designer-controlled delay (or 
phase) equalizer re(w) to adld-compensate the original delay t» (co) such that the total 
delay is made more Mat, i.e, te(w) + tp(@) ~ Ty. This process is illustrated in 
Fig. 7-9, where tc(«) is realized by an allpass (AP) filter 

‘Typical characteristic AP filters are given in 6g. The ideal AP function is 
seen to pass all frequencies (0 < « < oc). However, in practice the passband is limited 
to an upper frequency of «y,,. determined by the second-order effets associated with 
the implementation, AP biquacls are described by the following H's: 


20a) 


FIGURE 7-8 
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Q,= 0.707 


00 os 10 15 20 
“chats 
ry 
(a) Group delay r and (b) phase ¢ versus normalized frequency (w/aa) for second-order lowpass 


fiter with Q, = 0.5, 0.707, 1, and 10. 
and 


#1 = + 2c0s 82"! + 
tp 


H@! (7-20) 


where k’ = k[D(1)/N(1)] and G1) = Gi-1). 

The phase and group delay for the AP biquad are exactly twice those of the LP 
biquad (with identical ep, Q,), ie.. gar(@) = 2gre(w) and tap(w) = 2t1p(w). In 
Fig. 7-7c the sampled-data G*(«) (similariy g*(w) and t*(w)) is seen to fold over at 
‘odd integer multiples of «,/2, producing a constant gain from DC up to wz. 
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ES SING 


@) 


Delay Equalizer 


Hu) Total Delay 


Transmission Cable an Gain Shaping Filter 


ny 
FIGURE 7-9 Equalization for delay distortion introduced by transmission cable. (a) schematic showing time 


domain pulse shapes before and aftor equalization, and (b) combined group delay characteristics 
for the transmission cable and gain-shaping fie, delay equalizer, and the total equalized dolay, 


7-3-6 Basic Filter Specifications 
By specifications we mean the set of quant 
allowed performance for the filter. The gain, phase and/or group dela 
each of several strategic frequencies, are typical first-order perfo 


ve objectives that define the range of 
«specified for 
objectives, 


an 
For analog filters, these objectives are specified as ranges of values, rather than as 


specific values, in order to allow for the unavoidable variations in the passive and 
active components. This manner of specifying filters is illustrated in Fig, 7-10. Here 
we show that gain-shaping filters are specified typically in terms of five key: param: 
eters; namely, maximum passband attenuation (Apa). passband ripple (5). minimum 
stopband attenuation (Asq), passband comer frequency(s) (wpe in rps or frn in Hz) 
and stopband corner frequency(s) (cn in rps or fey in Hz). The band of frequencies 
between a passband and a stoph referred to as a transition hand. Shown in 
Fig. 7-10 are typical gain specifications for LP and BP filters of arbitrary order. In 
the BP case, we note that, in general, Asa; # Asaz. However. when Agni = Asny 
the BP is said to be symmetric. 

The desired filter gain response G(c), and if possible all gain responses Gl) + 
AG(@) due to components that vary from their design values, must lie within the 
unshaded region of the filter specification to meet requirements. This unshaded re- 
gion is often referred to as the specification window or the window of acceptable 
designs. When the response for a filter chip falls outside the specification window. 
at any frequency, the chip is discarded and the yield is reduced. As we described in 
Chap. 3, the yield ¥,r, due to soft an be predicted using sensitivities. The 


FIGURE 7-10 
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Go) 0B 


Am 


Asay 


Wem Spa “pin 
© 
Gain Glw) specifications for (a) lowpass, (b) bandpass, 


1d (c) bandpass filters. 


FIGURE 7-11 
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Passband 
- - ops 
ea rat 


Group delay specification 


specific sensitivity issues associated with filters will be discussed later in this chapter. 
The specification window not only specifies the range of acceptable gain-response 
characteristics, but it also provides a large amount of information about the degree of 
difficulty associated with realizing the filter. The complexity (or order) of the designed 
filter, for a given Asp. will tend to increase as 5 and the width of the transition band\s) 
(lopa — @spl) decrease. Also, for a given § and wpa ~ wsnl, the order will tend 10 
increase as Asp increases. 

When a phase or group delay is specified, the gain-shaping filter is designed to 
meet the gain specifications and a delay equalizer is designed such that the (otal filter 
meets the phase or group delay specifications. The constant of the AP filter with 
frequency G(w) allows the designer to partition the synthesis of gain- and group- 
delay specifications in this way. Usually only delay (or phase) in the passband is 
of interest, with the out-of-band group delay (or phase) unspecified, as indicated 
Fig. 7-11. Since process of delay equalization is additive, not subtractive, the delay 
at each frequency will be increased. Typically, this added delay is not a problem, 
if it does not become too large. In communication systems very large delay can 
cause annoying echoes; hence, in such systems there is a specification that bounds 
the average inband delay (e.g.. Ty in Fig. 7-11). If the equalized filter is part of a 
feedback loop, the added delay could cause oscillations or singing to occur. This is a 
very serious situation, implying that a specification conflict exists that must be resolved 
at the system level. Conflicting specifications in large systems arise frequently when 
overall specifications are distributed to subsystems and components, It is important 
to recognize that specifications are targets, not hard-and-fast rules. Negotiation and 
reallocation of specifications occur frequently in the early stages of design. 

When characterizing active filters, specifications on total harmonic distortion, noi 
and/or dynamic range are in the second layer of requirements. We will discuss noise. 
harmonic distortion, and dynamic range later in this chapter. It should be evident that 
the discussions related to these criteria in Chaps. 5 and 6, for the op amp and OTA 
are directly applicable to our considerations in this chapter. 
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‘There are a number of ier programs (Daniels 1974; SIFILSYN; Snelgrove: 
MATLAB), available on a variety of computer platforms, that can be used to translate 
the specifications in Figs. 7-10 and 7-11 into a transfer function /7, factored into 
respective poles and zeros. It is not be surprising that, for any specification, there 
fare numerous transfer functions that provide gain and/or phase responses that appear 
ceptable. Hence, an important part of the design task is to use all the performance 
ind cost objectives to reduce the set of acceptable H's to a single, nominal 7. In 
VLSI filters, the nominal / is that which satisfies gain and/or phase requirements, 
while balancing filter order and performance margin so that chip area and production 
yields meet cost objectives. This is no trivial task, but in general we try 10 keep 
the order of H as small as possible. One method of obtaining H is to use proto- 
type functions, such as Chebyshev, Butterworth, elliptic, and the like, to configure 
Hs that meet the specifications illustrated in Fig. 7-10 and 7-11, This method is 
discussed next 


rr 


7-4 DETERMINING A NOMINAL H 


‘Transfer functions for IIR filters are either derived from tables (Daryani 1976; Schau- 
mann et al. 1974: Daniels 1974} of prototype polynomials, or by using a computer 
software package (SIFILSYN; Snelgrove; MATLAB) that computes transfer func~ 
tions (poles and zeros) from specifications, such as those shown in Fig. 7-10 and 
7-IL. Similarly, there are computer programs for deriving FIR functions from speci- 
fications, 

he filter literature (Daniels 1974) contains a large body of HR filter design-lore 
based on prototype functions that achieve particular attributes, such as a flat or equi- 
ripple passband, equi-ripple stopband, linear phase, and the like, Over the years, before 
computers were widely used in design, exhaustive tables were compiled for various 
paramaterized prototype functions, in terms of such filter parameters as en, Ara OF 
3, Aga. asp. Hence, one strategy for deriving « nominal 7 is to find the lowest order 
prototype function that fits within the specification window (Figs, 7-10 and 7-11 
We emphasize that filter order, which translates directly into chip size and cost for 
aan integrated filter, is a major factor in selecting the best prototype function, but not 
the only factor. Other parameters, such as values for pole-Qp's and zero-Q."s, also 
influence the chip size and sensitivity to variations in component values. 

‘The most commonly used prototype functions, and their relevant features, are re- 
viewed in Fig. 7-12. For illustrative purposes, the discussion is limited to LP filters, 
However, the basic conclusions are equally applicable to both HP, BP, and BR fil- 

s. It is beyond the scope of this text to consider the detailed development of all the 
functions depicted in Fig. 7-12, much less the other numerous functions that are ava 
able, but not shown, The interested reader is referred to filter texts such as Darya 
(1976), Schaumann et al. (1986), and Daniels (1974), for a more detailed treatment 
Of this subject matter, and additional tables for use in designs. Let us consider some 
of the more widely used functions. 
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Ge) Gu Ge 
Buttesworth pice inverse Chey she 
@ ) a) 
Gu) Cw) 
o © 
FIGURE 7-12 Gain responses G(.) for several lowpass filters based on characteristic functions: (a) Butterworth; 


(©) Chebyshev; (c) inverse Chebyshev; (6) eliptic: and (e) comparison of Butterworth and Bessel 


7-4-1 Maximally-Flat or Butterworth Filters 


Butterworth H’s emphasize flatness in the passband. This is achieved at the expense 
of phase linearity, and to a lesser degree, at the expense of the attenuation slope 
steepness (Asp /|‘asp — pal) in the transition band. Figure 7-12a shows the typical 
magnitude response of a lowpass Butterworth filter. Its phase response, relative to 
ideal linear phase, is shown in Fig. 7-13. The LP Butterworth H(s) is an Nth order 
all-pole function with N zeros at s = 0c (correspondingly, H(z) will have NV zeros 
at z = —1). Its magnitude response decreases monotonically with increasing c, and it 
achieves infinite attenuation only at @ = oo. Hence, the asymptotic attenuation (i.e., 
as w > 00) is 20NV dB/decade. 
In the s-domain, Butterworth /1(s) are based on the maximally flat function 


Zo, 


[H(jo,)P = Hie, H (jon) (721) 


where N is the order of H(s).k = |H(j0)| is the DC gain, © is a constant that 
determines App, and @ = w/cps. Equation (7-21) is derived by requiring that 
|H (jo)? be maximally flat at o, = 0, i.e., all 2N-1 derivatives of | (jo)|? with 
respect to w, (evaluated at , = 0) are set equal to zero, Letting k = 1 for the 


FIGURE 7-13 


TABLE 7-4 
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3), 


ea bern 


Comparison of the Butterworth and, 
Bossel phase responses (w) to the 
ideal linear phase. 


moment, the gain in dB at the passband edge «, = Lis 


I — = 


Apa = 10log 3 or = VIO 


Note that when € = 1, Apg =3 UB and opp is the 3 dB cutoff frequency. 

‘The pole locations for Butterworth H(s) are found by taking the left-half plane 
roots of the denominator of |/1(s;,)|*, with © = | and 5, =s/@pa. The correspond 
Butterworth polynomials D(s,) for N= 1 through 5 are tabulated in Table 7-4. 
Butterworth polynomials for N > 5 can be found in any one of the texts cited at the 
ning of this section. Lowpass G(w,). for N ranging trom 1 to 10, are drawn 
in Fig. 7-14 to demonstrate the inband and cutoff behavior of Butterworth H(s) 
We note that a Butterworth H(z) can be obtained from Table 7-4 using Eq. (7-14), 
Eq, (A7-46) in App. 7-1 (or the bilinear transform we discuss in the next section), 
and Table 7-2. 


be: 


éxample 7-1 


nsider the design of a lowpass filter with passband fpy = wpn/2x = | kHz 
and DC gain G(O) = 0 dB, Determine the Butterworth lowpass H(s,) required to 
realize at least 30 dB attenuation (with respect to the gain at DC) at = 2 KHz, 


BUTTERWORTH O(s,) (WHERE H(sp) = K/O(sn)) 


(sa) 

ott 

584+ VBin +4 

(50 + 1)(68 +59 +1) 

(68 +0. 765975» + 1)(s8-4 1.847765 +1) 

(53 +.0,618035p 4 1)(52-+1.618035q + 1)(Sq + 1) 


anon ae 
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Gain in dB 


0 


on Lo 100. 
Normalized Radian Frequency 
FIGURE 7-14 Butterworth LP G(w) for N= 1 through 10. 


Solution. To determine H(s,), we must first determine the filter order N. This can 
be done by using Eq. (7-21), ie. with wo, = @/oy = 2 we obtain the attenuation 
‘at co = 27t(2000) rps as 


Asa = —G(@)|u anos = 20 log V/1 + 22¥ = 30 dB 


Solving for N yields N > In(10* — 1)/2In(@) = 4.98, or rounded to the nearest 
integer value, N > 5. Hence, a Butterworth H(s) of at least fifth order is required 
to meet the 30 dB attenuation specification, This result can be verified in Fig. 7-14. 
Unless it is desired to meet the attenuation specification with greater margin, we 
choose N = 5 in order to minimize chip area or cost, The resulting #(s) is written 
by taking the N= 5 entry from Table 7-4, ie., 


1 


i) 
Go) = (EF OGIROBs, + DG + 1.618035, + DG, FD) 


(7-23) 


Note that & = 1 or G(0) = 0 dB. 


7-4-2 Equi-ripple (Chebyshev) Filters 


Chebyshev H, illustrated in Fig, 7-12, emphasizes the steepness of the attenuation 
slope in the transition band at the expense of phase linearity and passband flatness 
Chebyshev /’s are specified by the order (/V) and the passband ripple (6). In return 
for a finite ripple in the passband, Chebyshev filters offer sharper cutoff (i... higher 
attenuation rate) around the passband edge, as compared to a Butterworth filter with 
equal N. Correspondingly, Chebyshev step responses exhibit more overshoot due to 


TABLE 7-5 
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see Chap. 3). Like the Butterworth case, the Chebyshev LP H1(s) 
an all-pole function and G(w > co) = —20N dB/decade. 
In the s-domain, Chebyshev #7(s) are based on the eq 


ipple function 


[H Gon)? = H jon) H (—jon) = (724) 


T#2C¥(o,) 


where Cy(o,) is the Nth order Chebyshev function, ¢ is a constant that determines 5 
0). 


and Apg, and @ = w/wpa. We see that the gain at DC is My = iy +e 
‘The Chebyshev functions are defined by the relations: 


Cxlo :0s[N cos” '(p)] for fern <1 (7-25a) 

= cosh(Ncosh™'(e%)) for fey] > 1 (7-25b) 

a4 Cy-1(n) ~ C-2(0m) (7-250) 

Equation (7-25e) is a recursive relation that ith Cio(@y | 1d Cy (Oy) = wy 


as determined from Eq. (7-25a and 7-25b). We a 
even (or odd) and Cy (1 1 for all N. Since, 
bounded between a maximum of one and am 


Iso note that C2 (0) = | (or 0) for N. 
in the passband (a, <1). |HCjon)| is, 
mum of \/1/(1+€2), we have 


= G(1) = log oe = V0 (7-26) 


‘The pole locations for the Chebyshev H1(s) are found by taking the left-half plane 
roots of |D(si,)I*. where sy, = s/orp. The Chebyshev polynomials D(s,) for N 
through 5 and § = 1 dB are tabulated in Table 7-5. Higher order D(s,), for vario 
§, can be found in several texts, ¢.g., Daryanani (1976); Schaumann et al. (1990); and 
Daniels (1974). Lowpass Gtw,) for N ranging from 1 to 10 are drawn in Fig. 7-15 to 
demonstrate the inband and cutoff behavior of 1 dB ripple Chebyshev #(s). The reader 
is encouraged to make detailed comparisons between these and the corresponding 
Butterworth responses in Fig. 7-14. 


CHEBYSHEV D(s,) FOR 1 48 RIPPLE 
5=1 dB ripple (r = 0.5088) 

D(s0) 

‘Sp + 1.96523 


8+ 1.097359 +1.10251 

(Sn-+0.49417\(52 + 0.494175 + 0.99420) 

(63 +.0.279075q +0.98650)(s3 + 0.673745 + 0.27940) 

(52 +0.178925p +0.98631)(s3 + 0.468415, + 0.42890)(sp + 0.26949) 


aaenwaje 


FIGURE 7-15 
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\\ 


10 
or 10 100 
‘Normalized Radian Frequency 
1B ripple Chebyshev LP G(a) for N = 1 through 10. 


Gain in 4B 


Example 7-2 


Consider the design of a I dB ripple Chebyshev lowpass active-SC filter with 
passband fps = 1 kHz, DC gain G(0) = 0 dB, and sample rate f, = 25 kHz. 
Determine an H(z) that will realize at least 30 dB attenuation (with respect to the 
gain at DC) at f = 2 kHz. 


Solution. Using Eqs. (7-24) and (7-256), with @, = 2, we have the relation for 
the attenuation at « = 27 (2000) rps: 


G(@) = —10log{l + °Ci(o,)] 


= —10log {1 +e? cosh*[Ncosh™"(w,)]} 


Hence, for the design in question 


1Olog[1 + £7 cosh?|Ncosh~'(c, )Ila,=2 = Ase = 30 4B (7-27) 


“Substituting for © in Eq. (7-26), the relation © 
- resulting expression for N’ yields 


105 — 1, and solving the 


3.66 (728) 


Rounding to the nearest integer, we see that the specifications are met with a 1 dB. 
Chebyshev lowpass H of order N = 4 or greater. This result can be verified in 
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Fig. 7-12. We choose N = 4 to minimize the silicon area and cost. The H(s,) is 
then determined from Table 7-5 and setting k = 1. 


0.27563, 8 
(53 + 0.279075, + 0.98650)(s3 + 0.673745, + 0.27940) 


H(5,) = (7-29) 


To find H(=) from H(s,) let us normalize f, and 7 such that fay 

3.97887 and Ty = 1/ fan = 0.25133 (Le., e/@7 = e/™), Hence, wry 3 
0.52858, Qp2 = 0.78455, and M) = 0.24715, 1 
. Tp 


46), i 


6.1421 E = SCL 271)" 


NG) = (Vaio + 0.932272) — 1828022" + 0.849232 


(7-296) 


Comparing the Butterworth example (Example 7-1) with this example, we see 
that an N = 5 Butterworth filter was required to realize Asp = 30 dB at o 
an N =4, 1 dB ripple Chebyshev filter was found to realize the same Aq. Hence, 
for a given NV the transition bandwidth can be reduced by increasing 5; in fact, the 
tradeoff increases for larger N. This conclusion is apparent if we compare Fig. 7-14 
and Fig. 7-15. 


743. Cauer (Elliptic) Filters 


Cauer (or elliptic) type H are equi-rippled in both the passband and the stopband, as 
shown in Fig. 7-12d. They exhibit a very sharp attenuation slope (i.e., narrow transition 
band) and infinite attenuation at distinct frecuencies within the stopband. Recall in the 
Chebyshev/Butterworth cases that the stopband loss increases monotonically atthe rate 
of 20N dB/decade. Cauer filters are usually found 10 be the most efficient filter type in 
terms realizing filter gain specifications (i.e., Fig, 7-10a) with minimum i. Monotonic 
attenuation beyond as, is limited in order to achieve sharper attenuation slope in the 
transition band. To make this trade the Chebyshev/Butterworth transmission zer0s al 
infinity are replaced with finite transmission zeros that significantly increase the slope 
of the transition band and limit the stopband attenuation to = Asa. Cauer Har 
specified by order N., passband ripple 3, minimum stopband loss Asp, and ratio & 
csp /wp. We note that in the special case 6 + 0, the passband becomes m 
flat and the resulting H, illustrated in Fig. 7-12c, is called Inverse Chebyshev. 

‘The mathematical development of the elliptic or Cauer approximation is beyond th 
scope of this text (see Daniels 1974). Cauer H(s,), of the form 


ll 


x 
NG) RTT Iss + oN) 
TE) aa 2 
Ts + (eu /Qoi)s + 0%) 


AS) = 
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have been tabulated for a large number of parameter values (1 
the literature (Schaumann et al. 1990: Daniels 1974). As sample: 
0 are given in 1 


N639)/DOsn) 
6, Due to the 


for N-even and Asp +20 dBidecade for N 
8 = 0.5 dB, @ = 1.5 Cauer filters are shown in Fig. 7- 


filters achieving 2 = 1 compared in Fig. 7-17. 
and 7-2 can be realized with the 


0.5 dB rather than 1 dB. 


6. In addition, fifth-order 


7-4-4 Bessel (Linear Phase) Filters 


Bessel filters in Fig. 7-12e approximate the finear-phase response of an ideal filter 
at the expense of reduced attenuation slope in the transition band (Daryanani 1976: 
Daniels 1974). To illustrate these points. Go») and g(o) for Bessel and Butterworth 
filters, (with identical NV) are compared in Figs. 7-12e and 7-13. In practice, it is 
usually more efficient to realize G(o} specifications with a Butterworth. Chebyshev. 
or a Caver filter and, when necessary, compensate the resulting phase (or group delay) 
with an AP delay equalizer 10 realize w(w) specifications. 


TABLE 7-8 CAUER H(s,) FOR 0.5 08 RIPPLE AND 2 = 1.5 AND 20 

0.5 4B ripple and © = 1.5 = 
N Ase N(s0) Dis) 
2 83  sf+3.92705 8 + 1.091535, + 1.60319 
3 21.9 s2-+2.80601 {53 +0.45206s, + 1.14917\s, + 0.76695) 
4 96.3 (sf +2.59555)(52 + 12.09901) (s+ 0.25496s, + 1.06044)(s? + 0.920015, + 0.47183) 
5 50,6 (s8-+2.40551)(s2 +5.49764) (52 + 0.16246s, + 1.09189) 

(sf +0.57023s, + 0.57601), + 0.42597) 
5 =0.5 0B ripple and 2 = 2.0 

N Asa (Sa) ~ (5) 
2 13.9 547.4641 sf + 1.265045, + 1.59179 
3 31.2 62 45.15921 (2 + 0.537875, + 1.14849)(s, +0.68212) 
4 48,6 (2 +4.59926)(52 +24.22720) (52 + 0.20116s, + 1.05258)(s? +0.88456s, + 0.41032) 
5 66.1 (2 +4.36495)(s3 + 10.5673) (3 +0. 19255s, + 1.03402) 


(s3-+0.58054s, + 0.52500)(s, + 0.39261) 


686 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


20 


—40 


indB 


Gait 


80 


Normalized Radian Frequen 
FIGURE 7-16 0.5 dB ripple, £2 = 1.5 Cauer LP Glu) for N = 2105. 


Gain in dB 


10 
[Notmatized Radian Frequency 
5, 0.5 4B ripple Cauer LP G(o) for = 1.5 and 20. 


FIGURE 7-17 NV 


7-5 FREQUENCY TRANSFORMS 


The s-to-s transforms are complex frequency mappings which allow HP, BP, 
BR filters to be transformed into LP prototypes, and vice versa. Similarly, the s-t0-: 
transforms are complex frequency mappings that allow us to bridge between the s- 
and z-domains. Frequency transforms are used primarily to reduce design labor, but 
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often lead to suboptimal circuit realizations. However, in many cases, the practical 
difference between suboptimal and optimum realizations do not justify the higher 
design costs to derive a fully optimized design 


7-5-1 s-to-s Transforms 


TABLE 7-7 


Let us first consider the s-to-s transforms s, = fyy(p). where XY = (HP. BP. BR) 
in Table 7-7. (Daryanani 1976; Schaumann et al. 1990; Daniels 1974). Here s (or 
Sn = s/2pp) is the LP prototype complex frequency and p the transformed complex 
frequency. In the design of HP, BP, or BR filters, with such features as maximally 
flat or equi-ripple passbands, it is often expedient to map their requirements into 
specifications for an LP prototype so that an intermediate Hz,p(sy) can be derived 
from design tables, e.g., Tables 7-4 to 7-6. Reversing the transform enables us to 
easily obtain the desired Hyy(p) from Hz p(5q)°, ie. 


Hxy(p) = Hep (Se le=toin) (731) 


‘One inefficiency in this process is that BP filters obtained through this mapping are 
symmetric, which leads to over-design if the BP requirements are not symmetric, In 
‘Table 7-7 we include the HP, BR, and symmetric BP Hyy(p) obtained by applying 
Eq. (7-31) to a simple N = | Butterworth Hz p(sq). We recall that the parameters 
Opp, 0, Ox, B = opp — wpe, were defined in Fig. 7-6. Note that Hyy(p) is 
not normalized. Hence, if a normalized function Hyy(p,) is desired, normalizing the 
transformed frequency variable p to a convenient frequency, say Pa = p/w or p/wy 
for BP or BR Hxy. is a straightforward procedure. 


We note that these requency transformations and the associated arguments can be applied w any circuit 
function, including impedance and admittance. i.e. Zxy(p). ¥xv(p) ean be derived from Zz m(59).¥i.p(sy) 
and vice versa using 55 = frr(p). A filter schematic can be transformed from that of an LP prototype to 
BP, HP, or BR schematic by transforming the Z1.p.Yi.p for each passive component using. fy 


‘56 TRANSFORMATIONS 
3s 
Transformations ferip) Hire) —__Havlo) 
LPAO-HP: sp = help) S22 
Lpiose: = forts) 2 ae8 

& 


LP-t0-BR: S, = faa(p) 
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7-5-2 sto-z Transforms 


In fillers 10 = transforms are a bridge between the continuous and sampled domains 
(Ghausi and Laker 1981; Unbehauen and Cichocki 1986; Schaumann et al. 1990; 
Unbehauen and Cichoeki 1989; Tretter 1976). They are used in Iwo ways: (a) to map 
filter schematics or components, e.g., an integrator, from the » to 2: and (b) to map 
poles and zeros of transter functions or filter requirements from x to 2. With such 
transforms we seek to map an F(s) into rational F eT (or 
§ = 1/T In(=)) with rational first-order functions, Function F(s) 
sddmittance, or transfer function, ete, ‘The y-z transforms listed in 
origin from the lore of numerical analysis where differential and integral equations are 
digitized in order to be solved using a digital computer, When applied to the design of 
ranstorms in Table 7-8; namely, Backward Euler (BE), Forward Euler 
(FE), Lossless Discrete (LD), and Bilinear (BL), provide contrasting properties. Let 
with XY = (BE, FE, LD, BL). Since exy 
ap Nth order H(s) into Nth order (2). ic. 


filters, the s-2 


uy refer (0 these transforms as gxy (6) 
are first-order functions of 2, they n 


i 
Lavi 


(7-32) 


‘The detailed form of Hyy(c). in particular the coefficients ayy;. byyi. Will vary some- 
what with the particular gyy. However, all gyy(2) > 
[Hy y (ci) — H(jo)| decteases as oT <1 

‘The BE and FE transforms are the simplest mathematically, but also the least 
accurate, In Table 7-8 this is demonstrated by mapping the integration formula H (s 


as wT —» 0 and the error 


1/s into the lomain using each of the four transforms. That is, for s = jo 
¢/°T the integration formula is expressed as 
lhe Wor 
— => —(1 — e(w) Je!" (7-33) 
jo jo 


The magnitude ¢() and phase () of the transformation error are given for each 
transform in Table 7-8. Clearly, for an exact mapping, the plo) = 0. In 
fact, only when (iv) = 0, does the jaaxis map onto the unit circle and the stability 
of mapped functions is preserved between the two domains. In contrast we emphasize 
that the s=y transforms in Table 7-7 are exact. 

Note that for LD? and BL the phase error is y(@) = 0. Also, if we use BE and 
FE integrators in tandem, ie. H(=) = Hoe Hye, the total phase error p(o) = gar + 
gre = 0. As we will see, BE and FE integrators are found in many SC schematics 
that use 1/gyy (=) directly and do not depend on integrators being closely matched 10 


FOF & (0) 


“the LD transform as suggested a 3 means 10 efiienly realize an accurate dita Her integrator 
Bruton 1975) The LD tansforh cannot be more generally applied cause the > 1 tenn is nt strictly 
schist setrctcanietttniian Ge reatboas 
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TABLE 7-8 5 TO z TRANSFORMATIONS 


st0z Transformed 
Transformations Integration He) eo) 
‘ovt2) Formula 
: peels 
Ab meal Baers 
isn (Z) 
Tete 
2 ot 
ien() 
PS 
2 or 
is0(Z) 
es ee 
Titz7 — 2jtan(S) 


1/jw. However, BE or FE gyy(c) are rarely used as mappings or replacements for 
1/s where the errors in Eq. (7-33) are important. 

‘When mapping an H(s) to an H(z), where these errors must be minimized, it is 
important to use a gyy(z) where y(o) = 0. The gaz(z) is universally used for this 
purpose. The gz.9(2) was conceived only for the schematic transformation for lossless 
integrators. With the gnz(z) mapping we can force ¢(«) to zero at distinct frequencies 
by preadjusting the pole and zero locations of the originating H(s). The magnitude 
error €(co) + 0 is due to the nonlinear relationship between frequency points on the 
je-axis and the unit circle. This error, called wharping, can be reduced to zero at 
a finite number of frequencies (usually the pole wp; and zero w., frequencies) by 
prewharping their locations to @p; # @pi, Oi # @s; prior to transformation so that 


e(Wpi) = 1— = (Ce) 0 and 0 
tan (8 
2 
afiér transformation (Ghausi and Laker 1981: Gregorian and Temes 1986: Schaumann 
et al. 1990; Unbehauen and Cichocki 1989; Tretter 1976). Thus, gau(z) is applied 


+ to the prewharped H(§). Prewharping is often unnecessary in SC filters because of 
high sampling rates that set pT. .jT < 1, such that tan(wpT /2) © @)T/2 and 
tan(«T /2) © @aiT /2. 

Let us consider the BL transform of the N = 2 LP H(s) in Eq. (7-11a), i., 


(7-34) 
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Applying the BL transform to H1(s) yields the following 


(7-346) 

Equation (7-340) is valid for all @»T. We leave it to the reader to verify that 
when wpT <1, the denominator of Eq. (7-346) is approximated in Eq. (A7-48). 
Recall, when wT < 1, that the zeros at z= —1 can be eliminated in accordance with 
Table 


7-6 NOISE, DC OFFSET, HARMONIC DISTORTION, AND DYNAMIC 

RANGE 
The performance of microelectronic filters is limited by the undesired disturbances 
(noise, harmonic distortion, DC offset) generated internal and external to the filter 
(Gregorian and Temes 1986; Schaumann et al. 1990; Unbehauen and Cichocki 1989). 
‘When these disturbances fall in the passband of the filter, they alter the character of the 
desired signal in a manner that cannot be eliminated by linear filtering. Moreover, out- 
of-band disturbances in sampled filters can alias, as described in App. 7-1, and increase 
the overall passband disturbance level. Although noise, harmonic distortion, and DC 
offset are physically very different, we assume that they are small (compared to the 
desired signal) and that they occur as multiple disturbance sources at various points 
within the filter. If the-active filter is operating linearly, superposition can be used to 
accumulate the output-referred contributions from all the disturbance sourc 


P (jw) = H Ge) X Go) + D> HiUe)Di(jo) = ¥(jo) + Dojo) (7-35) 


where X (ja) is the desired or undisturbed signal, D;(jo) are the disturba sources, 
Y (ja) is the desired response with all D; D,(jo) is the total output-referred 
disturbance, H (jw) is the transfer function between Y and X, and Hj(ja) are the 
transfer functions between the output ¥ and and disturbances Dj. 
At this point. it is useful to distinguish between signal-cependent and signal- 
’ independent disturbances. Signal-independent disturbances, such as noise and power- 
supply hum, are processed by the filter and combined linearly with the desired signal. 
Consequentiy, these disturbances set the limit for the lowest level signal that can be 
processed by the filter, i.e., simply put, if |X] < }D;| then ¥ = D, and ¥ is essen- 
tially lost or buried in the noise. Consequently, we limit the minimum |X| > |Xxun/ 
to guarantee |X| >> |Dj{ and |¥| > |Dal- 
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Signal-dependent disturbances, caused by inherent nonlinearities in the filter, limit 
the highest signal level that can be processed. In this ease |D;] = f (|X|) are nonlinear 
functions of input amplitude |X'], We noted earlier in the chapter that circuit nonlinear- 
ities introduce unwanted harmonic and intermodulation frequency components, e 
Fig. 7-1, called harmonic distortion. Since the nonlinearities cause |D,| to increase 
with increasing |X|, we limit |X] < [Xsraxl, and correspondingly [¥| < |Yyiayls 80 
that the distortion components are small and bounded. We assume that strong nonlin- 
ear behavior of any kind is unacceptable; hence, the detailed characterization of such 
cases is of little practical interest 

DC offset is yet another disturbance contributing to the upper signal-level limit of 
a filter. Ideally, the DC component of signal ¥ is zero, and ¥ swings symmetrically 
within the limits [Yyaxl. Hence, when DC offset occurs, the swing bee 
asymmetric, causing either the positive or negative swing to cross the |¥s4ax| limit pre~ 
maturely, i.e., |D;| = (|X|. Yoc) where ¥pe is the DC offset. Hence, the occurrence 
of large Yp¢ enhances |D;| and reduces the allowed |¥s1x|. and. correspondingly 
reduces the upper signal limit |Xutax!- 

‘As we discussed in Chap. 5, noise is a random phenomenon and noise sources 
are usually assumed to be uniform and uncorrelated. The primary noise sources in 
active filters are the thermal noise associated with each resistor (the R°s in activ 
RC filters and ON-resistances Roy associated with the MOST switches in active-SC 
filters), and the combined thermal and 1/f noise associated with each op amp or 
OTA. Unswitched capacitors generate negligible noise. Noise (and harmonic distortion 
models) for op amps and OTA are developed in Chaps. 5 and 6. Initially, let us confine 
our consideration to a continuow tive filter. where the noise is bandlimited by 
a filter’s frequency response. Using concepts and definitions in Sec. 5-3, we intuitively 
express the total output noise PSD _S;,,(c) as a weighted sum of the PSD's, for the 
filter's K noise voltage densities (v3), and M noise current densities (73). ie, 


k 
Snot) {Revo a) + [Rall 
c 7 


where |Hi(w)| and |R,,(@)| are the magnitudes of the voltage transfer and wansre- 
sistance functions from the K noise voltage sources and M noise current sources, 
respectively, to the output. Using Eqs. (5-57), we can express the output rms noise 
voltage as 


mes 


me 


Syo(@dder Vents (737) 


Note that the division by 27 inside the radical is due to the change in integ 
variable from f to @, ie., df = (1/2)do. 

In sampled systems the situation is more complicated due to aliasing and sample- 
and-hold reconstruction, concepts reviewed in App. 7-1 (Gregorian and Temes 1986: 
Unbehauen and Cichocki 1989; Fischer 1982). Let us first consider the effect of 
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aliasing, When noise is sampled, wideband noise (e.g., thermal noise and all other 
and disturbances) is folded back into the baseband, causing the measured noise 
aliasing occurs if the noise bandwidth BW, > f,/2. In faet, 
impulse sampling, the noise PSDs in baseband and the ko», sidebands are 
‘added in accordance with Eq. (A7-13), ies, 


se. In particula 


(7-38) 


DY Sf 8h) = 
ioe 


where S#(/) is the sampled PSD and $,,(//) = Soy is the fundamental PSD, Equation 
it is formed by taking | [? of the sampled noise 
Eq, (A7-13). If Sig are uniform or “white” uncorrelated broadband noise, with 
amplitude »(V)2/Hz. and bandwidth BW, 3% fi, then 2{BWy/f,) ~ 1 sidebands a 
buck into the signal baseband 0 < f < f,/2. This process is illustrated in Fig, 7-18 
where Spy is se source with bandwidth BW, = 3 f,. We see from Fig, 7-18 
that sidebands sk1, +2, and +3 alias back into the band 0 < f° = f,/2. For these 
practical conditions, ) can be simplified te the following convenient form 


(7-39) 


where Siy = for k= 0, £1, £2, ...-+ 00 (Fischer 1982), For the case in 
We sce that 2(BW),/f,) = 6 (due to the 6 components k = 0, 1, +2, and 
SECA) = (6/7). 


Fig, 7-18, 
3) and 


Example 7-3 

Consider the noise performance for the simple simpled-data circuit in Fig, 7-194, 
The timing for the switeh is illustrated in Fig. 7-19d. (a) Derive the output n 
power spectral density and output mean-square noise, and (p) calculate the RMS 
noise for Roy = 5 k&, C = 50 pF, f, = 8 kHz, t = 0.4 and Temp = 300 K or 
room temperature. 


Solution. («) We note that the subject switched-capacitor circuit is comprised of a 
switch, controlled by clock signal $, and a shunt capacitor C, Due to the action of 
the switch, the circuit has two phases; namely, when @ = ON and # = OFF. When 
@ = ON, v4(¢) follows or tracks vg(). Let us call this the ON-phase. During this 
phase [AT <1 < (k-+1—1)T] the ON switch is modeled as a finite resistance 
Row. The instant that @ = OFF, ie. t = (k+1—1)T, C is left with charge 
Q = Cvpl(k + | — rT! and the samples vy = vil(k +1 — 2)T are keld on C 
until @ = ON again. Let us call this the OFF-phase. 

‘To calculate the output noise for this circuit, we set vig = 0 and introduce noise 
generator v2 to account for thermal noise associated with Ron of the switch, as 
shown in Fig. 7-19b. Using the circuit operation described previously and the result 
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related with bandwidth BW, = 3. 


2h) of Chap. 1, we can express the output noise during the ON-phase 


as 


1 [ 4kyTempRow low 
= Shi ion | ee RO | Santos 7-404 
Hee cheater Af Wiss 
and 
Talon = | | Sw(Powdh (7-400) 


= pee ecall Eq, (1-63: 
_ where Af = 2BW,, BW, = > {sac} Thee (recall Ea. 1-63) in 
Chap. 1) and kg = 1.38 x 10-I/K is Boltzmann's constant, ‘The 1/2 factor in 
Eq, (7-40a) is due to n being defined as a two-sided PSD and AF spans —B WW, 

f S$ +BW,. Note that we use ky and Temp for Boltzmann constant and temper 
(rather than & and T) to clearly distinguish these parameters from the sample integer 


and clock period 7. Using Eqs. (7-40) and (1-63) we can write 


L kn Temp 


Meee 


Lf 


2kyTempRox (hy 
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FIGURE 7-19 


o 
Noise in sample-data circuits: (a) a simple switched-capacitor track-and-hold circuit; (b) the circuit 


and noise source when = ON; (¢) the circuit and noise source when @ = OFF; and (d) the 
sketches for the switch timing, input noise, and output noise, 


To obtain the noise contributed during the ON- 
‘ale v3, and 9) in proportion to the 
ee 


phase to the overall noise, we 
tion of period T taken by the ON-phi 


Vl=tijelon of = Mon = (1-1) (7-42) 


In Fig. 7-19d the input and output noise waveforms are sketched with the switch 
ming. The output noise during the ON-phase is seen to follow the input noise (of 
course with some slight delay associated with RoyC). 
During the OFF-phase (ie., Fig. 7-19¢), the switch 
noise sampled-and-held on C is 


ind the 


an open circuit 


Vno(t love = Ynol(k +1 —1)T |lon (7-43) 
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An illustrative waveform for tyo(0)Jorr is sketched in Fig. 7-19d. Recall from 
Chap. 1 that thermal noise is white. However, the bandwidth of the output noise 
from the ON-phase is limited to BW, = 1/4RoxC. Using the numbers in (b) we 
calculate that BW, = 1 MHz > f, = 8 kHz: thus, aliasing will occur, Using 
Eqs. (7-39), (7-41), and sample-and-hold reconstru ys. (AT-18) 
in App. 7-1), the PDS for the OFF noise is 


(ea {arsine (SA} 


Sn(Dlorr * 


(74d) 


and for f < fa, where sine(x) = sin(x)/x ~ 1, we ean further approximate 


tv ky Temp . 
Ss Pee eee a) 7-45 
(Mor: * sR" (7-45a) 


and 


(7-46) 


The composite noise waveform ¥,,,(1) is also illustrated in Fig. 7-19d. 
(b) Inserting numerical values for Rox. C, f;. tore. Temp. and kp into Eq. (7-46) 


gem 
0.09 nVauis. 
eae oA pores 


elds © 9: therefore Ty, ~ 0.8 Vets. 
yi 


Due to the aliasing expressed in Eqs. (7-39) and (7-44), the alert reader will rec- 
ognize that the criteria for a low noise op amp designed for use in an active-SC filter 
is distinetly different than that designed for an active-SC filter. That is. the thermal 
‘component of the op amp noise is usually significantly more important than the 1/f 
‘component for the active-SC case. The opposite priority usually prevails for op amps 
used in continuous-time circuits where aliasing does not occur, We caution the reader, 
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that, if the output of an active-RC filter is sampled (such as by an A/D converter), 
then the opportunities for aliasing noise are similar to those in active-SC filters. 

‘The ratio Xsuax/Xauy represents the dynamic range (Gregorian and ‘Temes 1986; 
Schaumann et al. 1990; Unbehauen and Cichocki 1989), which characterizes the over- 
all robustness and signal-handling capability of the filter, Although the disturbances 
mentioned are physically very different, they were all assumed small (in comparison 
with the desired signal) and that they enter the filter at multiple internal nodes. If 
the active filter is operating nearly linearly, superposition is used to accumulate the 
‘output-referred contributions from all the disturbance sources to obtain an estimate of 
the disturbed output ge. 


«i the dynamic 


7-7 SENSITIVITY, VARIABILITY, AND YIELD 


In this section we will expand upon the concepts introduced in See. 3-4 and develop 
further the sensitivity models that are useful for filter design. We assume, for the 
developments in this subsection, that the reader is thoroughly familiar with Eqs. (3-84) 
through (3-89) and their application to yield estimation. 

‘The reader may be tempted into arguing that an optimum design is obtained from 
an H that uses the extremes of the specification window. i.e. all the white space in 
Fig. 7-10a. However, the clear-thinking student will quickly conclude that following 
such an approach in designing integrated analog filters (or any precision analog circuit. 
for that matter) will lead to poor yields in production, and will no doubt lead to failures 
in the field. due to drifts with temperature and age. To demonstrate the problem, we 
show in Fig. 7-20 the effect of component variations on the gain response G(w») 
for 1000 samples of a fifth-order Cauer filter, designed to serve as a receive (or 
reconstruction) filter for a PCM codec (see Fig. 8-1). Here, component variations 
are due to fabrication tolerances and ambient temperature in the range °C < T < 
60°C. All 1000 G(w)'s were found to lie within the widely spaced dashed envelope. 
Comparing "ie envelope with the +0.125 dB specification window, we observe that 
the yield is less than 100 percent, 

In contrast, we point out that the sensitivity problem for digital filters is different, 
Precision in digital filters is unambiguously tied to the number of bits used to quantize 
(oF truncate) the coefficients of H(z). Hence, once a design (see Sec. 7-2) is found 
to fit the specification window, then the design task is to determine the coefficients 
with the minimum number of bits required to keep the quantized response within the 
window. Once an acceptable quantized design is found, generally it is robust. Hence. 
the quantized digital filter can be designed to the limits of the specification window 
with fittle effect on yield. 

Letting P = H(A), where A = jw or e/*", we can derive some useful expressions for 
Sf!, QS, and OF in terms of the resonant-null frequency and pole-zero Q sens 
. using Eqs. (7-13), (A7-51), and (3-86) we derive: 


(TAT) 
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ma AGaT=0C 
02 Efor 1000 samples 


-02F 
= Passhand 
specification 
window 
min AGarT=00°C 

FIGURE 7-20 Computer simulation of worst-case response FE 

deviations for 1000 samples of a Sth-order aes ee 
‘Cauer POM receive active-RC fiter. The Nominal at T= 25°C 


varialions over the range 0°C < T = 60°C. 
‘The dashed curves represent the envelope of eee 


worst-case AG and the shaded rectangle 


Corresponds to the £0, 125 dB passband 0 a 
specication window. Frequency (KH) 
where 
Of = sist) — and QE = 8.686Re( 51!) (7-47) 
Let us decompose $!"") into the follo 
ON) = Sh + (7-48) 


‘We can conveniently expand Eq. (7-48) in terms of the em, @y. Qp. and Q. sensi- 
ities, i 


SHO = (Sk + SHO) (Ser + 59%) (SO + 5) (Ser + 500 ) (7-49) 
where 
S se also | SST = Sagem = Sm (7-50) 


and $2, $2: and S27 are defined ate express 
derived relating 8, rp, Ox. 7: 10 wo, Op. wy. O: under the conditions that 6, Oy < 1. 
For highly oversampled active-SC filters, Eqs. (A7-48) and (A7-51) offer insight and 
are usually sufficient for sensitivity calculations. 
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luating Si, Sil, SY and Sf, using Eqs. (7-13) and (A7-51) for H(s) and 
H (2), we obtain for the continuous-time active filters 


N(jw)* cc) 2 

= Gane [rete + 208] (T-Sla) 

joN (Jo)? (on * 
gio _ _foNGoy (¢ v 7-51b) 
iS INGa)P \Q: aoa 

Dijwy [wy 1? 

gion a tid of Dey (7-51. 
. [DGaP iy (ra ei] hie 
ign), @DGey (ow Ga 

" IDGar \O, 


Note that superscript * denotes complex conjugate. 
For the sampled-data active filters w 


1) Neeley 41 7) 
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Equations (7-52) provide insight and are us ient for sensitivity calculations 
that do not demand high precision, ‘The reader can alternatively find sensitivity rela 
tions for H(z) in terms of é. rp, Oy, fs (see Exercise 7-34). 

‘The student can verily that, for specified oy, Q-, 0, Op, and ay T « bon « by 
we have the following approximate equalities (in the baseband region where @ < 
x/T): 


slilor x sieht), sitar x. sitet) (7-530) 
Hin ze get), sia) ze site") (7-53) 


Moreover, using Eqs. (7-51), (7-52), and (7-47) we can readily determine Q%,. 0%. 
Q%,, and O%,, O8,, 0,» 2%, for both the continuous-time and sampled-data 
cases. We have plotied in Fig. 7-21 curves for Q%,, QG,. 2, Qf, versus normalized 
frequency over the range 0 < w/w» < 2. For each sensitivity we show curves for 
Qp = 2,5, and 10. In accordance with Eqs. (7-53), these sensitivities are nearly 
identical for both the sampled-data and continuous-time cases, when the sampling 


FIGURE 7-21 


CHAPTER 7: FUNDAMENTALS OF CONTINUOUS-TIME AND SAMPLED-DATA ACTIVE FILTERS 699 


rate is such that T < 1/(20y) For active-SC filters, this inequality is almost always 


satisfied in practice. 
‘The curves in Fig. 7-21 are interesting in that they show the relative contributions 


of Awy/wn, AQp/Qp to AG, and Ag as a function of frequency, i.c.. 


AQ, 


dow, og 40, — 
BOLT +085" md fe ~ 05,8 ot + 00,5" Oe (75H 
where 
Boon |S con) Sti AO, . &% /<0,) A 
Sana (gq) ant Sen y(st)S2 sin 


Plots of (a) 0%; (b) OB ; (e) Qf, and (A) Of, versus normalized tequoncy w/wo. Shown are 
curves for G; = 2, 5, and 10. These curves also apply to the same sample-data case inthe 
baseband (ie, <2/T), when ooT < 0.5 
hay 
09 05 10 is 30 
@ 
8 
an 
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FIGURE 7-21 (cont'd) 


and ky. ko represent the number of elements in the biquad that determine a, Qp, 
respectively. Some important and easy to remember poi 


Son these sensitivity curves 


(a) At the pole frequency @ = ey oF «w/o = 1, where 


8.686 UB, OG, = 8.686 dB, Of, =20, rads, =Orads (7-55a) 


(b) At the 3 dB band edges « = ay + e»/2Qp or @/ay = 1+ 1/2Q,, where 


= £8.686Q, dB, 05 ~ x .686 dB, OF, + Q, rads. OG, © rade (7-55b) 


In the vicinity of @ = wy + w/2Qp, we see that AG and Ag are predominantly 
determined by 0% and QP, respectively. Hence, if [52°] < Q,, we can approximate 
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AG and Ag in the passband as 


Aen Ao 
= and Aye 04 (7-56) 


oy my 


AG ~ 0% 


We note that O% and O%. which depend only on the specifies of the nominal 17 
increase with the value of @,. The A/a and AQ, 

circuit sensitivities and the variation of the circuit components. As we will see shortly. 
eld Y,,. for a given biquad with a particular Aon /coy requires 
and phase be widened in proportion to @,, 


depend on the biquad 


statistics o (AG) and (Ay) using Eqs. (3-88) and (3-89), respectively. Onee again, 
when we assume that the component variations are gaussian random variables, the 
AG and Ag are also gaussian in the linear approx: . The discussion in 
with regard to component matching and yield, applies directly to the re: 
cost-effective integrated active filters. 

Let us summarize the main points of this subse 


Es 


ization of 


on with an example, 


Example 7-4 


Consider the BP SC biquad in 
timing signals for the analog sw 
shown in Fig. 7-22). Assume the op ampy are ideal and that the biquiad is des 


with sample rite f, = 100 KHz, The 
= 6° and the input samples r9(kT) are 


for fo = (10/st) kHz and Q,, = 10. and the voltage transfer funetion is given by 
Hayes) 
eG - - (757) 
AE ac ) ‘ ( AE\ 5 
~ 2DB 2DB a) 


and H, and the statistics for the capacitor variations 
Axi/x; being 0; d p;; = 0: and SE and 
determine (AG) and 0 (Ay) at the proximations where 
possible. 


99: (a) determine the 
3 AB hand edges. Use a 


1.20 < 0.50: 


Solution. Evaluating eT fo/ f. we determine that on T 
hence, the conditions for the approximate equ 
we may use Fig. 7 I the sensitivities in Eqs. (7 


observe that Q, > 1. (a) Comparing Eq. (7-57) with Eq. 


© satistivd snc 


IS. (7-53) 


5) in our analysis. A 
(7-166). Ey. (AT. 


SAC this stage we present this /2(=) withou 
and Vou) = Z(tny(&T)) as deserbed in. App. 
the phase during which tf(¢) i t0 he sample. Th 
instants are important specications hed-capacitor cireuits. Simple het 
evaluate H()'s for active-SC filters eloped in the next section. 


be 
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FIGURE 7-22 SC circuit for Example 7-4. 


c 
1 
jou 
Feet 
1 
a 8 
{i 
1 
and Table 7-3, we see that Ea. (7-57) is a BPO! and that 
and Qp® eyes (7-58) 


in (recalling that Sw” = Se): 


=s%=05, Spr= 


—sf=05 and SP =SiP=0 
and So =0 (7-596) 


(7-59a) 
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(b) Since Q, > 1, and according to Eq. (7-52h), all |S0"| < Qp. we can ap- 
proximate AG and Ag with Eq. (7-56). Thus, we may express ¢(AG) and a (Ap) 
as 
%y fe 2 
Yse) sea, 


o(AG) * 105% [: (se) 


(7-604) 
5 - wa 
a(Ae) = 1Q21 |) (Sey'a? +O *pi010)| = |Q%a Ko, 
(7-60) 
Using Eq. (7-59a) and the given a; and p,;. we readily calculate Ky, 
Ken = [= (Grd ( ane) = 0.003 (7-61) 


Hence, using Eqs. (7-60) with Eqs. (7-61) and (7-55), we obtain the following 
estimates for o(AG) and a(Ag) at the £3 dB frequencies: 


8,6860,,(0.003) = 0.26 dB (7-62a) 
@,,(0.003) = 0.03 rads (or 1.7") (7-62) 


(AG) © 108 Meow 
(Ag) © 1Q%, Kon 


In practice, these £3 dB points will tend to be the most critical gain/phase tests 
for this, as well as most filters. Hence, the expected yields at these frequencies are 
usually a good metric for the soft-yield Yi. in Eq. (3-914). For example, if the 
specification window at the band edges was -+£20(AG) and the chip area” required 
to implement the biquad was A = 0.02 cm? in a CMOS process with a defect 
density of D = 2/cm?, then a reliable estimate of yield using Eqs, (3-91), (3-920) 
and (3-90) is ¥p © Yow = YouYie = (erf(2))(e-™™) = (0.96)(0.96) = 0.92, 
or 92 percent. 


7-8 MODELING AND ANALYSIS OF SWITCHED-CAPACITOR FILTERS 


‘Switched-capacitor filters are semicontinuous analog or sampled-data circuits. gov- 
emed by the familiar electronic circuit principles of emittance, loading, and energy 
conservation (¢.g., Kirchhof's laws). However. the essential information in switched- 
capacitor voltage signals is found in discrete. periodic samples that are stored on 


%As we will see, the capacitance ratios, hence the chip area (A) required to implement a biquad 
Gaedascs wit O> Coad aisd ©. except whi 1/0. = 0) oad semmciimes with O2. 
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the cipacitors, ‘These samples are most accurately characterized usi time 
mathematics, eg. App. 7-1. If needed, the semicontinuous analog or sampled-data 
character of switched-capacitor circuits and signats can be incorporated at the end of 
the analysis, as shown in App, 7-1 (e.g. Fig. A7-6). Finally, switched-capacitor cir 
cuits generally exhibit a periodie time-varying behayior that is related to their biphase 
@", o riantce, an unfamiliar concept to most 

in complicate the operation of a switched-capacitor circuit, Moreover, the 


students, 
performance of such a circuit can be significantly 


) clocked operation, Periodie time: 


tered 


ith only subtle changes to 
its schematic, 

Our primay pucpose for this section is 10 develop systematic: peneil-and-paper 
techniques that result in efficient derivations of symbolic: switehed-capacitor circuit 
equations that provide insights to facilitate prudent design, Althqugh CAD simulation 
using such tools as SWITCAP (Pang et al. 1983) or SWAP (Silvar-Liseo Co. 1983 
very important for verifying designs, the primary purpose of this section is to develop 
techniques that support creative, high-quality design prior to intensive eomputer ver 


ification, It is important for the reader to recognize that SPICE is not well-suited to 
performing transient simulations of switched-capacitor circuits, ‘The variable time-step 
integration routines do not adapt well to the fast transitions that occur with the peri- 
odie opening and closing of switches in cach phase. With appropriate MOST models, 
SPICE can be used to study parasitic charging, clock feedthrou: 
effects that can be suitably examined with a simulation involving only a 
. However, with the =-domain models to be developed in this section, SPICE 
can be used to conduct steady-state AC analyses (Meares and Hymowitz 1988), 


h effects, and transient 


sw clock 


7-8-1 Periodic Time-Var 


ince in Biphase Switched-Capacitor Filters 


The most expedient and intuitive means to explain periodic me-variance is with the 


aid of example 


hence, consider the biphase switched- 
discussion let us assume that the op amps, ano 
switches, and capacitors are ideal components, and that al 
1 = 0) uncharged, It follows that charges residing on capacitors remain undisturbed 
during the dead zones between phases, when all switches are turned OFF. These are 
the usual assumptions made in first-order modeling and design of switched-c 
filters, In Chap. 8 we will examine some high-performance switched-capacitor circuits 
that inherently reduce typical second-order effects and actually achieve near first-order 
performance. We note that, in practive, many of the analog switehes in these circuits 
would be realized ay CMOS structures (e.t., Fig, 74e) and the complements 10 4" 
and @" would also be required, as shown in Fig. 74d. 

In Fig, 7-24¢ we have a circuit comprised of one op 
and C, and an integeator-like feedback capacitor D, Let us call this schematic “circuit 
1.” Continuous local feedback via D is essential for maintaining stability and linearity 
independent of switch phase, From Chap. 5 we recall that feedback D forces the op 
amp inverting input to virtual ground, a condition that, as we will see in Chap. 8. 
in fact, a summing integrator, similar in 
active-RC summing integrator in Fig, 5-12b, Active-SC integrators, 


pacitor circuits in 
Figs, 7-23 and 7-24, For 


pacitors are initially (at 


acitor 


ma 


Imp, switched-capacitors FH 


yields marvelous benefits, This. circuit 
Structure to the 


FIGURE 7-23 
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bes 
kK 


7/2 1 31/2 2 St/2 3 
a samples © rf, samples © 
vq samples * rf, samples © 
oO) 
(a) SC summing integrator and (b) timing diagrams for clock signals #° and 4°, sampled data 
signals vA(t) and v44(t), and their respective samples v2(AT), v2((k-+3)7), v,(AT), vBqllk+ $)7), 
SCs H aid C are phased so that the output samples are time-variant 


which realize the various functions in Table 7-8, represent the core of active-SC filter 
design. We will discuss active-SC integrators in Sec. 7-8. 

The circuit in Fig. 7-24a is identical to “circuit 1” except for switch phase changes 
in switched-capacitor H. Let us call this schematic “circuit 2". The timing for the 
switching, the sampled-and-held input v&,(), and output vf,,(¢) are sketched in parts 
() of these figures. In both cases we assume identical staircase-like sample-data 
inputs that change value once per clock period T, at the beginning of phase-6*. In 


708 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


v + A 
L all { 
” 
Uf, iF F a 
4 hae ¢ 
: alls 1 
4 7/2 1 MPO STD a 
Al Ay pes © 
y fey Samples 
0 0) 


FIGURE 7-24 


{a) SC summing integrator and (b) timing diagrams, The SC circuit in (a) is similar to the circuit in 
Fig, 7-23, except the phases for SC H are reversed so that the oulput samples are tim 


Fig. 7-230 we see that vf, (¢) for 1” changes value twice per clock period 7 
Correspondingly, the output for “circuit-2” changes only once per 1, in phase 
the input. Both circuits produce identical #°-phase samples, i.e., us (AT), & fact the 
reader will be able to verify later, Due to the continuous feedback of D and the use of 
near ideal switches and capacitors, vfiy(t) remains constant through the between phase 
dead zones. In effect, the dead zone, as long as it is kept reasonable (say 5-20 percent 
of 1/2), quielly serves its purpose in the background. It can then be ignored in the 
order analysis, and is rarely a source of any substantive second-order beha 
Considering the sampled waveforms depicted in Figs. 7-23 and 7-24, it will be 
convenient to define the voltage samples in the 4° and ° phases as follows 


vik) = (kT) =F (F) for =0,2,4,..., even... (7-63a) 
0 for n . odd, 

v%(k) =v" [(« + 5) 7 vf (3) forn + odd. (7-63) 
0 for n +s even, 


where k = n/2 for n even, k = (n ~ 1)/2 for n odd. Thus, we observe that v°(k) 
and v°(k) form an interlaced, orthogonal pair of voltage sample sequences. These 
are separated in time by one-half clock cycle (or 7/2). The samples in 
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each sequence are periodically spaced by 7. i.c., the sample rate is f, = 1/7. Their 
sum, using superposition, is a composite at double the sample rate fy = 2/7, ive. 


wee) 


The definitions in Eqs. (7-63) and (7-64) are illustrated in Fig. 7-25. Let us refer 
to sample sequences where v(k) # v°(k) as phase-dependent (ie., switch phase) 
samples. However, when v°(k) = v“(k), the samples are phase-independent. The vs, 
vf in Fig. 7-23b are seen to be phase-cependent and, in contrast, those in Fig. 7-24 
are phase-independent. 

Staircase-like signals, where the amplitude changes value per 7/2, such that w"(A) # 
vf (K), represents the most general sample data signal we can permit in a two-phase 
system. The hold period between samples is essential and consistent with the operation 
of the circuits we are prescribing. In practice, this implies that we can shift the periodic 
acquisition of samples v(&) any time within the T/2 intervals T <1 < (k + 4)T. 
For the special case where v"(k) = v“(&). this interval extends an additional 7/2. 
to kT <1 < (k + 1)T. This interval will become important when we consider the 
nonideal transient behavior of the op amps. In any case, such sampled-data signals 
occur and propagate naturally in switched-capacitor circuits, or they can be eas 
arranged to do so. 

Time-variance (or periodic-time-variance, to be more precise) is related to the 
sample-to-sample property of phase-dependence. That is. in general, the behavior 
seen at the output of a switched-capacitor circuit depends on the particular phase the 
output is observed. Consequently. we show in Figs. 7-23a and 7-24a three options 
for sampling v3.7; namely, 


aT 
co +e (2) coat for all =O (7-64) 


1 per T, during 9 yielding samples vf,,(k). . 
2 per T during $* yielding samples xf..(4). oF 
3 per T/2 (ie., no switch) yielding v 


FIGURE 7-25 Decomposition of ciscrete time samples v(n) into orthogonal components v*(k) and v°(k), 
pe 


un) 


0 


708 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS. 


Hence, periodic time-variance and periodic time-invariance can be succinctly de- 
fined in terms of the relative phase dependence of input-output samples. Let a switched- 
‘capacitor circuit be defined as periodic-time-variant if any sequence of phase-indepen- 
dent input samples yields a sequence of phase-dependent output samples, i 


vik) = v6 (K) > USK) # UGK) (7-654) 


‘The circuit is periodic-time-invariant when all phase independent-input_ sequences 
result in output sample sequences that are also phase-independent, i.c., 


mck 


VCR) > 18K) = UG (08) (7-650) 
Based on these simple definitions, the switched-capacitor “circuit 1” and “circuit 2° 
are identified as periodic-time-variant and time-invariant, respectively, We see that 
subtle change in the switch phases of one switched-capacitor (or more) in a circuit 
may be sufficient to transform a time-invariant circuit into time-variant circuit, and 
vice-versa. As we will lear later, active-SC filters are more robust when designed to 
be time-invariant. 


7-8-2. and #° Decomposition 


‘Topologically, the periodic biphase switching causes the circuit schematic to change 
with time, alternating between two schematics as the switches open and close, ‘That 
is, one schematic can be drawn for the $*-phase (i.¢., circuit-@*) and a second for the 


when all switches are OFF. As stated earlier, we assume that our switched- 
circuits are insensitive to the specific length of a reasonable dead zone. In fact, if this 


assumption is not valid for a particular realization, the circuit is fatally flawed and 
should not be used. Hence, we ignore this third circuit in first-order analyses, In CAD 
simulation programs, such as SWITCAP, an additional phase can be defined to mode! 
the dead zones. However, the simulation will not reveal any additional information 
unless sophisticated models are used for the integrated circuit components. 

In any event, the two primary schematics are made interdependent via the charges 
stored on the capacitors during the previous phase. Hence, for any node-p in a 
switched-capacitor circuit, we can write two interdependent discrete nodal charge 
equations (e. : ie., one for each phase: 


Mey Mar 


Agi) = Dewpw->, cnr (1 = 


) during 6° (7-662) 


Me 


Me 
Baht) = > Civ.) — J Cpr; (« ‘= 3) during 6° (7-666) 


FIGURE 7-26 
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or equivalently in the z-domain, 


o 
AOK( SVES CVC) during 6° (7-67) 
fal 
Man u 
BQ) = Do CMe) 27?) CiVoi(=) during #” (7-67b) 
‘=I iat 


where Mey and Moy denote the total number of capacitors Cy; connected to node-p 
during the #* and $” phases, respectively. ‘The discrete charge transfers Ag'(A) and 
‘Aq(K) are defined in a manner similar to Eqs. (7-63). Note that the =? (7/2 delay) 
terms are due to the exchange of charges on capacitors that link or bridge the *> and 
p* circuits. 

This decomposition is best demonstrated by Figs, 7-23 and 7-26, In 
we partition the active-SC circuit in Fig, 7-23 into the two circuits, i.e. circuit: 
® when @ = ON, @” = OFF and cireuit-p” when 4” = ON, 6° = OFF. Note 
that the dependent voltage sources in both cirewits model the transfer of charges 
between the f° and @"=phases, and take into account the interphase 1°/2 delay. That is, 
dependent source vf, = viy(k— +) in circuit-p° is the charge transferred via capacitor- 
D from the previous #”-phase (i.c., 1/2 earlier) to the current *-phase, Conversely 
vp = vf, (k— 4) represents the charge transferred via D from the previous @'-phase to 
the current #”-phase, When a depenclent source associated with & particular eapacitor 
is set to zero, e.p., ve = 0 in circuit-p", it implies that no charge is transferred to 
the current phase via that capacitor, In this ease, we observe that c > is fully 
discharged during the previous ¢)”-phase. 


26 


Decomposition of the SC circuit in Fig. 7-29 into (a) 4° and (b) 4° circuits. The dependent sources 
‘model charge linkages betwoen the ° and 4° phases, 


@ 3) 


FIGURE 7-27 
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‘The circuit decomposition illustrated in Fig. 7-26 is used in many CAD tools; but 
it is not well-suited to peneil-and-paper frequency domain analysis. Alternatively, we 
can combine #*- and ¢°-circuits into a single z-domain model or equivalent circuit 
as illustrated in Fig. 7-27. In the z-domain equivalent circuit, the coupling between 
°~ and @"-circuits is achieved topologically rather than through dependent voltage 
sources, In Fig, 7-27 the z-domain circuit has, in general, two inputs and two outputs, 
one set for each phase; a concept consistent with the decomposition in Fig. 7-26. 
Hence, two-port switched-capacitor circuits will, in general, be modeled by four-port 
domain models, 

The z-domain model for a given switched-capacitor circuit is not unique and must 
be synthesized from the governing circuit equations (Ghausi and Laker 1981; Unbe- 
hauen and Cichocki 1989), Our task is to develop a systematic approach to synthe- 
sizing z-domain models, in particular, one that facilitates the acquisition of desig 
intuition with pencil-and-paper analysis. The approach we will use is accomplished 
in two steps: (1) synthesize z-domain models for each of the basic switched-capacitor 
elements using Fig. 7-27 as a guideline; and (2) connect the clement models in ae- 
cordance with the originating, switched-capacitor circuit schematic to complete the 
equivalent circuit, The basic switehed-capacitor elements are individual unswitched- 
capacitors, switched-capacitors, op amps, and independent voltage sources. This pro- 
cess is symbolically illustrated in Fig, 7-28, where the individual elements are high- 
lighted withif boxes in both the originating schematic (Fig, 7-28a) and the four-port 

-comain model (Fig. 7-28b). We see in Fig, 7-28b that all elements are modeled as 
four-port equivalent circuits, We also split independent (and dependent) sample~ 
yoltage sources into o* and @” components. Each component is ther: modeled as a 
s-transformed voltage source. Also, each op amp (i.e., a dependent source) is modeled 
ay 4 pair of op amps, representing the op amp's role in both phases. Each element 
model ancl the overall equivalent circuit are drawn consistent with the general layout 
in Fig, 7-27, 

Since it is unwieldly to combine discrete-time and continuous-time mathematics, 
=-domain analysis limits op amp modeling to frequency independent behavioral inod- 
ait is, finite DC gain can be accommodated, but continuous-time properties 
. transient response) of op amps cannot be included in our first-order analysis 
CAD tools, such as SWITCAP, subsequently can be used to examine the 


Qiu) 
SC equivalent circuit with port variables Vou) 
vg(2) and AQ?(z); AOZ(2) and V2); - 
vB(z) A082) and ve(2).AQR(2). a 
The 4pz in the tower felt comer of the oe 
{equivalent cicuit box is a reminder that + 


the circuit is a four-port and represented z = 
in the z-domain.. AGRE) AGeu(2) 


= 


2a 
je 


FIGURE 7-29 
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impact of the op amp’s transient response on an active-SC filter's first-order per- 
formance, ‘This is done by modeling the continuous-time op amp as a sampled-data 
subsystem with sample rate, perhaps an order of magnitude higher than that of the 
active-SC circuit, However, as we will discuss in Chap. 8, ti 2 
filters ean be desi eto the transient responses of properly designed 
op amps. 

An interesting question is how does the time-variance property of 
capacitor circuit impact its z-domain model? The impact is, in fact, quite significant 
Time-variant circuits require four-port models. This makes sense since such switched- 
capacitor circuits, e.g.. Figs. 7-23 and 7-26, process and transfer charge during both 
phases. On the other hand, tim .€.8.. Fig, 7-24, process and transfer 
rge during one phase onl ant circuit is then idle, or ina hold 
state, during the alternate phase. The ports representing the idle phase (appearing as 
open circuits in the model) can be eliminated and the =-domain model reduces to a 
two-port, Later, the reader can verify that the four-port model in Fig. 7-28 can be 
reduced to the two-port equivalent circuit in Fig. 7-29: because the circuit in Fig. 7-280 
is time-invariant. 

‘To simplify analysis, and more important, to realize a robust design, i tial 
to determine if a switched-capacitor circuit is time-invariant, and if not, how it can 
be made so. Examining Figs. 7-23a and 7-24a can help us develop a rule for making 
this determination by visual inspection. Returning first to Fig. 7-26a we observe that 
capacitor D receives charge during both phases; namely from H in @” and C in o*. 
In contrast, the phasing of H in Fig. 7-27a was arranged such that D receives charge 
only on @*. The key to time-invariance is maintaining the switching at each op amp 
virtual ground on a single phase, so that the unswitched feedback capacitors (e.g. D) 
receive charge on either $° or ¢”. but not both, The inverting configured op amps 
provide convenient buffering to enable the switehed-capacitors at each virtual ground 
to be independen:ly synchronized to one of the phases. We can now readily verify our 
invariant, 


ned to be insensi 


switched 


‘earlier claim that the circuit in Fig. 7-28a is time 
An important byproduct of time-invariant operation 
required in the hardware realization, as can be seen by comparing the circuits. in 


that fewer switches. are 


When the originating SC schematic is time-invariant, the equivalent circuit reduces to a two-port. 
The boxes labeled 2pz represent the reduced two-port z-domain equivalent circuits for the SC 
‘elements in the originating schematic of Fig. 7-282, 


nis a 
a : 
_- en Ss 
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Figs. 7-22 and 7-24. The reader can verify that functioning of H.C, D in the two 
reuits are identical, However, in Fig. 7-22 the switch pairs of switched-capacitors 
H and C connected to the op amp input are combined into one common switeh, pair. 
In general, this savings can be repeated at every op amp input connected to multi- 
ple switched-capacitors. Schematics where switches have been combined in this way 
are called switch-shared circuits. Switch sharing serves to reduce die area and, per- 
haps more important, the second-order effects associated with switch related parasitic 
capacitances. Switch sharing also tends to camouflage the identity of the switehed- 
capacitor elements. When it is important to make the composition of the circuit clear 
it is helpful to draw the circuit with no shared switches, ic., as in Fig. 7-24, In prac- 
tice, it is the switch-shared schematic that is implemented. We note that switch sharing 
cannot be implemented with the time-variant SC circuit in Fig. 7 


7-8-3 Switched-Capacitor z-Domain Models 


Let us begin by returning to the subject of sample-data 
in Fig. 7-28, each voltage source is split into *, @” components and transformed 
into the z-domain at sample rate 1/T. In Fig. 7-30a we show voltage samples chang- 
ing value per T/2 and V? # V‘, ie., a phase-dependent source. Phase-independent 
sources in Fig. 7-30b and 7-30c change value per T such that V° ‘Ve and 
ve -1/2V respectively. To facilitate robust, time-invariant switched-capacitor 
circuit performance, phase-independent voltage sources are preferred, but not always 
necessary. Verifying the occurence of phase-independent voltages at all internal nodes 
(eg. op amp outputs), is another way to check for time-invaris 

The z-domain equivalent circuits for unswitched and switched-capacitors are syn- 
thesized from the equilibrium equations characterizing their operation, We must keep 
in mind that such equivalent circuits are models, not physical circuits. Furthermore, 
their synthesis is not unique. Let us consider the synthesis of a z-domain model for 
the inverting switched capacitor in Fig. 7-31a. The discrete-time and :-domain equi: 
librium equations, of the form of Eqs. (7-66) and (7-67), can be written as follows: 


during @° 
Agi(k) = Cof(k) — [-< (7-68a) 
Ags(k) =0 8) 
during ¢° 
Agi) =0 (7-680) 


I (7-68d) 


Agi(k) = Crs) ~ [-en (« - 
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vin) 


6 


vn) 


FIGURE 7-30 Z-domain equivalent circuits for independent voltage sources: (a) a phase-dependent source; (b) 
a phase-independent source starting on ” phase; and (c) phase-independent source starting on 
9° phase, 


Ags 
@ 0 © 


FIGURE 7-31 Equivalent circuits for an inverting SC: (a) the inverting SC schematic; 
‘equivalent ciroull: arid fo) raduced wo-port eauWvalurt oir 


(b) a z-domain four-port 
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or equivalently, in the z-domain, 


AQ) = CVE) +2 7CV¥E) (7-694) 
AGS) =0 (7-69) 
AGE) =0 (7-690) 


2 PEVECa) (7-690) 


AQ%2) = CVS 


+ 


Note the sign inversion in the left-hand side of Eqs. (7-68a) and (7-68d). This 
inversion models capacitor-C’s polarity inversion, as the switches are cycled through 
the #° and 4” phases. Also note that Eqs. (7-68) and (7-68c) take into 
C is disconnected from terminal-1 during @” and terminal-2 during *: 
charge is transferred, i.e., Agi(k) = Agi(k) 
‘The z-domain model, synthesized directly from Eqs. (7-69), is shown in 
ig, 7-31. This equivalent circuit represents one of many models that could be syn- 
thesized from Eqs. (7-69). The four-port model is comprised of admittance parameters 
with units AQ/V, expressed as functions of the z-transform variable = = e°". These 
model parameters combine in series and parallel in the same manner as physical cir- 
cuit admittances, and the equilibrium equations follow the same rules as Kirchhoff's 
current law (KCL), Note that if we eliminate the open terminals in Fig. 7-31, and 
‘untwist the equivalent circuit so that the #*. 6” ports are drawn on the same line, we 
in Fig. 7-31, A bonus for using switched capacitors like 
Fig, 7-31 in time-invariant circuits is that the two open terminals serve no function in 
the model and the simpler Fig. 7-31¢ model can be used directly. The most important 
parameter in the model is the series clement —C=~'/? connecting terminal | in @° 
to terminal 2 in °. This switched capacitor, in fact. simulates a negative resistor of 
value —R © —1/f,C (recall Eq. (7-8b)) and introduces a sample-data delay of 7/2. It 
provides a uniquely simple and elegant means for achieving 180° phase shift without 
needing an inverting amplifier. 

For integrator-based active-SC circuits, further simplification can be achieved due 
to the embedding switched-capacitor elements between ideal voltage sources and op 
amp virtual grounds. It is no accident that the example active-SC circuits in F 
7-24, and 7-28 are implemented in this way. In Chap. 8 we show that insensitivity to 
unavoidable parasitic capacitances is one of the important qualities achievable with 
active-SC filter structures of this form. The simplifications that occur in the model is 
demonstrated in Fig. 7-32. Here, just as with physical admittances, equivalent circuit 
elements shunting either ideal voltage sources (or op amp outputs) or ideal op amp 
virtual grounds, do not affect the circuit operation, Such elements can be eliminated 
from the model as shown in Fig. 7-32b. 

The steps followed in Eqs. (7-68) and (7-69) and in Figs. 7-31 and 7-32 can be 
repeated to syne the z-domain model for any switched-capacitor element. The 
results of such eacicises are summarized in a library of important models contained 


FIGURE 7-32 
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@ 


o 


‘Afurther reduced equivalent circuit when the SC in Fig. 71 is embedded between an ideal voltage 
‘source (We., an op amp output as shown, or any dependent voltage source, of any indopondent 
voltage source) and an idea virual ground, 


in Fig, 7-33. 
0 


It should be clear to the reader that a consistent switch of all @* with 
only changes the superscript labels for the terminal variables. 
Otherwise, the equivalent circuits remain as they are in Fig, 7-33. Please take note 
of the capacitor with a series switch in Fig, 7-33h, This element is not a switched 
capacitor in the sense of the SCs in Figs.7-33c, d, and e. In function, this is an 
unswitched capacitor; however, charging or discharging is constrained 10 one phase, 
due to the switch (#* in this case). As we will see, this is an important element that 
arises. in most uses of so-called unswitched capacitors. In the model for this element 
introduce another admittance-like model parameter C(I — 27!), The reader can 
verify that capacitors D and B in Fig. 7-24 operite as Fig, 7-33) and capacitor D 
in Fig, 7-23 operates as Fig, 7-33a. In fact, all time-invariant active-SC filters use 
unswitched capacitors functioning as Fig. 7-33b. 

Switched capacitors in Figs, 7-33¢ and 7-33e simulate positive resistors and 
troduce 7/2 and 0 sample-data delays, respectively. Figure 7-33d is the inverting 
switched-capacitor used in Fig. 7-32. Comparing models, we see that Figs. 7-33¢ and 
7-33d are functionally equivalent, but opposite in sign. The 7/2 delays, represented 
by 2-!/2 terms, are a subtle but important characteristics of these elements. Using this 
library, accurate and intuitive models for any biphase switched-capacitor circuit can 
be drawn, as shown in Fig. 7-28 or 7-29, The resulting switched-capacitor equivalent 
circuits are well-suited to the analytical manipulation required in circuit synthesis. 
Moreover, these models can be coded in SPICE to enable steady-state AC simulations 
of switched-capacitor filters. Since the model is based in the z-domain, the op amps 
used in such simulations must be restricted to voltage-controlled voltage sources with 
frequency independent gains, 


and vice vers 


Domain Reduced Eguivatem Chevy 
Equivalem Circuit with SC Imbedde! Between 
Voltage Source and Op simp 

Virwal Ground) 


SC Circuit Four-Port =- Domain 
Equivalent Cire 


(@) Floating Unswitched Capacitor 


An © 


ir) 
—— 


(H) Capacitor with Series Switch 


gy 
an 2 2 dn 


re 


(€) Toggle Switched Capacitor 


eo o¢ 
ayn ic 2 an vf 
% 


ood jroo 


(A Inverting Togele Switch Capacitor 


o ¥ 
2c 2 dm 
°: 
von hee 


(€) Tracking Switched Capacitor 
FIGURE 7-33 Library of four-pe: ~ £two-port z-domain equivalent circuits synthesized for the important SC 
elements. 
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Example 7-5 


Draw the z-domain model for the switched-capacitor circuit in Fig. 7-344. Simplify 
where possible. 


Solution, The reader can verify that this circuit is time-invariant; hence, the 
z-domain model will be of the form in Fig. 7-29. It is then drawn by connect- 
ing Figs. 7-33c and 7-33d in accordance with schematic Fig. 7-34. The desired 
model is given in Fig. 7-34c. Note that in Fig. 7-34d we take advantage of the 
cancellation that occurs when elements 2Cz~!/? and —2C=~'/? are combined ii 

parallel. We will discuss this useful circuit in Chap. 8, when we consider parasitic 


alent circuit method to the 


applying th wnalyaix and design of 
switched-capacitor circuits, we must become thoroughly familiar with the equivalent- 
circuit library, Hence, we urge the reader to derive and verify each entry in the 
library. 


7-8-4 Active-SC Integrators 


‘The cadre of active-SC circuits that realize z-domain integrating functions in Table 7-8 
are the core building blocks of switched-capacitor filter synthesis. Using the elements 
3, several varieties of inverting and noninverting 


FIGURE 7-34 SC circuit for Example 7-5: (a) represents the SC circuit and (b) illustrates SCs in the equiva: 
Tent citcuit library, (c) The SC equivalent circuit obtained by cascading the equivalent circuits in 
Figs. 7-8¢ and 7-330, and (a) the simplified equivalent circu. 
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available in single op amp structures similar to Fig. 5-10. Not all the funeti 
78 are available in both polarities using single-ended structures (recall Fig. 
polarities can be realized when fully balanced structures are used, e.g. 
Fully balanced structures play an important rote in practical activ 
hence, their implementation will be addressed separately in Chap. 8 

Since active-SC integrators are used prolifically, it is our purpose here to use 
Fig. 7-33 to construct a set of integrator z-domain models that can be used to ana- 
lyze and design many filters. Let us consider three active-SC integrator structures in 
Fig, 7-35, where the actual hardware schematics are shown to the right of the double 
arrow and the models to the left. We assume that 2) is a phase-independent input 
voltage, changing in value at the beginning ¢° as in Fig. 7-30h, In each case the 
‘output samples vf,,(k) and v’,(k) are made available separately. All three circuits, 
with ideal op amps, are clearly time-invariant. The phase-independent output samples 
are made evident by the =~" voltage-controtled voltage source at the output of each 
model, In practice, this ideal output phase-independence will be disturbed by the op 
amp’s nonideal transient response. Fortunately, as we will see in Chap. 8, we can take 
advantage of the time-invariant nature of these circuits to reduce their sensitivity to 
this unavoidable behavior. 

‘The equivalent circi are obtained by straightforward applications of 
the methods described in the previous section, We leave it to the reader to verify them, 
Recalling that the equivalent circuit elements involve AQ(z)/V(=)-type admittances, 
the circuit equations are most conveniently written in terms of KCL, or nodal analysis, 
To demonstrate the analysis, let us consider the following example. 


Example 7-5 
1a derive the transfer functions for the 
Let us first define 


For the active-SC integrator in Fig, 7- 
4°, 4? output samples to the 6°, ” input samples, respective 


ve, 


(1-10) 


Tee(2) 


CVe+CU=2VS,=0 and Ve, 


Hence, w -__ ermine that 


Tee(2) = and Tye() = = 


“Ronnzadsai ‘.9 pue 9 Bu Buunp siove,Gaiu) 
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With reference to Table 7-8 we recognize Ty. and Ty. to be BE and LD inverting 
integrators, respectively. It should be evident to the reader that with the switeh 
phasings shown, Vf is not transmitted by the circuit and consequently 7; 
Too = 0. 


integrators in Fig. 7-35 we obtain 


Conducting similar analyses of the remaining 
the transfer functions listed in Table 7-9. 

In addition, we also list the transfer functions for the inverting bilinear integrator in 
Fig. 7-36. Unless the input-feed switched capacitors maich exactly, i. Cy = Cie 
Cj, there will be a residual (and unavoidable) error in actual realization of Ty. 
‘Table 7-9d. In the remarks column of the table we use the notation + XY, where 
refers to the sign of the integrator and XY is the »-to-> mapping used from Table 7-8 
From here on we will use this notation to refer to the expressions in Table 7-9 and/or 
their real . 7-35 and 7-36 

‘The inquisitive reader may ask what happens to the operation of the circuits in 
Fig. 7-35 when the switch phasings on C, are inverted so that input samples are picked 
up on @° rather than @*. This situation is considered in Fig. 7-37. We see that the 
impact of the phase changes is to delay the transmission of samples vf, by T'/2. This 
~? can either be kept with the source, as in Fig. 7-37), or be conveniently joined 
with the element —C,z~'/?, as in Fig. 7-37c, to yield —C, This is equivalent to 
the sampling delay available at the output modeled by the :~'/? controlled source. 

‘The summing integrator in Fig. 7-38 calls together many of the concepts devefoped 
in this section. This circuit, or one of a vast number of simple variations, is the 
core building block for integrator based active-SC filters. Hence, we urge the reader 
to become thoroughly familiar with this circuit. At this point the reader should be 
prepared to apply z-domain models to the analysis and design of a vast variety of 
switched-capacitor circuits 


SC INTEGRATORS (NOTE C,/C 


Integrator Teol2) Teol2) Remarks 
Cireuit 


(a) Fig. 7-358 —BE,-LD (inverting) 


(0) Fig. 7-956 —FE,-LD (inverting) 


(9. Fig, 7-360 +FE-+LD (noninverting) 


BL (inverting), if 
Set 


(0) Fig. 7-38 
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FIGURE 796 SC —Bl, intgraor: (2) the SC schematic; and (o) the domain equivalent cult wih Cin = 
1a = C1. 


@ 


) © 
FIGURE 7-37 SC noninverting integrator in Fig. 7-35c with SC C; phased to sample vig during °. A T/2 delay 
affer phase-independent vq is assumed to have changed value: (a) the SC schematic; (b) the 
equivalent circuit; (c) the equivalent circuit with a 2~'/? input delay incorporated in the input teed 
‘element —C;2~ 1 to yiald —C,z~" 
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© 
FIGURE 7-38 Summing integrator: (a) SC schematic equivalent: (b) the z-domain equivalent circuit for (a), where 
Vp ate assumed to be phase independent and change values at the beginning 9°: and (c) the 
active-AC equivalent to (a). Note that in (a), a 4° switch is inserted in series with Cy to block 
transmission of v2 samples. 


SUMMARY 


By now ic scould be clear that the design of integrated filters is a challenging endeavor 
involving the interpretation of complex specifications, the manipulation of systems of 
analytical expressions, computer modeling, and some down-to-earth circuit design. 
Design begins with the development of a complete set of filter specifications and ends 
with a layout, designed and verified to these specifications. 

This and the next chapter provide the tools and circuits required to real 
grated continuous-time and sampled-data filters, starting with the user or customer's 


ie 


EXERCISES 


FIGURE EX7-1 
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requirements. In this chapter we examined the process of specifying a filter, develop- 
ing a suitable numerical H(s) or H(z), and determining estimates of variability and 
yield. We also developed a toolkit of z-domain models for intuitively analyzing and 
designing biphase switched-capacitor circuits. 

In the next chapter we continue the subject of integrated filters by considering the 
design and implementation of several proven filter circuits. We remind the reader 
aan informative appendix to review the fundamentals of sample-data systems follows 
this summary. 


7-1 The simple RC circuit in Fig. EX7-1 is to be designed in a 3 jem CMOS p-well 
double-poly technology for a pole frequency of 25 kHz; 
a if R= 100 k2, calculate the value for capacitor C; 
be 


implemented as a 
imum size p-well 
c implemented as a single square poly 1-poly 2 
capacitor 5.6 1F/jum® (ignore the spaces between components); 
¢ discuss the results of b in relation to the feasibility of IC 
For the RC in Exercise 7-1: 

a calculate the parasitic capacitance CR associated with the p-well R: 

b calculate the corresponding parasitic pole frequency; 

€ compare b with the designed pole frequency and discuss your conclusion, 

7-3 Find the values for R and C in Exercise 7-1 that e the die area required 
nore the spaces between components). 

7-4 Repeat Exercise 7-1 with R implemented as a MOST-R, with transistor parameters 
8 Vand Ve =2 V. 


€ compare b with the designed pole frequency and discuss your conclusion, 

7-6 Repeat Exercise 7-3, after replacing the p-well resistor with a poly-I resistor (Ry = 
25 2/0 and minimum size square is 3 em x 3 jem). Compare the results with those 
in Exercise 7-3. 

7-7 Show that errors due to edge undercuts in the definition of the features in ratioed 
resistors will tend to cancel when resistor ratios are realized using the layout in 

. T-2¢, 

7-8 Using the resistor layout scheme in Fig. 2-30 with 3 jum line width, draw the mini- 
‘mum area layout for an ion-implanted resistor (Ry = 1000 2/0) to realize a value 
of 106.5 KS. The layout rules are the spacing between ion-implant fines is 6 yam 
and the overlap of the well over the ion-implant is 6 um. 


FUNDAMENTALS OF CONTINUOUS-TIME AND SAMPLED-DATA ACTIVE FILTERS 725 


7-9 With f, = 100 kHz, determine the capacitance values for a switched: 
realize equivalent resistances of 
a 10kQ; 
b 100 kQ; 
¢ 10 MQ; 
100 MQ; 
€ 1000 MQ; 
£ discuss the results in a through e. 
7-10 The simple switched-capacitor circuit in Fig. EX7-10 is to be designed in a 3 pam 
CMOS /p-Wwell double-poly technology for a pole frequency of 25 KH 
a if C2 = 10 pF and f, = 256 kHz, calculate the value for capacitor Cy 
estimate the die area consumed by Cy and Cp, if they are implemented ay a single 
square poly 1-poly 2 capacitors with density C), = $.6 (F/jum?: 
€ discuss the results of b in relation to the feasibility of IC integration, 
The objective of this problem is to design the circuitry in Fig, EX7-L1a 10 provide 
the requisite switch-control signals for a a switched-capacitor filter, Let CLK. be 
derived from a 2.048 MHz crystal oscillator, let the gate delay for a single inverter 
be 20 ns, and let the gate delay for a NOR gate be 30 ns, Determine countdown 
integer n and the number of inverters in the cross-coupled pathy required t0 realize 
the signals specified in Fig, EX7-1 1). 


Sa 
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FIGURE EX7-10 
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FIGURE EX7-15 
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Our objective is to design double-poly CMOS capacitor arrays using the matched 

layout structure in Fig. 7-4e. Let the unit capacitance, with minimum sized contac 

and dimension a, be a square with 6 = 20 jum, realizing Cy = 1.2 pF. Draw the 
‘outs that realize capacitors of values 


b 12.867 pl 

All dimensions are to be rounded to a grid of 0.25 xm. 

Let the unit capacitance in Exercise 7-12 have an absolute accuracy of +2 percent. 

If a capacitance ratio is to be NV +x, with x <1, determine the minimum value for 

x that can be resolved, Assume that all dimensions are rounded to a grid of 0.25 um 
id that the oxide layers in both capacitors are identical. 

Consider the NMOS analog switch scheme in Fig. EX7-14. For the MOST, let 

V, =0.7 V, K = 10 wA/V2. The substrate is biased at ~3 V. Let control be +3 

Vor —3V: 

a for @ =3 V, calculate the switch 
3 

b for p= —3 V, 
and ~3 V; and 

© discuss the viability of this scheme as an a 

Consider the CMOS analog switch scheme 


tance and vour when vs = +3 V, 0 V, and 


salculate the switch resistance and Vour when Vs = +3 V0 V, 


log switch. 
Fig. EX7-15. For the nMOST and 


pMOST, let [V;1 = 0.7 V, K = 10 A/V?, the backgate biases be -3 Vand +3 
V, respectively. Let controls @, @ be sk 3 V. 
3-V and @ = 3 V, calculate the switch resistance and vour when 


V,0 V, and 
and @ = +3 V, calculate the switch resistance and voyr when, 
+3 V,0-V, and —3 Vs and 

uss the viability of this scheme as an analog switch, 


Vv: 


= 1002. 


3 yo pe — ton 


Ry = 100 KO. 


FIGURE EX7-21 


FUNDAMENTALS OF CONTINUOUS-TIME AND SAMPLEO:DATA ACTIVE FILTERS 727 


7-16 For the nMOST analog switch in Exercise 7-14 and ¢ = +3 V. determine the range 
of vs for which the switch resistance is less than 25k. 

7-17 The CMOS analog switch in Fig, EX7-15 has the same device specifications as 
that in Exercise 7-15. This switch connects a sinusoidal source vs = 0.5 sin to a 
capacitive load, represented by C;, = 100 pF. Determine the 3 dB bandwidth of this 
switeh, 

7-18 Consider the continuous-time signal 


(1) = 2cos(20071) + 3 sin(G00x7) + Acos( 120071) (EXT-1) 


a Determine the Nyquist rate for this signals 
bb If the sampling frequency is f, = 500 Hz, determine the dise 
obtained after sampling, 

7-19 Determine the z-transforms for the following sample: 
a x(k) = (0, 1, ~2,3, ~4,0, 6,0) for k =0,...,7. 
b x(k) = 5(K), ie. w(K) = 1 for k = 0 and x(k) = 0 for k #0, 
© x(k) = 5k =), ie, xR) = [for k= and x(k) = 0 for k #0. 
d x(k) = uh), ines x(k) = 1 for k > 0. 
© x(k) = Ck — 1), hes, x(k) = 1 for & > mand x(k) = 0 for k <n 

7-20 Determine the z-transform for the samples obtained when the following continucts- 
time signals are sampled at f, = 1/T: 
a x(t) = a'/T u(t), where a is real, 
b x(t) = (1 =e Jur), where A is real 
€ x(0) = sinept(t). 
Note that w(t) is the unit step function (ie, w(r) = 0 for ¢ <0 and w(t) = 1 for 
120). 

7-21 Identify the filter types and plot the gain 
patterns in Fig, EX7-21. Assume that the 


time signal 


ata signals, 


xd phase responses for the pole-zer0 
and gains are 0B. 


where: 
(8) py, prs = 0.3/1.0, pe = ~2.0, 21 = 2.0, 


(0) fer T=0.1 see, pr, pix = 0.8 e799, py, poe = 0,8 e102, 21, 242 = 049 
(6) Piss, = =0:2:4/0.9, pov pow = 0.24 )1.1, 


(6) for T = 0.4 s00, py, pix = 0.95 649%, po, pox = 0.95 eM, 21, 240 = 
Zon = of 8/0395, 
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7-22 Use the bilinear transform to translate the continuous-time 
Eq. EX7-2 into the =-domain, 


His 


ister function Hs) in 


eC es Be 2 

~ CF BION? + Br 10s + x10) Er) 

a determine H(2) for fi = 3 kl, 8 klt7, 128 kH2. 

Ie will simplity the implementation of #1(2) if the zeros at f,/2 are rept 
k=-2, Determine the value for & for etch H(2) in 

€ Caletlate the exrors in (2) at | KHz and 3 Kt assoctated with the approximation 
in b 

ive Eq, (7-28), 

nsider the filler specifications in Pig. EX7-24: Find the minimum iter orders 

(Nae. Nex) required to realize maximally lat (MF) and elliptic (EL) filters, respec- 

tively, which satisty these specifications. 

Find the /1(s) fora highpass filer that satisties the specications in 

In addition, the passband is to be equiripple and the stopband rolloft is to be mono- 

tonic 

a determine the normalized lowpass prototype specifi 

b determine the normalized lowpass prototype Fp): 

€ determine the normalized highpass Hirp(s), such that 20 log |i p(ioo)| = 0 dB 


ed by 


Gle,) aB 
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FIGURE EX7-24 


GW) 4B. 


ob 
108 


3008, 


Tkrps 20 krps 
FIGURE EX7-25. 


FIGURE EX7-26 


FIGURE EX7-27 
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7-26 An HP Butterworth filter is to be designed to realize the specifications in Fig, EX7-26, 
Determine the H(s). 

7-27 Determine the Chebyshev H(s) that realizes the filter specifications in Fig, EX7-27, 

7-28 Use the bilinear transform to translate the H (s) determined in Exercise 7-25 to an ff 
a for f, = 8 kHz; and 
b fy = 128 kHz. 
(Note; this exercise can be accomplished using a symbolic math software tool, such 
‘45 Mathematica, We encourage students to use such tools when appropriate.) 

7-29 Derive the pole locations for the H(z)'s obtained from the continuous-time prototype 


(In x 108) 
a EX7-3 
NO) = SE5 5m x 10s + (Tn IOP i) 


df, = 16 kHz, using: 
a the forward Euler mapping; 

b the backward Buler mapping; and 

¢€ the bilinear transform. 

Compare and discuss the results of through ¢. 


Gnas 


FIGURE EX7-31 


FIGURE EX7-32 
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7-30. Simpson's integration rule is well-known in numerical analysis as a discrete-time 
approximation for continuous-time integration. This rule can be expressed as follows 


a Determine the ma 
in Eq. (7-33). 
b Compare the result of a with errors associated with the transformations in Table 
18. 
¢ Describe the advantages and disadvantages of using Eq. (EX7-4) to synthesize 
sample-data filters. 

7-31 Consider the closed-loop amplifier circuit in Fig. EX7-31, where the op amp oper 
loop gain is Ag = 1000 and the feedback f = 0.01. If the maximum peak-to-peak 
output voltage swing is 5 V and the total input referred noise is Thr = 10 yeV rms, 
determine the circuit's dynamic range, 

7-32 Let output voltage follower in Fig. EX7-32 be sampled at rate f, and the output 

noise of the op amp be characterized as follows dun» = 10 Vieus//Hz @100 Hz, 

0.1 :Vams/v Hz @10 KHz, and 0.1 .Vants/VHz @ f > 10 kHz. Plot the sampled 

noise for f, = 8 kHz, 16 kHz, and 128 kHz. Assume sin.x/x = | for all f and that 

the op amp has a DC gain of Ag = 1000 and a noise bandwidth of 20 MHz. 

Derive Eqs. (7-51a) through (7-51d). 

For a second-order H(z) of the form in Eq. (7-13b), derive the sensitivities of H (2) 

with respect t0 49, rp, Oy, 1: that correspond to the results in Eqs. (7-52). 

Verify that capacitor D in Fig, 7-24 operates as indicated in Fig, 7-830, and capacitor 

D in Fig. 7-23 operates as described in Fig. 7-33a. 

7-36 Derive the four-port and two-port z-domain equivalent circuits in Fig, 7-33. 


tude and phase errors (¢(0o) and y(.o), respectively), as defined 


y= 1040 
5 

- Ideal 
FAA Sampler 
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7-37 Determine the behavior of the switched-capacitor circuit in Fig, EX7-37: 
a draw the z-domain equivalent circui 
determine the voltage transfer fu 

is ideal, 

7-38 Consider the switched-capacitor summing amplifier in Fig. EX7-38, where Cp is a 
parasitic capacitance associated with the integrated circuit implementation, Vorr is 
the input referred DC offset of the op amp, and Ay is the op amp's DC gain: 

a draw the z-domain equivalent circuit; 
b derive the output voltage vs in terms of the inputs vf, v$, vf. vf. and Vore: 
€ determine the ideal relationship in b when Cy = 0, Ao = 0, Vorr = 0. 

7-39 Derive the PSD for the output noise of the active-SC integrator in Fig, EX7-39, 
Assume that the SW2 and the op amp are noiseless, SWI has an ON resistance of 
R, the sample rate is f, = 1/T. 4°, 6° are 50 percent duty-cycle clocks, and the op 
amp A(s) = @,/s. 


mn H(=) 


Vica/ Vig- Assume that the op amp 


oul) 


w(t” 


FIGURE EX7-37 
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FIGURE EX7-38 
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FIGURE EX7-38 


32 can be used to model switehed-capacitor elements 


7-40 ‘The equivalent circuits in Fig, 
for SPICE simulations, 
a Modify the equivalent cireuit schematics so that they can be coded as SPICE 
subeireuits: 
b derive the appropriate 


SPICE code for the subcireuits, and 


€ simulate the switched-capacitor circuit in Fig, 7-33 using b. 
(Hint: the transmission line model can be used to model 2°! Jo gue 3-72 
6-107 and charges can be converted to equivalent scaled-currents), 


APPENDIX 7-1: Sampled-Data Signals and Systems 


This appendix provides the necessary working background needed to understand! and design 
sampled-data systems, eg., the switched-capacitor filters in Chaps. 7 and 8, A complete 
{reatment of sampled-data signals and filters would consume an entire book, and as such, 
is beyond the scope of this text, A comfortable working knowledge of the material in this 
appendix is the minimum prerequisite to the successful study of the concepts in Chaps, 7 
and 8. Although an increasing number of electrical engineering students are studying 
sampled systems during their undergraduate curriculum, many seaders will not have had 
sufficent exposure to this material when they reach the senior undergraduate or first-year 
graduate levels. Consequently, we include this material in this text in order to ensure that 
all readers start with a sufficient baseline knowledge in this important area, Those readers 
seeking more depth in this area are referred to such exceltent texts as ‘Tretter (1976). 


7-1-1 Terminology and Intuition 


At this point itis important to clearly distinguish between continuous-time analog. disc 
time (or sampled-data digital) and sampled-data analog filters. A system, such as a filter, 
is said to be a continuous-time unalog (or continuous-time or, in brief, continuous) if the 
input signal xq and output signal sour are continuous waveforms as shown in Fig. A7-la. 
In other words, sig and oui are continuously variable in both amplitude and time. In our 
mathematical formulae, we make the continuous change in time evident by writing 2p and 
out as functions of continuous-time Variable f, i.e. in = Xin(®) ane Noor = Sow (t). The 
continuous amplitude is understood in the notation, 

In sampled-data fiters (analog and digital), the input and output signals are defined by 
sets of instantaneous values or “snap shots” recorded at discrete, usually periodic, instants, 
One signal snap shot 1s referred to as a sample and the process of acquiring samples is 
referred to as sampling. The sampled waveforms typically associated with sampled-data 
digital and analog filters are illustrated in Figs. A7-1b and A7-Lc, respectively. Only the 
signal samples are observable in discrete-time or sampled-data digital filters (or more 


ue elep-pojdwes 
bay 3unol4 
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simply digital filters). Furthermore, the amplitudes of digital signals can assume only a 
finite number of distinct values. ‘The assignment of specific discrete values of amplitude 
nges of continuous amplitude is referred to as quantization, For example, samples 
intized to 8 bits must be assigned to one of 2* = 256 distinct levels, or distinet 8 
al words. Hence, digital signals are discrete in both time and amplitude, In our 
mathematical formulae we make the discrete change in time evident by writing iq and 
Sou as funetions of sample times (¢ = AT) o the discrete-time integer variable (k). i.e, 


sin(h) = ig(kT) and Xo (ATL) 


where k = integerl?/T), The time interval T between succes ed the 
sampling period or sample interval, and the reciprocal of the sampling period 1/7 = fy is 
alled the sampling rate (samples per second) or the sampling frequency (hert7). Please note 
that ¢ = AT, (for £ = 0, 1,00), are the actual sampled time instants in seconds, while 
integer & represents normalized time that is unitless. When describing digital signals, the 
discrete amplitude (lypically expressed in binary arithmetic), is understood in the notation 
in Eg, (A7-1), 

Digital filters can be implemented using robust digital VLSI. Consequently, they have 
become very important and are being used in a growing list of applications (Tretter 1976). 
Since this book’s focus is on analog integrated circuits and systems, digital filters will not 
be discussed further, except when used for comparison, where appropriate, 

In sampled-data analog filters, which are truly analog systems, amplitude is continuous 
nd sampling time is discrete, Moreover, unlike digital signals in Fig. A7-1b, sampled-data 
inalog (oF more simply sampled-analog) signals are well defined at all times in between the 
dligerete sampling instants. In particular, such signals are typically held constant between 


samples; ie. v(¢) me (KT) for all AT << (k + LT, as illustrated in Fig. A7-Le. In 
any cases, sampled analog signals are deseribed in terms of their samples exclusively, 
using the notation in Eq, (A7-1). Continuous amplitude is understood when we use this 


notation to describe slog signals. 

When we refer to. total sampled-analog signal, defined over continuous-time \ie., 
the samples plus atl in between values of the waveform), typically we use a modified 
notation of the form 


af(e) and xh (0), (A7-2) 


The superscript (#) is used in various texts to distinguish sampled analog signals from 
smooth continuous signals. These signals are sometimes referred to as the reconstructed 
signals. In fact, the construction ot reconstruction of continuous, like signals (of the 
form shown in Fig, A7-1e) from their respective samples, is inherent to all sampled 
analog systems. Later in this section we will develop mathematical models for samplini 
Feconstruction, and other important concepts associated with sampled-data signals and 
filters. 

‘An important mathematical distinction between continuous-time and sampled-<ta 
log and digital) systems, is the fect that continuous-time systems are characterized by 
ifferential equations and sampled systems are characterized by difference equations, In 
performing numerical analysis we routinely convert continuous-time differential and inte 
gral equations to difference equations for solution, using digital computers. Hence, those 
who have used the trapezoidal rule, or some other numerical integration algorithm, 1o com- 
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pute y = fT f(e)dr on a personal computer or programmable calculator have applied 
sampied-data processing techniques. An interesling exercise is to numerically integrate 
function f(¢) that can be easily integrated by hand or with the aid of a table as well, We 


can then compare the hand-calculated (or exact) result with the numerical result as the 
integration step size (At ~ dr) is decreased within the interval 0 7. In this exercise we 
‘vould notice that the difference between the exact and numerical results reduces as the step 
size decreases, or, in other words, as the number of samples increases. This phenomenon 
thas important ramifications in the performance and design of sampled-data filters. as we 
will uncover in later sections of this appendix. 

To gain further insight into the operation of sampling, let us consider a simple example 
whete we consider the sampling of continuous-time sinusoidal signal 


(1) = Acos(wat +) = Acos(2z fat +9) (A7-3) 


at the sampling rate of f; samples per second. Let us first determine the expression for 
the samples x(k). Substituting = kT into the expression for x(t) yields the following 
expression for the samples (kT), k =0. 1.2 


x(k) = Acos(2z fokT +9) (a7-4y 


Let us now examine two numerical cases of Eq. (A7-4): namely, 


xo(t) : with A =I. fe = 40 Hz, and fg = fy = 10 Hz: 
and 


«fe = 40 Hz, but fy = fi = 50 Hz. 


xi(0): with Ay =1, 


“The expressions for xo(t), .1(7) and the samples x(k), xy (A) are determined by sub- 
ting their values for A. @, f.. and fz into Eqs. (AT-3) and (A7-4), respectively, That 


a) cos ($4) (A7-5) 


() =cos(2071) and _xo(k) = cos ( 


where the samples xo(A) are spaced 7” = 0.025 seconds apart, or four times per signal 


period (To = 1/ fy = 0.1 seconds). and 


x1(0) = cos(100z1) and (6) = 005 ( a (A7-6) 


where the samples .x1(£) occur only 0.8 times per signal period (or four samples per five 
signal periods). 

Using the trigonometric identity cos (ak + 2xk) = costa). and recognizing that 
(Sx/2)k = (/2)k + Ick, Eq. (A7-6) can be rewritten as 


2x) =cos(Zt) ara) 


x18) = 008 (5 


7-1-2. Sampling: 
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Comparing the results in (A7-5) and (A7-7). we see the remarkable result that sampling 
‘continuous signals xo(¢) and.xy(0) at f; = 40 Hz produces identical samples x(k) = 4 (A). 
But we know p(t) # x1(¢), This example demonstrates an important phenomenon peculiar 
to sampled-data systems, refered to as aliasing 

Conceptually, aliasing isan ambiguity in the sampling process that occurs when the 
continuous ial sampled has large spectral components at frequencies too high For 
the sampling process to accurately resolve. This is demonstrated graphically in Fig. A7- 
Here signals .xy(¢) and x2(¢) are sampled at frequency f, = 1/T and quantized 10 2 
bit digital words, yielding the samples vy (A) and x3(K) for & = 0. Le... 7. We obser 
that xy (&) is. much closer approximation to xy (¢) that x9(K) is t0.03(0), The sampling 
‘operation is too slow to avcurately follow the high-frequency variation in x2. Moreover. 
the sampling process interprets the high-frequency components of 3 to be at much lower 
frequencies. To be more precise, these high-frequency components are translated! or a 
into the baseband frequency range |/| = fe. For now it suffices 10 define fas the 
highest frequency component in continuouls signal .y that can be sampled unambiguously 
a sampling rate f;, ‘The exact mathematical relationship between fe andl f, required for 
‘unambiguous sampling will be derived later, 

In the numerical example we showed that with sampling frequency f; = 40 Hz, the 
samples for « 50 Hz sinusoidal signal were identical to those of « 10 Hz sinusoidal signal. 
In other words, the 50 Hz signal was translated or aliased down to 10 Hz, ita, fi = 50 Ha 
iy said 10 be an alias of the frequency fy = 10 Hz, This result is duc to the trigonometric 
identity. cos (eek  22rk) = cos(ak). The concept can be readily generalized to sampled 
sinusoidal signals separated by 1 multiples of 27, or 2nzr, (ie. 2:2, ke, 67, ele.) 


That is, 
[4 eul),) 


In other words, sinusoids (or spectral components of more complex signals) at frequencies 
Jn = fir nfs where 7 = 0.1.2.3)... yield identical samples when sampled. at fs, 
Hence, all the frequencies fy are aliases of the frequency. fo. Inthe case where fy 
Hz and fo = 10 Hz, the frequencies 50 Hz, 90 Hz, 130 Hz, 170 Hz,.... and so on, 
all seen 10 be aliases of the baseband frequency 10 Hz, 

In any event, it should be clear at this point thot aliasing is detriment 
remedied, aliasing results in undesired and uncorrectable behavior, Since al 
be removed once it occurs, it must be prevented, The act of preventing al 
anti-aliasing. Let us interrupt our consideration of these topics in order to develop the 
mathematical background to pursue them more rigorously. 


fy 


tisk) = Acos 


‘A Mathematical Model 


Mathematically, let us consider an ideal impulse sampling process that extracts from the 
signal .v(A) a sequence of values (x(&r)} at the periodic sampling instants ¢ = £7. A cor 
venient model is derived by considering the sampled signal x(t) to be the product of the 
continuous signal (7) and the impulse-sampling function s(t) as shown in Fig, A7-3, ie. 


tty) = xs) (A7-8a) 


FIGURE A7-2 
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Amplitude 


o 


Amplitude 


o 


Examples of aliar’ in two sampled systems, where x;(t) and x(t) are continuous-time signals 
and x4(K), x2(k)* digital samples. 


where 


Hence, the sampled signal ."(r) is written 


MD) d= aT 


Pama 


DE ees —e7) (AT9) 


“@o 


FIGURE A7-3 
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x) ——_—+{ Mo 


se) 


Modeling the sampling operation as a modulation process, 


Using the definition'” of the delta function, Eq, (A7-9) is rewritten 


MO= OD xara - 


T) (A7-10) 


From Eq, (A7-10) we see that the sampled signal x is an idealized anaiog signal comprised 
of a weighted periodic train of impulses with amplitudes equal to the samples of x(t). This 
lustrated in Fig. (A7-3). The samples x(&T) in Eq, (A7-10) form an ideal discrete- 
sequence. Sampling in switched-capacitor filters is nearly ideal; hence, it is accurately 
represented by this impulse model, We note that in the case of digital filters, the samples 
x(KT) would be quantized to N-bit words, 


"Note thatthe delta function 5(¢ — 7) is defined such that 


0 forr ek 


r 
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lic, it can be expressed as a Fourier serie, i.e. 


Since the sampling function is peri 


(ATID) 


1d wy, = Qa fy = 2/7 is the sampling 


where Cy = 1/T are the Fourier coefficients 
Eq, (A7-11) into Eg, (A7-8a) yields 


frequency in radians-per-second. Substitut 


(A7-12) 


‘Taking the Fourier transform of x*(t). we ean derive several important frequency 
properties of sampled signals. We know that the Fourier transform of a continuous sig 
x(0) is Flx(¢)] = X (Je). In contrast, the Fourier transform of the sampled signal is 


(AT-13) 


From Eq, (A7-13) we sce that the sampling operation has introduced new spectral compo 
nents that arise from the translations of the baseband spectrum X (joo) to integer multiples 
‘or harmonics of the sampling frequency «,. Reflecting on the harmonically rich x"(r), 
iMlustrated in Fig. A7-3, this spectral enhancement is an appropriate result. 

To observe the practical significance of Eq. (A7-13), let us contrast the sketeh of the 
spectrum for a continuous bandlimited signal x(1), where X (joo) = 0 for lol > a. with 
fa sketch of spectr that resulis when bandlimited s(t) is sampled at frequency «,. Let 
tus first consider ¢ case where the sampling frequency is «, < 2m... These spectra are 
sketched . Ar-da and A7-4h, respectively. In Fig. A7-4b we observe that X*(joo) 
is comprised of repeated translations of the baseband X( jw). Moreover. we observe that 
these repeated baseband spectra overlap. This overlap is a graphic representation of the 
aliasing phenomenon we conceptualized earlier. Aliasing is seen to introduce an ambiguity 
into X*(jw) and prevents the eventual recovery of the baseband spectrum X (jw). If we 
increase the sampling frequency to , > 2a. than the repeated spectra are spread apart 
‘such that the overlap disappears, as shown in Fig. A7~4c. In this case the baseband spectrum 
X Ge) can be fully recovered or reconstructed by passing X*(jo) through a continuous 
Jowpass filter of the form shown in Fig. A7-5. The critical sampling frequency «, = 20 
is referred to as the Nyquist frequency (cxy). is. 


(A7-14) 


FIGURE A7-4 
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‘Spectra for (a) continuous baseband signal x(¢), (6) x(t) sampled at we < Ze, and (¢) x(t) sampled 
atws > 


Hence, to avoid aliasing, the baseband cutoff must be restricted t0 @. < «4/2. If we 
include both positive and negative frequencies as in Fig. A7-4, the unambiguous limits of 
the baseband frequency range is 
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FIGURE A7-5 
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wich 


‘Skeich of reconstruction filler with transfer function H,(j«), showing positive and negative w, Note 
that the abbreviations PB refers to pass band, TB refers to transition band, and SB refers to stop 
band. 


The half-sampling frequency «,/2 (oF f,/2) is also referred to ay the folding frequency. 
Figures A7-4b and A7-4c demonstrate the Sampling Theorem!" established by C. 
non in 1948, The band-limiting of continuous signals to «, is achieved by prefiliering 
(filtering prior to sampling) x(t) with a continuous-time lowpass filter of the type pictured 
in Fig. A7-5. This prefiter is referred to as an anti-aliasing filter, An ami-aliasing filter is 
‘one of the essential overhead functions required of all sampled-data systems. Observe that 
¢ = ony is an impractical sampling rate, since this would require the antiatiasing filter 
to be an unrealizable brick wall or rectangular filter with discontinuous rolloft at « 

Tf @ > wwy, then the anti-aliasing filter can have a finite rolloff and it is realizable, I 


we further increase «,, the anti-aliasing filter can be allowed to rolloff more slowly, and 
it can be realized with lower order (i... fewer components, less silicon area, and less 
cost). 


‘The tradeoffs associated with sampling frequency considerably with the particular 
implementing technology. For example, in switched-capacitor filters it is not unusual for 
@, > wyy, pethaps as large as @, = 20wyy to SOmyy. Digital filters, implemented in 
programmable Digital Signal Processor (DSP) device, such as the Texas Instruments 
TMS320™, will usually sample at « = 1.Seyy to 2wyy. Consequently, anti-aliasing for 
switched-capacit~ filters is usually achieved with simple first- and second-order lowpass 
filters, whereas 2 aliasing for a digital filter could require a fifth-order (or higher) lowpass 
filter. 

To illustrate some of the concepts di 
signal example 


tussed in this section, let us consider the following 


(0) = 2cos(200z7) + 3sin(600z1) + 4 c08(1200er) (A7-15) 


500 Hy. 


What is the Nyquist rate for this signal? If the sampling frequency is 
determine the discrete-time signal obtained after sampling. 
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7-15) is seen to be comprised of components at fi = 100 Hz, 
(600 Hz. Thus, the Nyquist rate is fy =2fs = 1200 Hz, Since 
aliasing will occur. Since f,/2 = 250 Hz, the 300 Hz and 500 Hz 


P< fur 


bs 


Components will alias into lower frequencies. Using Eq. (A7-5), we can write the sampled 


x(k) 


cos(ak) and sin (ak 228) = +sin(ar 


x(k) 


(AT-16) 


We see that the 600 Hz component has aliased down to 100 Hz and been added to the 
original 100 Hz component. The 300 Hz component is aliased down to 200 Hz. and is 
reversed in sign. Clearly the original x(t) in Eq, (A7-15) cannot be recovered from x(k) 
in Eq. (A7-16), or if f < fur. 


7-1-3 Reconstruction in Analog Sampled-Data Systems 


‘The construct of a sampled-data x*(1) from the x(&), and ultimately the recovery x(1). 
are operations referred to as reconstruction. Conceptually, reconstruction is best described 
as the interpolation or smoothing of the sampled signal in continuous time. Some form of 
reconstruction occurs naturally in analog sampled-data systems and it can be enhanced by 
design with additional lowpass filtering. It is interesting to note that the observation of a 
sampled signal using a display device such as an oscilloscope, inherently involves recon- 
struction. We further note that, although ideal, impulse sampling does occur in practice, 
an ideal impulse reconstructed x*(¢) requires unlimited bandwidth and is not physically 
possible. However, it can be approximated with narrow pulse reconstruction where the 
weighted impulses in Fig. A7-3 are replaced by weighted finite width pulse 

‘The holding of the signal constant in between samples, as shown in Fig. AT-1e, is 
a widely used form of reconstruction called a zero-order-hold ot sample-and-hold re- 
construction. This form of reconstruction occurs inherently in many types of switched- 
capacitor filters. If additional reconstruction is reqi further smoothing of the 
sampled-data x*(¢) in Fig. A7-le to achieve a smoothly variable or baseband-like x(t) 
in Fig. A7-la, than x"(f) is to be processed by a continuous-time lowpass filter. This 
continuous-time lowpass filter is referred to as a reconstruction filter, i. the filter H 
sketched in Fig. A7-5. The reconstruction filter is designed to attenuate the high-frequency 
components of X*(jz). as deemed necessary to achieve the desired amount of smooth- 
ing or reconstruction. Meanwhile, the baseband components are passed as unaffecte: 
possible. 
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Let us study the sample-and-hold reconstruction in greater detail, since it occurs olten 
{in switched-capacitor filters. This process is demonstrated in Fig. A7-6. To start. consider 
the impulse response fip(¢) for the sample-and-hold, a pulse of unit amplitude, which starts 


hy) = 1 for 


(A717) 
0 for 1>T 


Referring to Fig. A7-Ic, we note that if the sampling period Tis made small enough (ic.. 
the sampling rate becomes large cnough). the reconstructed signal is smoothed 10 closely 
approximate the continuous signal. Hence, the requirements for a particular reconstruction 
filter are seen to be tightly coupled to the sampling rate. 

The frequency response for the sample-and-hold Ho(j) is determined by taking the 
Fourier transform of the impulse response hip(t) in Fig. A7-6a. The resuli 


\ en? 


= rehttsine (2) (arts) 
7a 


Hol joo 


and 


ere 
[tion = T |sinc ( is 


)| (AT-18)) 


where sine oF /2 = [(sinwT/2) / (@T /2)]. The sin ¢ argument can be expressed in terms 
of f in Hz by replacing © = 2xf so that @T/2 = 2 fT = f/f. Note that if the 
hold time is less than full period 7. ic.. rT where + < 1 is the fraction of the period 
that the signal is held, the amplitude of Hp and the argument for the sine function are 
scaled by r. The magnitucle response |#y(jeo)| is shown in Fig. A7-6b. The spectrum 
of the reconstructed signal |X, (jo). sketched in Fig. A7-Ge. is then the product of the 
impulse-sampled spectrum |X*(ja)] and the sample-and-hold spectrum | H(jo)|. i.e. 


[X,Gio)| = 1X" jell Hoionl (A719) 


Note that |Ho] in Eg. (A7-19) serves as a reconstruction filter. Observe that the hi 
frequency content of |X*| is grcally attenuated by [2]. Also, the baseband spectrum is 
slightly attenuated near the band edge, due to the shaping of the main lobe of [| and 
the residues of the repeated spectra from [X*) remain, due to the finite sidelobes of || 

‘The transfer function for a sample-data system, prior to reconstruction. is accurately 
expressed in the following form 


0) 


Hi (jo) = Haljo) + HI (jo — jhe.) 


where Hp(jo) refers to the desired baseband part of H*(jo). and HI (je — jken) = 
LT 2 _,, Hw — jk) for k #0 are the undesired higher-order components. Corre- 
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FIGURE A7-6 Reconstruction with sample and hold: (a) impulse response for samplevand hold, (b) Magnitude 
response for sample and hold, and (c) spectrum of reconstructed signal |X (i)| superimposed 
‘onto the spectra for the impulse sampled signal |X*(jo)| and the sample and hold |HoJo)|. 


spondingly, the sampled-and-held signal spectrum is [X/(ja)|, expressed as 


IX,Go)l = IX" Gayl" jo) |HoCjo)| (A721) 


‘The sample-and-hold | #o(je)| reduces the undesired higher-order. components of [X*(j¢" 
II#"(ja)|, as discussed above. Furthermore, the roll-off of !o|’s main lobe ma” 
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tenuate {X"(jo)||H"(jo)| beyond that intended by the requirements for |/fy(je)|- For 
ts < your, wilh ¥ in the range between [.5 10 5 (depending on the specifications for 
the baseband filter |#7n(Joo)||!o(J)|. the main lobe roll-off |4%o) may cause intolerable 
deviations from the specified response. To compensate for this atienuation the sample-cats 
filter |Ha(jo)| can be designed or predistorted with an intentional peak to, in effect, eancel 
the attenuation of Mp, iit 


[Mf joo)\| Hojo © Ma ieod| (A7-22a) 


where |#1(jo)] is the predistorted baschand response and |#Hn(j)) is the desired hase 
band response. 

‘The baseband attenuation due to | Mal can be made negligible by inereasing the samplin 
rate such that «> wy > yoy. where 


[Ma Jeo) Ho iol © Ha foo) (AT 


‘The use of sample rates where o, > ony. is often referred to as oversampling, Ay 
mentioned previously, the sampling rate for & switehed-capacitor filer is usually chosen 
such that the sampling frequency is much higher than the Nyquist rates in particular, it 
is common t0 find «, = 20yy to Savy. For such cases, Ey. (A7-22h) is a convenient 
implifying equation, in that the frequency response is completely determined by the 
‘samples of the unit response andl prediistortion is usually unnecessary 
Finally, further attenuation of the residual high-frequency components in |X,) (and 
‘ 1X/)) can be achieved by following the sample-and-hold (with a continuous lowpass re- 
cconstiuction filter) of the form illustrated in Fig. A7-5. 


A7-1-4 Input/Output Interfaces to the Analog Environment 


1 phenomenon are continuous-time in nature, itis important to consider 
‘vith the continuous-fime environment 


Since most physi 
how the various filter schemes discussed intert 
‘The interface needs for each of the filter types are shown in Fig, A7-7. In the ease of the 
continuous-time filter, with transfer function #7, the interface is trivial, as illustrated in 
Fig. A7-7a. In the switched-capacitor filter case. additional functions are required to effect 
this interface, as depicted in Fig. A7-7h. 

_ From the discussion on aliasing, it should be clear that the input interface must first in- 
clude an anti-aliasing file with lowpass transfer function /,. The anti-aliased continuous 
time input is then samp’ by a device that presents a sample-and-hold approximation of the 
continuous-time input, ie sampled-data filter. As shown in See. 7-8 of Chup, 7, these 
sampling and sample-and-hold operations are usually performed by switched-capacttor 
filters with no additional hardware. Nonetheless, dedicated sample-and-hold cireuits are 
important components in many sampled-data systems (Gregorian and ‘Temes 1986: Unbe- 
hhauien and Cichocki 1989; Grebene 1984), The transfer function for a switched-capacitor 
filter is accurately expressed as the product of the designed filter function and the sample 
and-hold, ie, HM. The sampling rate is usually sufficiently high that H need not be 
predistorted, .c., HHy © H. The sample-and-hold output of the switched-capacitor fier. 
although semicontinuous in appearance, is an analog signal, Hence, it can be direetly it 
terfaced to the analog environment, If a smooth output is required. the sample-and-hold 
signal is further processed by a reconstruction filter with lowpass transfer function H 
Usually, for convenience. H, = Hy. 


FIGURE A7-7 
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Intertace requirements to the continuous-time environment for (a) continuous analog, (b) sampled 
‘analog, and (c) digital fiters. Also shown are sketches representing the anti-aliasing fiter H, the 
designed filter H, the predistorted (digital fier only) fiter H’, the sample and hold Hp, and the 
reconstruction fiter H, 


Its noted that when two or more sampled-data systems are interconnected, e.g. he 
‘output of one switched-capacitor filter (SCF) is fed into the input of some other sampled- 
data network (SDN), sampling in the SCF and SDN must be synchronized so that the 
SDN samples the output of the SCF in between its steplike changes in value. Otherwise, 
erronecus results can be obtained. It is interesting that the use of a reconstruction filter 
to smooth the step transitions in output of the SCF serves to eliminate the need for 
this synchronization. The realization of anti-aliasing and reconstruction filters for VLSI 
sampled-data filters are important applications for continuous-time active filters. 

Digital filters require all the functions for analog interface associated with switched- 
apacitor filters, as illustrated in Fig. A7-7c. In addition, the input samples must be qua 
tized, as previously discussed, and translated into digital words. This requires a device 
referred to as an analog-to-digital converter or A/D converter. N bit A/D conversion is 
simply the process of converting continuous-time and amplitude into discrete-time and 
digital (or quantized) ampliwude; encompassing the operations of sampling, quantiz 
and representation of the samples in some digital format (e.g., N-bit binary), We note that 
‘a properly designed A/D converter has a unity-transfer function and linear phase across 
the band of interest. At the output, this process must be reversed and the digital sampies 
translated into a reconstructed analog signal (usually a sample-and-hold waveform si 
to that in Fig. A7-Ic). This process is referred to as digital-to-analog conversion or D/A 
conversion. This function is performed by a device called a D/A converter. A properly de- 
signed D/A converter has the transfer function of a sample-and-hold, namely Ho. A/D and 
D/A converters are important sampled-data systems in their own right. Since we pay a sig 
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nificant price for over-sampling in digital filters, the designed filter is usually predistorted 
to compensate for the Ho of the D/A converter. 

Obviously, switched-capacitor filters do not require A/D and D/A conversion to interface 
with the continuous analog domain. The use of over-sampling significantly reduces the 
complexity of both the anti-aliasing and reconstruction filters, and eliminates the need 
for predistortion. As shown in Chap. 8. the cost of over-sampling is not significant. In 
addition, over-sampling reduces noise associated with spurious signals entering the filter 
through parasitic connections to power supplies, and to the clock lines that operate the 
switches. 


A7-1-5. Use of the z-Transform in the Analysis of Sampled-Data 


Systems! 


‘The use of the z-transform simplifies the analysis of sampled-data systems by mapping 
linear difference equations into algebraic equations that are much easier to solve, Further 
‘more, by studying the z-domain poles and zeros, the designer obtains valuable insight into 
the behavior of the system. For example, gain and phase responses are readily determined! 
from z-domain transfer relations. Thus, sampled-data systems can be specified in terms of 
well-known frequency domain quantities. 

‘The definition of the z-transform arises naturally from the description of sampled sys- 
tems. To demonstrate this fact, let us first consider the impulse-sampled signal x"(7) given 
in Eq. (A7-12), i 


x") = YD xT )IC = AT) (A723) 


AT 


) yields 


Taking the Laplace transform of x*(r) in 


X"3) = Lis") (ar 
Let us make the change of variables. 
(A7-25) 
which when substituted into Eq. (A7-24) yields 
> x@=Z@l= Yo 26D= (A726) 


Function X (2) is referred to as the =-transform of x*(¢), where = is the =-1ransform complex 
frequency variable. The z- and Laplace transforms are related, according to Eq. (A7-25). 
as well as for the sinusoidal steady state s = jo and z = e/®7. As with the Laplace 
transform, we can define both one-sided and two-sided z-transforms. These definitions 
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are, respectively, 


(A7-27a) 


(A7-21b) 


‘The s-transforms in Eq, (A7-27) are seen to be an infinite power series; hence, they 
exist only for those values of z for which these series converge. The region of convergence 
(ROC) is then defined as the set of 2's for which Xy(z) (or Xw(z)) attain finite values. 
Thus, any time we site a z-transform we should specify its ROC, otherwise the situation is 
incomplete and ambiguous. In this text we exclusively deal with signals and systems with 
startup at ¢ = 0; hence, we will use only the one-sided :-transform, We can then simplify 
ur notation by eliminating the subscript (1) in our use of Eq, (A7-27a). Henceforth, the 
one-sided 2-transform will be referred to as ZLx(k7)], or the z-transform. 

Let us now illustrate these concepts by deriving the z-transform for the following 
function 


x(k) = 


3.4,5.0,7) for & 


6 (A728) 


X@) 492-6 


(A7-29) 


in see that the ROC for finite 
= 0. The coefficient of 2 is 


The ROC is the entire z-plane, From this example we 
duration signals is the entire 2-plane, exeept fo 
always the value of the signs! sample at time ¢ vur in such 
systems as finite impuise response (FIR), digital filters € acoustic wave 
(SAW) filters, and phased-array antennas. Such systems do not use any feedback (ie., as 
described in Chap. 2) in their realizations, 

Most continuous-time and sample-data filter systems utilize feedback, realizing impulse 
responses /1(/) and unit responses i(k) that are infinite in duration, Such filter systems 
include active-RC and active-SC filter schemes discussed in Chaps. 7 and 8, as well 
as infinite impulse response (IIR) digital filters. We note that the unit excitation 5(4) 
(see Exercise 7-19) is analogous to the continuous-time impulse excitation 5(¢). From 
Eq, (A7-27a), we see that an infinite duration signal leads to an infinite series z-transform, 
Within its ROC, an infinite series can always be found to converge to a compact closed 
form. Usually it will be more convenient to use the closed-form expression, rather than 
the infinite series 

For example, let us consider the z-transform for the ui 


response 


for 0<k<o00, (AT-30) 
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for f(k) (above) into 


with sampling rate f, = 1/7. Simply substitu 
Eq. (A7-27a) yields the desired 2-4ransform 


HE=)> . (AT-3ha) 


Eq. (A7-31a) is recognized as a geome! 


ny (ATID) 


HG) == 


Recall that in the continuous-time domain, the Laplace transform of the impulse response 


h(t) = em* u(t) is 


His) = (A7-32) 


sta 


‘A zalomain equivalent to H(s) can be derived by taking the z-transform of the sample 
sequence obtained by sampling h(t) at f, = 1/7. ie.. Eq. (A7-30). The equivalent 1 
is then Eq, (A7-31b). A special case occurs when "= Lord = 0. ie 


(A733) 


knowledge exists in the s-domain, it is often conve- 
nent to translate filter specifications or H(s)'s from the s-domain to the z-domain. The 
‘equivalence between H1(s) and H1() demonstrated in Eqs. (A7-31b) and (A7-32) is culled 
the matched z-transform (Tretter 1976), Later we will consider other conversion methods. 
‘Also, in Sec. 7-5 we show that 1/(1 — 2~!) is one of the z-domain approximations for the 
integration operator (1/5 

The H(2) in Eq. (A7-31b) (and its equivalent H(s)) represents a single-pole system 
with pole at z = e~*T. An important class of sample-data filters are those that realize & 
damped sinusoidal unit response of the form f(t “7 cos aykT J(k). To determine 
the H (2), let us first express /(k) asa sum of complex exponentials i... 


Since a large body of filter-c 


WT —JonT n() 


with 


Tk) (AT-34) 


7 1 
drpesFelm ua) + 5 


Applying Eq. (A7-316) to each term of Eq. (A7-34). we obtain 


Zler*T elO™*T u(k)) with ROC |:]> 6"! 
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Zhe kT eH y(k)) = with ROC jz] > eo” 


Hence, combining terms, we obtain 


1 =e" cosenT 27! 


with ROC [z|>e™"7 — (A7-35) 


Note that the #7(2)'s in Eqs, (A7-31b) 
1w0 polynomials in successive powers of 
responses is more generally expressed 


Daye 


st) 


© 
14 yer 
al 


(A7-36a) 


We note that Eq, (A7-36a) can also be expressed in successive powers of z'" by multi: 
plying and dividing X(z) by either 2/2” if N > M or = /2" if M > N, ic., 


shaw 


(A7-36b) 
i by 


We note that Eqs. (A7-36) are used interchangeably. It is often useful to express H(2) in 
factored form, ie. 


(A7-37a) 
(A7-37b) 
= Be = fa)... = Bw) 
where 2 = a and : = fj define, respectively, the zeros and poles for H(z). We note 


that since iy and by are real numbers, the a and fy are either real, or occur in complex 
‘conjugate pairs. 

To gain insight from the inspection of H(z), let us examine the mapping 
in greater detail. Let us start by expressing sas a complex variable s = 0 + jo = 
Re(s) + j1m(s). Correspondingly, 


et 


eC) + jlm(@) = e*MelT = |z[e/) (A738) 


Referring to Fig. A7-8 and Eq. (A7-38), we observe that the origin s 
the point z = 1. Also, the s-plane real-a 


0+ {0 maps into 
00 <= 0 < co, maps into z-plane positive-real 


FIGURE A7-8 
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Int) 4 
plane 
0.) 


1) 


Mapping between the s- and 
z-domains via z = 2*7. my 


axis 0 < Re(z) < 00 and points on the s-plane jo-axis map into points onto the z-plane 
unit cirele (i.e. ). Points in the left-half s-plane ma =plane unit circle 
Ge. [2] <1), and points in the right-half s-plane map outside the =-plane unit circ 

lel > 1). In particular, a line parallel to the s-plane jeans, passing through «= 1. 
onto a z-plane circle (Ia,) of radius [=| =e”? A line parallel to the s-p 

through joo = jax, maps onto a :-plane ray (T.,). extending outward from the origin (0, 
0) at an angle § = a7. Finally. we note that for the frequency range ~c,/2 < 

the angle $(c) uniquely lies within the 2x interval —x < (=) < x. Hence, for successive 
intervals of o , €.8., 2/2 < @ < 30,/2, such that |o| > «, /2. the phasor simply continues 
rotating in a redundant fashion, through the angles —7 < 9(z) =z. As we saw in the 
previous section, this gives rise to the repeated replicas of the baseband spectrum. 


FIGURE 47.9 
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Identifying the =-plane poles and zeros of H(:) provides 
behavior of the sampled signal. Consider, for example, the sing] 


nportant insights into the 
pole =-domain function 


He) (A7-39) 


Note that with @ = eT, H(c) in Eq. (A7-31h) is of the 
Depending on the location of the pole at z= a, there are six 
Uunit responses f(K) that ean arise from this (=), as illustrated 
nories are 


e form as Eq. (A7-39). 
ferent categories of 


1 Ifa > 1, the pole is on the right half of the Re(z) axis and outside the unit 
circle. Consequently, f(k) diverges and the system is said to be unstable. This category 
of response is analogous to the continuous situation, where the real-axis pole lies to the 
right of the s-plane’s origin. Any switched-capacitor filter providing a unit response of 
this form is said to be unstable. 

2 Ifa = 1, the pole is at the intersecection of the Re(=) axis and the unit circle at 
= 1+ j0. Consequently, f(k) = u(t) = 1 for all k. This category is analogous to the 
continuous-time situation, where the real-axis pole lies ot s-plane’s origin. 

3 If 0 <a <1, the pole is om the right half of the Re(=) axis and inside the unit 
circle. Consequently, (&) decays and the switched-capacitor filter is said to be stable. Thi 
category of response is analogous to the continuous situation, where the real-axis pole lies 
in the left half of the s-plane. 

4 If —1 <a <0, the pole is on the left half of the Re(=) axis and inside the unit citcle. 
In this case, (A) is seen to be a decaying sequence of samples alternating between positive 
and negative values. The period, i.e. the time interval between successive samples of the 
same sign, is exactly 27. Hence, f(k) is a damped oscillating sequence with a frequency 
f:/2 = 1/27. This case, and the two that follow, have no analogy in the continuous- 
domain lore of single-pole systems. In any event, sample-data filters that exhibit this i(k) 
are stable. 


Pole locations for H(z) = 1/1 ez" and conesponding i(k) for (1) a > 1, (2) ¢ = 1, 
8) 0<a<1, (4) -1 <a <0, (5)a=—1, and (6) a < ~1 


mt) © fay ry © 
uni rele is f 
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5 Ifa ==, the pole is at the intersection of the Re(-) axis and the unit circle at 
2= 1+ j0. Based on the previous result, we see that /(K) is a sequence of alternating 
“41's and —I's with a period of 27. Hence, this alleged first-order system oscillates at 
Gs/2 

6 If @ < =I, the pole is on the left half of the Re(z) axis and outside the unit 
circle. Consequently, the unit response altemates in sign at frequency f,/2 and diverges 
in an exponential fashion. Any sample-data filter providing a unit response of this form is 
unstable. 


To see the problem in categories 4~6 more clearly, let us refer to the analogy between 
the H(2)’s in Eqs. (A7-39) and (A7-31b), ic.. a = ¢“". But here ais a negative-valued 
real number that can be expressed in polar form as a = |arle!”. Thus, solving for a in the 
relation |arle!* = e~*7 reveals that a must be comple, 


Injai 


Inala 
x = {AT-40) 


7 tit = 


This result implies that the equivalent s-domain pole is not real-valued, and, in fact, the 
equivalent s-domain system is not first-order. Hence, oscillation or resonance at the halt= 
‘sampling rate can be efficiently realized in sample-data systems, 


AT-A-6 Conversions Between H(s) and H(z) 


Due to the wealth of literature on continuous-time filter design, it is often convenient to 
convert H(s) to H(z). When s and = are related by s = (1/T)In=, the lossless mapping 
of even a first-order H (s) leads to an infinite-order H (=). Thus, the conversion problem is 
to adequately approximate H(s) with finite-order H(z). More specifically, the objective is 
to convert the Nth-order H(s) to a closely equivalent Nth-order H(c). using a firstorder 
transformation. By preserving order, the realizations for both functions will have similar 
complexity. Several interesting approximate mappings have been used in the literature. 
‘Some of the more interesting mappings are compared in Sec. 7-5-2. 

‘One such mapping is the matched transform, To facilitate our discussion. let us 
consider the two-pole H(s) illustrated in Fig. A7-10a; i. 


(ara 
where «op is the pole frequency, Q,, is the pole-quality factor, and & = |41(j0)| isthe gain 
_at DC. The poles of H(s) are located at 
a oe (ar) 
12 =—- 2 + jon, |1- 42) 
20, 30 


In Chap. 3 we explored the relationships between Q, to the amount of peaking in the 
magnitude response |#/(jo)| and the degree of overshoot in the step response, Note that 
for high Op or Qp > 1, which occurs frequently in the design of sharp cutoff filters. 
0 © @p. 


FIGURE A7-10 
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plane 


@ D) 


(a) Pole positions for complex two-pole H(s), and (b) corresponding pole positions for H(2). 


Conespondingly, a two-pole H(z) can be derived by transforming the pole locations 
2a by the matched =-transform (e.g., Eq. (A7-314)), such that 


Aaa rele (7-83) 


‘The resulting function, illustrated in Fig. A7-10b, is 


KC = 2rp cos +13) 


ae (AT-44) 
2rp cos Oz 


Note that the numerator for H(z) has been chosen so that [/(e!07)| = |11(1)| = k. Note 
that comparing Eqs, (A7-35) and (A7-44) that e~4? = rp and wyT =o. The equivalence 
between z-domain pole paranieters rp, cos 4p, and the s-domain parameters Qp, cop can be 
found by manipulating Eq, (7-43), 1. 


ereereline (A7-45) 


where op and wp are defined in Eg, (A7-42). Solving for rp and Mo yields 


F< e-tT20r) and by 


We pl ~ oT (A746) 


‘When we highly over-sample, such that @ 1 < 1, further approximation can be 
achieved by expressing ry = eT and cos My in truncated Taylor series, ic. 
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where the ROCs for e~* and cos y are all real values of x and y. respectively. Thus, 
for «pT < Land ap? < I, we can write the following approximate relations for cos (hy 
and rp! 


(oT tool 
; and 1p 15 


C08 Ay © 1 — (A747) 


Substituting Eqs. (A7-47) into Eq. (A7-44), H(z) can be expressed in the following ap- 
proximate form 


po ? 
HO Se (A7-48) 
1-241-2 -  h 
| 20, 2 | 


Equations (A7-43), (A7-44) and (A748) can be generalized for the case where the trins- 
mission zeros are at finite frequencies (ic., ery. Q-. and 0.12). such that 


ale 1 Oe +03] 


HG) = (A749) 
24+ 2s4o% 


(A7-50) 


(oyTY 


ta fis 


oe ‘aft on 


(TSI) 


When + in the numerator of Eq. (A7-494) is —. or the = in Eq, (A7-51) is +, the zeros 
lie in the right-half s-plane or outside the unit circle, such that r= > 1 

We caution the reader that the approximations in Eqs, (A7-48) and (A7-51) a 
ibo imprecise to be used as a transformation between H1(s) and (=), or vice versa, The 
errors in approximating r2 and ry cos in these relations are about 


Bie (SHY nd) tarpcostsi es (22), 
lari +(37) J LArpcosthl +(27) 


e usually’ 


To see the problem quantitatively. let us look at a simple example where fp 
Op = 1, and f; = 128 kHz: thus [Ar3| * 0.01 and [rp cos | = 0.005. In this ma 
nitude, A's would introduce deviations in Gi) on the order of 0.1 dB. Hence, th 
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are best used where they lend insight, or to simplify calculations such as sensitivity 
(see Sec. 3-4 and 7-7), where high precision is not essential. In Sec. 7-5-2 we intro- 
duced several transforms, including the well-known bilinear transform, to translate H(s) 
to HG). 

‘We have now covered the topic of sampled systems in sufficient depth for the reader to 
pursue the design of switched-capacitor filters. Since we can never leam too much about 
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INTRODUCTION 


cally, active filters have been impleniented w 
usi and Laker 1981 


h various degrees of integration 
ray et al. 1980; Grebene 1984; Gregorian 1986; Moschyt 
1986; Schaumann, Ghausi, and Laker 1990; Sedra 1985; Sedra 1989; Toumazou 1990), 
In recent years, the microelectronic technologies (¢.g., CMOS and bipolar), filter 
rchitectures, and design techniques have emerged that allow the realization of very 
high quality fully-integrated active filters. Moreover, sophisticated analog and digital 
funetions cian and do coexist on the same very large scale integrated (VLSI) chip. This 
development, coupled with the exponential growth in the number of devices fabricated 
on a single chip (this number iias doubled each y rly 1960s), has resulted 
n the implementation of single-chip mixed analog/digital systems. Only a tew years 
‘ago, these systems required several chips and in some cases multiple circuit boards. In 
these new, mixed signal chips, the integrated active filter is one of several important 
analog and digital subsystems. s illustrated by the PCM codec chip in Fig. 8-1, itis 
common to find more than one integrated filter in a VLSI system. ‘The highest demand 
for VLSI analog/digital systems has been in the areas of information acquisition and 
voice/data telecommunications, e.g., PCM codecs (an example of which is shown in 
Fig. 8:1), line interface subsystems, modems for a variety of data rates, and the like 
Geiger, Allen, and Strader 1990; Gray, Hodges, and Broderson 1980; Grebene 1984), 
formation acquisition systems, sich as that depicted in Fig, &-2, provide 
the means for accurately dete ring, and conditioning various physical data 
igital computer. Applications for these 
we in the areas of robotics, high energy physics, x-ray spectroscopy, medical 
instruments, chemicat process control, monitoring the performance and fatigue of 
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‘A typical VLSI analog/digital system tloor plan. The example shown is a PCM codec realized in 5 
jim CMOS. The lelt side of the chip contains the transmit subsystem (active-AC filter, switched 
‘capacitor filter and A/D converter) and the right sida contains the receive subsystem (D/A converter 


+ and switched-capacitor filter), Digital logic circuitry is embedded in the realizations of the A’O and 


D/A converters, Op amps are embedded in the active-RC and switched-capacitor filters. (a) The 
floor plan of the PCM codec superimposed on a photo of the actual chip. (b) The block diagram ot 
the PCM codec system as it is used in telephony. All blocks are included on the chip (except the 
tefephones at the input of the transmit and the output of the receive subsystems, and the digital 
channel linking subscribers X and Y), 
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FIGURE 8-2 A VLSI muit:channel information acquision system, showing an N x 1 transducer array with 


associated analog processing. sigital processing, and telemetry functions. The telemetry function 
Is used in remote sensing applications. (Steyaert and Sansen 1990) 


mechanical systems, and automated manufacturing, to name a few. Such systems 
integrate one or more sensors (or detectors) on a single chip, with linear analog signal 
conditioning, A/D conversion, and perhaps a custom microprocessor or digital signal 
processor. Linear signal conditioning will typically include a low-noise, high-gain 
linear amplifier to magnify what are usually very small signals, and an integrated 
filter to eliminate spurious (or undesired) signals and DC biases. as shown in Fig. 8-3. 

Most integrated filters are implemented in CMOS due to the advantages of low 
power dissipation, the ability to mix analog and digital subsystems compactly on 
the same die, and the near ideal quality of such components as capacitors and ana- 
log switches. Some filters, particularly high frequency continuous-time filters (e.g., 
for video applications), have been realized in bipolar (Moulding et al. 1980) and in 
CMOS (Silva ct al. 1993). It is expected that BICMOS, combining CMOS and bipolar 
transistors, will be used for some high-end analog systems. However, given the rela- 
tive simplicity of the CMOS process, we expect CMOS to continue to be the dominant 
fabrication technology. We note that interesting GaAs active filters (Toumazou et al. 
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FIGURE 8-3 The block schematic of a typical signal conditioning path for an information acquisition system. The 
path includes a low-noise instrumentation amplifier that ensures high input impedance and a high 
‘common-mode rejection ratio, a x10 amplifier to further amplify the sensed signal, an active-AC 
fiter for bandlimiting the amplified input signal in preparation for sampling, a switched-capacitor pre: 
filter to reduce offsets and out-of-band noise, a switched-capacitor programmable filter to customize 
the processing to specific applications, and a switched-capacitor sample-and-hold (SiH) circuit that 
feeds an A/D converter. (Steyaert and Sansen 1990) 


Ly) toa, 


1990) have been demonstrated in research labs, but we do not expect GaAs to play a 
major role in applications where precision signal conditioning is required. 

This chapter builds on the materials in Chaps. 5~7 to design and implement practical 
continuous-time and sampled data integrated active filters. Once a filter has been 
properly specified and a suitable numerical transfer function synthesized, the designer 
selects a filter schematic (or set of candidate schematics), executes the design of the 
filter (or candidate filters) to determine component values, evaluates the design (or 
candidate designs) using CAD tools, and implements the final design in a suitable IC 
technology. In this chapter we review concepts, circuit designs, filter schematics, and 
filter design lore that have been found to result in robust integrated filters. That is 
filters that are well suited to a broad range of specifications, e.2.. those 
Figs, 8-1 through 8-3. 

Continuous-time and sampled data realizations are considered with equal emphasis. 
In particular, we focus on design and implementation using modular structures. In this 
regard, op amps, OTAS, and the passive structures described in previous chapters are 
the building blocks used here to realize a variety of integrated filters 


ustrated in 


8-1 PARASITIC CAPACITANCES IN INTEGRATED FILTERS 


The achievement of many practical filter specifications requires circuits capable of 

Yealizing transfer function coefficients with 10-12 bits of precision 

signals encompassing a dynamic range of 80 dB or more. Perhaps the most humblin, 
+ ‘experience for a novice integrated filter designer is the recognition that this degree 

of robustness must be achieved with IC components connected to undesired parasitic 

‘components that are often of comparable value. 

In diserete electronics, parasitic is a term often us 
effect that can be ignored in a first-order model under certa 
frequencies, An example of such a second-order effect is the induct 
Parasitics in an integrated circuit also include real, but unintended, components that 


1d processing 


sd to describe a weak second-order 
at low 
wire lead, 


in conditions, sa 


ance of a 
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arise from unavoidable overlaps in features on different mask levels and the substrate 
Geiger, Allen, and Strader 1990; Ghausi and Laker 1981; Gray and Meyer 1984; 
Moschytz, 1986). Parasities of this kind are not necessarily weak second-order effects; 
but are often comparable to, and interfere with, the operation of intended components 
(as illustrated in Example 1-9). To further complicate matters, some components that 
are taken for granted in discrete circuit design, most notably resistors, are inherently 
nonlinear and distributed (Ghausi and Kelly 1968). 

If left unattended, parasitic components can 


pair the performance of the filter 
by modifying its frequency response, providing feed-in paths for spurious signals 
and, in some cases, introducing nonlinearity, Some of the parasities establish RC 
time constants that suits, In effect, 
the integrated filter is embedded in a multi-input parasitic network that both alters 
its electrical characteristics and connects its nodes to spurious inputs from power 
supplies and clock feeds, ‘The integrated filter designer is challenged to achieve a 
circuit realization that neutralizes both the component nonlinearities 
the extent that they become nondominant contributors to the filter’s soft-yield. Hence, 
the magnitudes of the parasitic components, and the filter circuit's sensitivities to their 
presence, are of equal concem, In Secs. 8-2, 8-3, and 8-5 we explore the impact of 
parasitic methods for coping with their existence, 

‘The most protific parasitic components tend to be ances, The 
from being insignificant (i... < 10 fF) to a few tenths of pF, and some are voltag 
dependent. As evident in Chaps. 1 and 2, parasitic capacitances occur in all IC tech- 
nologies (Geiger, Allen, and Strader 1990; Ghausi and Laker 1981; Gray and Meyer 
1984), Their values depend on the geometries and dielectric qualities of materials 
pecul iven process, Figure 8-4 (see color plate 1) shows the cross-section 
of @ typical p-well CMOS process, illustrating the structures for a p-well nMOST, 
a pMOST, and a poly I-poly 2 uperimposed are circuit symbols, drawn 
in black, that define the poly 1-poly 2 capacitor Cy and the pMOST-R of value 
Ra. The important parasitics, modeted as lumped capacitances, are indicated with 
capacitor symbols drawn in gray. These parasities impact, at times significantly, the 
performance of active-RC and SC integrated filters. 

With a litte imagination, the reader can visualize the pMOST, with soure 
terminals (1) and (2) and gate contro! ., either serving 
such that R = Ry (as per Fig. 7-2c) or one-half of a CMOS switch with « 
per Fig, 7-4b). Capacitor C4, with top and bottom plates connected to terminals (3) 
and (4), respectively, is the only intentionally fabricated capacitance. Since it will be 
important to distinguish between (intentional) capacitor top and bottom plates in our 
schematics, we assign the “straight tine” in the capacitor symbol to the top plate and 
the “curved line” to the bottom plate, From Chap, 2 we know that the value of Cy 
depends on the geometric dimensions of the Poly 2-oxide-Poly 1 overlap, and on the 
thickness and dielectric properties of the capacitor oxide, Moreover. significant care 
has been taken to lay out C4, and all other intentional capacitors, to achieve a high 
degree of matching, e.g., Fig. 7-4d. As we will see, parasitics are indeed “flies in the 
ointment.” 
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nd! parasities to 
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TABLE 8-1 
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Many of the parasitic C's, namely, Cas. Caps Cyn. and Cjs, are associated with 
the MOST model described in Chap. 1. The expressions for euch, in the three MOST 
‘operating regions, are summarized in Table 8-1. Source and drain-to-bulk capacitances 
Cjs and Cjp are voltage dependent and consequently enhance nonlinear distortion. 
The relations for voltage dependent Cys and Cjog can be found in All 
the MOST parasitics scale in direct proportion with the geometric dimen 
the MOST (i.e. W, Left, Lo. As, Ap defined in Chap. 1). Hence, their values 
only within the control of the designer insofar as the need to keep the MOSTs as 
small as a prudent electrical design permits. Recall that the amount of Coy, the 
gate-to-channel capacitance, in Cgs and Cgp. varies with the operating region and 
Cow = CoxW Lett > Caso. Capo. 

Parasitic Cp represents the accumulated capacitance formed by the metal intercon- 
nect level, i.c., metal-to-substrate over field oxide. It is determined by Coym. defined 
Table 1-7, and the dimensions of the route Ly x We. C'S are very much within the 
control of the designer, and they can be minimized (al least the critical ones) ina well 
planned layout. Parasitie Cy is formed by the Poly I bottom plate associated with C, 
and the field oxide and substrate. Cy scales directly with the dimensions of the poly 1 
bottom plate Le x Wa, that underlies the entire Cy structure (recall Fig. 7-4d). It also 
depends on Coxp, the capacitance associated with poly {-to: c. 


are 


ubstrate over field oxide. 
Hence, the value of Cg is not usually within designer control and will always be a fixed 
percentage of Cy. The relations for parasitics Cy and Cy are also listed in Table 8-1. 


Example 8-1 


With Coyp = 6.5 nF/em?, calculate the bottom-plate parasitic capacitances Cy 
and Cp2 for the double-poly capacitors C; and C2 in Fig. 8-5 (see color plate 1) 


Solution. From the dimensions, the areas for the bottom plates of C; and. C: 
are, respectively, A; = 778 ym? = 778 x 10-* em? and A> = 7264 jum’ 
7264 x 10-* cm?. Thus, Cai = CoypAr = 0.05 pF and Cpr = CoypA2 47 pF 


PARASITIC CAPACITANCES (WHERE Coer = Cox WLau AS PER TABLE 1-5) 


Region 
Cutott Tiiode Saturation 

Ces Caso = Corto Caso + $Gnt Who + 30x 

Ceo Capo = CoxWLo Copa + Coxe Capo 

Gs = GsoAs = GaAs + 3Cec ~Gseds + §Cac 

Go * GoeAo ~GoaAn + $Cac | = Goso 

os ComWate 


Op Comp Wolo 


764 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


Note that all parasitics connect the signal path of the intended integrated circuit 
to the bias and control voltages. Let us refer to the intended AC signal input as 
Xin the AC output as Xu. and the bias/control voltages as B,. To the extent that 
B, are well-behaved, the parasitics are connected between the signal path and AC 
ground, and their primary effect is to degrade the integrated filter's precision. The 
voltage dependent parasitic C’s also introduce additional nonlinear distortion, When 
the bias and control voltages are not well-behaved, and contain AC components, they 
contribute to the system noise and degrade dynamic range. 

‘These two phenomenon are best considered using superposition. 1 

fate the impact on precision and dynamic range, respectively, using the following 
transfer relations: 


at is, we e 


Xvala.-o = 1 (j@)Xin (sla) 
and 


Xeatlivn = > Hi(jorBi (8-1b), 


‘The B; =0 represent the connections to AC ground mentioned above, In Sec. 8- 
address Eq. (8-12) and explore methods for reducing the involvement of parasitics in 
the signal path performance. In Sec. 8-5, we examine the full impact of Eq, (8-1). 


8-2 DESIGN OF PRACTICAL INTEGRATED FILTER COMPONENTS 


By applying good layout practice, the magnitudes of many parasitic components can 
be reduced and perhaps made negligible. Good layout practice includes: (1) making 
II signal routes, especially the critical ones, as short as possible, (2) using the small- 
est geometries possible. (3) ng low resistance routings for power, ground, and 
critical signals ake these routes entirely in metal), and (4) maximizing physical 
‘and electrical isolation between analog and digital circuitry. In addition, clever circuit 
techniques can lead to reduced sensitivities to the parasitic components, especially to 
the most critical ones. To successfully combat parasitics it's prudent to attack with 


the combi ‘good layout and a clever design. It is also prudent to include as 
‘many critical parasitic components as possible in computer simulations used to verify, 
a design. 

In Chaps. 1 and 2 we review the variety of passive and active components available 


in MOS and bipolar technologies. Chapter 6 was devoted to the transistor level design 
of op amps and OTAs suitable for a broad range of applications. In this. section 
‘we examine the nonideal behavior of several integrated filter components and their 
interaction with the parasitic capacitances listed in Table 8-1. Where needed and 
ign strategies will be offered that reduce the nonideal behavior and the 
r in Fig, 8-6. 


8-241 Poly 1-Poiy 2 Capacitor 
‘The capacitor Cy in Fig. 8-6 is connected to the substrate bias Vino from the top plate 


(terminal 3) via Cg and the bottom plate (terminal 4) via Cp. To the extent that Vo 
is an ideal DC source, its terminal is at AC ground. We note that both para 
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Boron 
Plate 


FIGURE 8-6 Lumped model for poly 1-poly 2 capacitor of value Ca in black, © AC ground 
with parasitic capacitances Cp and Cp in gray. Vin 


linear, as indicated in Table 8-1. In the literature, Cx is often referred to as the top 
plate parasitic and Cp as the bottom plate parasitic. This mode! applies to both CMOS 
7-4e) and bipolar capacitors (Fig. 7-2d). As noted earlier, aside from parasitics, 
the C4 realizations discussed in Sec. 7-2 are very near ideal in behavior. 

In discrete circuits, capacitors are considered symmetrical with regard to the top 
and bottom plates. When parasitics are taken into account, we see that this symmetry 
(in Fig. 8-6) is an oversimplification for integrated capacitors. In fact. the impact of 
Co can be minimized when the bottom plate (4) is connected to either ground or to the 
output of an ideal (dependent or independent) voltage source. We prefer, if possible, 
to connect the top plate (3) to an op amp virtual ground, 


8-2-2 MOST Analog Switch 


The circuit model for a pMOST or nMOST operating as a switch is shown in Fig. 8-7 
(Allstot and Black 1983; Gray and Meyer 1984). The MOST is controlled by clock 
$f (ie, O° oF $°) and backgate bias Vp. Recall that for a pMOST, Vs = Voo 
and for an nMOST, Vp = Vss or ground, Under the control of #*" the MOST al- 
ternates between the cutoff and triode regions, which constitute the switch’s OFF 
and ON states, respectively. Many of the parasitics (Cyn, Cjse Cop. and Cas) in 
Fig. 8-7 are associated with the MOST switch. Cy) and Cyz are due to the rout- 
ing to terminals (1) and (2), respectively. Since Cp and C,s are voltage dependent. 
they are potential sources of nonlinear distortion. The other parasitics are linear. The 
relations for all the parasitics C's are listed in Table 8-1. In addition, we see that 

+ “Cats Caz and Cjp, Cjs AC-couple the switch signal path 10 Vino and Vp (which can 
also be Vp), respectively. Parasitics Cep and Ces couple the signal path to the 
clock $*°. 

In its operation as a switch, the MOST is a variable resistor with. ick 
large resistance (i.e., Roer > 20) when the switch is OFF, and a very small resistor 
(ie, Roy > 0) when the switch is ON. When cut off, the MOST is very nearly 
an open circuit, with Rorr > 10!° Q. The parasitics for the OFF state are shown 


lly. a very 
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the OFF state; and (c) the model for the ON state. Parasitic capacitances are shown in gray. 


in Fig. 8-7b: and the cutoff MOST is well approximated by an open circuit, In the 
ON state, the MOST and its parasitics are shown in Fig, 8-7c. The switch Ron 
(ie, Ros in Eq. (1-34)) is determined by the instantaneous value of Vos and the 
‘geometric dimensions W % L of the MOST. Also, as Roy — 0, then vps = v2 + 0, 
urally suppresses the MOST nonlinearities. Expressions for the pa 
ances in the cutoff and triode regions are listed in Table 8-1. For si 
capacitor filters it is important that Roy be sufficiently small, so as noi to interfere 
with charge transfer during #*. Hence, for a given switch 5), the designer must set 
W, x Ly such that RoxsCri < nT. Where Cr; is the total capacitance (intentional 
+ parasitic) connected to the MOST S;’s source or drain terminal, < 0.5 (or 50 
percent) is the duty cycle for $* and nT is the time allowed for Cy; to charge. It 
is highly desirable to standardize on one switch size; hence, W; = W and L; = L is 
conservatively set such that RonCreac & F/2, where Crmax is the maximum Cry in 
the switched-capacitor circuit. 

‘The objective of Rox —> small requires W/L —> large. At the same time, we seek 
to make the parasitic capacitances in Fig. 8-7 small, which requires area WL —> small. 
‘To examine these conflicting objectives, let us consider some numbers. 


Example 8-2 

Let the analog switches in an active-SC filter be realized as single n MOSTs. Assume 
that the capacitance connected to any given switch is bounded by Cr) < 10 pF, 
the MOST switch is designed for an Rox © 5 k, and that the © duty cycle 
is = 40 percent. Determine the highest sample rate f, that can be supported if 
the switch time constant is to constitute less than 10 percent of the time available 
to charge Cj. Since the value of Row increases continuously along the charging 
cycle, as shown in Fig. 1-17c, assume that Rox * 5 k& occurs at the point where 
the voltage across Cr; reaches hall its fina value. 
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Solution. From the data above, RoxCrym <5 x 10 see. Hence, if we choose 
to limit RonCrmox t0 less than 10 percent of T'. then nT > 0.5 psec or 1 

1.25 jesec. Hence, the sample rate is limited tof; = 1/T < 800 kHz, Note that 
ifn © 0.5, then f, < 1 MHz, We see that the requirement for 9 < 0.5, to 
overlap, further reduces the high frequency capability of the technology. Cle: 


n cannot be macle arbitrarily small, 


From Chap, 1, Roy < 10 k& is achievable with a MOST switch of minimum 
geometry, ic. W/L = I. 's and layouts for two NMOS switches are shown 
in Fig. 8-8a and 8-8) (se 1 figurations are for the single-pole- 
double-throw and double-pote-double-throw switches, respectively, Recalling the SC 
integrator structures in Fig. 7-35 one can see that the double-pole type switch occurs 
frequently in SC circuits, ‘Thus, it behooves us to have an efficient layout for this 
structure, such as Fig, 8-8). Furthermore, a CMOS double-pole double-throw swit 
can be constructed by adding complementary pMOSTS in parallel to the MMOSTS. 
as shown in Fig. 8-8. The CMOS structure reduces Roy and increases: Roy by an 
order of magnitude, respectively (see Exercises 7-14 and 7-15), Note that at op amp 
virtual grounds, where ves >> Vr, Roy can be kept sufticiently small with a simple 
NMOS switch, shown in Fig, 8-8, Thus, to realize high performance switches while 
minimizing parasities, we generally use NMOS switches at op amp virtual grounds and 
CMOS switches everywhere else, The MOSS in both structures will be oF minimum 
W x L, unless otherwise noted. The prudent designer will reexamine the sufticiency 
of minimum switch dimensions, at the nodes of largest Cy,, once the values for the 
capacitors are set in the design. 

Example 8-2 demonstrates one of the costs of switched 
namely, the inefficient use of technology bandwidth, The bandwidth requirement for 
the technology is dictated by the sample rate f,, rather than the frequeney require 
ments for the filter. Since switched-capacitor filters are usually highly oversampled 
(fe > 20fe where fe is the filter cutoff frequency—see App. 7-1), this inefficiency 
can be a heavy burden. This is particularly evident when filter critical frequencies are 
well above the aucio range. In this area, continuous-time filters, which do not carry 
this burden, have an implementation advantage. In effect, with switched-capacitor lil- 
ters, we sacrifice bandwidth in order to realize filter-time constants with substantially 
reased pre 


pacitor realization, 


8-2-3 Linearized MOST Resistor 
When operated in the triode region, the pMOST-R or nMOST-R (Geiger, Allen, 
and Strader 1990; Gregorian and Temes 1986; Unbehauen and Cichocki 1989) in 
Fig. 8-9a, is a voltage-controlled, nonlinear distributed RC line. Recall that triode 
operation occurs when vps < vas ~ Vp for an nMOST (or ups > vgs — Vp for 
a pMOST) and Vp is defined in Eqs. (1-7). The MOST-R, in its simplest form. is 
essentially an ON analog switch with Roy = Ry. However, in the case of a MOST-R 
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we want R, to be large. Also, ups, the voltage drop across R,4, is no longer constrained 
by device operation to be small. Our objective is to realize a linear voltage-controlled 
Ra over a broad range of vps. Suitably linearized, the MOST-R can be represented by 
the small signal model in Fig. 8-95. The capacitance of the RC line is gate-to-channel 
ic Coq. We note that Fig. 8-9 can be used in form to model any CMOS or 
imtegrated resistor listed in Table 7-1. For ohmic material type resistors, i.c., 
p-well, ion-implanted or thin-film R’s, Vc and parasitices Cgp and Cos disappear 
from the model. However, p-well resistors have distributed capacitances similar to 
Coxe and a voltage dependent capacitance to the bulk similar t0 Cyp,s 

‘To examine the performance of this MOST-R (Gregorian and Temes 1986; Ismail, 
‘Smith, and Beale 1988; Khorramabadi and Gray 1984; Nedungadi and Viswanathan, 
1985; Tsividis, Banu, and Khoury 1986; Unbehauen and Cichocki 1989), let us return 
for a moment to the MOST model in Sec. 1-4 for the condition vgs = large, vps = 
large, vas # 0. In Eq. (1-16), current ips is written in a general form to include all 
nonlinearities and the body effect. Substituting vgs = Ve — vs. vay = Va — vy and 
Ups = vp — us trom Fig. 8-94 into Eq, (1-16), we can write ips for an nMOST in 
the triode region as follows 


ips = BUVe ~ Vr) (vp = vs) = 5 (vp)? = (vs)?] (8-2) 


(vo — vas + 2el)°? — (us — vas + bel 


where B = UCo(W/L) and Vr = Vro + y(V21e1 — ves — V21hr 1). We note that 
for a pMOST, Eq. (8-2) is modified by interchanging Ve and Vp, and replacing -+y. 
with ~y. Also, recall from Eqs. (1-6) that Vio is free of back-gate eff 


FIGURE 8-9 _p of AMOST-R: (a) a single MOST circuit with control voltage Vc; and (b) small signal, lumped 
{equivalent model. Parasite capacitances are shown in gray. 
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Expanding 3/2 power terms in Eq. (8-2) into a Taylor series with respect to ry and 
ds (ie, asstiming vp * vs ~ 0), we ean express fps in the following form: 


(vp — vs) — larl(vp)? = (vs)"] = asl (vp) — (vg) -} (83a) 


ips 


= B(Ve — Vr)(up — vs) — Exelon. vs) (8-30) 


e Jumped into current fz. The wo most signii- 
idis, Banu, and Khoury 1986) are a)(vp) — ps) and 


where all the nonlinear terms 
cant terms in this expansion (Tsi 


a= P(Ve-Vr) and = 


Hence, the small signal (ie., vps = sufficiently small < Ve) Ry is formed by the 


ratio ips/vps with ive =0. i.e., 


Ups 1 LW 


oe (84) 
ios BWeE= Vi) wCnlM 


R= 


When suitably linear, Ry is seen to be independent of vps. 


Example 8-3 

To get a feel for the magnitudes of the numbers involved: calculate (a) the lin 
and second-order terms for the conduc ips/vps and (b) the effective line 
ear resistance Ry for an nMOST of L/W = 10 using the device parameters in 
Table 1-1. 


Solution. Using Eqs. (8-3). let us form the ratio ips/vps and truncate the expres: 


mn after two terms 


ip +05) 


Let Ve TV. 0s 0 -V, and from Table 1-1 we: 
get y = 0.92 V2. V9 = = 0.6 V. 1Cm = KP = 40 pA/V? 
+ (a) Substituting this data into Eq. (8-3c) we obtain Vr = 1.9 V, and 


a, =44 MA/V or 44 eS and a2(vp + vs) = 24.9 HA/V oF 24.9 1S. 


We see that a> is not negligible, and can only be reduced relative to a by reducing 
vp (and vs) to a very small level. (b) the resistance Ry = 1/ay = 22.73 KO. 


nd 


We see in Eq. (8-4) that Ry is controlled by the MOST dimensions W x L 
control voltage Ve. Typically, the nominal value for Ry is set by Wx L, and Vi is 


FIGURE 8-10 
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used to tune or adaptively adjust the value over a range of about +10 percent. When 
matched R’s are required, a layout strategy similar to that in Fig. 7-2e is used. The 
MOST parasitics increase with area WL, and are largely determined by the resistor 
value. The relations for the MOST parasitics C¢s, Cen. Cjs. Cy in the triode region 
‘are listed in Table 8-1. Since Cjp, Cjs are voltage dependent, they are sources of 
nonlinearity, independent of the status of R,. Note that Ces, Con (or Caso, Cano. 
and Coy) AC-couple the terminals ofthe resistor directly to the control voltage Ve. Ve 
either a DC source or a very stow varying-control signal from an adaptive tuning 
loop. 

As it stands, the nonlinearity in Eqs. (8-2) and (8-3) severely limits the function- 
ality of the MOST-R. However, using resistor structures (Gregorian and Temes 1986, 
Ismail, Smith, and Beale 1988; Tsividis, Banu, and Khoury 1986; Unbehauen and 
Cichocki 1989) in Fig. 8-10, the nonlinearity in Eq. (8-3) can largely be canceled in 
aan elegant fashion. Such structures significantly extend the range of linear operation 
for the MOST-R. One recommended structure (Gregorian and Temes 1986; Tsividis 
Banu, and Khoury 1986) is illustrated in Fig. 8-10a, where we show a differential 
pair of matched MOSTs TI and 2 used to simulate the differential resistor pair in 
Fig. 8-10b, In this structure the drains of the MOSTs are driven with a diffe 
voltage Eup and both sources are constrained to vs. although they are not physically 
connected. 

‘To evaiuate the operation of this structure, let us first form the currents ij. and 
ips through the differential paths using Eq. (8-3h), i.e., for nMOSTs 


ibs = BWe — Vrvo = vs) ~ ine (vo. vs) (8-5a) 


ips = BWe = Vr)(—vp — vs) — inu(—vo, Ys) (8-5b) 


Linearized MOST-R structures: (a) two matched MOSTs (p or n) with differential input; (b) lumped 
‘equivalent model (parasitics not shown); and (¢) four matched MOSTs (for linear operation Ve = 
Ve and Vea = Vea). 


Fal Gracie 
Yoox MOSTs 
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In writing these expressions, we assume thitt MOS'TS TT and 1 iched such that 
Bi = Ba = B and Veo = Vion = Veo. Nonlinear iy,(vp, vs) can be conveniently 
expressed in terms of even and odd nonlinear terms, i.e, 


sire m 


ive Qp. vs) UO) + Sold) ~ (Ke(US) + K(VS)) (8-6) 


nd odd nonlinear functions of v, respectively, such 
(v), Substituting Eq, (8-6) into Eqs, (8-5) 


where ge(v) and go(v) are even 
that ge(—v) (v) and gy(—v) 
yields 


ifs = B(Ve — VrVp ~ v9) ~ [gelp) + galvn) 


~ Lgelvs) + go(rs)l) (87a) 
fos = BM — Ven — vs) ~ [ge(¥p) — galvp) 
= [ges + gong} (87h) 


All the nonlinearities except , ure removed when we take the difference of these 


(vp 


Be = Vr) Qvp) = 2egalvp) ¥ BVe = VrQvp) (8-8) 


component): hence, 


‘Typically, go(vp) is very small (c. 0.1 percent of the lin 
Eq, (8-8) can be accurately truncated to the desired result, ie. 


i = ibs — thy ¥ B(Ve = Vr) 200) (8-9) 
and 

20 ! 
up 


(8-9) 
ibs toy BWe= Vr) 


Ry 


Thus, in the triode region, where vp < Vo Vp, Ry in Eq. (8-9b) is independent 
of us and vp over a broad range of py. Mismatches in f’s and Vjq's of TL and T2 
will proportionately degrade the cancellations forced in Eq, (8-8). The equivalence 
between Figs. 8-10a and 8-10b is then established. We leave it to the reader to verily 
that spurious signals fed through the parasities from Vip (or Vo), as per Fig. 8-9). 
wil also be canceled when jis formed in Fa. (8-8). For pMOSTs, we interchange 

fe and Vp in Eqs, (8-5) through (8-9), 

in| cigs BEIGE, Wve SHOW. afoihes aferelinp soca bh panei lor elec ee 
MOSTs (TI, T2, T3, and T4) controlled by Vei, Ver, Vex, and Ves (Ismail, Smith, 
and Beale 1988), We leave it for the reader-to verify that if we form the difference 


i sia —ig with Ve. ‘c il Vex ‘cz all nonlinearities cancel, even gy (vp) in 
Bq, (8-8). Hence, after clearing all the canceled terms, we have for nMOSts 
in = in = (BWe = Vr) = Bex = VP)Y(ry = v3) (8-100) 


= Ber = Verd(vy — v2) (8-104) 
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Thus, in this structure, the R is also independent of Vz and the associated body 
effect, where 


Ry (IN) 


B(Vei — Ver) 

Furthermore, Rs depends on the difference of control voltages Vex and V2. This re- 
lationship serves to cancel any spurious AC signals common to the Vc;. For pMOSTS, 
due to the interchange of Voy and Vr, Vex and Vc2 interchange in Eq. (8-11). 

We note that the structure of Fig. 8-10c can be used in a balanced, differential 
manner with v = vp and v2 = —vp. Then, v) vp, and Fig. 8-10c realizes 
the differential resistor pair in Fig. 8-10b. However, in contrast 10 Eqs. (8-8) and 
(8-9), Ry in Eq. (8-11) is independent of all nonlinearities and the body effect via 
Vp. The reader can verify that any spurious signals common to i, and ip will also 
cancel when i is formed in Eq. (8-10). The fact that we assume that all transistors 
are matched (ie., ; = B and Vro; = Vro) and operating in the triode region, i.e., 
by, b2 < min{Vey — Vr, Veo — Vr] is worth repeating. Once again, the cancellations 
achieved in Eq. (8-10) will degrade in proportion to the degree of mismatch that 
occurs among the four MOSTS. 

In Figs. 8-102 and 8-10c, the designer has a choice of two linearized MOST-R 
structures. Figure 8-10a is simpler, but Fig. 8-10c is more robust to the degree that 
all MOSTs are matched. Also, Fig. 8-10 must be used in a balanced differential 
structure to achieve linearity. Hence, it can only be used to realize integrated matched 
resistor pairs in fully-balanced, differential active-RC circuits such as Fig. 5-43. On 
the other hand, Fig. 8-10c can be used to realize a matched pair of resistors in either 
balanced or unbalanced (i.e., where v2 # —v,) circuits. 


8-2-4 Linearized OTA Transconductance 


Our purpose in this section is to explore the use of the OTA (Bazanezhad and Temes 
1984; Gregorian and Temes 1986; Khorramabadi and Gray 1984; Nedungadi and 
Viswanathan 1984; Park and Schaumann 1986; Torrance, Viswanathan, and Hanson 
1985; Tsividis, Czarmul, and Fang 1986: Unbehauen and Cichocki 1989; Silva et al, 
1993) as a linear voltage-controtled current source (VCCS) or transconductance Gy, 
as described in Sec. 5-5, to realize active-Gn/C filters. Since OTAs can be realized 
in CMOS and bipolar, active-G,./C filters can be realized in either technology. For 
this application, OTAs are operated in a local open loop. This enables the designer 
{0 use the intrinsic bandwidth of the technology more efficiently, but the benefits of 
feedback that assist the operation of OTAs and op amps in many other applications 
are sacrificed. 

Design relations were developed in Chaps. 4 and 6 for the basic CMOS OTA, 
redrawn in Fig. 8-11. This circuit is comprised of an 1 MOST differential pair, a 1:1 
pMOST current mirror, and a bias current 2/4 set such that TI and T2 are in saturation. 
From the analysis in Sec. 4-7. we know that the pertinent relationships describing the 
large signal behavior for this circuit, with matched T1, T2, (i.e.. 8; = B2 = B and 
Vri = Vr2 = Vr) are given by 


= 


(wes2— Vr. and 244 =ipr tip, (8-12) 


FIGURE 8-11 
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Von 
4 


Basic CMOS OTA, with "MOST 
<ifferential pair, pNOST current mirror 
and bias current 2/4. Ns 


where vest = vixi — vs and 
can be expressed as follows 


in, = In tia = (8-130) 
; i Bla b 2 
Ip =i =I -\) 44) 1 = (Avy? 8-13) 
in = lola = la-> Sicha a! TT (8-13) 
and the output current 
iout = ip) ~ ina = 2is = V2PTAvny/1 Ban (8-130) 
Vo 8h 
Expanding Eq. (8-13c) into a Taylor series shows that jour has only odd harmonies. 
ie, 
sa. it [Bi wees ; 
four © v2PTaAww — Zi) (Ans) = aida tale) (8-10) 


where Avy = v1 — U2, iy is the incremental drain current due to Avy, and 
Avy <2VIa/B for TI, T2 to remain in saturation. 
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We see in Eqs. (8+13¢) and (8-13d) that four, and hence Gy, = four/ Av, is 
nonlinear in Avy. Only for Avy <4/Th7P is four linear, and 


Gq = OE = BT; (8-14) 


UN 


A similar analysis can be done for a bipolar differential pair, revealing that the 
nonlinear dependence of the collector current on Avjy is of an exponential rather than 
‘4 square form in Eq, (8-12), Note that G, can be tuned by adjusting J, which is 
similar to the role of Ve in tuning the MOST-R. Also, the range of Avjy for which 
Eq, (8-14) is valid is proportional to /T;. 


Example 8-4 

To get a feel for the magnitudes of the numbers involved: calculate (a) ay and ay 
expansion terms for the current Zour and (b) the effective linear transconductance 
Gn for the CMOS OTA in Fig, 8-9. For these calculations let KP = [1Cox = 
AO WA/N?, W/L = 1, and fy = 20 pA, 


Solution, These numbers lead to (a) a) = 40 pA/V,ay 3.5 #A/VS and 
{b) Gn © ay = 40 eS if Avy K 2 V. Note that the limit 4/7478 can be 
increased by cither increasing J or decreasing A (i.e., increasing L/W). Making 

ther very large is disadvantageous; i.e., inereasing /4 increases power dissipation 
and increasing L/W increases die area, Furthermore, since filter time constants ar 
determined by C/G», =r, the scaling of G,, due to increases in fy and/or L/W 
for linearity will necessitate a proportional scaling of C. 


We conclude thi 
only by iner 


the linearity of the simple OTA in 
rea and/or increasing power dissipation. Thus, it would be 


ig. 8-11 can be enhanced 


sing die 


Uisefttl to find a scheme that increases the intrinsic linear range for Avjy. 
let us consider an interesting scheme (Nedungacli and 


fo increase this. rangi 
1984) where the bias 2/4 current in 
‘on Avjy with the relationship 


Fig. 8-L1 is designed to depend 


Uy > Din = 2tn + E(Avyy? (8-15) 


Multiplying and dividing Eq, (8-13¢) by 274 and replacing / with i, yields 


“ Rages 
jou = VBA ain — Fran? 


Vian y/2te +E (ae? — Fearne? 416) 


where we substituted Eg, (8-15) for 24. 
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‘The nonlinearity in Eq. (8-16) cancels when we set 6’ = 8/2 and the resulting 
linearized Gy, is the same as Eq. (8-14), but with J replaced with Zq. Note that 
nonlinearity due to the short channel effect 1+ Avps in Eq, (1-20) is not canceled 
with this method and.can be reduced only by increasing the channel length L for the 
nMOSTS. 

‘An implementation of this concept is shown in Fig. 8-12, where we have differential 
pair T7, T8 and current mirror T3, T4, as in Fig, 8-11, The requisite bias current in 
Eq, (8-15) is realized by nMOSTS T', T2, 5, and T6 with bias currents (y+ 1)/n- 
With this scheme, 2i4 is realized by the sum of the TI and T2 drain currents, i.e, 
2ig = ip, + ipa. The fact that this sum realizes a current with the relationship in 
Eq, (8-15) should be evident from Eqs. (813). The circuitry involved in defining this 
current is highlighted in gray. The final nMOST T9 serves to shift current 2i, from 
node A to node B. Bias current a7» is chosen to maintain T9 in saturation over the full 


input range, The f’s for T1, T2, 77, 8 are matched such that 8, = By f= 
and the B's for T5, 16 are matched such that fs = fy = YB. 
For this circuit, it can be shown that 
in Stor tina = Ua + ia) 
(Avy (8-17) 


FIGURE 8-12 Nedungadi-Viswanathan OTA compensated to realize linearized transconductance Gr (Nedungadi 
‘and Viswanathan 1984), 
* : Yon 


‘ot fon~ ton 
lny=olat inf Pins= ola ~é 
15 

hid Ly 

= 1 al ofh 
f ait ‘ rr 
ays 
ay) wi f 


FIGURE 6-13, 
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where T1, T2, TS, T6, T7, and TS are in saturation when Avy < /Z(y + DI a/¥B. 
and T9 ji uuration when a > 4y/(y + 1). Comparing Eqs. (8-17) and (8-15), we 
see that for linear operation 
2v¥-) 
+P 
Solving Eq. (8-17) for y yields y = 
linearized G», is given by 


+1? 
yy-) 
155 and, correspondingly, « > 2.732. The 


B (8-18) 


B on 


: (8-19) 


for the full range Aviy < 1.711 /Tq/B, where four = ip —ips. This is a considerable 
improvement over the linearity range for the simple differential pair in Fig, 8-11, 

We point out that other linear and tunable G,, schemes have been offered, One 
scheme, interesting in its inherent simplicity, is shown in Fig. 8-13a (Park and 
Schaumann 1986). The circuit, based on the CMOS inverter, realizes a linearized 
four = —Gnvyy where Gm is proportional to the difference in control voltages 
Vey = (Vea): ie 


jour 


Gm 4Beal Ver + Ver — EVr) (8-200) 


‘Alternative CMOS linearized transconductance elements: (a) based on the CMOS inverter (Park 
‘and Schaumann 1986): and (b) based on the MOST-R (Teividis, Czarnul, and Fang 1986), 


met ia Hy 
AEs Vax 
we} LEBEL ewe 
Vez Pa Ve hy ® { 


@ o 
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where Perr = BrBp/(/Br + y/Bp)? and EV p= 1/2( Vira + Vena + [Vrpal + Vrpald 
All n and pMOSTs are respectively matched (i.e.. Art = Bros = By and Bro 
Arps = Bp) and biased in the saturation region. We leave it to the reader to v 
ify this circuit [see Exercise 8-6]. The parasitics and the resulting frequency re- 
sponse for OTA structures has been covered in significant detail in Chaps. 4 and 
6, When we design active-Gn,/C filters, we rely on models developed in these 
chapters. 

The linearized transconductor in Fig. 8-13) presents another compelling alternative 
to the more conventional OTA and inverter-based structures (Tsividis, Czarnul, and 
Fang 1986). In this circuit, the G,, is derived from a cross coupled pair of matched 
MOST-R's (TI, T2) operating in the triode region, Nonlinearities (including body 
effect terms) are canceled in the manner described for the MOST-R structure in 
Fig. 8-10c, In this configuration, and similarly the one in Fig, 8-13a, the Gy is 
controlled with gate voltages Ve, and Veo rather than the bias current /4, i.e. 


Gn 


= BtVer- Vea) (8-20) 


(uni = va) 


where A is the transconductance gain for MOSTS TI, ‘T2, The back gates of TI, 72 
are connected to Vss. Hence, the biasing of the source followers and active loads are 
unaffected by any tuning of Gy. Also, the fact that Gp, is determined by the differen 
of two control signals enable one to cancel any common spurious AC coupled to these 
controls. Once again, we leave it to the reader to verify the operation of this circuit. 
AAs one would expect, the dominant parasitics for this transconductor are those of the 
MOST-R in Fig, 8-98, 


8-3 PARASITICS AND FILTER PRECISION 
Parasities can combine with the intentional compon 
coefficients (c.g., Fig. 8142) or, perhaps worse, cr 
(e.g., Fig. 8-145). (Allstot and Black 1983; Ghausi and 


nls t0 either modify the filter 
ate_unwanted poles and zeros 
: Grebene 1984; 


FIGURE 8-14 Parasitic capacitances introducing (a) error in fiter coetticients when a dominant parasitic adds to 
{an intentional component of a like kind; and (b) introducing an undesired pole (or zero) when a 
dominant parasitic combines with an intentional component of a different kind, 


io) 
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Gregorian and Temes 1986; Moschytz 1986; Schaumann, Ghausi, and Laker 1990; 
Sedra 1985, Sedra 1989; Toumazou et al. 1990; Unbehauen and Cichocki 1989). In 
texts on discrete circuits, the reader is usually instructed to compensate for measured 
or estimated parasitics by modifying intentional components. This process is called 
predistortion. For example, in Fig. 8-14a, let the measured parasitic and the desired 
capacitance be Cy = 5 pF and C; = N pF, respectively. In principle, we can compen- 
sate for the presence of C,, by predistorting C; to Cig = N —6 pF, such that the total 
is the desired value C, + Ciy = N pF. Because C; and C, involve different mask 
levels, they have no opportunity to track or match (statistically or otherwise). Hence. 
the universal application of a one-time mask correction to Cy in order to compen: 
Cp» as above, could be marginally better (or worse) than making no correction, This 
: is consistent with our discussion on sensitivity and variability in Sec. 7-7. 

Consequently, due to the independent statistics and differing dependencies on tem- 
perature, etc., predistortion can only be effective if C; is customized for every chip 
and continuously adjusted for changes in the ambient environment. To do so would 
require one to measure or infer the values of C, under some test condition. Fur- 
thermore, changes to Cy due to temperature, etc., would need to be monitored and 
compensated for in real time—a pretty tall order—although continuous tuning in thi 
way is feasible for some cases using the on-chip control systems described later in 
Sec, 8-4. However, tuning is not a universal solution. First, tuning increases, perhaps 
significantly, the cost of the integrated filter. Second, since C’s are not easily tunabl 
switched-capacitor filters are not candidates for this approach. Hence, before pursuing 
tuning as a means to gain precision, let us explore what can be achieved with prudent 
layout and shrewd structural design. 

In the absence of tuning. the designer can either reduce the relative magnitudes 
of the parasitics or reduce the filter's sensitivities to the parasitics, or both. Note thitt 
one could make the semantic argument that tuning is an exercise of the latter option. 
In the previous section we described prudent layout rules for minimizing the relative 
‘magnitude of parasitics (i... relative to the magnitudes of the intentional components), 
For example, it is of no value to reduce Cy in Fig. 8-62 by scaling down the physical 
size and magnitude of Cs. However, Cx cen be reduced independently of C,. and 
every step should be taken to do so. 

Let us consider circuit techniques that isolate and neutralize parasities, or at feast 
reduce circuit sensitivities to them. For the purposes of this discussion, generality 
will not be lost if we assume that all bias terminals in Figs. 8-6, 8-7, and 8-9 (e 
Vp: Ve. Ve) are at AC ground. Later, in Sec, 8-5, we remove this assumption and 
consider the consequences of spurious AC signals coupled to these bias terminals, 
eg. vop = Von +¥, 


8-3-1 Reducing the Effect of Parasitics on Filter Precision 
With bias terminals at AC ground, most of the parasitic C’s in Figs. 8-6 and 8-9 
have one plate connected to ground. There are two simple strategies that serve a 
the first line of defense for dealing with such parasitics: (a) the use of op amps to 
buffer the terminals of integrated elements to neutralize their associated parasi 


FIGURE 8-15 


ideal 
vevs 


\ 
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and for those parasitics that cannot be otherwise neutralized, (b) the manipulation of 
the circuit structure to minimize parasitic occurrences as nonadditive elements (e.g 
Fig. 8-14b), The buffering referred to in (a) is achieved by isolating grounded parasities 
between voltage sources and virtual grounds, Active-Gy,/C circuits that use OTAS, or 
alternative transconductance realizations, are disadvantaged from this point of view 
since such circuits do not naturally provide this buffering, Hence, prudent des 
practice for active-Gy,/C filter n of strategy (b) (Schaum 
Ghausi, and Laker 1990), 

All is not lost, even when parasitics cannot be eliminated or neutralized by struc- 
ture, and reductions through careful layout have not sufficiently reduced their Impact. 
Filter structures that have low sensitivities to variations in the intentional components 
will also have reduced sensitivities to parasitics (particularly the additive ones). In 
Sec, 8-10, we consider the realization of active filters (SC, RC, and Gyy/C) that simu 
late the very low sensitivity properties of passive LC ladder filters, Also, in Sec, 8-4 
‘we develop closed-loop subsystems for on-chip tuning. In the ease of active-SC filters, 
tuning is usually unnecessar 

Buffering switched-capacitors, C's, and R's between an ideal voltage source (or 
‘an op amp output) and an op amp virtual ground, neutralizes many of the parasitic 
capacitances encountered in Fig, 8-4, ‘This is illustrated in Fig, 8-15a, where poly 1- 
poly 2 capacitor C, is connected as suggested, ‘To the extent that vy is an ideal 
voltage-controlled voltage source (VCVS) and v, is an ideal virtual ground, parasitiey 
Cp and C, are neutralized and play no role in the signal transmission, Included in C; 
is the input capacitance of the op amp Ciy. Note that, as suggested earlier, the bottom 
plate of C4 is connected to the voltage source and the top plate to virtual ground. For 
comparison, in Fig. 8-15b, capacitor Cy is replaced by two capacitors in series. ‘The 
parasitics shunting the op amp output and virtual ground are neutralized as before, 
and left out of the circuit, However, the combined parasitic Cx + Cy at the common 
node alters the gain between vj, and vy. 

In examining the use of the integrated resistor, let us consider the circuit in 
Fig. 8-16. The output stage is seen to be an inverting integrator with time constant 


resses the applica 


Effect of parasitic C's when Integrated circult elements are used in fier circuits (a) a poly 1-poly 2 
Ca bulfered between two ideal op amps to noutralize parasitic C's: (b) parasitic C’s are only 
parlially neutralized when C, in (a) Is replaced by two C's in series, 


virtual 
‘ground 


FIGURE 8-16 
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‘An inverting integrator implemented with a MOST-A and a poly t-poly 2 capacitor C. All parasitics 
except Cp = 0.5Cy,r have been noutralized by the ideal op amps. 


«, = 1/RC. Bulfering the resistor as before, we can neutralize all the parasitics ex- 
cept Cy = Cow/2s which is part of the distributed capacitance. Hence, the integrator 
has an extra parasitic pole at o, = 4/RCp. Since we cannot neutralize C,, we want 
,/» & 1 s0 that its effect is made negligible. Since R oc L/W and Cy oc LIV, then 


W/L A LW 
0,0 we and wp 0€ 7534 hence, o/typ 


C 


Which suggests that W be set to the minimum value and that 4 is adjusted to attain 
the desired value of R. The designer can further control «,/«» by scaling the resistors 
by R/k (ie. L/A) and the capacitors by KC which reduces a, /a, by 1/k°. In effect, 
die area is traded for reduced parasitic effect, 

In the case of a switched capacitor, such as Fig, 8-174, where the bottom plate of 
Cy is connected to system ground, Cp is neutralized, as are Cp, and C,. However, 
Cx and Cys add directly to C), as illustrated in Fig. 8-17b. We define the Cyi's 10 
include parasities due to routing Cgr and switch junctions Cj; (where for simplicity 
we assume Cj; = Cjp = C)). Consequently, Cy = Cpe + Cys introduces a gain error 
and contributes to the circuit's overall nonlinear distortion, The small-signal effects 
of Cy can be analyzed using the z-domain equivalent circuit method, illustrated in 
Fig. 817c, The equivalent circuit is similar to that in Fig, 7-35), with the addition of 
the C)27!/? element shown in gray to account for the parasitic. The resulting transfer 
functions are 


+Cp 
€ 


‘To use this circuit, the designer must first make C,, as small as possible, then si 
Cy so that the sensitivity of Tye (OF Tee) 40 parasitic Cy is less than some design 
objective a <1 
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FIGURE 8-17 


Cy=Ga* Cpa I 7 


CO © 
Inverting -LD,—FE integrator of Fig. 7-956, comprised of toggle SC C; and integrating capacitor 
‘G2 (a) with all parasitics shown (lor simplicity we assume Gs — Go = G): (b) parasitics neutralized 
by the op amps and the grounded bottom plate of C; are removed, leaving Cp; (c) the z-domain 
equivalent circuit for (6). 


Ultimately, C must also be scaled upward by the same factor so that the gain C)/C 
remains fixed. Hence, the only recourse is to increase die area, perhaps substantially 
since a = 10~* or 0.01 percent may be required to reduce S/" to an acceptable level. 

‘Another active-SC circuit with an interesting parasitic condition is illustrated in 
Fig. 8-18. We leave it to the reader to show that in thi circuit, C, contributes to a 
parasitic zero. It can also be verified that this circuit is functionally equi ‘alent to the 
one in Fig. 7-35a. Fortunately. the effect of such parasitics can be further minimized by 
the-structural design of the switched-capacitor. Such structures are said to be parasitic 
insensitive, a condition that is the subject of the next section. 

“In any event, the value of inverting feedback-configured op amps (i.e... virtual 
ground input and voltage source output) to neutralize many of the paravitics en- 
countered is clearly significant. Since OTAs are open loop voltage-controlled current 
sources (VCCS) or transconductance amplifiers (Chaps. 5 and 6), we cannot expect 
them to provide any parasitic buffering. Hence, for active-G,./C filters we rely on 
structures that place parasitics in additive locations and have very low component 
sensitivities. 
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= soles 


FIGURE 8-18 A classic invoing ~BE,—LD 
integrator. Everything but Cp can 
be noutralized by the ideal op 
amps. GO 2G,4C 


8-3-2 Parasitic Insensitive Switched-Capacitor Structures 


A switched-capacitor structure is parasitic insensitive when all parasitics are neutral- 
ized. An important contributor to neutralizing parasitics is the embedding of switched- 
capacitors between ideal voltage sources and op amp virtual grounds (Ghausi and 
Laker 1981; Gregorian and Temes 1986; Moschytz 1986; Schaumann, Ghansi, and 
Laker 1990; Unbehauen and Cichocki 1989). 

Consider the active-SC inverting integrator in Fig. 8-194, with all the parasitic 
capacitances Cp shown in gray. Note that Cy and Cys involve two switches, and 
thus the 2C), contribution. Recall that this is the inverting ~BE, —LD integrator in 
ig. 7-35a. After removing the parasitics (Cy, and C,) clearly neutralized by the op 
amps, we are left with the circuit in Fig. 8-19. To investigate the impact of Cya a 
Cpa, let us examine their function in both the switch phases shown in Figs, 8-19c 
8-19d. First, in the #* phase in Fig. 8-19c, we see that both parasitics are neutrali 
by the op amps. During the #° phase in Fig. 8-19d, both parasitics are discharged 
to system ground and are unquestionably neutralized. The same arguments can be 
repeated to show that the noninverting +LD, +FE integrator in Fig. 7-35c is also 
parasitic insensitive. This should not be surprising, as the switched capacitors are 
similarly structured, 

Parasitic insensitivity has been achieved to the extent that the op amps are ideal, 
As the DC gains for compact, low power, CMOS op amps are usually Ay > 10* in the 
frequency range of interest, the relative contribution of the parasitics are significantly 
reduced (1e., by * 1/Ap). We leave it to the reader to show that 1/An = 10~* in 
parasitic insensitive structures is equivalent to a = 10~* in Eq. (8-22). 


Example 8-5 

Let us consider the parasitic insensitive integrator in Fig. 8-20. Let Cy 
10 pF, Cy; = 0.03 pF, C, = 1 pF and Ao = 1000. Determine the resulting error in 
H(z) from the ideal —BE integrator. 


Solution. The z-domain equivalent circuit, which includes the nonideal compo- 
nents, is shown in Fig. 8-20. Analyzing them, we find that 

Cys +Ce GN =i 
ae (c-=) 21] ve,+civg =0 
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FIGURE 8-19 The ~BE,—LD integrator in Fig. 5-342: (2) redrawn showing all relevant parasitios, and (b) with 
parasites clearly neutralized by op amps removed. The circuit in (b) is redrawn for the &® phase 


in (c) and the 4° phase in (0). 
cuss) 
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‘ ve oO 
I$ 
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FIGURE 6-20. Z-domain equivalent circuit wae 

jor the ~BE integrator in 0 

Example 8-5. The op amp DC 


gains Ao. 
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Solving for H(2) = Véq/Vg and approximating 1/(1 ~3) * 1 +4, we obtain 


=a(l + Aa) 
1+ 4p) 


where the effects of the parasitic capacitances are not zero, but significantly scaled 


by (1/y = 10-4) such that 
Crt Cp tr C+ Ops 
ae = ——___" _— = 0.0002 and ).0001 
A Cag 0 anc Ap Cay 


Later, we show that the structures in Fig. 7-35 (—BE, —LD) and 7-35 (+LD, 
+FE) represent a sufficient set of building blocks to construct parasitic i 
switched-capacitor circuits that realize the full range H(z)'s described it 
and 7-4. However, there are designs where the | i 
alent to the switched-capacitor toggle in Fig. 7-33c, or the —LD, —FE integrator in 
Fig, 7-35), leads to large capacitance ratios. Also, several important functions, stich 
the —BL integrator in Fig. 7-36, cannot be realized with parasitic insensitivity, 
More importantly, the sample-and-hold quality of the toggle switched-capacitors, ic, 
Figs. 7-33¢ and ill later prove to be of value in desensitizing active-SC filters 
to the unavoidable transient responses of practical op amps. Such transients cause op 
amp outputs to deviate from the strict signal assumptions (i. sample-and-hold) 
Fig. 7-25, on wiich we base the integrity of the z-domain design, Since only the 
inver ipacitor in Figs. 7-33d and 7-35c can be incorporated in 
parasitic insensitive structure, our design capability at this point is somewhat limited. 

‘This situation can be addressed with the interesting structure in Fig. 8-21a (s 
color plate 3), where switched capacitors Cy and Cy are connected in tandem at the 
input without op amp buffering (Fleischer, Ganesan, and Laker 1981). This circuit, 
‘we will verify, can be made functionally equivalent to the parasitic sensitive —LD, 
—FE integrator in Fig. 7-35b. However, in this case, if the switched capacitors are 

‘matched," their electrical interaction will greatly reduce the sensitivities to the para- 
sitic Cyi's in contrast to the situation in Fig. 8-17. We will define “matched switched 
capacitors” shortly. 

Eliminating the parasitics that were obviously neutralized by the op amps, We are 
left with Cp and Cp, illustrated in Figs. 8-21a and 8-21. Observe that Cy, and 
yp are each formed by two half-switches (one driven by #* and the other by °) 
and routing as shown in green and red, respectively. The two parasitics are indeed 
physically identical, and can be matched such that Cy) = Cy2 with careful layout. 
‘This matching is illustrated in Fig. 8-21c. From the equivalent circui 
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FIGURE 8-22 


CHAPTER 8: DESIGN AND IMPLEMENTATION OF INTEGRATED ACTIVE FILTER SUBSYSTEMS 785, 


If the tandem SC’s are “matched” such that C, = Cx = 2C) and Cy) = Cyr 


then Eq. (8-23) can be rewritten as 


Chetan CG 
ok 4C\ +2Cp ra 3 

ee 24) 
(Ga +2, 1 bel 


TG 


Once again, the parasitics cance! and the equivalent circuit in Fig, 8-21 reduces 


to Fig. 82d, but without the residue paras in Fi, 8-17 Recalling Fig. 7-33, we 
‘This active-SC integrator and its 


equivalent circuit, realizing a +FE and a +: shown in Fig, 8-22d. The extra 
27/2 delay, available if the output sample is taken during @°, will prove useful later 


Parasitic insensitive integrator structures: (a) -BE, ~LD; (b) +LD, +FE: (c) ~LD, ~FE; (d) +FE, 
+2 VRFE, 


pane ee Sans F 

: 

oe 
: i a z 
ips leak “© 4 f 

y y 
cy 
Ved) Vesuel2) 


o 


a 


oO @ 


786 _ DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS. 


when we deal with op amp transients. In fact, Fig. 8-22 displays the full and pow- 
erful bag of parasitic insensitive tricks. With these four building blocks, the designer 
can implement any specified H(z) with parasitic insensitivity while optimizing other 
important factors, such as capacitance area and sensitivity to op amp transients. 


84 AUTOMATIC ON-CHIP TUNING 


‘We have shown that one can realize very precise capacitor ratios with the matched 
layout method in Fig. 7-4e and achieve parasitic insensitivity with the structures in 
. 8-22, Consequently, precision active-SC filters are realized without tuning or 
element adjustment of any kind. However, pointed out several times, the situation 
ite different for the RC’s and C/G,.’s in continuous-time active filters. In these 
‘cases, tuning is an essential strategy for achieving precision control of these inherently 
imprecise quantities (Banu and ‘Tsividis 1985; Gregorian and Temes 1986; Kozma, 
Johns, and Sedra 1991; Krummenacher and Joch! 1988; Lopresti 1977; Schaumann, 
ind Laker 1990; Van Peteghem and Song 1989; Silva et al. 1993). 
the reader may visualize the process of tuning a filter as analogous to 
the task of adjusting the graphic equalizer for a high quality audio system. The process, 
imilar, but the tuning of a graphic equalizer involves the adjustment of 
only five or six parameters, and the quality of the result is subjective. Moreover, it 
may take several tens of seconds or more to accomplish this relatively simple task. 
This is not a problem, since the audio can still be enjoyed before and during the 
adjustment. In the case of a continuous-time active filter, tuning is usually essential 
and many parameters must be adjusted before transmission requirements are satisfied. 
To further complicate matters, the tuning must be fast (accomplished in less than 10-* 
seconds) so as not to interfere with the normal use of the filter. 

‘To appreciate what is involved in the tuning of a filtet, let us assume that we are 
required to realize a transfer function H(s,x,¢), where ¢ is the vector of tunable 
circuit parameters (ie., the R’s or G's) and x is the vector of the remaining circuit 
parameters, which are left fixed (e.g... C’s. op amp GBW’s, and parasitics). Since both 
X and € are subject to statistical fabrication errors and variations due to changes in 
the ambient environment, we can write 


X=Xo + Ax and ¢= cy + Ac+ Ac, (8-25a) 


where xo and €9 are the nominal values, Ax and Ac are the statistical changes, and 
Ac; are the tuning adjustments. Our objective is to develop a tuning system that 
automatically adjusts Ae, such that 


N(s.x0-+.Ax,co-+ Act Aci) 
HG, x,6) = MEME Deco FACTS = Hs, 20, 8 25h) 
S89 amaecaraceae) os ee) 


where N and D are Mth- and Nth- (where M < N) order polynomials, respectively. 
Referring back to Eq. (7-6), H(s,x,¢) is determined by the values of M+ N +1 
coefficients, or, equivalently in Eq. (7-13a), (M + N/2) resonant-notch frequenci 
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lue of a gain constant, The net result is that if 
Eg. (8-255) can be made to hold at N + M + | frequency points, it will also hold 
through the entire frequency domain, In general, all of these quantities are interrelated 
functions of x and c. Clearly, we are describing a task that is of far greater complexity 
and precision than the subjective tuning of an audio system. 

In the previous section, we saw that the values of MOST-R’s and OTA-G,,'s 
are proportional to DC control signals Ve and /,, respectively. Moreover, from the 
previous paragraph, it should be obvious that the realization of Eqs. (8-25) requires 
that c be of dimension (N +M +1) x 1. This is generally not a problem, as active-RC 
filters are frequently comprised of more than N-+M +1 R’s or G’s. Hence, « method 
for realizing Eq, (8-25h) is to measure gain/phase at N + M +1 frequencies and then 
solve N + M +1 simultaneous equations to determine Ag, Elegant implementations 
of this algorithm have been used quite successfully to control the laser trimming of 
active-RC filters (Lopresti 1977). While such algorithms have worked well for the off- 
chip, one-time tuning of discrete and hybrid filters (Ghausi and Laker 1981; Gregorian 
and Temes 1986), the hardware requirements alone render them impractical for on- 
chip tuning. How then do we use a small number of controls (usually < N+ M +1) 
to affect fine coordinated adjustments to R's (or Gy's), such that the eq 
Eq, (8-25b) is realized robustly 


8-4-1 On-Chip Tuning Strategies 
The generally adopted solution is to incorporate the continuous-time filter into a feed= 
‘back or closed-loop control subsystem, which locks the filter (.e., its tunable param- 
eters) to a set of stable references (Banu and Tsividis 198: egorian and nes 
1986; Kozma, Johns, and Sedra 1991; Krummenacher and Joehl 1988; Schaumann, 
Ghausi, and Laker 1990; Van Peteghem and Song 1989). Such closed-loop strategies 
usually involve the following steps, performed in sequence: 


1 Measure the actual filter performance (e.g.. H(s.x.€) oF G(s. x.¢) and/or 


(8.x, 0). 

2 Compare actual performance in (1) with a standard or reference (¢.., related 
to H(s, Xo, €0) oF G(s. Xo, ¢o) and/or (5. Xo, €o)). 

3 Determine the error, ic. the difference between (1) and (2). 

4 Calculate and apply a correction (Ac,) to the filter to reduce the error deter 
mined in (3). 


= If the tuning is iterative, then steps 1-4 are repeated until the error is reduced to 
either zero or to an acceptably low level 

A block diagram for a closed loop tuni 

tives is illustrated in Fig. $-23. Mos schemes start with at reference 

signal Xp at a very accurate and stable reference frequency «i. detived from the 

system clock. If possible, wy should be selected in the stop band of the filter 10 

reduce the opportunity for Xs to crosstalk into the information-carrying signal path 


uubsystem that realizes the above obj 


FIGURE 8-23, 
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Chip 


Xt 


Cireuit 


Net 


Block diagram for an indirect on-chip closed loop tuning subsystem. 


(Sin 10 Soy), In this scheme, the tuning is conducted with the aid of a reference circuit, 
e.g, an oscillator or second-order filter stage, made from the same componer 
filter to be tuned, The particular algorithm used to conduet the tuning is realized in 
uit, Such schemes perform indirect tuning, since the actual tuning is 
on the reference circuit and only the converged tuning sig 
filter. An obvious advantage of this indirect method is that the fiter is free to pro 
Sin While tuning converges off-line with the reference circuit, The price paid is that 
the components in the filter and reference circuit must be very closely matched (at 
least as well matched as the like components within the filter), or unacceptable tuning. 
errors may occur, To see how this scheme works, let us closely examine Fig, 8-23. ” 
In this scheme, Xyer is applied to the reference and control circuits, producing 
ponse X,, at the output to the reference circuit, Signal X, is then fed to the control 
circuit to produce the tuning signal ¥,, Tuning output Y, is filtered by the lowpass filter 
(LPF) to produce DC voltages/currents (¢.g., Uc) required to adjust the R's or G's 
If the control circuit reaches a steady state Uc = Ucuy in an iterative fashion, Uc is 
mtinuously applied to the reference circuit until convergence is achieved. Switch 1, 
in Fig. 8-23, connects the filter to the Uc when steady state is achieved, ie., when Uc 
is constant or very nearly so. Only Ucss is applied to the filter. Note that it may be 
more practical to realize Uc as a correction term rather than the total control signal, 
ie. let Ucr = Un + Uc, where Us is a DC bias fixed at some nominal value and 
Uc is a correction term applied in series, This way, if no correction is applied, the 
filter and reference are functional with all R’s or Gny’s biased within approximately 
£20 percent of their desired values with Up. Whether tuning is enabled or not, the 
filter processes Sy without interruption. 

An alternative scheme, shown in Fig, 8-24, avoids the requirement for a match 
between a reference circuit and the filter by tuning the filter directly. Such schemes 
are said to perform direct nuning. This not only eliminates the mismatch issue, it also 


is as the 
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Xe 


FIGURE 8-24 Block diagram for a direct on-chip closed loop tuning subsystem. 


opens the tuning to more general algorithms, such as least mean square (LMS) adaptive 
methods (Kozma, Johns, and Sedra 1991). The obvious disadvantage of direct tning 
schemes is that the filter must be duplicated (e.g., tunable filter A and tunable filter 
B) so that tuning can be done off-line without interrupting the filter oper 
functioning of this scheme is si cheme, except that in this ease, 
filters A and B are alternately taken out of service via switches 1-6 to conduct the 
required tuning. Once Uc = Ucss. the tuned filter (in this case filter A) is put back 
service and filter B is taken out of service to be tuned, Filter B is kept tuned and ready 
for service to replace filter A when filter A requires retuning. This process continue 
through the full service life of the filter. In practice, we must be careful when bringing 
filters A or B into service, so as to allow each to reach a sinusoidal steady state. Hen 

it is recommended that switches 1-4 be sequenced so that, initially, Sjy is connected 
while the filter output is left open. Once the transients decay, and a sinusoidal steady 
state is reached, the filter output can be safely connected to the signal path. 

To illustrate the tuning of an imprecise RC product, let us consider the passive RC 
filter in Fig. 8-25a, which realizes a single real-axis pole at s = ~1/RC. Let & be @ 
suitably linear MOST with R(B, Vc) given in Eq. 8-95. The voltage transfer function 
for.this filter is given by 


H(w,C, Re) (8-26) 


Clearly, if the RC product changes from the nominal RC), due to variations AR and 
‘AC, then the error can be reduced to zero by tuning R via Ve. This adjustme} 
readily determined by comparing the output of H(.C. R(Ve)) with that of a known 


is most 


FIGURE 8-25 
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o 


© 
Tuning illustration: (a) simple Integrated RC lowpass fiter comprised of a linear MOST-R and a 
poly f-poly 2 capacitor C: (b) a closed loop tuning scheme to tune the RC oroduct by detecting 
‘and comparing the peak outputs of a voltage divider reference and the RC filter at a very accurate 
tolerance frequency ona and (c) a itr with W bufered RC stages realizing ral poles al s 
—1/FiC, 


reference circuit at an accurate reference frequency gr and an arbitrary voltage Vet. 
Vier should be at a convenient level—well within the linear ranges of the reference 
circuit and filter. 

A suitable implementation of this tuning strategy is shown in Fig. 8-25h (Gregorian 
and Temes 1986; Schaumann, Ghausi, and Laker 1990). The reference 
to be a MOST-R voltage divider with Ry = R2 = R, nominally, for maximum 
matching. Also, Vc in Eq. (8-26) is realized in this scheme as the combination of a 
fixed bias Vy in series with a variable control V,, such that Ve = Va Va. The tuning 
is accomplished by comparing the peak amplitudes of the outputs from reference Vout 
and filter Vaya, using a differential amplifier of gain A, Comparator output Va is fed 
{pani fo: the reference to eonaplete tie loore ond itiaialno fed-to the: Aller: 
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In the frequency domain, the outputs of the peak detectors (PD), are given by 


> V 
Ven Vic tind Ving = (8-27) 


Rat Ri (eR? +1 


A circuit realization for the PDs is shown as an insert in Fig, 8-25h (Schaumann, 
Ghausi, and Laker 1990). The control voltage Vy is then written as 


Va = A(Vout Jet) — Vo } Vir (8-280) 


where k = 1 + Rj/Ro. Recognizing that gain A is usually very large, ideally’ such 


that A > 00, we ean rewrite Eq. (8-280) 


Va 
i = eet (8-28) 
Ka ROP 1 A Vet 


ye 


fue, Vout * Vou2 and we force /(aerRC) + 1) ~ & and V4 ~ 0. The two magni- 
tudes are said to be locked and this control structure is a magnitude locked loop or 


MLL. Solving Eq. (8-28) for RC, it follows that 


(8-29) 

with, nominally, Ry = Ro. 
Equation (8-29) relates the precision of the tuned RC product to a very stable 
and the ratio of two matched components. This relation is very similar in spirit to the 


situation that inherently occurs in an active-SC filter (i... Eq. (7-8c)). 

To close the loop, let us assume that ae is chosen such that ((oyeRC)? >> 1. This 
choice conveniently simplifies Eq. (8-282) and places oer harmlessly in the filter 
stopband, Rewriting V4 in Eq. (8-28a), we obtain 


ul 
Ya=A G = Pac Veet (8-30) 


where pec = 1/RC. Let us also assume that pgc changes from its nominal value 
(prc)o due to an error in both R and C such that 


(prclo + Ec (8-3la) 


Pre 
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where &¢¢ is the resulting error. Note that with Eq. (8-280), (Pac)o > @t/k. Refer 
. 8-25b and Eq. (8-25), we know that pac is also related to control voltage 


Pre = Ee +Ve— Vr) = (pedo + Apac — (Exc)r (8-31) 


where (pecdo = (B/C)Va. (exedr = (B/OVr. and Apac = (B/C)V 4 is the change 
due to tuning, The error term (exc)r. which is due to uncertainties in the threshold 
voltage, can be incorporated into exc such that 


pre = (paclo+ ec + EVs (8316) 


Substituting Eq. (8-31e) into Eq. (8-30), we find that 


Leama alt B }y 
=A)>—— |(proo a Val} Ve 32) 
Va afi Frond ea ] Veet (8-32) 


Solving Eq, (8-32) for Vy yields 


Hence, as we concluded earlier, V converges to zero as the tuning loop forces error 
Enc 10 2010. 

‘To generalize this example, let us visualize the tuned RC filter as being comprised 
of N real poles defined by pj = 1/R,C; for i « N. The corresponding circuit 
is shown ir Fig. 8-25e. To tune this filter, we could replicate Fig. 8-25) N times for 
N reference frequencies (0). €.£.. analogous to the scheme described previously in 
Eqs. (8-25). Alternatively, we can designate one of the NV poles as the reference pole, 
Say Pp) = 1/RC, and the remaining i # m poles are anchored to py, by the relation 


Pi = Kim (8-34) 


where kj are ratios of matched components. The reference pole Pw is then tuned, 
as described in Fig. 8-25b, and the stable control V. is distributed to all the R’s. 
One realization of this strategy is to set all the resistors nominally to Ro: = Ro 
and adjust the nominal pole locations by calculating Coy such that Coy R = CR; and 
Koy = Co/Coi. The key to this strategy is to have one Va serve all the Rj’s. Hence, 
different values for R; can be accommodated by fixing V4 and sealing Roy via Boi 
(ies, Woi/ Loy). In either case, since the actual k, = CR/C;R; and with py anchored 
10 Ger by Eq. (8-29), the precision of the p;’s is set by ratios of matched Rj’s and 
i's. 


FIGURE 8-26 
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In general, however, we know that most practical filters are comprised of complex 
conjugate pairs of poles and zeros, The tuning system in Fig, 8-25) addresses only 
the tuning of the real parts of these poles and zeros. Contemporary 
the indirect type, based on the functional tuning of resonant-notch frequencies 9,9 
and quality factors Qp,:. Recall that the relationship between these pa 
pole/zero locations is shown in Fig. 3-18. Filter structures that tend to isolate (y.)"S 
‘and (Qp.:)'S to independent £’s or Gyy’s are best suited to this form of tuning, Hence, 
the ease of tuning, or aabitiry (for a particular wning scheme), is an important 
criterion (along with sensitiv dissipation, ete.) in 
selecting an active filter structure. Figure 8-26 shows a block diagram for an indirect 
tuning subsystem to tune the R's (or Gyy's), which compensates for the deviations in 
@p,v, and Q)p,- caused by fabrication errors and changes in the ambient environment 
In general, itis most convenient to conduct the tuning of the reference via poles. ies. 
ey) and Qpj, where i and j need not be equal, ‘The remaining pole/zero oy y's and 
Qp.2'8 can be anchored to the reference, as per Eq. (8-34), 

Tn general, these two tuning tasks require separate reference signals (X,) and X;o) 
and separate reference circuits (circuits | and 2, both realized from the components 
matched with the tunable filter). For «yy ting, the control circuit in Fig, 8-26 
is a phase comparator, which detects the difference in the phases of X,, and X,/ 
Usually, reference circuit 1 is a voltage-controlted oscillator (VCO) and the tuning 
loop is a phase locked loop (PLL). For Qy,. tuning, the conteol circuit is an amplitude 
comparator, which detects the difference in the peak values of Xig and Xig. This is 
in fact an MLL-based control system, similar to that deseribed in 


Block diagram for an Indirect on-chip closed loop tuning subsystem based on separate frequency 
‘and Q control 
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Frequeney and Q,, tuning produce independent control signals Uy and Uco, re- 
spectively. However, Ucy must be fed to reference circuit 2 so that frequency errors 
do not interfere with the tuning of Q». Since Q, = oo for the VCO, Ucg is not fed 
back to reference circuit 1. The steady states Ucyss and Ucoss are applied directly to 
the R's or Gy's selected by the designer to control @p,y’s and Q,,.’s. Let us now 
look at each of these tuning tasks in more detail 


8-4-2. Frequency Tuning with PLL 

AS observed in Eq, (7-56), the AG and Ag for many practical filters are dominated 
by Aey and Acy. Hence, the purpose of frequency tuning is to make Aey,y as small 
ay possible by phase locking the wy, y's to rate reference frequency, 

A PLLatype tuning block, with the phase detector implemented as an exclusive OR 
(EXOR) gate, is shown in Fig. 8-27a. The op amp comparators serve to square up 
the otherwise sinusoidal inputs, as shown in Fig, 8-27b. The function of the phase 
detector is to provide an output voltage proportional to the phase difference of two 
periodic signals at the same frequency, We point out that there are several alternative 
realizations for the phase detector, such as an analog multiplier (Grehene 1984). The 
op (a) the phase detector compares the reference signal x 
with the output of the VCO xy to produce an error signal yy (b) the loop LPF (usually 
a single pote) ex ¢ Value of yy, while eliminating all undesirable high- 
frequency components: (c) an error signal Ucy is applied to the VCO, which correct 
the detected phase error de. When steady state is reached and the PLL is locked, the 
output of the loop LPF is a DC signal wey (0) = Ucy. In Fig. 8-27c, the output Ucy 
is plotted versus t. ‘Time shift, illustrated in Fig. 8-27b, is converted to @, and 
versa by the relation ¢, = 22/7. Thus; the maximum phase range of the detector is 
seen in Fig, 8-270 to be —1/2 < gy < 1/2. 
rhe operation of the basic PLL can best be described by s 
of the phase detector; 


ion proceeds as follows 


ts the aver: 


arting with the output 


= ay Oo 6 


The result of this operation is shown graphically in Fig. 8-27h, Thus, assuming that 
the LPF has DC gain Hp and a passband « < 2e,, the output of the LPF is 


U Kuby (8-36) 


= AMY = = Mond, 
ate 


where Ucy is the average value as described in Fig, 8-27¢ and ¥y is the amplitude 
of the square wave yy in Fig, 8-276, 

We can assume that the VCO’s free-running output frequency w» (ie. the VCO 
frequency when Ucy = 0), is different from the raference frequency wy. and that 
there is a phase difference of 0(1). Thus, the total instantaneous phase error can be 
follows 


G0) = (wp = erp) — A(t) = Beret — 00, (837) 


CHAPTER &: DESIGN AND IMPLEMENTATION OF INTEGRATED ACTIVE FILTER SUBSYSTEMS 795, 


CS EXOR 
gate 


Vige08 wt a) 
mined 
Vagsin (wrt + 3-(0) (Kp 
@ 
Sib 
rf dor ‘ 
ca aC 
Yop | = 
i | ae y 
ic TE 
© o 


FIGURE 8-27 PLL-based frequency tuning scheme: (a) the tuning loop with the phase detector realized as an 


EXOR gate; (b) the timing of the EXOH inputs and output showing the phase error as a time shift 
rr and (c) the phase detecior’s Ucy versus r transter characteristic. 


In usual VCO operation, the instantaneous change of phase. and consequently the 


frequency, is made proportional to the applied signal 1icy (7): thus 
dO) _ F 
ae = Keer 


‘An equation for the instantaneous value of ¢:(¢) is then obtained by differenti 
Eq. (8-37) with respect to ¢ and substituting Eqs. (8-38) and (8-36) into the result, ie.. 
46,(0) 

dt 
Recall that Awe is the initial open-loop frequency error of the VCO. 


KeK,oA0) = Aor 
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Without attempting to solve 
dg, (t)/dt = 0. Hence, the residual stead 


' 840 
ek te ae) 


where K = Ky, > |Awp| is the system loop gain, With Eq, (8-40) and (8-36). the 
steady-state error signal is 


Aor _ Avr 


% ‘ 
a eae 


(B41) 


and the VEO output equals 


Nn (= 


Awe 
sin { wyt + (8-42) 
nee 2) 


‘The steady-state error signal adjusts itself such that the VCO frequency is locked to 
the reference frequency «7 with a small residual phase error, Note that the final rate 
of convergence, with a single poie LPF, is exponential with the rate set by loop gain 
K. Iv is clearly desirable to have K as large as possible. 


8-4-3 @ Tuning with MLL 


For applications that require medium to high values of Qp,;. the automatic tuning, of 
Qp.: is necessary to control the fine shape oF the filter response (e.x., passband ripple, 
roll off in the transition band), Based on the sensitivity arguments in Sec. 7-7, we 
interpret Q,,; tuning as a second-order correction that is applied to the filter where 
the wy,y have been successfully tuned. In fact, Qp,: tuning always requires properly 
tuned p,y frequencies, ie., Ucy in Fig, 8-26, 

A simple Q tuning system (Unbehauen and Cichocki 1989) can be achieved by 
making use of the fact that, ina transfer function, Q-errors and magnitude errors 
are closely related, particularly at the resonant frequencies « (see See. 7-7). Such a 
scheme is shown in Fig, 8-28, which op imilarly to the scheme in Fig, 8-25), 
‘To illustrate the method, consider the simple second-order LP function of Eq. (7-14a), 
te, 


kag, 

H(s) = ——,>— (8-43), 
2g 20 ‘5 
$s toi 
To i 


Assuming wy has been tuned correctly, we find that My = |/1(jao)| = *Qp, where 
Qp is untuned and Op = Qpo + AQp. Since k is usually set by a ratio of matched 
‘components, it can be assumed to be accurate. Therefore, any Q-error AQ, appears 
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FIGURE 8-28 MLL-based tuning scheme. 


‘as a magnitude error AM, from nominal (Myy =k Qo), i. if erg = on 
My = Myo + AMp = K(Qno + AQy) (8-440) 


or 


AMy =kAQp (8-440) 


Equation (8-440) is the Key to the Q-tuning scheme in Fig. 8-28. which operates as 
follows: (a) determine M,, using a peak detector: (b) determine AM, by comparison 
of M, with a known reference; and (c) with k known, deduce AQ, via Eq. (8-446). 

The Q-reference circuit is designed to mimic all relevant Q-errors of the filter 
circuit, We note that the two PD's are identical. Also, parameters K and A represent 
the gains for a DC amplifier and a comparator, respectively. It is assumed that all 
frequency parameters of the filter and reference are tuned correctly by means of & 
suitable frequency control loop, described in the previous section. Control signal Ucg 
is returned to both the reference and the filter to adjust the R's (or Gy's) designated 
by the designer to tune the quality factors. 

Referring to Fig. 8-28, the outputs of the two peak detectors are readily expressed 


as 
vouri = M(wye)Vro and vou = KVio (8-45) 

so, that the DC Q-control voltage Uc is 
Uce = Atvouri — Yours) = AIM (wre) = KV (8-46) 


where «-9 = op is an accurate reference frequency and Vg is a convenient reference 
voltage. From Eq. (8-46) we have 


M(@,9)—K ! [Fee] use (8-47) 
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Equation (8-47) forces K * M(w,o) or KV-q * M(w,@)V;o, and the amplitudes of 
Yours and Youre are locked together. 

Let us assume that the Q-reference circuit is a second-order LP filter (i... with 
H(s) in Eq, (8-43)), that is representative of the circuitry of the filter such that error 
AQp is observed, as in Eq. (8-442). If we design the K of the DC amplifier to equal 
the nominal amplitude My = kQ,o, but allow for a (small) fabrication error AK in 
the definition of K Eq. (S-44a) yields 


K(Qpy + 8Q,) = K + OK (8-482) 


or 
AQ, = 5* (8-480) 


We see that the precision of Q, is limited by the precision of the matched com- 
ponents that comprise & of the reference filter and K of the DC amplifier. If we 
further assume that the application of control Ucg to the reference circuit causes 
Qp to change linearly, ic., AQ, = —KgUcg, then the closed-loop argum 
Eqs. (8-30) through (8-33) directly apply to this case, Hence, we have 


Uce 


AKQpo — K — AK —kK QU cQ)Vig (8-49) 
a ‘Uco)Vio 


which, if solved for Ucg. yields 


24-00 (8-50) 


T+ AKQKV 9 


Equation (8-50) is clearly analogous to Eq. (8-33), which is associated with Fig. 8-25, 

At the time of this writing, the development of on-chip tuning schemes for 
continuous-time integrated filters is a subject of active research, Although several 
interesting and practical schemes have been offered thus far, other excellent and per 
haps superior schemes are expected to emerge. We see adaptive signal processing 
techniques, e.g., in Kozma, Johns, and Sedra (1991) and Silva et al. (1993), as pro- 
viding the seeds for the next generation of tuning schemes. 


8&5 PSRR, CLOCK FEEDTHROUGH, AND DC OFFSET 


Here we address the nouinformation signal inputs that are capacitance coupled via 
the parasitics to the signal path of the integrated filter, as shown in Figs. 8-4 through 
8-10, In active-SC filters, this situation is exacerbated by the sampling in the signal 
path, (Allstot and Black 1983; Gregorian and ‘Temes 1986; Marsh et al. 1981; Martin 
1982; Moschytz 1986; Shieh, Patil, and Sheu 1987; Unbehauen and Cichocki 1989: 
Van Peteghem 1988). 

‘The signals of concem here are the power supplies Vss and Vop, switch clocks ¢*". 
the control biases for MOST-R’s and G,,’s, and the op amp DC offset Vos. Clearly, 
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e-SC filters. Power 
auler 


the feedthrough of clocks *” is a behavior that is unique 10 4 
supply rejection and DC offset have been discussed extensively in Chap. 6. The r 
studying chapters out of sequence is encouraged to peruse Secs, 6-6 and 6-7 before 
proceeding on. 

Our purpose here is to examine layout and/or circuit structures that increase the 
filter’s robustness, insofar as DC offset, clock feedthrough, and the PSRRy are con- 
cemed. 


8-5-1 Clock Feedthrough and DC Offset Cancellation 


FIGURE 8.29 


In many filters, it is important to minimize residual DC voltages that appear at the sig 
nal output terminal. The primary concern is that the resulting loss of signal symmetry 
about 0 V (or Vpp/2 for single supply systems) degrades dynamic range. Hence, de- 
signers of filters with requirements that call for high gain (> 20 dB) or high dynamic 
range must be especially concemed about DC offsets, As shown in Fig. 8-29, op amp 
DC offsets and clock feedthrough are the principal contributors. In this schematic we 
clearly distinguish between the use of complementary and single channel (1 or p) 
switches. As pointed out in Sec, 7-2, the virtual ground affords us the opportunity 
to use a single channel switch (shown as an 11-channel) at the inverting input to the 
op amp. 

‘Two different mechanisms are responsible for the clock feedthrough: (a) the ca 
pacitance coupling via Ces and Cop of the switches at the op amp input: and (b) 
the channel pumping or charge injection effects (Allstot and Black 1983; Gregorian 
and Temes 1986; Shieh, Patil, and Sheu 1987; Unbehauen and Cichocki 1989: Van 
Peteghem 1988). Charge injection is a phenomenon in which some fraction of the 
charges stored in the channels of MOST switches, when turned ON, are discharged 
onto associated capacitors (say Cy and C in Fig. 8-29) as they turn OFF. Since the 
MOST switches are tuning ON and OFF periodically with clock f,, this charge in 
Jection occurs with the same periodicity. This rather complex and difficult to model 
phenomenon is related to the changes in Coy (andl Cjs), noted in Table 8-1 as the 


Circuit model for DC offset and clock feedthrough due to capacitive coupling to 4 and y°. 
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MOSTS make the transition from triode to cutoff operation. In Fig, 8-29, the clock 
feedthrough transferred to the signal path is proportional to Cap,s/C. Once coupled 
to the signal path, the clock feedthrough, with frequency f,, is sampled by later 
stage and aliased down to DC. Clock feedthrough, passed continuously via unswitched 
Capacitors to the output, appears as a high-frequency spurious signal superimposed 
‘on the information signal. This component of the clock feedthrough is conveniently 
removed with the continuous reconstruction filter. 

For a single ended open-loop op amp, with open-loop gain A and the DC offset 
modeled as in Fig. 5-28h, the voltages at the input and output of the op amp are 


Vx = Yn and Your = —A(in ~ Vos) 51) 
B siderations in Sec, 6-6, Vos can be reduced to the millivolt range. If 
this is not sufficient, local aufozeroing (Gray, Hodges, and Broderson 1980; Gregorian 


and Temes 1986) using switched-capacitor techniques as in Fig, 8-30a, can reduce the 
offset by an order of magnitude or more. In this circuit, using a chopper stabi 
technique, Vos is first stored on Cz during a measurement phase ¢) and combines 
‘with the signal during the operation phase ¢, (Gregorian and Temes 1986; Unbehauen 
and Cichocki 1989), ‘The timing for ¢ and ga, illustrated in Fig. 8-30b, is 
arbitrary, Note that the operation phase is significantly longer than the 
phase, i.e., 7p > 7; and the period for the measurement samples is 7. Many-clocked 
systems, particularly A/D converters, allocate a time slot to perform autozeroing on an 
frequent but periodic basis. In an active-SC filter, @ would be third phase, perhaps 
serted into the dead zone between ¢* and #°. Note that the ¢y switches carry only. 
small DC offsets and hence are implemented as single-channel MOSTS. 

‘The operation of the autozero is relatively simple. During the measurement phase, 
with @) ON, the vour is shorted back to vy-and the bottom plate of Cz is shorted 


FIGURE 0-30 Auiczooing of op amp OC ost (2) a chopper-sablized structure lo cancel opamp OC ofl, 
‘and (b) representative timing for the switches. 
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FIGURE 8-31 
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Operation of the autozero circuit in Fig. 8-27: (a) circuit during # phase, and (b) circuit in gy 
phase, Changes to the model when vos is slowly time varying are indicated in gray. 


la. According to Eq, (8-51) we now have 


to ground, as shown in Fi 


Vos * Vox (8-52) 


‘os) and vy = 


by = -A(y a 


where vy = Vaz. During the operation phase, when ds ON, feedback around the op 
amp is opened and Caz is put into the signal path, as illustrated in Fig, 8-31), Using 
Eqs. (8-51) and (8-52), we have 


A 
+ 


x = Vin + Vaz = Yin Vos (8-530) 


and 


1 
= =A (tn + Vos — Vos) = =A (tnt Vos 8.53 
vour A(i a ) A( gles) (5M) 


Hence, during the operation phase, Vos is attenuated by 1/(1 + A) and goes to zero 
as A becomes large, For example, if Voy = 10 mV and A > 1000, then the DC offset 
at the output will be reduced to Vo = 10 VY. 

This technique is also used to cancel op amp I/f noise, which varies slowly 
in contrast to the period of @; (Gregorian and ‘Temes 1986: Unbehawen and Ci 
chocki 1989). Note that there is a delay of Ty between measurement and opera: 
tion. That is, during each @ phase. a slow varying vys(r) is subir 
{A/(1 + A))vos(kT) stored on Cz. This reduces the 
1-7/7, This effect is fundamental to all chopper-stabilized systems, A should not 
be surprising to the reader that the thermal noise of the op amp will not be canceled. 
and in fact will be enhanced by the sampling. Also, the switched Cy introduces 
T/C noise, which adds to the overall system rms noise. 

Clock feedthrough can be reduced through means involving layout and circuit 
techniques (Gregorian and Temes 1986: Martin 1982; Unbehauen and Cichocki 1989) 


FIGURE 8-32 
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similar to the chopper-stabilized structure in Fig. 8-30. In this layout it should be clear 
that Ccp.s/C is minimized by sizing the switches at the op amp input as small as 
possible (minimizing Cgp,s) and scaling C as large as possible. If we scale C and C; 
by k, the signal transfer is certainly unaffected, but the clock feedthrough is reduced 
by I/k. Fortunately, in most active-SC filters, which oversample such that fs > fy 
(See App. 7-1), the integrating capacitor C in Fig. 8-29 will tend to be among the 


largest capacitors in the filter. The use of minimum sized, single-channel switches at 
the op amp input is consistent with this objective. 
In addition to these layout steps, cancellation circuits such as Fig. 8-32 can be used 


(Martin 1982). In this cireuit, the layout (components and parasities) connected to the 
negative op amp input is replicated and inserted in series with the positive input. 
To the degree that the two layouts match, the clock feedthrough is reduced by the 
common-mode rejection of the op amp. Unlike the autozeroing circuit, the sampling 
in this scheme does not interfere with the degree of cancellation realized. Since the 
KT/C noise introduced by the two SC’s C; are not correlated, noise is not canceled 
with the clock feedthrough. Hence, itis likely that system noise of the can 
will be a bit larger than the integrator without cancellation. Moreover, the d 
the integrator is increased by 50 percent or more. 

Akin to clock feedthrough is the feed of spurious AC on the MOST-R control 
Ve (or the Gy control Js) into the filter. Since AC on these controls modulates the 
values of R and Gp, the impact on performance can be severe. In practice, in order 
to realize the requit sion, Ve (or /4) is tuned using the closed loop schemes 
described in the previous section. The lowpass filters (LPFs) in Figs. 8-23 through 
8-28 conveniently cleanse these controls of any spurious AC introduced at or before 
the control loop. 


‘Active-SC integrator with clock feedthrough cancellation. 
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8-5-2 Layout Measures to Improve PSRR 
In Chap. 6 we introduced the unavoidable fact that practical DC power supplies eause 
Vss and Vip to be corrupted by spurious AC components generated within the power 
supplies and introduced by on-chip interactions with digital circuitry. i.e. 


vss(t) = Vss + Yas(0) and vpp(t) = Von + walt) (8-54) 


This spurious AC (v,, and vjg) is sometimes referred to in filter specifications as 
power supply noise or ripple. Fortunately, much of the so-called power supply noise 
is actually deterministic, not random. Hence, couplings that are electrically equivalent 
re highly correlated, 

The ability for an op amp, a filter, or a system to suppress vss(t) and vpp(t) is 
measured by the so-called power supply rejection ratios (PSRR yy and PSRRss). We 
generalize the definitions in Eqs. (6-103) to accommodate the frequency dependent 
PSRRs for a filter, 


Moo 
PSRRpp(w) = 20 og = G(w) — Gyples) in dB (s-55u) 


Molo) 


and 


PSRRs5() = 20 log: = Glw) ~ Gss(w) in dB 


where M, G and Myx, Gx are the filter’s information signal gain (Vjgi/Vjy) and 
power supply gain functions (Viw/V,,). respectively 

Note that the DC components Vsy and Vip can drift with temperature, with aye, 
and from supply-to-supply by about £10 percent. These st iations, not 10 be 
confused with the AC variations in Eq. (8-54), serve to alter the DC characteristics 
of the MOSTs and BJTs described in Chaps. 1 and 2. Intuitively, we expect that 3 
circuit highly sensitive to static power supply variations is also likely to have poor 
PSRRs. Be that as it may, absolute static power supply variations ean contribute 
to the random variations in the filter chara id any resulting asymmetry 
(ie., [Vss] # [Vool) can degrade device matches designed to reduce DC offset and 
nonlinear distortion. Following the design practice prescribed in Chap. 6 and Sec. 8 
power supply variations should have little impact on the performance of active 


As established in Chap. 6, high values of PSRRpp and PSRRss can be realized in 

* op amps and OTAS at low frequencies, but they degrade at high frequencies as the ac- 

- tive circuit’s second-order effects increase in importance. The need for good PSRRS 
is particularly true for active-SC filters, where the high-frequency components on 

power supply lines are sampled and aliased into the filter's passband, as illustrated in 

Fig. 7-18. Hence, by hook or by crook. good PSRRS at high frequencies must be 
realized. Except for sampling, a major exception indeed, the PSRR problems tor 
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continuous-time and switched-capacitor filters are similar, We thus focus our dis- 
cussion on active-SC filters realized in CMOS, 

Like clock feedthrough, PSRR pp and PSRRss are heavily determined by the para- 
ince couplings in Fig. 8-4 (see color plate 1) between the signal path and 
uipp and vss, respectively, In addition to setting the DC operating conditions for the 
active devices, recall that Vpp is also the bias for the CMOS substrate, The variety of 
coupling paths are indicated in Fig. 8-33 for a typical active-SC integrator. The most 
important couplings are those closest to the op amp input where spurious charges 
ave transferred directly to the integrating capacitor C, First, in Fig, 8-33a, we show 
two capacitance couplings to vpp that are external to the op amp, namely, Cr and 
Cj, at the routing and switch junctions, respe ed in See. 6-7, von 
enters the op amp signal path via the normal operation of the MOST, represented by 
the VCVS App. and via parasitic capacitors, represented by Cy. Recall that the ratio 
Av/App ts the op amp’s PSRR pp. In addition, when the ON level for @° and 
is derived trom vp, the Ces"s and Cop's for the MOST switches provide an indi- 
rect coupling, Consequently, some power supply noise couples along with the clock 
feedthrough. The representation for uss in Fig. 8-33) is similar to that for vp, with 
the significant difference being no capacitance couplings to vss, except the possibly 
indirect couplings via the OFF level of @° and 4°, Hence, in CMOS active-SC filters 
(and for that matter active-RC and active-Gm./C) filters, PSRRss > PSRR op. 

Attempting to inerease the PSRR is akin to pealing an onion with many layers of 
skin. The direct path PSRRs can be slightly increased with a well-engineered layout 
designed to reduce the size of dominant parasitic feeds, In the first layer of the “onion,” 
we reduce the W x £ of the important parasitic couplings with a tight layout and, 
where electrically feasible, by using small transistors. This serves to minimize the 
II important transfer gains Cx/C, Cs/C and C1/C. Adopting the design methods 
offered in Sec, 6-7, the op amp's App and Ass are n 1 as possible. 

‘The creative use of mask levels, e.g., p-well (or n-well), can be used to partially 
decouple some parasitics from the supply lines. This is illustrated in Fig, 8-34 (see 
color plate 2). "The purpose here is 10 surround the capacitors, the switch, and as 
much routing (to the op amp input) as possible, in a grounded p-well, as shown in 
Fig. 8-34a, Two connections for the p-well are indicated, namely, to ground for 
the shields under capacitors and routing, and to Vpw for the shields under "MOST 
ches. Bias Vpw (about ~3.5 V for a +5 V system) is generated on-chip using a 
ige reference (Marsh et al. 1981). Such a scheme, illustrated in Fig, 8-36a (on 
page 807), uses a simple current mirror to generate Vier = R/ger. The desired Vpy is 
derived by amplifying Vary by —K. The voltage reference serves to provide a bulter 
between the p-well bias Vow and vpp, vss, sacrificing 1 or 2 dB in signal swing, 

If the p-well under the capacitors and routing could be made into a perfect ground 
plane, the “shielded” capacitance couplings to the signal path could be safely tied to 
ground rather than to vp. Unfortunately, due to the 2.5 kS/0 sheet resistance (see 
‘Table 7-1) for the p-Wwell and the limited physical contacts that can be made to ground, 
the connection to ground is via a parasitic resistance Rp. This is indicated in the 
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FIGURE 8-33 Dominant sources of power supply coupling in CMOS SC filers: (a) from Voo and (b) from Vss. 


frequency and as Rpw increases with physical distance from the ground contact. With 
. “careful attention to ground contacts, experience has proven these steps to yield a 5 to 
10 dB improvement in PSRR pp and PSRR ss at low frequencies (Marsh et al. 1981). 
Note that Cp), Cp: are poly-to-substrate parasitic capacitances in field-oxide, and Cp2 
Crp are p-well-to-substrate parasitic capacitances. The p-well-to-substrate capacitance 
density is large, on the order of 5 to 10 times the poly-to-substrate cap: 
(Coxp = 6.5 nF/cm*). Thus, we find that Cg> >> Ca: and Cer > Cai 


ance den: 
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Example 8-6 

Consider the simple circuit in Fig. 8-35a with capacitor C = 10 pF and 
shielded parasitic capacitance C,; = 0.05 pF. Alternatively, we can shield the 
circuitry contributing to Cp; in a grounded p-well, as described in Fig. 8-34. For 
the shielded circuit in Fig. 8-35, let us assume that Rpy = 10k and Cy = | pF. 
Compute the voltage ratio Uoy/Upp for the unshielded and shielded cases. 


Solution, The vou/v1g voltage ratios for Fig. 8-35a and 8-35b are found to be, 
respectively, 


A Ca Rpw 
© [ie er Rew (Cyr + Cn? 


or 


where A(o) = @Cp2Rpw/// (Cpr + Cpa)? is the attenuation due to the 
p-well shield. Inserting the numbers for C, Rpw, Cp1, and Cpa, we obtain 


Vow ox 10-8 


0.005(—46dB) and A(w) * ———————— 
Vas ) 908 MO) = Tao 


Note that for: 


w € 108 rps or f < 15.9 MHz A(w) * 2af x 10°, 
@ = 108 rps or f = 15.9 MHz, A(w) = 0.707 (~3 dB) 
@ > 10° rps or f > 15.9 MHz A(w) ~ 1 (0 dB) 


FIGURE 8-35 Circuits for Example 8-6: (a) Integrator summing node with unshielded parasitic Gp, and (b) with 


the cicuitry comprising Gp: shielded in a p-well with resistance Apw and capacitance Cp2. 
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FIGURE 8-36 
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The indirect sources via the switch clocks $°.6° can be virtually eliminated if 
the ON, OFF levels +Vsw are developed with a voltage reference (say £3 V for 
£5 V supplies) as above. In fact, one bias generator can realize Vy and Vy. ts 
illustrated in Fig. 8-362. The levels are readily changed by biasing the clack drivers. 
which deliver * and 4° to the switch gates from + Vsiy rather then Vss and Vipp as 
shown in Fig. 8-365. Since (Ces)ox > (Cas)orr. decoupling the ON level from rpp 
has a larger impact. 

To the degree that the layouts at positive and negative op amp inputs in Fig, 8-32 
match, PSRRpp and PSRRss are enhanced by the common-mode rejection of 
the op amp along with the clock feedthrough. Experience with cancellation schemes, 
based on |X| —|¥| — 0, dictates the reduction of |X| and |Y| as much as. pos- 
sible before cancellation. Hence, some or all of the schemes described should be 
used concurrently with a cancellation structure. In the next section we explore 
the use of balanced differential structures (e.g., Figs. 5-39 through 5-46) to in 
crease PSRR. 

Additional increases in PSRR can be obtained with the aid of external passive 
components, strategically placed to filter. bypass, or lowpass filter the power supply 
feeds to the pins of the chip. The impact of bypassing depends on the degree to which 
‘ohmic losses in the power supply. and ground bussing within the chip, have been 
minimized. Obviously, ground loops are not allowed. In mixed analog/digital systems 
it is standard practice to provide separate grounds for analog and digital circuitry 
tied to a single point (if possible) of the chip. To reduce system costs. it is usually 
an objective, if not a requirement, for the chip to meet all specifications with zero or 
minimum bypassi 


(On-chip bias generation for Vey and +Vsiy: (a) an illustrative scheme based on simple current 
mirror reference; and (b) distribution of Vs to clock drivers. 
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8-5-3 Balanced Active-RC and Active-SC Design 


In Eq, (5-62), we found that a balanced differential design, as per Figs. 
S46 ). produces two benefits. First, correlated disturbances vp at the two 
‘op amp inputs are attenuated by the op amp CMRR, and second, the signal swing 
js doubled. The criticai tasks are then the design and implementation of a balanced 
differential op amp or OTA (see Sec. 6-9-3). (Gregorian and Temes 1986; Schaumann, 
Ghausi, and Laker 1990; Unbehauen and Cichocki 1989). If we let disturbance vp in 

413 denote Vss. Vp of clock feedthrough, the analysis in Sec. 5-4 is directly 
le wo our objectives. Similarly, parasitic insensitivity is realized throughout the 
sath, For MOST-R-based active-RC filters, a balanced differential ‘operation is. 
‘s of linearization schemes, based on the differential MOST-R in 
ig. 8-10h, However, the four MOST structures i 8-10c achieve linearization in 
the absence of a balanced output. Note that the Figs. 8-11 and 8-12 
do not kave a balanced differential output. Using Fig. 5-50, a balanced Ii ized Gy 
structure ean be realized using two linear single-ended OTAS 

We determined in Sec. 3-4 that the dynamic range improves by 2/2, even if 
the PSRRs were left unchanged. In contrast, the dynamic range for the single-ended 
cancellation structure in Fig. 8-32 is degraded by 1/2. Also, we outlined in this sec- 
tion a systematic process for translating single-ended active-RC designs to balanced 
differential designs. We observed that the differential output Jed to some structural ad- 
vantages, ¢.g., the single amplifier noninverting integrator in Fig. 5-4: For active-SC 
filters, this structural versatility is a valuable byproduct, For example, 
integration formulas in Table 7-8 can be realized in either inverting or noninverting 
arasitic insensitive structures. We leave it to the reader to verify this claim. Later, we 
show examples where the differential outputs are used to reduce the total capacitance 
required for the realization and to lower sensitivities to the capacitor ratios. 

"The price paid for the various advantages of balanced differential operation is at 
least a doubling of the circuitry and power dissipation. Consequently, it is not a uni- 
versal solution, In fact, designs that are very sensitive to power and or cost (c.g, 
for battery-powered consumer products) are usually realized with single-ended struc- 
tures, In any event, because singled-ended structures are simpler, take up less page 
space, and are perhaps less confusing to the novice reader, we usually present filter 
structures this way. Later. however, we will discuss the structural flexibility of the 
bi J differential structure. Otherwise, it will be assumed that an equivalent bal- 
anced differential structure can always be obtained by the straightforward translation 
of a single-ended structure (i.e., as described in Sec. 5-4). Of course, to realize the 
‘actual circuit we must have an accurate balanced diffe 
available to replace the single-ended op amp. 


36 FIRST-ORDER AND BIQUADRATIC FILTER STAGE REALIZATIONS 


Active filter design is largely modular in nature, a fact that lends itself to poly cell 
design approaches and programmable filters. Here we build upon the techniques in this 
and previous chapters to increase the level of design to arbitrary first- and second-order 
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filter stages. As described in Sec. 8-9, such stages are interconnected in either tandem 
‘or multiple-loop feedback st 
unique properties. 

The realization of integrated filters in VLSI technologies has changed much of the 
conventional wisdom found in t ¢ filler texts and literature, One such re- 
cently discarded “rule of thumb” was to choose an active filter circuit that required the 
minimum number of capacitors, ie., one C per pole or pole/zero pair. Such active-RC 
filter circuits were said to be canonical structures. The minimum C objective followed 
from the economics of discrete and thin film technologies, in which precision resistors 
were less costly and available over a broader range of values than precision capacitors 
Of course, resistors are trimmable and capacitors are not. In integrated filters, partic- 
ularly when implemented in CMOS, capacitors are the more robust components. In 
continuous-time filters, resistors and transconductances are trimmable, but are other- 
wise not ideally behaved, e.g.. nonlinear, In active-SC filters, the switched capacitors 
or resistor analogs introduce clock feedthrough and &T'/C noise. Hence, 
filters, the more robust structures will tend to minimize the number of R's, Gyy's. oF 
their equivalents, For continuous-time filters, there must be sufficient R's or Gs 10 
perform the automatic tuning described in Sec. 8 

Another convention that has fallen into disfavor is the attempt to minimize the num- 
ber of op amps. This stems again from hybrid design and low scale analog integration, 
when a chip of one or two op amps was considered « complex IC. The economies of 
scale were such that significant savings could be achieved by minimizing the number 
of op amps used. Although op amps in integrated filters are not problem-free—they 
add noise, introduce nonlinear distortion and consume power—they are viewed as 
components similar to resistors and capacitors. In fact, as seen in Fig. 8-1, capacitors 
rather than op amps consume the most die area in active-SC filters. As observed in 
Sec. 8-3, op amps serve to isolate and neutralize parasitics. Consequently, most min- 
um op amp structures, which were promoted for hybrid realization, have proven 
to be impractical for realizing precision integrated filters. In addition, op amps can 

olate parameters to facilitate on-chip tuning, as described in Sec, 8-4 


ructures to realize higher order filters with a variety of 


onal acti 


in integrated 


8-6-1 Realizing Real Poles and Zeros 


First-order H(s) and H(z) in Eqs, (7-12) are readily realized by starting with the 
basic integrator. Equations (7-12) are rewritten below for convenier 


ays tay At 


4 Ho) = and WG) = TE (8-56) 
In Fig. 8-37 we show realizations for the important generic first order H(s) and 
H(@); namely, LP (Figs. 8-37a-c), HP (Figs. 8-37¢d-f), and AP (Figs, 8-37¢-i). The 


1 single-ended 


implementations shown are for a balanced differential MOST-RC, 
OTA-based Gn/C, and a single-ended switched capacitor. For the MOST-RC real- 


40) 


w 
FIGURE 8-37 


810 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS. 


# 

we % 

Ho Woh 
“ec ge 


Via) 


© a) 


w “ 


Generic integrated first-order active-RC, active-Gm/C, active-SC realizations. Circuits (a~c) are 
LP, (d-f) are HP, and (gi) are AP. 


izations, balanced differential design is used to linearize the MOST-R' 
in Sec. 8-2-3. Schemes to realize OTAS with linear G,,'s over a wider range of 
conditions were developed in Sec. 8-2-4. We leave it to the reader to translate the 
single-ended active-G,,/C and active-SC implementations into balanced differential 
equivalents, as described in Sec. 5-4 and 5-5. Note that the active-Gy/C circi 
comprised of the OTA building blocks shown in Fig. 5-48. The symbolic transfer 
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functions for each of the circuits, determined for ideal op amps and OTAS, are listed 
in Table 8-2. 

‘The design formulas for a given integrator capacitor C are also listed in Table 8: 
‘These formulas are derived by simply equating the coefficients of the numerical H(s) 
or H(z) in Eqs, (8-56) with those of the corresponding coefficients of the symbol 
T(s) or T(2) in Table 8-2. The actual component values are then sealed in accordance 
with the designer’s choice for the value of C. This choice involve 
tradeoff of die area versus the magnitude of second-order effects due to parasities. 
In general, the die area increases with increasing C, but in the case of MOST-RC 
(or Gy)/C) circuits there is an optimum balance between C’s and R's (or Gm's) that 
minimizes the die area they consume. For example, consider the implementation of 
the R and C for a simple RC product where RC = f and f is a fixed constant, Let 
us assume that die arens for the R and C are Ag and Ac, respectively, and the total 
RC die area is Ar = Ag+ Ac. It can be shown (see Exercise 8-8) that the values 
for R and C that yield the minimum Ay occur when Ag = Ac: 

Although the switch-reduced schematics are shown for active-SC realizations, the 
reader should not have difficulty drawing the z-domain equivalent circuits and ve 
fying the T(z)'s in Table 8-2, Usually, the sign of 7(s) of T(z) is unimportant, and 


case-by 


case 


TABLE 6-2 T(9),7(z) AND DESIGN FORMULAS FOR FIRST-ORDER CIROUITS IN FIG. 6-37 


MOST-AC OTA Gm/C ‘switched-capacitor 
up (0) 146) = See 
ce 
Hence, 
Gms = aC, Gm = bo 
HP (e) Ts) SGai/6. 
ace 
Hence, 
Gini = aC, Gm2 = bgC 
AP (g) Ts) = —S 
oto 
Hence, 
withay =, a=b ——withay =1, a= Hence, with Ay/A 
1 Bs See 
Ry wer Om? Gin = Garg = bo C= C2 = C,G=C 
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hence we show some stages in Fig. 8-37 as inverting and others as noninverting. For 
MOST-RC filters, the sign can be changed by simply switching the differential inputs. 
Using the inverting input to Gy as the signal input in Figs. 8-37b and 8-37e will 
similarly invert their respective T(s)'s. Various inverting and noninverting first order 
LP H(c)'s can be realized by straightforward applications of the active-SC integrator 
structures discussed in See. 8-3. 

Let us briefly consider the consequences of nonideal op amps. If the op amp used 
in an active-RC realization has finite DC and AC characteristics, the gain and phase 
of the filter will deviate from its ideal frequency response (Ghausi and Laker 1981; 
Gregorian and Temes 1986; Schaumann, Ghausi, and Laker 1990; Unbehauen and 
Cichocki 1989). The specific nature of the deviation will be a function of the op 
‘amp’s open-loop characteristic and the filter’s desired closed-loop response. This was 
described in some detail in Secs. 5-2 and 5-3. For single-pole compensated op amps, 
where we can approximate the actua! op amp open-loop gain as A(s) * a,/s, the 
troublesome phase error ean be reduced using the active compensation schemes in 
Fig In active-G,/C realizations, the finite bandwidth of the OTAs 
similar gain and phase error. However, due to the simplicity of the OTA (a 
to a full op amp), active-Gy/C filters can be pushed to higher frequen 
OTA GBW impacts the filter’s closed-loop response T(s). 

For active-SC realizations, the samples q(T) are assumed to be phase indepen- 
dent; changing once per ciock period 7 at the beginning of #*. Thus, given ideal op 
amps, the circuits are parasitic insensitive and output samples You(AT) are also phase 
independent. When we take into account the nonideal op amp, its finite DC gain pro- 
duces an error in T (=), equivalent to analogous active-RC cases studied in Chap. 5. 
‘This error can be readily evaluated and studied using the equivalent circuits. However, 
the op amp's AC characteristics impact T(z) in a much different manner due to the 
sampling (Gregorian and Temes 1986; Laker, Ganesan, and Fleischer 1985; Martin 
and Sedra 1981; Unbehauen and Cichccki 1989). For the continuous-time cases in 
Chap. 5, we saw that it was the steady-state AC op amp characteristics that deter- 
mined the error s;+(ja). In active-SC filters, the transient or settling characteristics of 
the op amp cause the op amp outputs to deviate from the ideal staircase waveforms in 
Figs. 7-22 and 7-23. Hence, the instantaneous samples taken by the switched capaci 
tors are in error. Although the process is intuitively’ simple, the mathematical analysis, 
quite complex (Gregorian and Temes 1986; Unbehauen and Cichocki 1989). We 
discuss this effect further and recommend remedies in Sec. 8-9-2. As we will see, 
suming properly designed op amps, we can reduce the AC related error to a negli- 
gible value with subtle alterations of the active-SC architecture. Hence, the DC gai 
related error will remain the predominant contributor to ¢,,. 

Following the arguments in Chap. 5, the DC gain-related error can be determined 
using the z-domain equivalent circuits. For this purpose, let us define the resulting 
error analogous to Eq. (5-8a), i. 


Ta) =TO {aes 


} and (Jo) = Err(2)leceit (8-57) 
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where T4(2) is the actual transfer function, T(z) is the ideal transfer function in Ta 
ble 8-2, and 6, is the error. Consider the LP active-SC circuit in Fig. 8-37¢ with T 
given in Table 8-2, The equivalent circuit, with the op amp modeled as a VCVS having 
DC gain Ap, is shown in Fig, 8-38. The resulting ¢,,(z) can be found by analyzing 
this equivalent circuit and manipulating T(z) into the form of Eq. (8-57). ie. 


ies 
ay Wie GEG 
RAI oe See 

C+e 


When C> < C, which is typical du we find the steady 


Err(Joo) to be 


to oversampli 


fin (Fe) © Me) + jo) * 5 ( +3 ) =F (=x) =() 
eae 240) an (2 


Note that the error is reduced as C increases, such that © >> Cj, and then mt, (0) 
1/Ao and yr (wo) © 0. Once again, due to oversampling. C > C), C2. which reduces 
&r(j) along with all the parasitic effects that scale with C. We leave it to the reader to 
examine the DC op amp gain-related errors for the other first-order switehed-capacitor 
circuits in Fig. 8-37. 

It should be evident to the reader that the LP realization in Fig, $-37e is not bilinear 
In the majority of applications, where f, is much larger than the Nyquist rate, this 
realization is both efficient and robust. However, for those cases where a bilinear 
first order LP stage is required, two altematives are presented in Fig. 8-39. The first 
is a single-ended structure that takes advantage of the switched-capacitor tandem in 
Fig. 8-21 to assist in the realization of the zero at z = —1. However, this requires 
that the C;'s be matched. The second is a fully-balanced differential configuration 
that takes advantage of the balanced inputs :vjq. In this structure. the requisite zero 
is realized by performing the subtraction [Vig — (~2-!Vig}] directly within switel 
capacitor C1, avoiding the opportunity for mismatch. 


FIGURE 8-38 Z-domain equivalent circuit for the SC LP in 
Fig. 8-37¢ with nonideal op amp with finite DC gain 
Ao. sa 


814 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


rc ae 


TAG} 


+ () 


w 


FIGUAE 8-39 Bilinear first-order LP SC realizations: (a) a single-ended implementation, and (b) a fully-balancad 
differential implementation taking advantage of the balanced inputs, 


Example 8-7 

Design (a) an active-RC (using MOST: 
SC first-order AP filters to realize a 90° phase shift 
Let € = 10 pF and the sample rate for ie active-S 


5), (b) an active-Gn/C, and (c) an active- 
\d.a gain of 0 dB at 10 kHz, 
IC circuit be fy = 256 kHz. 


Solution, From the 90° phase and 0 dB gain specification, we determine the nu- 
merical H(s) to be 

=a» _ 5—2n(104) 
s+) s+ 2x (108) 
Applying the bilinear transform in Table 7-8, with T= 1/f,, we obtain an equiv- 
alent numerical (2), i 


1 _ (Zeer 
2 wp? 2= ay 


H(s) = (8-59a) 


H@)= (8-59) 
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Using the design formulas in Table 8-2, with C = 10 pF, and the numerical (5) 
and H(z), we determine that 
a for the active-RC design: Ry 1/Qx x 108 x 107") = 1.5915 M@ 


and C3 = 10 pF. 
B for the Gn/C dk 
¢ for the active-SC desi 

2.7975 pF and C3 = 10 pF. 


x 108 10-1! = 0.6283 45. 
(1 — 0.7814)/0.7814) x 1071! = 


Guy = Gud 
Ca 


8-6-2 Types of Biquads 
‘The biquad or second-order filter that realizes Eq. (7-13) is perhaps the most exten- 
sively covered filter circuit in the literature (Ghausi and Laker 1981; Grebene 1984: 
Gregorian and Temes 1986; Moschytz 1986; Schaumann, Ghausi, and Laker 1990: 
Sedra 1985; Sedra 1989: Unbehauen and Cichocki 1989), This attention stems from 
the biquad’s simplicity and its importance in the realization of modular filters. The 
humerous qualities expected in an integrated biquad circuit, namely, small die size, 
low power dissipati ions in the passive components, insensi- 
ivity to the nonidealities of the active devices, immunity to parasitics, low noise, high 
dynamic range, and high PSRRs, are essentially independent of whether the circuit 
implemented in active-RC with MOST-R’s, active-Gy./C with OTA Gyy's, oF active: 
SC. Continuous-time filters must also be tunable on-chip. as described in Sec. 8-4. 
Hence, it should not be surprising that only a small number of the circuit structures 
covered in the general literature have emerged as structures of choice for a majority 
of applications. 

‘There are three classes of biquads in the literature, each with numerous variations 
and special cases. These classes are (1) single op amp biquads, (2) double op amp 
biquads based on the generalized impedance converter, and (3) triple (or more) op amp 
biquads. 


Single Amplifier Biquads The motivation for single op amp biquads (Ghausi and 
Laker 1981; Schaumann, Ghausi, and Laker 1990) stems from the objective (which 
has fallen into a state of disuse) to minimize op amps. The two circuits in 
have been widely discussed in the literature and used in practice. The first 
Fig. 8-40¢ is a general biquad introduced by Friend (1975). It comprises one op amp. 
two capacitors, and eight resistors; i.e., the minimum number of capacitors and op 
amps. The circuit implementation is optimized for hybrid IC realization and all the 
resistors are laser trimmable. The price paid for the use of a single amplifier is complex 
tuning, which involves the interdependent tuning of all eight resistors. Moreover, the 
circuit is rather sensitive to parasitic C’s at the circled nodes. These parasities produce 

+ unwanted poles and zeros. These penalties, although minor or nonexistent in hybrid 
implementation, render such circuits impractical as precision integrated filters. 

The second circuit in Fig. 840b is an LP single amplifier biquad due to Sallen- 
and-Key, as discussed in Ghausi and Laker (1981). Although this simple circuit was 
proposed in 1955, it is still widely used today to realize the on-chip continuous- 

jing and reconstruction filters (see App 7-1) for active-SC filters. In 
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FIGURE 8-40 


al J 7 
$24 J pi 


w o 
Single amplifier active-AG biquads: (a) Friend general biquad, and (b) Sallen and Key LP biquad. 


CMOS, the R's are realized us simple untrimmed p-well resistors and the 
poly 1-poly 2 capacitors. They key to the success of this circuit, for the: 
is that the only precision requirement on the LP fiter is the DC gain, Due to the high 
degree of oversampling, «ap can usually be located well outside the baseband of the 
active-SC filter and suificiently below f, such that |Avp/en| < 50 pere long 
the lack of precision in the RC’s do not interfere with operation of the filter. 

An analysis of Fig, 8-40b, with the open-loop op amp gain designated as A(s), 
yields the following symbolic transfer function: 


1 1 
( 2 aa) RRC kag 
Qs +ug 


2 


(8-60) 
8 T(j0) = 1=1/A(s), 
Wi C's. If the op amip's A(s) is compensated 


where we have assumed that 1/A(s) & 1, The filter's DC ga 
independent of the values for the R's 
for a one pole roll off such that 


Mop Oe 


ACs 
psp 


(8-61) 


‘Thus, we have 7/0) = | — 1/Ay. For an anti-aliasing or reconstruction filter, it is 
important that T(s) does not add error to the active-SC filter's H(2). Hence, with 
fe > fy = we (fvy is the Nyquist frequency) as described in App. 7-1, @p can 
bbe chosen such that @, >> wy 2 we. Also, with Qp chosen for a maximally flat or 
Butterworth response, the reader can verity that the most important source of error is 
due to variations in the anti-aliasing filter's tow frequency gain, ie., AT (j0). The fact 
that T(0) is independent of the R's and C’s leaves 1 — 1/Ap as the only source of 
deviation from the ideal T(j0) = 1. Conservatively, an op DC gain of 20 log Ag = 60 
4B permits G(0) = 20 log T(j0) to be realized to within 40.0086 dB. 


FIGURE 8-41 
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‘The other important specification in the design of an anti-aliasing filter is the attenu- 
ation 1/G(w,), provided at the first alias frequency wy = 2 fy ~ee. where oy K 09 
due to oversampling. The specification for G(s) and a conservative or worst case 
estimate of the anticipated variation in ex) (due to AR's, AC's, « and parasitics) ust 
ally sets the lower limit on f,. The reader has the opportunity to perform a detailed 
anti-aliasing filter design in Exercise 8-22. For convenience, the reconstruction filter 
is usually realized as a copy of the anti-aliasing filter. This can lead to overdesizn, 
due to the sin.x/x roll off attributed to the sample-and-hold described in App. 7-1 
In any event, the Sallen-and-Key biquad is very well matched 10 the anti-aliasing 
and reconstruction requirements of active-SC filters, With unity gain, it provides the 
requisite precision at low frequencies. ic. T(joo) = T1j0) for 0 < @ < oe Kap. 
Except for this special case, this biqud is not particularly well suited for realizing 
precision integrated filters 


‘Two Amplifier Biquads Based on the GIC The GIC, or yeneralized impedance 
converter, has been widely used in hybrid active-RC filter realizations and repre- 
sents an important body of active-RC literature (Ghausi and Laker 1981; Schaumann, 
Ghausi, and Laker 1990). Its primary attribute is that it can be designed to be rela- 
tively insensitive to the op amp «o's. In Fig, 8-41, we show a typical GIC BP biquad 
(Schaumann, Ghausi, and Laker 1990). Similar to the situation for single amplifier bi- 
quads, GIC-based structures are not well-suited to the realization of integrated filters 
due to the unavoidable parasitics at the circled nodes. 


Multiple Amplifier State Variable Based Biquads The two-integrator oF state 
variable loop has emerged us one of the most basic structures in integrated filter 
realization. This loop, shown in Fig. 8-42a, is a simple circuit comprised of inverting 
and noninverting integrators connected in a closed loop. This loop determines the 
natural frequencies, i.e., resonant frequencies, in accordance with 


84 KepKan =8 +03 =0 62a) 


GlC-based two op amp LP biquad. 


‘i Fag ath | gs 


a nT | 


R 


FIGURE 8-42 
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‘Tho stato variable two-integrator resonant loops: (a) lossless loop, (b) a stable loop achioved by 
damping the noninverting integrator via local feedback ~ar, and {c) a stable loop achioved by 
damping the resonator via feedback sz. 


where Kep and Kap are the gains of the inverting and noninverting integrators, 
respectively. The equivalent sample data resonant loop can be derived by replacing 
each integrator with either their +LDI counterparts or with a ~BE, +FE tandem, as 
indicated in Sec. 7-8-4. That is, using the s-to-z transforms in Table 7-8 with a sample 
rate of f; = 1/T, we have 


(2) (4)-( 


which yields the following z-domain characteristic equation 


0 (8-62b) 


1 = (2= KeoK ast (2= (TP)! +2 
‘The poles described in Eqs. (8-62) are made stable by damping one of the integrators 
‘or by damping the resonator. 

Damping the noninverting integrator with local feedback —a-, as indicated in 
ig. 8-42b, yields a complex pole pair, described by the following characteristic equa- 


#8 +arKass + KeoKaa (8-63) 


In Fig. 8-43, we show various active filter realizations of this loop, starting with the 
classic active-RC loop Fig. 8-43a (Ghausi and Laker 1981; Unbehauen and Cichocki 


Re 


@ 


a) 
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FIGURE 8-43 Circuit realizations of the az-based loop in Fig. 8-42b: (a) active-RC, (b) active-AC with MOST-R's, 
(0) active-GmC with OTA Gn's, and (d) active-SC. 
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1989), Note that the noninverting damped integrator is realized in a brute-force fashion, 
i.e., an inverting amplifier (where r) = r2) in tandem with an inverting damped inte- 
grator. Alternatively. the active-compensated noninverting integrator structures given 
fe can be used. In Figs. 8-43a-d we illustrate active-RC (basic), active- 
RC with MOST-R’s, active-Gq/C with OTA Gn’s and active-SC realizations of the 
stable resonant loop. 

jing ideal op amps and passive components, the characteristic equations for 


(8-644) 
(8-64) 
(8-64e) 
[2DB + DF -AC 
- Sara] 0 (8-64) 


Note that the integrator loops in Figs. 8-43b-c do not require a third op amp for 
sign inversion, Also, all the loops except the MOST-R circuit in Fig. 8-43) use 
two capacitors (unswitehed)—the minimum number for a second order loop. In this 
‘case, a fully-balanced differential structure is used to realize linearized MOST-R's, 
and hence two capacitors are used in each path. As noted earlier, fully-balanced 
ferential structures can also be used for uctive-Gy,/C, active-RC, and active-SC 
filters to incr 
neutralized oF sign 
capacitors, thus minimizing the opportunity for creating unwanted parasitic poles and 
zeros. Moreover, wy and Q» can be independently tuned by adjusting two resistors in 
sequence. For example, in Fig. 8-430, we first adjust Re to tune wp and then adjust 
Ry to set Qy. As noted earlier, tuning is unavoidable in precision continuous-time 
filters, We leave it to the reader to examine the virtues of the other cases. 

In Fig. 8-42c, we show that we also dampen the resonator by applying feedback 
sBr, yielding 


(8-65) 


+ BeKeoKass + KeoKan 


active-SC reali 
and that the derivative feedback sx in Fig. 8-42c is rei a capacitor 
Ce and E, respectively). Note that this resonator structure does not easily map 
al active-G,/C circuit. This is due to the high input/output impedances of 
the Gm VCCS’s that would imeract with the capacitance feedback. In any event, 
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FIGURE 8-44 Circuit realizations of the s/te-based loop in Fig. 8-42c: (a) active-RC with MOST-R's, and 
(b) active-SC, 


Figs. 8-44a and 8-44, respectively, realize the following characteristic equations 


Ce 1 
pp Ces lesen Deeg (8-65) 
© + Cy RaCe  ReCoRsCe : 


(8-650) 


i [eee DB-AE 
DB paeene 

= Once again, Eqs. (8-65) are derived with ideal components, Note that these se loops 

use three capacitors, one more than the minimum number of capacitors required for 

the ar loops. However, as we will sce in the next section, active-SC biquads realized 

with this loop structure can lead to significant reductions in total capacitance and a 

corresponding savings in die arca. Otherwise. the sensitivities. parasitic properties, 
and overall performance are similar to a¢ loops. An interesting desiga-tuning strat 
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for the active-RC case in Fig. 8-44a is to constrain Re R, and design wy 
and Q» by setting the values for capacitors Cp and Ce, respectively. The MOST-R’s 
Re and Re can be closely matched and the value X tuned as described in Sec. 8-4. 

For the sampled data loop, with a large Qp, the 2~' coefficient must be specified 
precisely. Since this coe! essentially the resonant frequency term, as indicated 
in Eq, (8-62), this intuitive claim is consistent with the sensitivity evaluations 
xd in Sec. 7-7. In digital filter literature, many z-domain resonant structures have 
been studied and used. The reader may find it interesting to know that one structure 
‘was devised to accurately realize this coefficient with a finite precision digital word 
for eases when wp < I (Agarwal and Burrus 1975), The characteristic equation for 
this di ren by 


tal structure 


1+ Q-Apz!+(1 =p (8-66) 


where fy and fy are finite precision digital words. The strong analogy between 
Eq. (8-66) and Eqs. (8-64d) and (8-65c) are quite evident. 


8-7 FLEISCHER-LAKER ACTIVE-SC BIQUADS 


-SC biquad structure shown 
nd Laker 1981; Gregorian and Temes 1986; Moschytz 198 
ann, eee and Laker 1990; Unbehauen and Cichocki 1989). This. struc- 
n to incorporate both the a» and sB¢ resonant loops in Figs. 843d and 
8-44, Here we show the switched reduced schematic; which lessens the die area 
for the biquad layout while reducing clock feedthrough and enhancing the PSRRs. 
We recommend that the switches at the op amp inputs be realized using the CMOS 
scheme in Fig. 8-29. The reader can readily verify that the biquad is time-invariant, 
and with the phase independent input shown in Fig. 8-45, the op amp outputs are 
similarly phase-independent. 
‘The structure is general, 
‘quadratic transfer functions of the form given in Eqs. ( 
nnient reference, these expressions are rewritten below, 


that it is capable of realizing all stable z-domain bi- 
-12c) or (7-13b). For conve- 


(8-674) 


(8-67) 
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FIGURE 8-45 


ci 


x 
General parasitic insensitive active-SC biquad with schematic drawn in switch reduced form, The 
Switch timing and form of sampled data input are also shown, 


Equations (8-672) and (8-675) represent the numerical transfer function to be realized 
as determined using the techniques given in Sec. 7-3 and 7-4. The approximation 
in Eq. (8-67c) provides an insightful analog between familiar continuous-time filter 
parameters (wp. Qp. @y. Q:) and sample-data parameters (9). rp. @.1=). AS discussed 
in App. 7-1, while this approximation improves as oT. «oT < 1, itis not sufficiently 
precise to serve as a substitute for the bilinear transform. It is best used for insight 
and to evaluate trends, where precision is not important, 

~ ‘The kernel (Ghausi and Laker 1981: Schaumann, Ghausi, and Laker 1990) of this 
biquad is the two-integrator loop formed by capacitors B. D. A, and C, which we con- 
Veniently refer to as the ABCD loop. Alone, the ABCD loop realizes 
Eq. (8-626), or D(z) in Eq. (8-67h) with ry = 1, and resonates at «ay oF Ay = eyT. 
described in the previous section, loop stability is realized with either E or F (Ghausi 
and Laker 1981). In either case, the poles are shifted inside the unit circle such that 
Tp < 1. Various combinations of feed-in SC’s G. H. 1, J and/or capacitors K. L are 
used to realize £N(=) (Ghausi and Laker 1981). Capacitors K and L, connected with 
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hed lines, will be shown to be convenient discretionary parameters that ean be used 
to reduce total capacitance and/or sensitivity. The switches on the top plates of K, L 
break the continuous paths through the otherwise unswitched capacitors during the 
unwanted phase (in this case $°). This also simplifies the z-domain models for K. 
as per Fig. 7-335. If we could guarantee that the biquad input vig is always an ideal 
“staircase” signal, as shown in Fig. 8-45, these switches would be unnecessary. Since 
this is not the case, we recommend that the prudent designer include these switches 
in the realization. We leave it to the reader to show that their location at the top plates 
of K, Late best for PSRR pp. 

To evaluate the biquad, we start with the z-domain equivalent circuit shown in 
Fig. 8-46. Note that the switching for A and the switching for H and J have 
been chosen to acquire the #* samples of v' and vig, respectively. on the #” phase 
that immediately follows. This explains the additional 7'/2 delay in their respective 
domain equivalents. At this point, the reader should have little difficulty veri- 
fying or analyzing this equivalent circuit, The biquad provides two op amp out- 
and V'(=); each forming different but related 1 


fer functions. with 


ve 
VEG) 


bi-{o + J) = aGjz* + (DJ — alt 


~~ DF +B) — (2DB — A(C + E) + DF\z* + {DB—A 


(8-680) 


FIGURE 8-46 Z-domain equivalent circuit for the general active-SC biquad In Fig. 8-45. 
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(8-68) 


‘+(el— Bi 
DIF: B) = PDB ACHE) DFls 1+ (DB =A E 


Where 


G=GtL, Han+l, 


J+K; (8-68¢) 


V*(=). Later we show a family of 
be used to select the best combination of 


also, V°(z) = 27'/2V¢(2) and V"(2) 
intuitive structural transformations that ca 
G, HI, J, K, and L. 

It should be evident that the biq . 8-45 is rarely required in its full form, 
i.e., with all twelve capacitors. The BP biquad in Fig. 7-22, examined in Example 7-4. 
is one of numerous special cases of this general structure. The valuie of the general 
structure is that it provides a systematic framework for designing numerous special- 
cease biquads for a vast variety of =-domain functions (e.g., Sec. 7-3) with common 
properties (¢.g., parasitic insensitivity and low a, Q, sensitivities). ‘The structure's 
design is then reduced to the prudent and creative selection of either E ot F for 
damping and the best combination of G, 1, J, K',and L to realize kN (2), Typical 
this selection focuses on minimizing the total capacitance required for the realization 
and, where relevant, minimizing the «»y, Q- sensitivities. The design is completed by 
dynamic-range scaling the op amp outputs and determining values for the capacitors: 
important tasks that we describe shorily. With numerous special cases of Fig. 8-45 used 
throughout the industry, itis fair to say that the value of this structure has been field 
proven. Also, several interesting variances to Fig. 8-45 have been offered to improve 
certain aspects of performance, such as capacitor area efficiency (Huang and Sansen 
1987) and sensitivity to op amp settling effects (Gregorian and Temes 1986; Laker. 
Ganesan, and Fleischer 1985; Martin and Sedra 1981; Unbehauen and Cichocki 1989). 

Equations (8-68) provide the designer with yet another discretionary choice. In most 
designs, one output will be primary and the other secondary. By primary we mean 
that the H(c) for a given filter is realized on the basis of the transfer function between 
the primary output and the input. In an ideal world, the secondary output would then 
bbe superfluous. However, in practice. the secondary output must be monitored and 
properly scaled to realize a high dynamic range (Ghawsi and Laker 1981; Schaumann, 
Ghausi, and Laker 1990). The poles for T(=) and T"(z) are identical, but the zeros 
in 7G) are formed in a much more complicated fashion than in 7(=) (Ghausi and 
Laker 1981). Experience has proven that designs based on 7 (=) as the primary function 
typically produce superior realizations. Hence, we purse only designs via T(:) and 
leave the development of 7'(c) design relations as exercises for the reader. We will 
return to 7"(z) when dynamic range is considered. 


B71 
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Evaluation of the General Active-SC Biquad 


It is convenient here to differentiate between the use of £ and F for pole damping. 
Let us refer to the biquad where E 0, F = 0 as the E-circuit and the biquad 
with F 4 0, & =0 as the F-circuit. The differences between the E- and F-circuits 
may seem subtle, but the difference in total capacitance (ie., die area) for eq 
designs can be significant, 
We rewrite E- and F-circuit transfer functions, with V(z) as the primary output, 
n the form of Eq. (8-675); ie., 


and 
AG 
27 
Tr(2) aG 
2DB+F) 


(8-69) 


‘The initial step in the design of a biquad is to equate the numerical H(z) of 
Eq, (8-67h) with the symbolic circuit T(z) and T(z) in Eqs. (8-69). Comparing the 
coeflicients of these equations, we derive expressions that relate the sample-data pi 
rameters {cos 8. 1p, COSA, 2, anc K) to the biquad’s capacitors (A, B,C. D, E. F. 
i, 7, and f). These expressions are listed in Table 8-3. 

For design purposes, capacitors or capacitor ratios can be expressed in terms of 
the sample-data parameters listed in Table 8-4, Note that there are ten capacitors (or 
twelve if K and L are included) available to set the five parameters that define the 
transfer function, Hence, there are a number of discretionary choices that can be used 
to optimize other performance and design criteria, e.g., sensitivity, dynamic 
and die area. Later, we dissect and examine these options in greater detail. 

Comparing the coefficients Eqs. (8-67c) and (8-69), we can derive an insightful set 
of approximate expressions that relate the frequency-domain parameters oo, Op. ys 
and Q. to the biquad capacitors. These expressions are listed in Table 8 

Note that this particular arrangement reveals that G > #7 for w. to be defined, Not 
surprisingly, pole-zero frequencies wp, wy are proportional to the sampling frequency 
fs = 1/T. In addition, capacitor ratios (and thus the die area), tend to increase in 
Proportion to f;/wo, fs/on, Op, and Q:. In the cases of wy and Q-, the resulting 
growth in capacitance ratios can be retarded by use of the G ~ #7. 


nge, 


TABLE 8-3 


TABLE 8-4 
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The wy and Q, sensitivities can be readily determined from Table 8-5. Observe that 
and Qp are controlled by the ratios of only four or five capacitors: the minimum 
nufhber for an active-SC biquad. 

“After scanning Tables 8-6 and 8-7, we conclude that the E- and F-circuits are 
equivalent in terms of sensitivity. The wy and Q,, sensitivities are minimal and set by 
the biquad’s circuit structure. 

In contrast, the wy and Q- sensitivities are very much at the disposal of the de- 
signer, dictated by the choices made in selecting the combination of G. HI. J. K. 
and L for the realization. These sensitivities are listed in Table 8-8. This table is 
valuable tool for comparing and selecting structures to realize H()'s having com- 


TABLE 8-5 


TABLE 8-6 


TABLE 8-7 
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FREQUENCY-DOMAIN PARAMETERS (G > Fi) 


E-Circult F-Circuit 


D0 -1) Aa 


fo SENSITIVITIES, 


se S34 Ee 
1 1 iT 
‘E-Circuit 2 53 2 3 ° ~ 
Le | 
F-circuit a a 
0, SENSITIVITIES 
se ses Se oh se 
1 1 Teel 
ED 2 Scien Ad a 
4, aie ast a A (une ) 
2. 2B+F 2 2 -3(\*a5F 


plex transmission zeros, e.g., LPN, HPN, BR. and AP functions. Yields can be esti- 
mated using Eqs. (7-54) and entries from Table 8-6 through 8-8. Earlier, in Example 
7-4, yield was estimated for a biquad realizing a BPI! H(z). Note that for matched 
capacitors, e.g., Fig. 7-4e, the correlation among capacitors within a biquad can be 
p>09. 
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TABLE 8.8 wy AND Q, SENSITIVITIES (U-=1/y {0/1~1} AND y = Ai1/0/) 
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Insofar as sensitivity is concemed, we must examine the impact of op amp finite 
gain on the performance of the biquad expressed in Eqs. (8-69) and Table 8-3. This 
impact is most visibly and conveniently evaluated with regard to the basic undamped 
resonant ABCD loop. Here we consider only the effect of the op amps’ DC gains Ay. 
ignoring their transient responses, In Sec. 8-9, we develop methods for significantly 
reducing the impact of op amp transient responses, leaving the op amp DC gain effects 


‘as the baseline, Hence, the DC gains of the two op amps will limit the precision of 
the biquad, even if the capacitor ratios could be realized with infinite precision. 


Evaluating the ABCD loop, as we did for the first order circuit in Fig. 8-38, 

we assume that the op amps are matched such that the DC gains are equal, i.e.. 

ue ‘Aoi = Ag2 = Ao. We leave it to the reader to draw the equivalent cireuit and to 
conduct the analysis as a home exercise, Recognizing that 1/Ay < 1 such that terms 

involving 1/A3 are negligible, the characteristic equation for the nonideal ABCD loop 


is approximately 
AC 2 T Ae: 
-p-45 (1+2)-z(3-s)] 


(8-70a) 


AC 2 woot Ay 
ae «70 


We see that the impact of Ay is to shift a slightly upward and to either enhance Q, 
when C/D > A/B or reduce Q,, when A/B > C/D. In the case of the undamped 
resonator, Q, enhancement implies that the poles are shifted outside the unit circle, 
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8-7-2 Synthesis of Practical Active-SC Biquads 


‘Synthesis (and our intuition) is enhanced if we simplify the circuit by initially eliminat- 
ing some of the discretionary choices. At the outset, we set the following capacitors: 


A=B=D=1 (8-71) 


Later, we restore the design flexibility sacrificed in Eq, (8-71). In this regard, A and 
D, will be used to independently adjust the gain constants associated with T and 1’ 
to maximize dynamic range, as mentioned previously. 

Capacitors B and D control the admittance levels at their respective op amp 
summing junctions. Thus, wo groups of capacitors, 2) = (C.D, E,G,H, L) and 
E2 = (A, B, F, 1, J, K), can be arbitrarily and independently scaled without change 
to T and 7”. Seting B = D = 1 is equivalent to normalizing the values for each of 
these capacitor groupings by D and B, respectively. Until this point, the comparative 
advantage of E versus F is transp.rent to the designer. Experience suggests using 
some rules-of-thumb, but for many cases it is prudent to carry E- and F-circuit de- 

igns to completion so that their die areas can be compared. Since the two circuits are 
very similar in structure, this requires minimal extra work 

Combining Eqs. (8-71) and Eqs. (8-69) yields the following simplified E- and 
uit transfer functions, respectively, 


(8-72) 


‘The pole locations for Tz, TZ, and Ty, T} ate determined by C,E and C.F, 
G.H.7, and J. Note that with 
1, the D(z) and N() for Tz and Ty are controlled by different sets 
of capacitors, i.e., the pole-zero locations can be set independent of one another. In 
Fig. 8-47 we show the realizable E- and F-circuit pole locations by plotting coefli- 
iemts By = 17, versus —B, = rp. cos. The stable pole locations occur only when 
Bo and —By are within the filled triangle. In Fig. 8-47a, the E-circuit realizes all 
the possible stable pole locations and the F-circuit, in Fig. 8-47, realizes all the 
stable locations except for the real poles on alternate sides of z = 0. Note that 
‘combination of capacitor values or variations can force high-Q, poles to instability 
in either circuit. However, finite op amp DC gains can enhance Q), as observed in 
Eq. (8-705), and possibly lead to instability even though the ideal circuit is perfectly 
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FIGURE 8-47 ealizable pole locations for (a) E-circuit and (6) F-circuit 


zable with 


stable, We leave it to the reader to verify that arbitrary zero locations are rea 
either circuit. 

Thoughtful study of the equivalent circuit in Fig. 8-46 and Eq, (8-68c) reveals 
fan interesting set of transformations between the switched-capacitor pairs (J, J) and 
(G, H) and capacitors K and L. respectively. These relationships are illustrated for 
I,J, and K in Fig. 8-48. A crucial assumption in deriving the equivalencies in 


FIGURE 8-48 Switched-capacitor element transformations. 
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Fig. 8-48 is that the switched-capacitor elements are buffered between an ideal voltage 
source and virtual ground. Interchanging 1, J, and K with G. H, and L, and these 
transformations can be used fo manipulate the structure at either or both op amp in- 
puts. Combining Eq. (8-68c) with the structural transformations in Fig. 8-48, we have 
@: L= J =O and K = 7 when f= J; (by: J = 0.1 = 7 — JF and K = JF when 
> J, and ( F—Land K =f when f < J 

‘The net result is that Fig. 8-45 represents a powerful family of active-SC biquad 
circuits. Given the famous SC-to-R equivalence, it is intriguing that when / = J, 
the parallel combination of these two switched-capacitors (/,.) is equivalent to a 
single unswitched-capacitor K = / Intuitively, using K rather than /, 7, we 
expect to reduce both total capacitance and sensitivity. In fact, the 1/Q. sensitivi- 
ties are significantly reduced, as can be verified by using Table 8-8 (ie., U 
‘The relationships for 7 > J and / < J yield similar advantages. For e' 
a design requires / = 13 pF and J = 12 pF, the 7 > J transformation yields 
an alternative set of elements 1 = 7 ~J = 1 pF and K = J = 12 pF. Note, 
however, that like all good things, the transformations in Fig. 8-48 reach their limit 
when 7 = J such that 7 ~ J| < 1. At this extreme, the use of f and J can be 
shown with the aid of Table 8-8 to yield very large sensitivities, due to the small 
difference of two large quantities. On the other hand, using the 7 > J or f < J 
transformations yields very large capacitance spreads. In this extreme case, neither 
alternative is ideal; but the designer can choose to trade sensitivity for die area or vice 
versa. 

Proceeding with the synthesis of Tp,¢(z), the natural sequence first realizes D( 
followed by kN (c). The design can start with either an H(s) prototype or an H1 
H(s) can be mapped into H(2) using the bilinear transform described in Sec, 7-5 
If we start with (s) = N(s)/D(s), we let the D(%) for the prewharped s-domain 
transfer function be 


+ by5 + bo (8-73) 


where § is the prewharped frequency variable, Substituting the bilinear transform in 
Table 7-8 for §, and equating the coefficients of the resulting :-domain polynomial 
with those of the D(z)’s for the symbolic Tg, in Eqs. (8-72), yields 


E ey (8-74) 
1+ by(T/2) + bo(T?/4) 1+ (1/2) + bo(T?/4) 
and 
a = Ghee (8-74) 
1 —b\(1/2) + bo(T?/4) 1 — d(T /2) + bo(T?/4) 


fhe sampling period. If the design starts with an H(z), relations for C, E 
and C, F are determined by equating the coefficients of D(z) in Eq. (8-67a) with the 
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denominators of symbolic Ty. The resulting relations are 


(8-754) 


=14B)— 


E= 


— Bo, 


and 


1= By 1+ By Bi 
Bo 


(8-75)) 


By 


Once values for C, E or C, F have been fixe: es for G.I. J, K, and 1. are 
determined from a suitable numerator function, thus defining the desired zero locations. 
Design equations for determining G. HM, /, J. K. and L for Ty, and Tj, realiza- 
tions can be found in Ghausi and Laker (1981). In Table 8-9, for the E 
summarize the G, A. /, and J design formulas and a typical realization for each of 
the generic (2) in Sec. 7-3. The corresponding F-circuit values are easily obtained 
by multiplying E-circuit values by 1 + F. Using theve des 
‘numerous alternative designs can be developed. 

Figures 8-49a and 8-49h show E- and F-circuits that implement LPN (or HPN 
or BR) H(<) according to Table 8-9. We at the LPN (cte.), wi 
can be realized with H = 0 and K = 0. For 
this choice, $2: = 0 and the Se* are minimal. Moreover, the use of K rather than 
1, J reduces capacitance and eliminates several switches. An F-circuit realization for 
an HP H(z) is shown in Fig. 8-49c. The HP can be viewed as a special ease of the 
HPN with G =0, ic., as G —> 0. the zeros shift around the unit cite =1etn 
Fig. 8-49d, we have an LPO! at the primary output V. We leave it for the reader 10 
verify that the secondary output V” is BPOO. 

With the poles and zeros realized, capacitors A.D, and B are adjusted to scale 
the dynamic range, EZ), and Ez, respectively. Here we assume that the gain at the 
primary output, namely 7. is specified at all frequencies by (=) and the gain at the 
secondary output, namely T’, is unspecified. Hence, the gain levels of 7” are lett 10 
the discretion of the designer to achieve other design Iso assume that 
the filter is required to process both large and small signals. Clearly, an overload of 
any one of the two op amps wil mic range-limiting harmonic distortion, 
It is easy to convince ourselves, given an active filter with Nop amps, that the best 
‘we can do is design the filter such that all op amps overload at the same level. 
In dynamic range scaling, we simply adjust the gain level at the secondary output to 
ensure that the secondary op amp never overdrives ahead of the primary op amp, 

‘This task is accomplished by scaling A so that the maximum levels at the op amp 
outputs are equalized, as shown in Fig. 8-50. 


ax Vo) = max V(r) o max |p. - (| = max |Tr.r(o| 


or max Gy, -(o) = max Gero) (8-76) 
onnee ogmee 


TABLE 8-9 
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E-CIRCUIT ZERO-PLACEMENT DESIGN FORMULAS AND A 


TYPICAL DESIGN 

Filter 

Type Typical Design 

LP20 K =|ki, G=4ik) 
Hal=J=t=0 

ven J = iki, G = 2k 
Hel =0 

LP10 A=0 J = tki, G = 2iki 

= iki H=J=K=l=0 

Lpoe 

Lot 

LPoo 

BP10 

Pot 

P00 

HP =ikj, I-A =k) 

I +d 6 =2iki 

LPN Ik, I-A =k] K =k}, G =2)kK1 —c086n) 

HENS 9, ges 

BR 143-6 =21K1c05y HelaJ=l=0 

ne im ik, S~ A= iy k= th, 


g 
149-Geandonm ontm(1+4-2ona) 


Jai(3-1 


<0 


‘The primary gain level is kept fixed by counterbalancing it with a proportionate scaling 
of D. For example, let Eq. (8-76) be satisfied by scaling Tz, - by a constant jj 


gr see i paw (8-77a) 
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@ 


FIGURE 8-49 Examples of biquad realizations: (a) F-circuit LPN (HPN or @R), (b) E-circuit LPN (HPN or BR). 
(6) F-circuit HP, and (d) E-circuit LPO1 or BPOO. 
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Trp is held fixed if A and D are simultaneously adjusted such that 


(A, D) > ( 


Determining (¢ to satisfy Eq. (8-76) can be done in a straightforward manner by 
plotting |1f,¢| and |Tp,y| (Or G'g.p and Ge, in dB) as functions of frequency 
‘with sufficient detail to estimate the maxima by eye. Altematively, V and V’ can be 
calculated with the aid of an AC circuit analysis program, 

Once satisfactory gain levels have been obtained at both outputs, the final step 
in the design is (0 use D and B to scale %, and Zs, respectively, to convenient 
impleme ng is to adjust ©) and Zp by constants v 
and «, respectively, so that the minimum capacitances are normalized to one unit, or 
1x U, ie, 


(8-77) 


(C.D. E.G. HL) > (WC, vD, VE, vG,vH, vL), 8.4. min(wX) = 1 (8-78a) 


(A,B, Fy Tod K) > (A,B, RF RL kJ, eK), Sa. min (eX) = 1 (8-786) 


where X’is any one of the biquad capacitors A through L., ‘The capacitor values imple 
mented on chip are calculated by multiplying the normalized values in 
Eqs. (8-78) by the actual unit value in pF; eg., if U = 1.5 pF and D = 32.56, 
then the implemented D -> D x U = 48.84 pP. Clearly, the 3) and B2 need not be 
scaled to the same minimum unit. In die area sensitive designs, this flexibility may 
be exploited. 

In the following section, some illustrative examples are given, The first example 
is an LPN circuit for which the design is followed through step-by-step to illustrate 
the design procedure. The second example is an AP circuit where G. 1. 7, and J are 
manipulated to achieve and optimum design. 


8-7-3. Examples 
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The first example is the step-by-step design of an LPN biquad, from an f(z) to 
final integrable capacitor values. In the second example we consider the design and 
realization of an AP biquad. 


Example 8-8 
Realize the following LPN #1) 


(8-79) 


0.9972 


H(z) provides a notch frequency 
tor of Oy = 30.at fy = 
dF -cireuits for maximum 
1 pF. Compare the total 


where f; = 128 kHz (or T = 7.8125 usec). Th 
at fy = 1800 Hz, a peak corresponding to a quality fi 
1700 Hz, and a DC gain of 0 dB. Design both E- 
dynamic range and for a minimum ca 
capacitance required to realize both desi 


Solution. The reader may be alarmed by the h .¢ of numerical precision 
in the coefficients of H(c) in Eg. (8-79). Since capacitor ratios are used to realize 
only the departures from —2 and +1 for the =~! and :~? coefficients. respectively, 
the precision required is not a problem and is consistent with the sensitivities in 
Tables 8-6 to 8-8. This property occurs with all Agarwal-Burrus like structures, 
. Eq. (8-66). 

First, let us calculate the raw. normalized capacitance values (with A = B 
D =1) using Eqs. (8-75) and the LPN entry in Table 8-9. The resulting unscaled 
capacitor values for the E- and F-circuit designs are listed in Table 8-10. To adjust 


TABLE 8-10 LPN REALIZATION FOR EXAMPLE 8-6 
Circuit F-Cireuit 
Dynamic Final Dynamic ‘Final 
Cap Unsealed Range «Values. «© Cap_=sUnscaled © Range ‘Values 
Values Adjusted (9F) Values Adjusted (pF) 
Values Values 
A 1.0000 0.08333 «1.0000 A 7.0000 0.08333 29.9748 
B 4.0000 . 1.0000 120004 2 40000 1.0000 359.7122 
eS 0.00694 0.00634 2.505 O 0.00686 0.00696 1.0000 
D 4.0000 0.08333 «30.0830 4.0000 0.08333» (12.0072 
— 0.00277 0.00277 1.0000 £ = = _ 
e = = = a 0.00278 0.00278 1.0000 
@ 0.00694 0.00694" 25054 0.00696 0.00696 1.0000 
K o.ggosa 0.89003. 106916 2K o.g9340 0.89340 321.9669 
EO(pF) = = 538 ECIpF) = - 726.1 
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the dynamic range, we need to first determine the peak or maximum voltage gain 
levels at V and V’. The maximum voltage gain levels at the primary outputs of 
both the £- and F-cireuits are identical and occur at ay; hence, 


max Ge,p(@) * 10.6 dB (8-800) 


Oemet0 


The peak gain in Eq. (8-80a) is quite large due to Q), = 30. However, the maximum, 


gain level at the secondary output is significantly lower, is, 


max Gp p(@) % =11.0 (8-800) 


osmere 
Note that the gain peaks in Eqs. (8-80) need not be determined precisely. To 
equalize the gain peaks, in accordance with Eq. (8-76), the maximum Gi, p(w) in 


(8-80b) must be increased by +21.6 dB to 10.6 dB. Thus, the required linear 
seale Factor is 


21.6 


f= log"! % 12,0, 


20 


Scaling A and D by j1, as directed in Ee 
jues in Table 8-10. 
Scanning the unscaled and dynamic range adjusted capacitor values, there ap- 
pears to be no difference in the £- and F-circuit designs as far as capacitan: 
values are concerned. Earlier, we established that their sensitivities are equivalent 
Let us then carry the designs to completion and scale the admittance levels at the 
‘two summing junctions so that the minimum capa alue 
‘Comparing the dynamic range adjusted values for both the F 
‘Table 8-10, we find that the minimum eapa 
are 


(8-77b), yields the dynamic range-adjusted 


reuits in 
Eqs. (8-78) 


E-Cireuit: min, Z) = E = 0.00277 and min, E2 


F-Cireuit: min, Dy = C = 0.00694 and min. 


= 0.00278 (8-81) 


Hence, for the E-circuit, v = 1/0,00277 and x = 1/0.08333, For the F-circuit, v = 
1/0,00694 and « = 1/0.00278. Scaling the capacitors as indicated in Eqs. (3-78) 
yields the “final” values listed in Table 8-10. 

Comparing these “final” realizations, we discover that the F-circuit requires 
nearly twelve times the total capacitance of the E-circuit! This difference occurs 
even though the unscaled and dynamic range adjusted values seein almost identical, 
Experience has established that the £-circuit will usually require significantly lower 
BC when Qp > I (and/or Q: > 1) and eyT < | (and wyT « 1). Otherwise, 
the F-circuit yields the lower EC realization. One famous example in which the 
Fcircuit realizes a sizable EC advantage is the 50/60 Hz HPN tor PCM codecs 


FIGURE 8-51 
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realized with f, = 8 kHz (Marsh et al 1981), The H(z) for this application is 
given by 


= 1.99778: 
1 = 1.87195: 


H(@) = 0.93906. =n 


The upper cutoff frequency for this filter is 300 Hz and the high-frequency gain 
is 0 dB. After all scaling is complete. the designs result in £C = 143 pF for the 
E-design and EC = 68 pF for the F-lesig 
of | pF. However. no rigorous proof exists for these trends, nor has any definite 
rule of thumb been established. Hence, we recommend that the prudent designer 
carry both E- and F-circuit designs to completion so that they can be meaningfully 
compared. Fortunately, the design of these biquads is simple and highly repetiti 

‘The experimental response for the LPN E-circuit realization is shown in Fig. 8-51 


n, each with a minimum capacitance 


Example 8-9 
Realize the following AP (=): 


+:1.017302 


where f, = 128 kHz (or T 
2801.5 Hz and Q, 
itance required to realize the three AP circuits in Fig. 8-52. Note that Fig, 8-524 
represents two circuits; the first with L = 0, which we call the G. J, K circuit and 
the second with L #0, which we call the G. J. KL ci i 

balanced differential realization that we call the G. K, —L circuit 


Solution. Since, 0, = —Q- > 1 and oT =oyT < 1, let us pursue the 
design. The reader can repeat the process for F-circuit realizations. 

igure 8-52a, with L in gray, shows two E-circuit AP realizations 
L =O and with L 4 0. Given the previous LPN example. 


ie. with 
the G. J. K circuit with 


4 GeNaB 


pki 


Experimental response of the Qs = 30 
LPN E-circut realization in Tabie 8-10. 
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FIGURE 8-52 Low sensitivity AP biquads: (a) optimized single-ended E-circuit, and (b) superior balanced E- 


ircut. 


s a natural choice for an AP. That is, with / 0, the zeros lie exactly 
on the unit circle. With 7 + 0, the zeros can be shifted inside the unit circle. With 
J, they can be shifted outside the unit circle to the AP locations designated in 
Fig. 7-6¢. The design formulas for the capacitor ratios in terms of the sample~data 
parameters 7p. rp C086, r=, and r:cos@y for this circuit are given in Table 8-11. 
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FIGURE 8-4 The parasitic capacitances, in a typical dual poly, p-well CMOS process, whieh are deemed most 
important in the realization of integrated titers, Symbols for tho parasitic capacitances and the one 
Intentional capacitor are shown in gray and black, respectively. 
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FIGURE 8-5 Top view of unit (Cy) and 12 unit (C2) double-poly capacitors. 
Color plate 1 
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FIGURE 8-8 Analog switch schematics and layouts: (a) single-pole-double-throw NMOS. switeh, (b) double: 
pole-double-throw NMOS switch, and (c) double-pole-double-throw CMOS switch, 
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FIGURE 8-34 _p-well shiolds to increase PSAFop and PSHAss: (a) cross-section of a p-well CMOS chip showing 
Circuitry and p-well shields at the op aimp input; (0) circuit schematic showing impact of grounded 
‘p-well on parasitics associated with capacitor C. 
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FIGURE 6-21 An allemative -LD, -FE integrator using two tandem SC’s a the input: (a) the circuit showing 
parasitics Gyr and Gye in green and red, respecively. The z-domain equivalent circuit for (a) is 
Ehown in (B), with all components due to parasiics in their respective colors. In (c) we shows that 
ihe top plate parasiics Gp, and Gze can be made equal by careful matching ofthe layout. When 
the SC's are matched, \@., Ca = Gs = 20} and Cpr = Cz2 = Cp, all the parasites in (c) cancel 
and (c) reduces to (d). 


Color plate 3 


TABLE 8-11 


TABLE 8-12 
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Also, for comparison and to evaluate sensitivities, expressions for ayy. Qp. ey, and 
Q. are given in Table 8-12, It should be evident that the sensitivities of ey. Q- are 
minimum. However, the K/JJ = Q-/(oyT) ratio becomes very large as Q- > | 
and @yT <1, In contrast, the equally large Qp/(anT) = DB/AE is helped by 
being formed by the product of two ratios. By letting L #0, a subtraction is intro- 
duced into the denominator of Q. in Table 8-12 via y = AL/DK. Controlled by 
the value of L, the designer can adjust the effect of the subtraction to optimally 


[AP BIQUAD CAPACITOR RATIOS (y’ = DISCRETIONARY PARAMETER) 
GK BIKE GK =k 

AE 

B 1-9 1B 1g 

AC t+g-2 V4 sP-2ppeose — 14+ 4? ~ Bp cos 

FE NF PH 200m 14 GF- peor — 1 +f ~2rpe08 0 

K 

ba k k 

5 k 

J 2 ane 

z Bot Bot = 

AG ri 

BR +R =2recoty 147? tak 

a Ss ¥ ra) 


‘AP FREQUENCY-DOMAIN PARAMETERS FOR THREE €-CIRCUIT 
REALIZATIONS IN FIG. 8-52 (y » DISCRETIONARY PARAMETER), 


Gk GK, =k 
wf 4 
tu “\ DB 
oat AE 
Op 0a 
+, [aon 
ENA, 
mG 
ow ea AE 
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TABLE 8-13 
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trade Q.-sensitivity for reduced BC (Laker, Ganesan, and Fleischer 1985), It was 
found that L = 2.000 yields a good balance. 

Finally, in Fig, 8-52b, we show a balanced differential Pleischer-Laker biquad 
optimized for an AP. In this’circuit we take advantage of the differential input 10 
realize a ~L by cross coupling the inputs to L. For this Table 8-12 
that formulas for @y, Q- exactly parallel a, Qp. The design formulas for this 

revit are given in Table 8-11. This same idea can be applied to the other feed-in 
sapacitors G, #7, and J, so that 


ase, We see i 


Gib WatHel PatteK and J 


JeK (B84) 


yielding an abundance of fresh alternatives not available in the single-ended real 
ization, 

The final capacitance values for all three realizations of Eq. (8-83) are listed 
in Table 8-13, Note that K/J = 57.8 and EC = 153 pF for the G, J. K res 
tion, By inserting L = 2,000, K/J is reduced to 19.27 and EC to 67 pF. In the 
balanced case, even with the doubling of all capacitors, EC = 57 pF. Also listed 
in Table 8-13 are the peak standard deviations for gain (AG) and group delay 
(Ar), estimated for independent gaussian capacitors with oc = 0.001 for all A 
through L. Peak values are the largest values as functions of w. We see that the 
@°s for all three realizations are quite comparable, as the relations in Tables 8-11 
and 8-12 suggest. 


‘AP CAPACITOR VALUES AND o's 


Final Final Final 
Cap Values. Values. =——‘Valuos 
(PF) (pF) (oF) 


Gik GIKL GK ~ 


‘A 16.090 
B 58,800 
1097 
D 16,090 
£1,000 
G 1097 
J 4.000 
& 57.800 
fees 
xo 
(oF) 153.0 
o(06) 
(68) 0.088 0.078 0.049 
a(d) 
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‘When implementing active-SC filters on the chip, it is usually ¢ 
the layout so that op amps, switches, capacitors. clock lines, ancl analog signal 
are in separate areas. This also allows the designer to keep analog signal lines iso- 
lated from clock and other digital signal-carrying lines. One such layout is shown in 
Fig. 8-53 (see color plate 4), where the op amps are arranged in the top row, ground 
and AC signal lines in the next row, followed by rows of capacitors, switches, and 
clock lines. Shown in Fig. 8-53 is the circuitry required to realize a Fleischer-Laker 
biquad, with p-well shielding (ie., for capacitors and summing node n MOST double- 
pole-double-throw switches) to increase the PSRR. 


i 10 arrange 


8-8 INTEGRATED CONTINUOUS-TIME FLEISCHER-LAKER TYPE 


BIQUADS 


‘The design process and the circuit realizations for state variable active-RC and active: 
Gm/C biquads, with resonant loops described in Figs. 8-42 and 8-43, strongly parallel 
the developments for the active-SC biquads in the previous section, The steuctures 
that follow have been constructed to retain as many properties of the Fleischer-Laker 
active-SC biquad as possible. 


8-8-1 Active-RC Biquads using MOST-R's 


Let us first consider the general biquad in Fig. 8-54, where the resistors are realized 
with MOST-R's, To emphasize and take advantage of the strong analogy with the 
active-SC biquad, we have labeled the R's and C’s to show correspondence on a 
‘component-by-component basis. Although not practical circuit the components are 
more clearly shown in the single-ended “RC” equivalent in Fig, 8-54d, Assuming 
ideal op amps and MOST-R's, the voltage transfer function to the primary output 
Vowa can be written as 


Te(s) = 


ar(g Se ince Jot (pad) 
(=) RiCk _RiCx Co RaCx)” © RaCnCy \ RG Ru) 
ape T 


s+ 


Co RiCn 


CpRsCa (8-85u) 


poe 1 a 1 is GA ) Fae 1 ( i el 1 ) 

Ee) RiCk _RiCx Co RaCk RCo \Re Rr) 
T I 

cCoR Ce (8-855) 


‘Once again, we differentiate between “E” and “F” type damping. The ideal relations 
between wn, Op, oy. Q-. and the components are listed in Table 8-14. We leave it to 
the reader to verify these relations. Note that the use of Cx > 0 and Rg > 0 (with 
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+49 


ra 
os = 


© cr) 
FIGURE 8-54 General intograted active-RC biquad: (a) resonator permitting the realization of elther the ~ap 
(or sBe loops, (b) zero forming feeds into ++Vsx, (¢) zero forming feeds into -:Virz, and (0) the 

single-ended equivalent to (a). 
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TABLE 8-14 ACTIVE-RC BIQUAD PARAMETERS 1/Re > 1/ Au: 


845 


E-Cicuit F-Cireuit 
Hi 7 
“ ReOpRaca \ ReCpAsCe 
is cae i 
oe Go Fats FeCe 
Co [Fale [eo 
2 Rey 
S GeV FeCo \ Rerace 
ie (Eee Se) 
ow Vices (Re Ra) Pataca (Raa) 
Lone ciara Cr ee ee 
Qe FiCk RiCk” CoRaCe © Fix RyCk Co Rae 
Ge (44 CaS 
Foo (& i) \ Paco. G mu) 
Oe Tato corer Tt ert 
Fi Ry Co Pa A OR 
é ox 
i G 
Cy =0 and Ry = Ry 0) results in a BR (or LPN or HPN) biquad. where 


for ideal op amps 1/@. 
biquad translate over to the act 


The design process associated with select 
aling the impedance levels at both op amp inputs. is nearly 
identical to that described for the active-SC biquad. The one ¢i 


dynamic range, and 


and several other useful features of the active-SC 


RC analog. 


the raw component values. optimizing 


ference lies in the 


criteria used for the impedance scaling. In this case, we may choose to constrain 


integrating capacitors Cp and Cp such that Cp = Cy = Cy and then seale Cy, 
to achieve the desired trade between die area and performance, e.g.. to minimize 
total die area as illustrated in Exercise 8-34. Altematively, we may scale all the raw 


component values so that the smallest component, 


~unit resistance Ry or capacitance Cy. 


her R or 


equals the designated 


To evaluate the impact of the finite op amp gains and the distributed parasitic ca~ 
pacitances associated with the MOST-R’s, let us examine the undamped state variable 


loop (ie. Fig. 8-420 with 1/R) 
generality, by consideri 
the op amp gains as A\(s) = Ax 
our circuit is drawn in Fig. 8- 


0). Let us also simplify matters, with litte loss of 


the single-ended equivalent of the loop. Hence, modeling 


show 


.) = @,/s. and the MOST-R* n Fi, 8-16, 
. The characteristic equation for this nonideal loop. 


FIGURE 8-55 
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Undamped active-RC state variable loop wit finite gain op amps and nonideal MOST-A's. 


after much algebraic manipulation, is approximately expressed as 


on (+ SE) s 405 (1-2) 


8-86) 
404 o oe) 


where we have assigned y = 1/ReCp = 1/RaCa and wy = 1/ReCye = 1/RiC pas 
Note that the Q, is enhanced by the phase shifts due 10 «, and wy. We also see 
that the pole frequency is reduced. In principle, we can prediston the R's and C's 
to compensate for these shifts, but in practice this is not very effective. First, «, and 
4 are highly variable. Moreover, they are defined by parameters that do not track 
any of the other circuit components. Alternatively, the active compensation techniqu 
described in Sec. 5-3 can be used to reduce the effect of a. In any case, it is good 
practice to reduce the C,’s as much as possible in the layout of the R's. The closed- 
loop tuning described in Sec. 8-4 tends to counter the errors in Eq. (8-86). 

‘To explore the precision and tuning of these biquads, let us focus our attention on 
the pole locations defined by @ and Q,,. Let us then refer to the a», Q, realized by the 
E-circuit as ove, Qype and realized by the F-circuit as ae. Op. We observe in Te 
ble 8-14 that wy is formed the same way in both structures. Hence, the precision of the 
realized wy and its tuning are the same in both cases, ic., og = woe. In Table 8-14, 
we find for the E-circuit that Qpe is formed as the product of one R-ratio and two 
C-ratios, and its resistors R4, Re must be set when tuning @pe. This can be accom 
plished by routing one control signal Ve to both Ry and Re, such that Ry = R(Vc) 
and Rc = a@R(Vc). Thus, once woe is tuned, Ope is also tuned, and its precision 
depends on the matching accuracy of Ce/Cp, Ca/Cp and Ra(Vc)/Rc(Ve). In con- 
trast, the F-circuit Q,- can be independently tuned by adjusting Ry = Re(Ver). As 
mentioned in Sec. 8-4. the tuning of Q,¢ depends upon a tuned wy (and a fixed 
Ry and Re). The precision of the tuned Q;¢ is then determined by the matching a 
curacy of Cx/Co, Rr(Ver)/Ra(Vc) and Rr(Ver)/Re(Ve). Alternatively, we could 
route Vo to Rr so that Re = BR(Vc); thus choosing not to independently tune Rr. 
‘This simplifies the tuning and the associated on-citip hardware but it sacrifices the 
opportunity to compensate for effects that are not observed when wx is tuned. Note 
that since Qp is more dependent on the capacitor ratios than Oy, we can intuitively 
argue that Q,¢ can be realized with better precision. 
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FIGURE 8-56 General integrated active-Gn/C biquad. Note that Gry > 0 locates the complex zeros in the right- 
half of the s-plane. Ifthe input terminals to Gn, are inverted, than a Gny is realized and the zeros 
lig in the left-half of the s-plane. 


8-8-2 Active-Gm/C Biquads using MOST-Gm's 
A general “F” type active-Gy/C biquad is shown in 
function to the primary output Viui2 given by 


56, with the transfer 


> Gat, GnaGnic 
ap 


(8-87) 


Note that when Gy = 0, 1/0: =0. Also note that feeding the bottom plate of Cx 
to the input provides the feed-forward path realized with Cx in the active-RC biquad. 
Also, inverting the polarity at the inputs 0 Gy will serve 10 locate the zeros in 
the left-half plane. The balanced differential realization of this general active-Gy,/C 
biquad is shown in Fig. 8-57. The design formulas ase given in Table 8-15, A suitable 
realization of the “E” type biquad has not been found in active-Gy/C. It is assumed 
that the precautions described in Sec. 8-2 haye been followed to ensure sufficient 
linearity. 

For this active-G,,/C filter, the nonidealities are primarily due to the parasitic 
conductances and capacitances at the input/output terminals of the OTA (as indicated 
in Fig, 5-49), Let us evaluate the impact of these parasities on the performance of 
an active-Gy,/C undamped state variable loop (i.e., Fig, 8-43 with Ge = 0). This 
circuit, drawn in Fig. 8-58, yields the following characteristic equation 


2 Soc Sod GmeGmn + Sorbo 
ste + —)st— = 
(ts Foe (Cp + GaNlCn + Ged 


FIGURE 8-57 


TABLE 8-15 
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Balanced differential realization of the general active-Gn/C biquad in Fig. 8-51 


ACTIVE-Gn)/C BIQUAD PARAMETERS 


E-Circult F-Cireuit 


oy = 


Ging GnaCo 
Ce 


Gn 


or, approximately, 


24 ( Bec 4 __ fon ) 5 4 Gmc Gn ( Boaboc, Cin _ ee) q 
Co¥Cin Ca¥ Cic CoCn GncGn Co Cn 
(8-88) 
In this case we see that Qy is reduced and a will increase or decrease by a small 
amount, depending on the relative values of the components and parasitics. These 
effects are small insofar as gocs 80a K Gacy Gma and Cic, Cin K Cp, Cr. Closed- 
loop tuning will tend to counter these errors, along with imprecision in the Gy/C's. 
Note that the tuning and precision of this biquad are similar to that described for the 
“P” type active-RC biquad. 


FIGURE 8-58 
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Undamped active-Gn /C state variable loop with finite parasitcs. 


8-9 HIGH ORDER FILTER IMPLEMENTATION USING CASCADED 


STAGES 


Rarely is one requested to design and realize only a first- or second-order filter, as 
most practical filters are more complex. However, our modular approach allows us 
to implement a wide range of filter requirements using simple interconnections of 
first- and/or second-order filter stages. In this section, we consider the realization of 
a high-order integrated filter as a cascade or tandem connection of first- and second- 
order active filter stages. Cascade design is highly modular, capable of realizing any 
H(s) of H(z), and relatively easy to design, implement, and tune (if necessary). The 
price paid for these advantages is sensitivity. In Sec. 8-10, we present an altern: 
approach, based on passive ladder filters. Active ladders, as they are called, offer 
significantly improved sensitivities. They are best suited to LP and BP filters, where 
cascade design is completely general. 


8-9-1 Cascading First- and Second-Order Filter Stages 


FIGURE 8-59 


Cascade design (Ghausi and Laker 1981; Gregorian and ‘Temes 1986; Movchytz 1986; 
Schaumann, Ghausi, and Laker 1990; Unbehauen and Cichocki 1989) is based on 
the simple tandem interconnection of NV first-order and biquad stages, as shown in 
Fig. 8-59. If the stages are noninteracting, the overall transfer function is the product 
of the individual stage transfer functions, i.e., in the s-domain, 


EN(s) 
‘s) = Tl 
Ales Tl oS DG [ 
By noninteracting, we mean that at any stage, say the ith stage, the output impedance 


Zou is not loaded by the input impedance Zin +; of the succeeding stage, ie. |Zoui| & 
[Ziaisil. In op amp-based active filters, this condition is inherently realized for « < «, 


(8-89) 


Cascade structure. 
Vin 


J 
1 Na] Sts 
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However, due to the high input and output impedances of the OTA VCCS, active- 
Gm/C filters require interstage buffering. The required buffers are usually realized as 
simple unity-gain source follower (or emitter follower) stages, described in Sec. 4- 
Furthermore, output buffering is generally required to drive external loads, Typically, 
when N = even, T(s) is realized as a cascade of N biquads. When N = odd, T(s) 
is realized as a cascade of N —1 biquads and one first-order stage, 

Let us examine the relationship between variations in the stage T,(s T/T 
and the overall function AT/T, which are only valid where 7j(s) #0 and T(s) #0 
‘Techniques for estimating A7;/T;, due to statistical and deterministic variations in 
the components, were given in Sec. 7-7. Hence, if 7'(s) varies due to changes in the 
components of the 7)(s)'s, we can write for a particular frequency wy: 


_ AT Gen] _ 74 7 
Tyo [1+ "UES ae = T7Geo TT 


(8-904) 


or 


If AT;(jou)/T (Janu) € 1, we can simplify 


(8-91) 


n (8-91) states that the variation in the cascade transfer function, for sufficiently 
smaill changes, is the sum of the individual stage transfer function variations. Similar 
n be derived for variations in gain (G(0») in dB), phase or group delay. 
From a design point of view, Eq. (8-91) implies that AT/T can only be reduced by 
decreasing the variabilities of the individual stages. Hence, the prudent designer will 
use low sensitivity and parasitic insensitive stage designs wherever possible. Cleaily, 
results that parallel Eqs. (8-89) to (8-91) can be readily written in the z-domain for 
sampled data filters, 

Equations (8-89) through (8-91) and Fig. 8-59 largely define the design tasks for 
cascade synthesis and ion. However, there are some subtle design choices that 
may not be obvious from the presentation thus far. The design process is as follows: 


1 The required numeric H(s or 
See. 7-4, 

2 We factor the numerator N(s or z) and denominator D(s or =) of H(s or 2) into 
their respective root functions. Imaginary and complex conjugate roots are combined 
into quadratic polynomials. 


) is determined using techniques described in 


It may seem that one can arbitrarily combine the roots of N(s or 2) and D(s or 
2) to form the Ti(s or =) in Eq. (8-89). After all, H(s) is realized no matter how we 
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es in the tandem. However, the variability 


pair the poles and zeros and order the sta 
and, in particular, the dynamic range of the cascade, are in fact impacted by how this, 
1g and ordering is done (Ghausi and Laker 1981; Schaumann, Ghausi, and Laker 


In the previous section, we saw that the maximum undistorted signal voltage that 
a filter can process is limited, depending on the operating frequency, by the power 
supply or by the linearity or overload of the op amps. Let us label this maximum 
signal level Vout (max) and assume that it is measured at the primary output of the 
biquadratic section, We must make sure that the signal level at any section output, 
[Vous (Jo)], satisfies 


< co and i (8-92) 


max| Vou J)] < Vouimay for 0 


Note that this condition must indeed be satistied for all frequencies, and not only in 
the passband; large signals outside the p l must not be allowed to overload and 
saturate the op amps, The lower limit of the useful signal range is set by the noise 
floor. If, in the passband of a cascade filter, the signal at an internal stage becomes 
Very small, it must be amplified back up to the prescribed output level. 

any point in the cascade of filter stages, say at the output of stage /, signal and noise 
are amplified by the same amount, namely, 


n 
Vou io) = TT Ten io (8-930) 


we may conclude that the signal-to-noise ratio will sulfer if any Vayu (Jo) suffers 
significant inband attenuation, i.e. if it is permitted to become too small, Equation 
(8-932) also represents the noise gain from the output of section é to the Alter output, 
Thus, the second condition to be satisfied by the output voltage of any biquad is 


min|Vows(jo)| > maximized foro, <@ Say andi=1,....N — (8-93h) 


frequencies between the lower and 
al-to. 


Of course, we are concerned here only with sig 
upper passband comers, «and ay, respectively, because in the stopband, sis 
noise ratio is of no interest 

, Pole-zero pairing, section ordering and gain scaling are to be chosen (Ghausi and 
Laker 1981; Schaumann, Ghausi, and Liker 1990) such that the conditions of Equa: 
tions (8-93) are satisfied. Once this is complete, the dynamic range sealing of the 
individual sections can be completed as described in the previous section, Spi 

not permit us to develop these concepts and procedures in any greater detail, Hence, 
‘we only state some general rules of thumb. To optimize pairing and ordering for @ 
particular set of filter requirements necessitates the use of CAD tools such as FILSYN, 
(Szentirmai). The curious or otherwise interested reader is referred to any of several 
active filter texts listed in the references for more details on this process. Continuing 
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with the design steps we have: 


3 Equations (8-93) are best satisfied by pairing the highest Qp: poles with the 
closest zeros, such that the distance |p; — z;| is minimized. The remaining roots of 
N(s or =) and D(s or 2) can usually be arbitrarily paired to form the rest of the 
Ti(s or z) with litle impact. 

4 The order of stages that best satisfies Eqs. (8-93) is somewhat more subtle, 
requiring computer assistance and intuition gained by experience. However, it is often 
desirable to start the cascade with either an LP or a BP to eliminate unnecessary high 
Jrequency components, which could cause nonlinear behavior in subsequent stages die 
10 op amp slew limits. In other applications, where the presence of a particularly strong 
unwanted tone, such as 50/60 Hz power hum, could overdrive certain subsequent 
Stages, the cascade is started with an HP stage. It is also conmnon to end a cascade 
with an HP or BP stage to eliminate DC offset and other spurious signals produced 
within the filter 

5 The gain constants k; are scaled to equalize the gain maxima as described in 
previous sections and such that the end-to-end gain constant k in Eq. (8-89) is realized. 
6 The best biquad structures for each of the T, are chosen from the point of view of 
sensitivity, parasities, die area, etc. For example, in an active-SC cascade realizatic 
we typically find a combination of E- and F-circuits used to optimi: 
each section. 

7 Finaily, we design and implement the requisite first- and second-order stages, 
as described in the previous section. 


‘These design steps are technology and filter-type independent. We next focus on 
several interesting issues associated with the realization of cascade active-SC filters. 
In the next subsection, we examine remedies to the problem of op settling and in 
Sec. 8-9-3 we apply these remedies to the realization of a delay equalizer, comprised 
of a cascade AP stage. Cascaded AP stages are particularly treacherous and can be 
very sensitive to any phase dependence caused by op amp transients, 


8-9-2. Time-Staggered Active-SC Stages 


‘The adverse effects on active-SC filter performance, due to the nonidea! op amp 
transient behavior, have been well documented (Gregorian and ‘Temes 1986; Sansen, 
Qiuting, and Halonen 1987; Unbehauen and Cichocki 1989). Perhaps the most promi- 
nent of these effects are the gain and phase errors that occur due to the op amp's 
unavoidable finite DC gain and settling behavior (Gregorian and ‘Temes 1986; Un 
behauen and Cichocki 1989). Also, the op amp’s slewing, in response to the sudden 
step-like changes in input (albeit small), introduces some additional charge transfer 
error and nonlinear distortion. These slew-induced effects can be controlled in the de- 
sign of the op amp's input differential stage by making the stage’s transconductance 
Gy» as large as possible (Sansen, Qiuting, and Halonen 1987). 

The gain and phase errors can become quite severe when samples must propagate 
through chains of several unsettled op amps during a single-clock phase. For example, 
consider the cascade of two LPN biquads shown in Fig. 8-60. During *, a chain 
traversing three op amps (via K1, Kz, and C2) is seen to exist. The error at the output 


continuous path 
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Va 


FIGURE 8-60 Cascaded active-SC LPN (HPN or BR) stages showing the continuous paths through multiple op 


FIGURE 8-61 


amps. 


of the third op amp will invariably be much larger than that atthe first op amp output 
Chains of two or more op amps, connected within a single clock phase, occur both 
within single biquad stages and through tandem connected biquad stag 

‘The settling problem is depicted in Fig. 8-61 for the eases of overdamped (no over 
shoot) and underdamped (overshoot followed by ringing) op amp dynamies, Under 


The op amp sottling problem, Shown are the transient responses for overdamped and under- 
damped op amps superimposed on the active-SC filler bi:phase clocks. Also illustrated is the 
Impact that the sampling point has on the setting error actually propagated with each samplo. 
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se margin 
tly large (i.e., PM < 76° for second-order systems). The charac- 
teristics of op amp settling are discussed in Chap. 6. Settling time is closely related 
to op amp GBI via Eq. (6-41). For a one-pole model, the op amp outputs change in 
value in accordance with 


{Avin(t)}a © @Avig(AT)L = et?) (8-94) 


where (Auja(¢)}a is the actual sample update, Ava(KT) is the ideal sample update, and 
p is the op amp time constant. Constant @, ideally unity, is a function of the op amp 
DC gain Ao, The net result is that the voltage sample taken at the op amp output is in 
error. The error has two components: first, a fixed (steady-state) error due to 1/Ag, as 
described in Chap. 5; and a settling error due to e~/*?, For example, sampling vig after 
only 4.67, introduces an additional one percent error, while sampling after 6.9%, adds 
only a 0.1 percent error. When the op amp transients are underdamped, the settling 
error can either add or subtract from the steady-state error due to 1/Ay. Moreover, 
settling errors can accumulate rapidly as a sample propagates, within a given clock 
phase, through a large chain of op amps. Analytical evaluation of the setdling error is 
tedious, even for a first order active-SC stage (Gregorian and Temes 1986; Unbehauen 
and Cichocki 1989). Hence, switched-capacitor CAD analysis tools, such as SWITCAP. 
(Fang, Tsividis. and Wing 1983) are recommended for such evaluations. 

In Fig. 8-61, we show the op amp output changing in value at the beginning of 
°. In our z-domain analysis, we assume that via changes instantaneously to its ideal 
final value and remains constant for T seconds. Significant variations from the desired 
gain G(w) and group delay (@) can occur when the phase independence of the op 
amp outputs deteriorates, i., viq(ET) # ia((k + 1/2)T). To combat the problem, the 
designer usually has the luxury to choose whether to take the sample on g° or 6°, i.e., 
to wait another 7/2 for the op amp to seitle as shown in Fig. 8-61. The only penalty 
for this wait is a latency delay of T /2 per biquad stage. This latency is important only 
if the active-SC filter is in a feedback loop or some time-critical path. Introducing 
such 7/2 delays serves to break the op amp chains, and isolate the settling error. 

To find a remedy, let us first consider op amp chains that ren between tandem 
biquadratie filter stages. In order to break these chains, we introduce the T/2 delays 
between the stages suggested in Fig. 8-61 by simply alternating switch phasings from 
biquad to biquad. This technique, known as staggering, is shown in Fig. 8-62 (All- 
stot and Black 1983; Laker, Ganesan, and Fleischer 1985; Martin and Sedra 1981: 
Unbehauen and Cichocki 1989). Note that in order to transmit the correct (i.e., prop- 
erly delayed) signal, the K capacitors need to be opened during the unwanted clock 
phase. We have already taken care of this with the series switch at the top plate of 
K. Although staggering is illustrated for cascaded £-cireuits, all the techniques and 
results to be presented extend to F-circuits with only minor modifications. 

‘The method of staggering demonstrated in Fig. 8-62 for two LPN (HPN or BR) 
biquad stages is clearly extendable to an arbitrary number of similar stages. It may 
be used to realize a cascade connection of all useful types of biquadratic transfer 
functions, the sole exception being the single-ended AP biquad. The problem ster 


CHAPTER 8: DESIGN ANO IMPLEMENTATION OF INTEGRATED ACTIVE FILTER SUBSYSTEMS — 855 


Use of staggering between stages to implement the delayed sampling illustrated in Fig, 8-56 


from the fact that, regardless of wi 
there is always a residual J capacitor. If such biquads were staggered, the -/ capa 
would not acquire the proper input sample, i.e.. the sample “previously” transmitted 
1 ot K. Moreover, it would transfer the sample to B during the incorrect phase. 
Hence, the proper transfer function would not be realized. Note that the same problem 
occurs when H #0. 

To obtain the proper transfer function, extra delay must be introduced into the 
J capacitor path. This delay can be realized by replacing each of the J capacitors in 
Fig. 8-52a with the tandem pair of switched capacitors in Fig. 8-22d. It has been shown 
that this tandem switched-capacitor circuit realizes the d 4 and can be 
implemented with insensitivity to all parasitics. The resulting staggered cascade of AP 
biquads is illustrated in Fig. 8-63. Now all feed-ins to each biquad are synchronized 
to a single phase, eliminating the sensitivity 10 1a(kT) # vig((k + 1/2)T). Note that 
since only G, K, and —L (not J) are used in the balanced differential AP biquad in 
8-526, it is staggered using circuitry 8-63. We see that staggering 
always results in the complete decoupli es. This ensures that 
any existing settling errors are localized to each biquad stage separately. thereby 
eliminating some complex and potentially very harmful interactions. Note that when 
a first order AP is required, switched-capacitor C; in Fig. 8-37/ can be implemented 
using the tandem J 0 achieve the same benefit. 

Next, we consider the op amp chains wi stages, Chains 
connecting two op amps via capacitors C and £ are seen to be present in all the 
biquads shown, including the general biquad i 8-45. The KBC chain can be 
broken by reversing all the switch phases associated with C, i.e.. B and D update 
‘on opposite phases (Martin and Sedra 1981). While this may result in improved 
performance, there are many situations where the performance is perfectly adequate 
without reversing the phases of the C-switches. Extensive simulations have confirmed 
this conclusion, especially in cases where D >> G,C, and E. This tends to be the 


all-pass implementation in Fig. 


of successive 


gle iquadrat 


FIGURE 8-63 
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Staggered AP biquad stages where the feed:ins have been synchronized to sample their respective 
inputs all on #° and T seconds alter the op amp transient begins. 


case whenever wyT,ayT « 1. Having a relatively large D has two benefit 
leads to a feedback factor close to unity, so that the integrator’s loop ga 
product is not substantially less than the op amp gain-bandwidth product. ‘Thu: 
Cop amps inherent settling time is not compromised. Second, since A does not sample 
‘until the phase-succeeding input transfers to D, the settling of v’ can continue for 
'/2 afer C is disconnected. Note that the switch phasings shown in Fig. 8-45 have 
-veral advantages in that they were chosen to maintain phase independence and to 
maximize switch sharing. 


8-9-3 Settling Error Analysis of Delay Equalizers Realized as a 
Cascade cf Active-SC AP Stages 


‘Asan example, let us consider the design of a unity-gain eighth-order active-SC delay 
‘equalizer, realized as a cascade of four AP biquads. The AP biquads are characterized 
as follows (Laker, Ganesan, and Fleischer 1985): 

982 Hz and Qpr 
1529 Hz and Qpo 


2631 Hz and Ops = —Qus = 3.84 


‘The sampling rate is f, = 200 kHz and a clock duty cycle is ussumed to be 
near SO percent. This results in a switch closure time of about 2.5 sec in each 
phase. The op amps are assumed to be single pole systems with conservative low- 
frequency gain (Ay = 7500) and gain-bandwidth product (GBW = 800 kHz or 
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|. All simulation resully were oblained 


1983), Since this switched 


tp = 1/xGBW) © 200 nsce at unity 
vids, 


pacitor 


using the SWITCAP (Fang, si 
rcuit simulator supports multiple-switching frequencies, transient effects are com- 
puted by simulating resistors in the one-pole op amp models ay switched capacitors 


that are very rapidly switched. The results shown were obtained using a 100 MHz 
sampling rate within the simulated op amp model. 

A first-order op amp model is chosen to provide a simple comparison between the 
various cases to be studied and to reveal the true trends. Extensive simulations have 
shown that using realistic, i.e., second- or third-order, op amp models often 
inconclusive results, In effect, due to overshoots and undershoots in the transient re- 
sponses of real op amps, simulation results can sometimes show misleading temporary 
improvements in settling errors, due to the coincidental matching of the sampling in- 
stants and a zero crossing of the op amp transient response. While such results might 
be valid for the particular case under evaluation, they are critically dependent on the 
precise op amp (transistor level) characteristics, which vary statistically from unit to 
Lunit. Since SWITCAP is not a transistor level simulator, its results, insofar ay op amp 
settling is concerned, are best used to reveal trends that are independent of transistor 
level effects not modeled. In fact, linear gain and phase errors due 10 unsettled op 
amps can be simulated by introducing equi ues. of capacitors 
that are fed by the op amps’ outputs. Consequently. low sensitivity circuits are likely 
to have increased tolerance to the nonideal transient responses of op amps. 

Figure 8-64a shows the deviations from the ideal flat amplitude response when 
all eight op amps have the previously spe and GBW (Laker, Ganesan, and 
Fleischer 1985). Both staggered and unstaggered designs are evaluated and compared, 
Note that the internal settling properties of all the AP biquad structures in Fig, 8-52 
are quite similar. The use of s provides an order of magnitude improvement 
in the gain error AG. The very small residual error for the staggered case is due 
to the finite DC gain (Ay = 7500) of the op amps. This demonstrated in 
Fig. 8-64a, where the response is for the same staggered design, but with op amps 
where Ag = 7500 and GBW = oc. The magnitude of this DC gain related error is not 
affected by the staggering, and clepends on the low sensitivities of the biquads. From 
this point of view, all the low sensitivity AP structures in Fig. 8-52 yield equivalent 
results. Similar improvements in performance are evident in Fig. 8-645, where the 
delay deviations are displayed. Results for the unstaggered case indicate that the 
about 30 jesee which, while reasonable, is certainly unsuitable for 
precision applications. Except for the expected 10 jesec latency due to the four 7 /2 
delays introduced by staggering, the worst-case errors for the staggered case are well 
under I jesec. 


ields 


lent errors in the ¥: 


R64 
ach of the wo cases as 4 
function of the op amps’ GBW. with Ap kept fixed at 7500, In this comparison, stay 
gering is seen, for a given bound on |AG]. to permit the use of op amps with roughly 
half the GBW as the unstaggered case. In high-frequency applications. this could be 
significant. Figure 8-64 represents very good news indeed, suggesting that staggering 
substantially reduces the op amp linear transient-related errors. Moreover, these errors 


An alternative comparison of the behavior of these circuits is shown in Fig. 
These curves display the maximum magnitude error for 


FIGURE 8-64 
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Effect of finite op amp bandwidth on the performance of fourth-order delay equalizer comprised of 
1 cascade of two AB biquads: (a) error in gain response versus frequency, (b) error in group delay 
‘versus frequency, (c) maximum gain error versus the op amps’ GBW. Compared are unstaggered 


land staggered realizations. These results represent a compendium of simulations obtained using 
SWITCAP, 


can be made negligible if the application can afford op amps designed :o settle 10 0.1 
percent of the final value within 7/2. In any event, active-SC delay equalizers that 
satisfy the stringent requirements of most data communications applications can only 
be realized with staggering. We note in passing that an incidental benefit of the 
of the tandem J in Fig. 8-22d and Fig. 8-63 is a reauction in total capacitance. The 
opportunity for gaining a factor of 2 reduction in the scaling of 2 occurs whenever 
J =1 (after dynamic range scaling). 


8-10 HIGH ORDER FILTER IMPLEMENTATION USING ACTIVE 


LADDERS 


In the previous chapter, we observed the advantages of cascade architecture, namely, 
its high degree of modularity, its generality, and the simple noninteracting relations! 
between the overall transfer function (as well as the gain, phase, and group delay) 
‘and those of its stages, as given in Eq. (8-89). Once the designer has completed the 
pole-zero pairing and gain distribution, the design labor is reduced to the synthesis of 
first- and second-order stages. The price paid for these advantages is sensitivity, or 
variability, as described in Eq. (8-91). In general, we recommend the use of cascade 


FIGURE 6-65 
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design for quick turnaround and for less demanding specifications that can tolerate 
the larger variability. 

Many years ago, as related in Ghausi and Laker (1981) and Schaumann, Ghausi, 
and Laker (1990), Orchard proved that resistive terminated passive LC ladder filters. 
are inherently insensitive to component variations, particularly in their passband. He 
also conjectured that active ladders, which simulate the operation of such passive 
ladders, would retain similarly low sensitivities, ‘The class of active ladder filters that 
we are concerned with is derived by simulating the node and mesh equations of 
passive resistor-terminated LC ladder filters (Schaumann, Ghausi, and Laker 1990), 
Active ladder filters of this kind, illustrated in 8-65, are said to mimic the signal 
flow graph of their passive counterparts, We see in Pig, 8-65 that the terminations at 
both input and output are resistors and that otherwise the filter is “lossless” LC, That is, 
Zrcin and Yiciy correspond to LC one-port impedances and admit respectivel: 
Usually, the design of an active ladder filter is based on the pre-synthesis of a suitable 
passive ladder prototype. CAD tools such as FILSYN can assist in obtaining this 
prototype (Szentirmai). It is beyond the scope of this text to develop the theory of 
passive ladder synthesis, The interested reader can find this material in several texts, 
such as Schaumann, Ghausi, and Laker (1990), Hence, we assume that the desired 
passive prototype is in hand. 

‘AS we will see, the active simulation results in the interconnection of first- or 
second-order sections in a multiple-loop negative-feedback network, emulating the 
elemental interactions that occur in the passive prototype. Once again, the principle 
advantage of active ladder filters is the very low sensitivity or variability inherited 
from their passive prototypes. Intuitively, the low sensitivity is attributed to the mul- 
tiple loops of negative feedback. Recall that the derivation of Eq, (3+15) showed that 
the closed-loop gain sensitivity is inversely proportional to the amount of feedback 
1 -+.AHL The price paid for sensitivity reduction is that the design is complicated, and 
adequately developed only for certain classes of filters, such as LP, LPN, and BP, Im- 
portant filter types such as the AP are not realized as active ladders. Nonetheless, when 
the filter requirements are demanding, an active ladder design may be the only means 
to meet specifications. Certainly, in integrated filters, where components are highly 
variable and tuning is expensive, active ladders are used when required and feasible 
(Ghausi and Laker 1981; Grebene 1984; Gregorian and Temes, 1986; Moschytz, 1986; 


Schaumann, Ghausi, and Laker 1990; Sedra 1985; Sedra 1989: Toumnazou: Unbehaves 
and Cichocki 1989), 
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To intuitively and analytically explore sensitivity, we introduce the concept of reflec: 
tion zeros, used in the literature on passive LC ladder filters, We must first define a 
ional function K(x) such that for the numeric transter function, we have 


real ra 


i 


— 8-95) 
T+ 1K Gohl : 


where K(s) = 0 at y = cjoyi, namely, the reflection zeros. Readers familiar 
with passive filter or transmission Tine theory will recognize that |K(jo)| is sim- 
ilar to the classic definition of the reflection coefficient. Since | (jar)| 
G(@y)) = 0.4B), 0, also corresponds to the gain peaks (or loss mini 
sponse. To illustrate, Fig. 8-660 shows the reflection zeros for a fourth-order elliptic LP 
response. 

We know from our study of elementary circuit theory that the gain response for a 
passive circuit is constrained to G(w) = 0 dB, Moreover, if Rs and Ry, are chosen 
such that maximum power is transferred at @ = oy, ke. Pi(ja) = Py(jon) or 
Rs = Zin( je) and Ry = Zou(Jon) in Fig. 8-65, then the passive ladder filter will 
indeed realize |K(Jo;)| = 0 and G(o,)) = 0 dB 
‘To evaluate sensitivity, let us assume that component x; of a passive ladder is 
rying about its nominal jg, such that aj = xjo(L -+ Axj/x;9). Brom See. 7-7, we 
write the sensitivity of the active ladder transfer function 7(jeo) to component x; as 


1 
U0) 


Sf) = see Oto 4 janie (8-96) 


Passive ladder sensitivity: (a) tho reflection zeros w-/ for a fourth-order oliptic LP H(s), and 
(6) ilustration of Orchard's argument for zoro sensitivity for L's and C's at wri. 
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FIGURE 8-67 
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We also sketch, in Fig. 8-66, the gain G(w) at one of the reflection zeros 0,8 com= 
ponent x; varies from xj9. From the preceding discussion, we state that Gwi..ti0) = 0 
AB if Re and Ry, are selected for maximum power transfer. Consequently, Glo). i) 
must have the parabolic shape indicated, with the peak at precisely «,; when x) = Ajo. 
Consequently, 


=0atw=o,; and x = x19 (8-97) 


This classic result, established by Orchard, has inspired passive ladder simulation in 
active-RC, -SC, and digital filters. It is important to note that Eq. (8-97) only applies 
when terminations Rs and Ry, are fixed at maximum power transfer. Since, in practice, 
the R's vary from their nominal values, the sensitivities are not quite zero. However, 
the degradation of Eq. (8-97) is slow and well-behaved; hence, the sensitivities are 
still very low. Although Orchard’s elegant arguments were based on the magnitude 
response, it can be shown that the phase sensitivities are also quite low in the passband 
(Ghausi and Laker 1981; Schaumann, Ghausi. and Laker 1990). 

‘The astute reader may question what happens in an active filter where G(w) is 
not limited to 0 dB by passivity. The answer is that the basic parabolic shape in 
Fig. 8-660 is retained through the translation. For example, Fig. 8-67 displays the 
‘Monte Carlo simulations for cascade, active ladder. and passive ladder realizations 


Monte Carlo simulation of «(AG) for cascade, active ladder, and passive ladder realizations for a 
fourth-order Butterworth BP response. 
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of a fourth-order Butterworth BP response. Here, (AG) is plotted as a function of 
frequency, where f, and fay are the fourth-order filters’ center frequency and 3 dB 
bandwidth, respectively. The statistics for passive components are zero mean gaussian, 
with 0; = 0.001 (or 0.1 percent) and pj; = 0. Also, all active elements in the cascade 
and active ladder are assumed to be ideal. The details of the individual designs are 
‘unimportant at this point; Fig. 8-67 simply conveys the trends. 

The advantage 4(AG)p:.0(AG)ax “< o(AG)c for the ladder designs, in the 
passband, is quite apparent. The appearance of an upward “DC” bias in (AG) 1 
as compared to 6 (AG)pz, such that o(AG)a_ > o(AG)px, is primarily due to the 
simple fact that the active ladder uses at least twice as many components than the 
passive ladder. Note also that at frequencies fo + 05fav < f < fo—05Sfnw. 
0(AG)c <o(AG) qx. This advantage for the cascade design, at the band edges and 
in the transition band, is a common occurrence and needs to be taken into account 
if precision in the gain or phase at these frequencies is required. We also 
that for these frequencies, and for responses on which the passband is not “fat” or 
equi-ripple, inserting losses into the ladder can improve (AG) (and also (A@)). 
‘The interested reader is referred to Ghausi and Laker (1981) for a further description 
of this and other low sensitivity multiple-loop feedback structures, 


10-2 Realization Using Signal Flow Graphs 


One intuitive tool for translating a passive ladder prototype into a suitable active 
ladder realization is the signal flow graph. In the signal flow graph, we map the 
passive ladder circuit and its elements to an-equivalent interconnected collection of 
mathematical operations. An active ladder is then derived to simulate the signal flow 
graph. The resulting active ladder can be active-RC, active-Gp /C, or active-SC, For 
the active-SC filter, the signal flow graph is either developed in the z-domain or 
translated into the z-domain using Table 7-8. 

To illustrate this process, let us first consider the simulation of the floating inductor 
of value L and shunt capacitor of value C in Figs. 8-684 and 8-68), respectively, We 
know that the circuit equ sare 


(8-98) 


The idea is to simulate Eqs. (8-98) with an active circuit. Initially, we translate the 
currents into voltages by scaling current and admittance by a resistance R and an 


(8-99) 


FIGURE 8-68 
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‘Active signal flow graph simulations: (a) floating inductor, (b) shunt capacitor, (c) s-domain signal 
flow graph, (d) 2-domain signal ow graph, (e) MOST-AC simulation, and (f) SC simulation, 


At this point R is arbitrary, but later in the process, R is used to scale the com- 
ponents to convenient values. We represent Eqs. (8-99) with the common flow in 
Fig. 8-68c, where k = R/L or 1/RC. The active-RC circuit in Fig. 8-68¢ is a 
straightforward implementation of this flow graph, where Re = R and Cy = C 
or Cp = L/R*. We leave it to ihe reader to draw the active-G,,/C realization of 
Fig. 8-68c. An active-SC realization follows directly from the translation of Fig. 8-68¢ 
into the z-domain, using either the BL or LD transforms in Using the 
LD transform we obtain the flow graph in Fig. 8-68d and the active-SC circuit in 
Fig. 8-68, where for D = C,G = T/R = 1/f,R for the shunt capacitor simula- 
tion and D = L/R,G = T/R for the floating inductor simul 
the sample Vf — Vf is stored on G during *, and then invented and accumulated 
on D during 4°. Note that the LD transform maps the switched capacitor G into an 
equivalent resistor and vice versa. It is important to keep close track of the phasings 
for the input and output samples so that the =~'/? delay is maintained. 

To generalize, let us consider the arbitrary LC ladder network in Fig. 8-69, com- 
prised of series LC admittances ¥; and LC shunt impedances Z;, with branch currents 
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FIGURE 8-69 Signal flow graph for an arbitrary LC ladder: (a) the LC ladder section, (b) a signal flow graph 
simulation for (a) and Eqs. (8-100), and (c) a rearrangement of (b) into a leap frog structure. 


© 


J; aud node voltages Vj. The resistor terminations are not shown. Writing the circuit 
equations we obtai 


Zn-a(In-a— Int) (8-104) 

Ino = Yani Waa = Va) (8-100) 
Vn = Zn (tnt — Inst) (8-100) 
Tn = Yast Vn = Von) (8-100d) 
Vin = Zn42(lne — dna) (8-100¢) 


Again scaling all impedances by 1/R, and all currents and admittances by R, we 
obtain 


(8-t01a) 
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Yor R(Vy-2 = Va) (8-101) 
Y= AP = Doar) (S-101e 
Viner = Vout Rn = Viner) (8-101) 


Vigo = ) (81016) 


The signal flow graph simulation of Eqs. (8-101) is shown in Fig. 8-69), Rear- 
ranging the stages horizontally, we obtain an altemative Jeap frog arrangement in 
Fig. 8-69¢ (Ghausi and Laker 1981; Schaumann, Ghausi, and Laker 1990), We leave 
it to the reader to verify these flow graphs. F Bigs. (8-101), we note thi if 
the LC ladder shunt Z;’s are simple capacitors and the series ¥;"s are simple ind 
tors, then all the Z;/R's and ¥;/R's are of the form &,/s. In such a case, namely 
an all-pole LP LC ladder, the active simulation is a straightforward tor-basedd 
When the LC ladder to be simulated is not an all-pole LP. the Z;°s and Y's 
are LC subnetworks and the active realization is no longer straightforward. 


amining 


8-10-3 Realizing All Pole LP Filters 
Let us consider the fifth-order all-pole LP passive ladder in Fig, 8-70, Following the 
steps in the previous section, the circuit equations (after sealing by R) are written as 
follows 


(8-102) 


(8.1026) 


(8-102¢) 


(81020) 


(81026) 


to (8103 


R 
Ry, 


(8-102 


The signal flow graph for Eys. (8-102) is shown in Fig, 8-71. Here we see that 


the signal flow graph is comprised of five integrators interconnected in leap tro 


FIGURE 8-70 


FIGURE 8-71 


FIGURE 8-72 
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Fitth-order all-pole passive ladder filter, 


RIRy = -1 
A signal flow graph simulation for Fig. 8-70 and Eqs. (8-101), 


fashion, Note that the terminations Ry and Ry map into local feedback loops around 
the first and last integrators. Examining the active simulations for the terminations 
in Fig, 8-72 more closely, we observe that they are actually damped integrators. By 
combining Figs. 8-72 and 8-71, we obtain the alternative flow graphs in Fig. 8:73. 
Since the feedback is around pairs of integrators, we can, if convenient, invert the signs 
of all the integrators as in Fig. 8-73a or invert alternate integrators as in Fig. 8-73), 
which eliminates the sign inversions in the feedback loops 

Figure 8-74a shows a MOST-RC realization of the input termination in Fig. 8-72, 
where Cp = Ci, Ry = Ry, fg = Ry, and Re = R. Similarly, we show a G/C real- 
ization in Fig, 8-74c, where Cy = Ci, Gur = 1/Re Gng = 1/Ryy and 


Manipulation of the signal flow graphs for terminations Ay and Ay in Fig. 6-71 


O) 
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FIGURE 8-73 Alterative flow graphs for Fig. 8-70 and Eqs. (8-102) using the equivalents in Fig. 8-72. In (a) all 
the Integrators are inverting and (b) alternate integrators are inverting. 


© 
FIGURE 8-74 (a) Active-RC, (b) active-Gy/C and (c) active-SC realizations of the input termination in Fig. 8-73, 


FIGURE 8-75, 
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I/R. Recall that in Fig. 8-68 f, we realized the undamped active-SC integrator 
by LD-transforming the s-domain signal-flow graph in Fig. 8-68c. Untortunately, 
applying the LD transform to the signal flow graph for the termination does not result 
lizable flow graph. We leave it to the reader to verify and explain this claim. 
One alternative is to realize the termination in a BE form, such as switched-capacitor 
> in Fig. 8-37c or switched-capacitor F in Fig. 8-43d. This alternative, shown in 
8-74c, yields a termination phase error of #T'/2, as given in Table 7-8. For 
hhly oversampled active-SC realizations where @T /2 < 1. a simple solution is to 
slightly predistort F to compensate for the error. If the error is small, there is litle 
penalty for this quick fix. However, if the error is large, the low sensitivity of the 


ladder realization may be somewhat compromised by the adjustment. That is, the 
to 


maximum power transfer will no longer occur. Hence, a more elegant solution 
realize the termination without error via the BL transform (Gregorian and Temes 198 
Schaumann, Ghausi, and Laker, 1990: Unbehauen and Cichocki 1989). 

‘As with biquads and cascade design, the outputs of all the op amps need to be 
led to optimize for dynamic range. Also. once dynamic-range scaling is completed, 
the capacitors at each op amp input can be impedance scaled to realizable values, €, 
Cin = 1 pF. The active ladder in Fig. 8-730 has been modified in Fig. 8-75 to include 
adjustable gains &; to implement dynamic-range scaling. Consequently, the feedback 
ns are adjusted by 1/&,k; and the input gain by 1/£,k2k3ksks. This scaling is usually 
accomplished with the aid of a computer simulation that shows the op amp outputs 
‘as functions of frequency. The reader should reco 
requires no additional hardware. 

Single-ended active-RC implementations of the signal flow graphs in Figs. 8-73a 
and 8-75 are shown in Figs. 8-76a and 8-76b, respectively. Note that the signal flow 
gtaph in Fig. 8-73a, comprised of all inverting integrators, requires five op amps 
for the integrators and four additional op amps to realize the —1 feedback gains 
In contrast, the realization in Fig. 8-76b requires two added op amps to realize the 
noninver balanced differential realizations, these extra inverting 
amplifiers would not be required. The important difference in these two realizations 
can be observed by a close examination of the two-imtegrator loops in both circuits 
when the op amps are nonideal. Let us assume that all op amps are matched and 
‘compensated for a one pole response such that A(s) ~ «,/s. Typical loops in each 
circuit are circled in Fig. 8-76 for this purpose. Our objective is to estimate the error 


“The active ladder low graph in Fig. 8-73b is moditied to allow dynamic range scaling. 
ee) 


aA eee 


Viki) 


Vt 


CHAPTER 8: DESIGN AND IMPLEMENTATION OF INTEGRATED ACTIVE FILTER SUBSYSTEMS 869 


FIGURE 8-76 


® 
Single-ended active-RC realizations of the tlow charts in (a) Fig, 8-73a and (b) Fig. 6-75. 


£rr(J@) due the nonideal op amps in each loop. This is best accomplished using the 
results in Fig. 5-23. The ¢,,(jca) for the loop in Fig. 8-76a. comprised of two inv 
integrators and one inverting amplifier, is estimated to be 


(8-103a) 
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Similarly, for the loop in Fig. 8-76 comprised of inverting and noninverting inte- 
grators, we have 
1 
eri) = + +j0 (8-103) 
Up es (es a) 2 


Hence, the important phase error is made negligible by the active compensation and 
the matching among the op amps. As pointed out in Fig. 5-46, this compensation can 
also be achieved in a balanced differential realization. 

‘The active-SC realization of the two-integrator loop used in Fig, 8-75 can be 
realized with no transform-related phase error by using either a +LD, LD or a +FE, 
BE loops. The latter is shown in Fig. 8-77. Note that repeating this timing through 
all the two-integrator loops, including the terminations, results in a natural pairwise 

taggering, ie., there is a T delay for every other op amp. Consequently, active-SC 
ladder designs are usually robust with regard to op amp settling, 


8-10-4 Realizing Symmetric All-Pole BP Filters 


Alt-pole, symmetric BP active ladders are conveniently developed by simply LP-to- 
BP transforming a suitable LP ladder (Ghausi and Laker 1981; Schaumann, Ghausi, 
and Laker 1990). The LP-to-BP transform is given in Table 7-7. Using the notation 
in Table 7-7, let s be the LP complex frequency and p the BP complex frequency. 
With the following definitions, the flow chart in Fig. 8-75 can be redrawn in the form. 
of Fig. 8-784, ie., 


oe ky/RCy 


(8-104) 


FIGURE 6-77 The active-SC two-integrator loop: (a) the z-domain flow chart and (b) the activ2-SC circuit real- 
jaation. 


Ys 
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FIGURE 8-78 Symmetric alk-pole BP ladder design: (a) a prototype tith-order LP flow chart and (b) the trans: 
formed BP coupled biquad flow chart 


Applying the LP-to-BP transformation to Eqs. (8-104) yields 


A RBp/L Ay Bp/ RCs 
raepy = BRB Asp) RC. 
? 
Tp) ee and Ts(p) See (8-108) 
“ p? + p——— + wh 
bk PRicr Fy 


where B is the 3 dB bandwidth of the fifth-order LP and a is the center frequency 
for the transformed tenth-order BP. Note that the 7;(p) are BP biquads tuned 10 the 
same pole frequency dy; = « and 


mB ow 


. a 


The resulting BP 
pled biquad structure. The BP biquad 1)(p) ea 
ibed in See, 8 

Also, second-order BL BP funetions can be realized using Fleischer-Laker biquacls 
Thus, active-SC realizations of Fig. 8-78h can be obtained by BL-transforming the 
T;(p) into the z-domain (Ghausi and Laker 1981), The details of this exercise are left 
to the reader. 


oy oy 


= 0 (8-106) 
Q2 2s 2. 


Qs 


nal flow graph, shown in Fig. 8-78b, is referred to as a com: 


be realized using the low sensitivity 
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8-10-5 Realizing Finite Transmission Zeros 


FIGURE 8-79 


Realizing active ladders with finite transmission zeros, rather than as straightforward 
all-pole ladders, requires some pre-manipulation of the originating passive Jadder’s 
flow graph. Consequently, different manipulations result in similar but different simu- 
lations. An intuitive approach for dealing with transmission zeros is shown Fig. 8-79 
(Allstot et al, 1978; Jacobs et al. 1978). Alternative approaches can be found in Gre- 
gorian and Temes (1986), Schaumann, Ghausi, and Laker (1990), and Unbehauen and 
Cichocki (1989). 

AS indicated 8-794, the transmission zeros are realized in passive ladders 
as series LC tank circuits, e.g., the parallel combination of L3, C3. The equations at 
the two nodes of this circuit are 


(Ci +O) + —V 


avs =O (8-107) 


(Cy + C2)V3 + —-Vs — —-Vi — 58 C2V, =0 (8-107b 
(O+OMs + FM Ms ( b) 
‘The direct signal flow graph simulation of these equations leads to the use of inte 
tors and differentiators. In Chap. 5, we recommended that differentiators be avoided 
to avoid instability. It can be shown that embedded capacitance z-networks (e.g. 
Cy, C2, Cy in Fig. 8-79a) or inductive T-networks, will introduce the undesirable di 


‘The approach is to simulate the function of series C2 by adding C> to shunt C; and 
Cs, and introducing two cross-coupled voltage-controlled current sources (VCCS's) 
sCzVs and sC2V; so that Eqs. (8-107) remain realized. The structure in Fig. 8-79 
is an all-pole LP structure, which we know how to handle, and the two VCCS's are 
realized as capacitance feeds into the appropriate integrators. 

To cemonstrate, let us consider the fifth-order elliptic LP pa 
Fig. 8-802. Applying the modification in Fig. 8-80b to series capacitors C, and Cy 


Realization of active ladders with finite transmission zeros: (a) a section of an LC ladder realizing 
a tranismission zero when slz\/1/sC2 = >0, and (b) a simulation of (a) that does not require 


Gitferentiators in the flow graph. 
eb Fo Te Ore 


‘Transmission Zero Stractare of al AUl-Pole LP 


@) ey 
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FIGURE 8:80 A filth-order passive ladder used to realize a fith-order elliptic LP H(s): (a) the unmodified ladder 
and (b) the ladder modified as indicated in Fig. 8-790. 


yields the desired prototype in Fig. 8-805, where C, = Cy +C2, 2+ C40, 
and Cs = Cx + Cs. Sealing by R as prescribed for the all-pole case, the resulting 
circuit equations for Fig. 8-80) are 


(8-108a) 

(8-108), 

(8- 1080) 

(8-108d) 

(8-108¢) 

: (8-108), 

, Ve= ra {8-108¢) 


The resulting signal flow graph is shown in Fig. 8-81. This signal flow graph is 
recognized to be the fifth all-pole,LP graph in Fig. 8-71, embedded in a network of 
capacitance feeds shown in gray. The signs of the integrators can be manipulated as 
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FIGURE 8-81 The signal flow graph for the passive ladder in Fig. 8-800, requiring only integrators and capacitive 
feeds. 


described in Figs. 8-81 and 8-75, with appropriate care taken to keep the signs and 
gains through the capacitance feeds consistent with the rest of the flow graph. ‘The 
generalized integration and summing can be realized using the active-RC circuit i 
Fig. 5-12c or the active-SC circuit in Fig. 7-38). 


‘SUMMARY 


In this chapter, we developed many different circuits for realizing robust sample-data 
‘and continuous-time integrated filters of arbitrary order and function. These circuits 
were realized in three integrated filter technologies, namely, active-RC, active Gy /C, 
and active-SC. In Table 8-16 we highlight some of the merits and demerits of these 
filter technologies. Active-RC and active-SC filters are relatively mature technologies 
and hence it is unlikely that they will experience any dramatic changes in the near 
future, Active-G,,/C filters, whic use open-loop OTAs as VCCS's, are fundamen 
tally different from classical active filters, which use closed-loop op amps to realize 
feedback controlled VCVS"s. Integrated active-RC and active-SC filters have largely 
evolved cut of the classical active filter model. Because the active-Gm/C filter de- 
viates from the classical model and offers potential for applications wp to VHF, it 
isa very prevalent topic within the circuits-and-systems research community. Inte- 
grated active-RC filters will likely benefit from related research in adaptive tuning and 
self-calibration. 

Let us then conclude with a detailed, step-by-step flowchart for using the concepts 
and cireuits described in this chapter and Chap. 7. The objective is to design and realize 
manufacturable and cost-effective integrated filters that satisfy customer requirements. 
It should be clear that integrated filter design is a far more challenging engineering 
exercise than the calculation of passive component values. The design begins with the 
development of a complete set of filter specifications as described in Chap. 7. Based 
on these data, decisions are made that lead to the engineering of a complete filter 
system (e.g., filter, clocks, on-chip tuning, etc.). Next, the filter structures (cascade, 
active-ladder, E or F type biquads) and the associated circuits (e.g., op amps, OTAS, 
MOST-R’s, etc.) are designed. This segment of the design includes the selection of 
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TABLE 8-16 COMPARISON OF INTEGRATED ACTIVE FILTER TECHNOLOGIES 


875 


Active-Gm/C 


Active-SC Active-RC 
(with MOST-R's) 

MERITS: MERITS: MERITS: 

= Very high precision with no tuning. High-to- moderate precision with __- Moderate precision with tuning. 

+ Realize some functions with no tuning = Structures based on simple open- 


‘continuous-time equivalent. 
‘Small die area and low power 
dissipation at f < 20 kHz, 

- Parasitic insensitive 

- Realizes "E" and *F* biquads. 

- Integrates with digital CMOS, 


+ Uses classical active-RC structures, 

~ Small die area and low power 
issipation at f < 100 kHz. 

- Feedback reduces sensitivity to 


parasitis. 
- Realizes “E" and “F” biquads, 
+ Integrates with digital CMOS 


- No sample-data eltects. 


loop OTAs. 

= Small die area and low power 
Gissipation at f < 10 MHz, 

= Integrates with digital CMOS and 
bipolar. 

+ Realizes “F” biquads, 

- No samplo-data etfects. 

- Efficient use of bandwidth. 


DEMERITS: 


DEMERITS: 


- Samplo-data effects (increased noise, - Requires on-chip tuning, 


feduced PSRR, aliasing). 
- Rlequire suppor circuits for digital 
‘locks & ant-aliasing/reconstruction 
titers, 
Fully-balanced-diferential structures 
for best PSRR and high dynamic 


‘oversampling). 

Not welt sulted to high frequency 
applications. 
Not realizable in bipolar. 


~ Requires support circuits for closed- 
oop tuning. 

~ Requires fully-balanced-<itferential 
structures for linearity. 

= Use of op amps and large feedback 
limit use of bandwidth, 

= Not well suited to high frequency 
applications. 

= Not realizable in bipolar. 


DEMERITS: 
~ Requires on-chip tuning, 
Requires support circuits for closed: 
oop tuning. 
+ Fully-balanced-<iferential 
structures for high dynamic range, 
= Dificult to desensitize to 
parasitics, 
+ OTAs are voltage-controlled current 
“sources. 
+ Minimum use of feedback. 
‘Not suited to realizing "E” type 
biquad. 


passive component values. The proce 
that has been simulated and verified to me: 


concludes with 
the custom 


layout of the integrated filter 


Many steps must occur along the way, as described below: 


I. Develop filter specifications from customer requirements, 


IL. Determine if realization is to be continuous. 


A, If active-SC: 


2. Determine needs 
. cillator, anti 
3. Select sample rates for the 


liasing, reconstruct filt 


ime or sampled-d 


1. Determine 1/0 sample rates and requirements. 
id specifications for support functions (i.¢., erystal os- 


clock control logic, drivers, ete.). 


tive-SC filter. 


4. Which technology, CMOS or BICMOS? 
5. Determine op amp requirements. 
6. Design and SPICE simulate op amps if necessary 


econ suppor 


inctions if woceisws 


EXERCISES 
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B. If continuous-tim 
1, Determine if active-RC or active-Gyn/C. 
2. Which technology? ie., CMOS, BICMOS, or bipolar (Gn /C only), 
3. Determine op amp or OTA requiremen 
4. Design and SPICE simulate op amps or suitably linear OTAS if necessary. 
5, Develop autotuning strategy. 

IIL. Determine the required numeric H(s) or H(2). 

LV. Develop test strategy. 

Y. Determine if cascade or active ladder implementation 

A. If cascade: 

1, Decompose into fi 
2. Scale 
3. If ac 


and second-order stages; ie., paiting and ordering, 
stage gains to maximize dynamic range. 
ve-SC; set up the cascade in staggered form, 
4. Calculate the raw or normalized component values for all the stages. 
5. Adjust gain levels at each op amp or OTA to maximize dynamic range. 
6. Scale components to achieve area, precision, dynamic range requirement, 
‘or make appropriate tradeoffs, 
B, If active lndd 
1, Design passive LC ladder prototype. 
Develop signal flow graph without differentiator 
3, If active-SC; transform flow chart into z-domain, 
4. Design for raw or normalized element values. 
5, If continuous-time, use active matching to minimize 
errors due to op amp @'s. 
6. Scale levels at each op amp or OTA output to maxi 
7. Seale components to achieve area, prec 
or make appropriate tradeoff 
VI. Design support functions. 
‘A. If active-SC; design clock genera 
struction filters 
B. For continuous-time filters, design autotuning subsystem: 


mulated. phase 


nize dynamic ran 
ion, dynamic range requirement, 


tion subsystem, 


ti-aliasing, and recon: 


It should be recognized that the sequence outline above is not necessarily a serial, 
single-pass process. During design, particularly when faced with stringent require- 
‘ments, simulations performed in a given step may suggest that a decision made earlier 
in the sequence needs to be changed. Although we would like to avoid the added costs 
and schedule slippage associated with backtracking, it is obviously best to determine 
the need for such changes as early in the process as possible. 


8-1 Let the capacitor oxide for two unit double-poly capacitors, namely C, and C2, vary 
linearly as indicated in Fig. EX8-1. We are concemed with the precision of capacitor 
ratio a = Co/C1. 

a Determine the approximate error Aw/ar due to this oxide gradient. 


FIGURE EX8-1 


FIGURE EX8-4 


foxb0) 
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b Let C2 be comprised of $C; and let the capacitor oxide vary ay in Fig, EX8-1 
radially in any dircetion from the center of Cy. Draw the top view of the layout 
of Cy and C2 that minimizes Aa/a. Explain your configuration, 

8-2 Let the analog switches in an active-SC filter be realized as CMOS pairs (c.2. 
Fig, 8-8c). Assume that the capacitance connected to any given switch is bounded 
by Cr; < 50 pF, the CMOS switch is designed for an Rox © 5k. and that the 
#2 duty cycle is 40 percent. 

a Determine the highest sample rate f, that can be supported if the sw 
constant is t0 constitute less than 5 percent of the time available to cha 

b Estimate the parasitic capacitances. 

8-3 An NMOS single-pole-double-throw switch has 
circuit. What is vps? Explain your answer. 

8-4 Consider the differential MOST-R circuit in Fig. EXS-4, Using the MOST-R model 
in Fig. 8-9, show that spurious signals fed through the parasitic capacitors trom 
Vpp are ideally canceled when vq. is formed. 

8-5 Consider the circuit in Fig. EX8-5, comprised of four matched MOSTs (T}, T2, 73 
and T4) controlled by V1, Vex, Vex. and Veg, Show that by forming the difference 
i=in —in, with Vex = Vey and Vex = Ver, all nonlinearities cancel 

8-6 Verify that the CMOS inverter in Fig. 8-13a realizes a linear Gy, given by 
Eq. (8-202). What are the operating conditions for this operation? 

8-7 Verify that the MOST-R based structure in Fig. 8-13) realizes a linear Gy given by 
Eq. (8-20b). What are the operating conditions For this operation? 


ch time 
ge Cr 


as > Vr and its drain is open- 


a 


\% 
c 


FIGURE EX8-5 


FIGURE EX8-9 
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A simple CMOS inverting active-RC integrator is to be designed using a p-well 
resistor and a poly I-poly 2 capacitor, The design objective is 1/RC = f= 2m 
(20 kHz) with minimum total RC area. 

a Determine the relationship between R, C, and B for a minimum RC die 


re 


ng the data in Table 7-1 and a minimum size p-well square of 6 yum x 6 jum, 
find the values for R, C, and die area. 

Consider the active-SC circuit in Fig. EX8-9 (also shown in Fig, 8-18), What is the 

error in the voltage ratio Voy()/V(2) due to parasitic eapacitance Cp? 

11 Derive the voltage transfer functions for the active-SC circuit in Fi 
assuming all components are ideal. 

b Derive the effect that parasitic capaci 
circuit, 

Repeat Ex 


EX8-10. 


ave on the AC operation of this 


ise 8-10 for the active-SC circuit in Fig, EX8-11. 


integrator that is minimally sensitive to parasitic capacitances 
(ie., insensitive or compensated). 


8-14 Verily the MLL result in Eq, (8-29). 


w 


i - ic 
Bs eye | 
c 


Cet 204 Cp 
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FIGURE EX8-10 
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FIGURE EX8-11 


8415 a If the resistor ratio Ry/Ry has an error of 8 percent, determine the corresponcl 
error in the tuned RC product. 
bb Determine the error in RC when the comparator has an infinite gain, say of A= Ap, 
¢ Determine the error in RC that occurs when the two peak-detectors are mismatched 
by € percent. 
8-16 Develop a block diagram for a tuning system to correct for the estor depicted in 
Fig. EX8-16, Explain the operation of your block diagram. 
8-17 For the other first-order switched-capacitor circuits in Fig, 8-37, derive the lrequeney 
response errors that arise when the op amp DC gains are finite (say Ay) 


Gi oB 


ideal Ht 


FIGURE EX8-16 
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8-18 For the active-SC circuit in Fig, EX8-18 find: 
fa the transfer function H(z) = Vou(=)/Vin(2)s 
b the values of Cy /C for which the circuit stable; and 
€ the function this circuit performs when C, = C. Assume that vjy changes on ¢' 

and is held for the'full-clock period, 

8-19 Consider the active-SC circuit in Fig. EX8-19, where Voge represents the input 
referred DC offset voltage of the op amp. Derive the transfer functions: 
4 Vou/Vin 
Db Vou/ Vane 


FIGURE EX8-18, 


Ft ( , 


: ; . Pie 


FIGURE EX8-19 
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8-20 Use the circuit in Fig. EX8-19 to implement a full-clock period delay stage that is 
compensated for DC offset 
8-21 Consider the active-RC circuit in Fig. EX8-21a. 
a If the two Rj’s are mismatched by Ax, what is the resulting effect on +r anc 
Vou? 
Assume the balanced-ifferential op amp is idea, 

b Let Ag =0, determine the effect on +04 and —toq if the balanced-differential 

op amp is realized as in Fig. EX8-21h with A; = Age /s 
8-22 Design a Sallen-and-Key active-RC biquad (Fig. 8-404) to realize an anti-aliast 

(AA) filter for a sample-data system with a baseband limited f < 3.3 KHz and a 

sample rate of f; = 256 kHz. The AA filter is 10 achieve attenuation of > 30 dB at 

fe fe and < 0.05 dB attenuation for f < f. 

a Determine the poles fo and Q,, that realize these specifications. 

b If the R’s are realized as p-well diffusions (5k2/C), and the C’s as double-poly 
capacitors (0.11 nF/cm?), determine the values for the R's and C's that minimize 
the total area required for the passive components. 

¢ Determine the dimensions for the R's and C’s, The minimum size p-well square 
is assumed to be 6 jum x 6 yum. 

8-23 Consider the Fleischer-Laker biquad in Fig. 8-45: 

a Verify the z-domain equivalent circuit in Fig. 8-46, 

b Derive the 45 and 4G entries in Table 8-4 and the a, Qy, tn, A: entries in 
Table 8-5, 

8-24 Verify the w and Q, sensitivities for capacitors A, B.C, and E for the E-cincvit 

in Tables 8-6 and 8-7. 

8:25 Verify the oy, Q: sensitivities in Table 8-8 
8-26 Verify the switched-capacitor transformations in Fig, 


FIGURE EX8-21 
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FIGURE EXe-30 
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The task is to design a second-order bandpass (BP) switched-capacitor cireuit with 
fy = 1033 Hz, Op = 16, and Gj2nfy) = 0.dB. With fy = 8 KHz and Coin = 1 pF, 
Design the following Pleischer-Laker biquad to these specifications 

a BPIO, 

b BPOO, 

Compare a and b. Both designs should be properly sealed for maximum dy 

range and a | pF minimum capacitance. 

A switched-capacitor filter is required to reject 60 Hz power hum. The requisite 

response is a second-order highpass notch (HPN) with fo = 300 Hz, Qp = 0,707, 

fz = 60 Hz, and G(joo) = 0 AB, Design Fleischer-Laker biquacs: 

a Using E-di 

b F-damping. 

€ Compare the two designs. 

‘The designs are to be scaled for maximum dynamic range 

capacit 

Draw a layout for the switched- 

4.3.5 mm double-poly, p-well CMOS technology with a poly I+ 

density of 0.12 nE/em’, In the layout, take prudent steps to m 

and PSRR. 

For the circuit in Fig, EX8-30: 

a show that it realizes a noninverting bilinear bandpass (¥BP10) H(z) from the input 
(Vig) {0 output (Voyc1) and an inverting bilinear bandpass (—BPO1) H(z) from input 
(Vig) 10 output (Vou). 

b design the circuit to realize an fy = 4 kHz, Op 
128 kHz, Calculate the unsealed capacitor values only 

Consider the circuit in Fig, EX8-31: 

fa derive the transfer Functions Vou /Vin ad Vou/ Vin: and 

compare the performance of this circuit with that in Fig, EX8-30, 

Consider the following two LPN switche 

a Derive the design equations for both 

spacitors in terms of z-domain coefficients Ag, Ay, Az, Bo, and By in Eq, (8-670) 


and a 1 ph 


e 8-28, Assume 
oly II capacitance 
‘mize the precision 


G(fo) = 0 4B, and fy = 


DESIGN AND IMPLEMENTATION OF INTEGRATED ACTIVE FILTER SUBSYSTEMS 


gee ge 


ees 


icine iets 
f ies 


FIGURE EX8-31 


th 


FIGURE EX8-32 


883 


884 DESIGN OF ANALOG INTEGRATED CIRCUITS AND SYSTEMS 


bb Design both circuits for fo = 1 kHz, fy =2.5 kHz, Qp = 30, G(Jo) = 0 dB, and 
‘fa = 128 kHz (seale both circuits for maximum dynamic range and for minimum, 
Capacitance of 1 pF). 
€ Compare the two design 
8-33 Evaluate the impact of finite DC op gains (Ap) on the performance of the LPN 
biquads in Fig. EX8-32, 
8-34 Consider the integrated active-RC circuits in Fi 
aa design (determine the R and C values) for a balanced realization of the filter 
requirements in Exercise 8-32. Scale the circuit for maximum dynamic range and 
the minimum total area for the MOST-R’s and C's. Use the process parameters 
for the 3 sem p-well CMOS process given in Tables 1-1 and 1 
b Determine the dimensions for the MOST-R’s and C's, 
8-35 Repeat Exercise 8-34 for the active-GmC biquad in Fig. 8-56, 
8-36 Assume, for the Fleischer-Laker biquad, that the primary transfer function is the 
‘output of the first op amp, i.c., T'(z). Develop the design relations for 7” 
parallel those in Eqs. (8-75) and Table 8-9. 
8-37 Using the minimum number of capacitors: 
a determine a Fleischer-Laker biquad for real 
sponse; and 
b design the circuit developed in a for a maximally-flat response with fy = 4 kHz, 
G(O) = 0 dB, and f, = 128 kHz. Calculate the unscaled capacitor values only. 
8-38 Design the following fifth-order elliptic LP transfer function as a cascade of switched- 
capacitor first- and second-order active-SC stages: 


ing a bilinear low-pass (LP11) re- 


~ 53+ 43.2 ~ 82+ (29.2)? 
Sy F168 © 5319-45, + 400.34” 5F44.725, + 507.33 


H (54) = 2.15 x 


Let f, = 128 kHz. Scale the design for maximum dynamic range and for mini- 
‘mum capacitance of 1 pF. 

8-39 Design a switched-capacitor ladder filter to implement a fifth-order elliptic response 
with 5 = 1 dB, fpy = 3 kHz, f-g = 5.685 kHz, and Asp > 60 dB, and f, = 
128 kHz. Use the schematic in Fig. 8-80a as the passive LC prototype with the 
following element values: Ry = Ry = 50 2, Cy = 2.00737 uF, C2 = 0.29643 nF, 

2.86680 LP, Cs = 0.11053 uF, Cy = 2.17013 fF, Lr = 2.42969 mH, and 

2.72208 mH. Calculate the unscaled capacitor values for the switched-capacitor 

ladder realization, 

(Optional Project: Scale the component values of the switched-capacitor circuit for 
maximum dynamic range and to minimize the total capacitance; with the constraint 
that the minimum capacitance is 1 pF. Compare the resulting design with that in 
Exercise 8-38 with regard to silicon area, estimated yield, and noise.) 
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AC coupling, 247, 450, 764, 770 
active compensation, 440-442, 462-463, 
active filter, 441, 462-463, 648-649, 652-666, 
103-723, 158-876 
Aactive-Gm/C filter, 463, 649, 652-657, 772, 777-781. 
802, 803, 808-822, 847-849, 858-872, 875 
balanced differential (or fully differential), 466~467, 
474, 808, 848 
cascade, 849-852 
design summary, 875-876 
dynamic range scaling, 851 
first order, 667, 808-815 
impedance scaling, 862-863 
integrator, 465, 654 
Indder simulation, 654, 858-872 
power supply rejection ratio (PSRR), 803 
precision, 657, 777-780, 786-798 
second order, 667-675, 815-822, 847-849 
state variable, 817-822 
transconductance. See operational transconductance 
amplifier 
tuning, 657, 778-779, 786-798, 802, 848 
active ladder design, 858-874 
all-pole BP, 870-871 
all-pole LP, 8652870 
dynamic range scaling, 868-871 
impedance. scaling, 862-863 
leapfrog, 865 
passive ladder signal flow graph, 862-865 
sensitivity, 860-862 
transmission zer0s, 872-874 
active load, 33, 251, 323, 346, 362, 374, 486 
active-RC filter, 441, 649, 652-657, 772, 777-780, 


802, 803, 808-815, 815-822, 843-846, 858-872, 875 


balanced differential (or fully differential), 456-462, 
772, $10, 843-844, 863, 867 

cascade, 849-852 

design summary, 875-876 

dynamic range scaling, 845, 851, 868 

first order, 667, 808-815 

impedance scaling, 845, 862-863 

integrator, 422-423, 428-430, 441, 461~162, 654 

ladder simulation, 654, 858-872 

power supply rejection ratio (PSRR), 803, 

precision, 657, 777-780, 786-798 

Sallen and Key, 815-816 

second order, 667-675, 815-822, 843-846 

state variable, 817-822 

tuning, 657, 778-779, 786-798, 802, 846 

active-SC filter, 462, 649, 652, 657-666, 703-723, 

780-786, 803-808, 808-815, 815-843, 
858-874, 875, 

analysis, 702-723 

balanced differential (or fully differential), 456-462, 
803, 814, 821, 840-842 

cascade, 849-858 

design summary, 875-876 

dynamic range scaling, $25, 833 

first order, 667, 808-815 


:37-838, 868 


F circuit, 826-829 
impedance scaling, 830, 836, 837-838, 862-863 
integrator, 718-722, 781-786, 803-808 
ladder simulation, 858-874 
layout, 767, 803-808, 842, color plates 1-4 


parasitic insensitive, 782-786, 808-815, 822-843 
Power supply rejection rat 
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setive SC fier (continued) bandwidth, 494, 593 
precision, 662, 780-781, 782-786 base resistance, 121-123, 131, 139, 147 
second order, 667-675, 815-843 base transit time, 100, 138, 161, 169 
sensitivity, 825, 828-829, 832 Bessel filter response, 679, 685 
state variable, 817-822 beta, 101-105, 168 
switch shared circuits, 713, 810, 814, 823, bias currents, 559 


$52. 


time-staggere 58 BICMOS, 156, 246, 377, 387, 400, 409, 500, 582-583, 


transformations, 831-832 590-591, 610-612, 640-645, 652, 760 
unsealed biquad circuit, 830, 837 biphase clock signals, 657-660 
domain modeling, 703-723, $24-825, 831-832 409, 556-561, 608-610, 631- 


aliasing, 736-737, 739-742 
allpass filter, 672-675, 810-811, 814, 834, 839-843, 


856-858 
amplifier area, 498 single ampli 
analog switch, 38-12, $2, 657-666, 765-767, color sfate variable, 817-822 
plate 2 two amplifier, 817 
clock signals, 658-660 * Blackman’s impedance relation, 194-108, 505; 


CMOS structure, 658, 660, 766 Bode diagram, 266, 496 
double-pole double-throw, 767, color plat body effect, 7, 10, 17, 26, 37, 293, 316, 477, 487, 53 
MMOST structure, 38-42, 658, 660, 766 Boltzmann factor, 97 


OFF state model, 766 bonding pad capacitance, 49 


ON resistance, 38-42, 660, 766-767 bootstrap, 610, 619 
ON state model, 38-42, 766 buffer amplifier, 187, 292, 308, 427, 598, O14 
parasitic capacitances, 660, 762-763, 765-767 built-in voltage, 6, 96 
single-pole double-throw, 767, color plate 2 bulk polarization, See body effect 
analog-to-digital (A/D) converter, 746 Butterworth filter response, 679-681 


Anti-aliasing, 736, 739-742 bypass capncitor, 807 
anti-aliasing filter, 741, 745-747, 815 
auto-7er0, 448, 800 
asymptotic gain relation, 198-200 capacitors, 153-155, 649, 655, 662-663, 762, 
764-765, color plate | 
bipolar, 655 


balaneed amplifier. See fully differential amplifier and bottom plate, 762, 764-765 
balanced differential ‘capacitance density, 655 
‘balanced differential (or fully differential) system, layout, 154, 658, 662-663, 763, color plate 2 
456-462, 466-467, 474, 601-607, 808, $10, matching, 455, 658, 662-663 
819, 821, 839, 840-842, 863, 867 poly!-poly2, 655, 764~765 
Active-Gy,/C, 466-467, 474, 808, 848 > top plate, 762, 761-765, 


cade amplifier, 393 
cascade design, 849-858 
dynamic range scaling, 851 


inverting integrator, 461 pairing and ordering, $52 
noninverting integrator, 462 sensitivity, 850 
‘op amp, 456-462, 601-607, 808 time-staggewed SC stages, 852-858 
OTA, 601-607 cascode, 119, 247, 308-315, 343-357, 396, 398, 5 
bandgap, 164 598, 607, 616, 628 
bandpass filter, 671, 834-835, Cauer fiter response, 679, 684-685 


band-reject filter, 672 centroid layout, 553 


charge amplifier, 82, 89 

charge injection, 799 

charge pumping, 799 

Chebyshey filter response, 679, 681-684 

chopper stabilization, 800-801 

clock feedthrough, 799-802 

cancellation, 802 

CMOS, 409, 477-486, 486-500, 567-582, 585-587, 
607-608, 628-630, 652-666, 758-760, 
761-164, 772-174, color plate 2 

CMOS inverter, 316-343 

CMRR, 359, 452-453, 479, 544-551, 556-558, 610, 
636, 808 

collector-to-substrate capacitanc 

‘common-mocle amplifier, 602 

common-mocte input voltage, 502, $42, 547, 604 

common-mode rejection ratio (CMRR). See CMRR 

compensation, 180, 188, 212, 411, 434=442 

compensation capacitance, 273, 357, 411, 434442, 
486, 493, 497, $00, 598 

compliance voltage, 380 

continuous-time filters, 463, 652-657, 666-687, 
161-177, 117-181, 786-798, 808-822, 
843-840, 849-852, 858-871, 875-876 

coupling capacitance, 49, 566 

current-controlled current source, 187 

current-controlled voltage source, 187 

current factor B, $7 

rent mirror, 378-391, 591, 609, 635 

‘current source, 140 


Ho, 582 


Darlington amplifier, 392, 500, 601 

DC instability, 425 

DC offset, 411, 448-452, 537-544, 546, 552- 
799-802 

DC offset drift, 449 

DC offset nulling, 411, 448 

DC operating point,-316, 502 

delay distortion, 673 

delay equalizer, 672-675, 677 

depletion layer, 6, 10, 19, 102 

depletion transistor, 12, 65 

design plan, 160, 274, 332, 482, 497, 580, 585, 589, 


594 
dielectric constant, 4 


differential amplifier, 409, 434, 790 
differential-output op amp, 456-457 


INDEX 897 


differential Sage, 357-378 

diffusion capacitance, 112 

digital filter, 733-734, 746 

vitalto-analog (D/A) converter, 746 

261 

-coupled (DE) amplifiers, 409, 412 

isonet ystems, 732-756 

distributed parasitic capacitance, 633, 656, 768 

dominant pole, 204 

dominant pole approximation, 205, 289-243 

double-pole double-throw switeh, 767, color plate 2 

drift, See offset drill, temperature drift 

dynamic range, 176, 447-448, 690-696, 764, S08 
S33-816, 837-838, 842 


diode, 3 


dynamic ran 
845, 851, NOX, 871 


ly voltage, 26, 108, 370, 478 
clliptie titer response, 679, 684-685, 
pple filter response, 679, 681-684 


equi 
emitter erowaling, 123, 139. 
emitter follower, 117, 300. 
emitter resistanee, 126, 150, 597 
enhancement transistor, 12 
error amplitier, 
ceror transfer 
426-42 
eta factor, $7 


Savane $4, 72, 113, 133,160, 274 

fall time, 442 

feedback, 170, 172-219, 409 
amount of feedback, 176, 178 


basic transmission assumptions, 185 


characteristic equation, 178 


closed-loop, 174. 415 


1179, 416 


fieaiback factor, L77 
loop-gain, 178 
negative Feedbuck. 172, 176, 415 
‘open-loop. 174 
‘open-loop gain, 77 
positive feedback, 172. 176. 619 
return dlifference, 176, 178 
theory, [72-188 
feedback trmsler function, 201 
5. 621 


feedforward, 35: 
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filter characteristics, 667-676, 794, 810-811, 814, 
833-835, 837-843 
allpass (AP), 672-675, 810-811, 814, 834, 839-843, 
856-858 
bandpass (BP), 671, $¥4-835 
band-reject (BR), 672. 834-835 
cutoff frequency, 668 
highpass (HP), 670-671, 810-811, 834-835 
highpass notch (HPN), 672, 8344-835, 838-839 
lowpass (LP), 068-670, 794, 810-814, 
lowpass notch (LPN), 672, 834-835, $37. 
notch (N), 672 
order, 667, 677 
passband, 668, 670-673, 675-676 
frequency (opp. fr). 675-676 
gain Gp), 675-677 
ripple (3), 675-677 
specification window, 675-678 
stopband, 668, 670-672 
attenuation, (Ay) 675-677 
Frequency (si. fy). 672. 67: 
symmetric bandpass, 671 


676 


transition band, 67, 
filter precision, 777-786, 786-798 
firstorder system, 203-204, 253-261, 789-792 
continuous-time, 667 
filter stages, 808-815 
sampled-data, 667, 
tuning, 789-792 
flicker noise, 79, 
folded cascode 


161.179, 454, 45 


801 
mplifer. 345, 387, 606, 608, 618, 630 
12,411, 434-62, 486, 


frequency compensation, 
493, 497, 500, 598 
active, 440-142 
on capa 
497, 500, 598 
ouble-pole, 438 
extemal, 437 
imemal, 437 
passive, 469 
pole splitting, 435, 
single-pole, 437 
uncompensated, 437 
frequency transformations, 687-690, 750-756, 
$13-814. 863 
backward Buler (BE), 689, 868 
bilinear (BL), 689, 813-814, 863 
forward 


tance, 273, 387, 437, 486, 49 


lossless diserete (ILD), 689, 863 
lowpass-to-bandpass, 687 
lowpass-to-band-reject, 687 
lowpass-to-highpass, 687 
prewharping, 689 
s-to-s transforms, 687, 
s-t0-: transforms, 688-690 
wharping, 689 

fully differential amplifier, (also bs 

456-462, 601 


iced differential) 


Gads active filters, 760-761 

gain bandwidth product Hz (GBW), 173, 174, 269. 
283, 286, 327, 367, 437, 480, 494, 
567, 578, 584, 589, 594, 595, 60: 

gain-crossover frequency (1), 213 

gain margin (GM), 201, 213-219 

gain response (G(w)), 650 

gain shaping filter, 651, 666-672, 675-677, 678-686 

gamma factor, 7, 19, 26, 52 

GBWmax, 485, 509 

gencralized impedance converter (GIC), 817 

group delay (r(«)), 651, 672-675, 677, 842 

Gummel number, 98, 


harmonic distortion, 651, 690-691 
high injection, 127-132 

highpass filter, 670-671 

highpass notch filter, 672 
high-voltage cascode, 3 
hot electrons. See velocity saturation 


ideal op amp, 413, 

impedance scaling, 426, 432, 830, 833-836, 837-838, 
842, 845, 862-R¢ 

impulse sampling, 738 

inductance, 155, 648-649 

information acquisition, 758, 760 

instability, 171 

integrated active fiters, 421, 463, 758-876 

integrated continuous-time a 
758-822, 843-849, 849-852, 858-874, 
875-876 

interconnect capacitance, 47. See also routing 
capacitance and parasitic capacitance 


inverse Chebyshev filter response, 679 
inverting configuration, 414-425, 718-723, 777-786 
inverting integrator, 422, 441, 465, 461, 718-723 
inverting summer configuration, 422 


jjunetion capacitances, 6, 7, 45, 62-74, 110, I 
jjunetion FET, 2, 62-74, 556, 560, 610, 611, 642-645 


knee current, 128 
KP factor, 14, 20 


lambda factor, 22, 26, 72, 379 
lateral pnp transistor, 134-142 

layout Miller CMOS OTA, 576 

layout practice, 764, 843, color plate 4 
leakage current, 47 

level shifter, 293 

linear filter, 648, 649-652 

linear phase filter response, 679, 685 
linear region (MOST), 17-19, 603 
linearized MOST resistor, 767-772 
linearized OTA transconductance, 772-778, 
loop-gain, 178 

lowpass filter, 668-670 

lowpass notch filter, 672 


‘magnitude locked loop (MLL), 791, 793, 796-798 
magnitude response (M(o)), 650 
master clock, 658-660 

matched components, 152, 155, 219-7 


‘maximally flat, 208, 679-681 

MESFET, 73 

Miller CMOS OTA, 486-535, 548-551, 569-575 

Miller effect, 172, 175-176, 257, 263, 273. 346. 435, 
480, 505, 598 

Miller integrator, 422 

mixed analog/digital, 408, 652 

‘mobile charge, 14 

mobility, 53, 167 

Monte Carlo analysis, 231 

MOST 2, 762 

Mos’ 


plate 2 


382, 357, 
440, 461, 477, 486, 535-544, 592, 604, 656-658 


log switch, 3843, 658-660, 762, 767, color 
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R653, 655-657, 762, 767-772, 79-192, 802, 


balanced differential, 770, 72, 810 

ation schemes, 167-772 

y. 768-769 

nacitances, 767-770 

triode region operation, 767-768, 

tuning, 789-792 

voltage control (Ve 
789-792, 802 

unbalanced, 772 


Hines 
nonlinear 


), 653, 695-697. 767-768, 


n factor, 7, 9. 20, 26, 27, 38 
<MOS, 409 

noise, 78-83, 85, 143, 161, 179, 276-277, 307-308, 
370, 375, 387, 453-456, 


bandwidth, 82, 534, 692 
‘cascode, 314, 352 

continuous-time filter, 691 
80, 527 


‘comer frequen 
current mirror 
differential stage, 370, 375, 

tor, 277, 308, 342, 370, 375, 
Flicker (1/f), 79, 85. 161, 179.45 
inverter, 341 

AT/C, 801-802 

mean-square, 454 

mean-square per unit bandwidth, 454) 
Miller CMOS OTA, 523-535 
models (bipolar), 143 

models (MOST). 83 

Nyquist, 454 

power spectral density (PSD). 454 
root-mean-square (rms), 454 
root-mean-square per unit bandwidth, 454 
sampled-data filter, 691-696 

shot, 78. 143 

single transistor, 276 


6 
455, 532. 801 


source follower, 307 
thermal. 77. 11 


nondominant pole 
484, 
noninverting amplifier, 427~ 
noninverting imegrator, 428-430, 718 
noninverting summer configuration, 430-434 
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nonlinear distortion, 176, 182-183, 651, 764, 768-769 
noteh filter. 672 


Nyquist frequency, 739 
ofiset voltage. See DC offset 
coflset volt 


hip tuning, 786-798. See also tuning 

‘one-pole system, 203-204, 443, 789-792 
-loop amplifier, 185, 186, 189 

loop gain, 177 

‘open-loop transfer function, 201 

operational umplifier (op amp), 408, 411-414, 


434-455, 475-645, 510, 580, 590, 595, 
652-666, 803-808, 812-813, 852-858, 
868-870 

balanced differential (fully differential), 456462, 
(601-607, 808 

BICMOS, 500, 582-583, 590-591, 610-612, 
630-645 


bipolar, 556-561, 608-610, 631-639 

ceascaxle OTA, 583, 598, 607, 616, 628 

CMOS, 477-486, 486-500, 567-582, 585-587, 
(607-608, 628-630, 772, 774 

‘common-mode gain, 412 

common-mode input impedance, 413 

‘common-mode input voltage, 502, 542, 547, 604 

common-mode rejection ratio (CMRR), 412, 
452-453, 479-481, 482-486, 544-551, 

56-558, 610, 636, 808 

Darlington amplifier, .00, 601 

DC offset, 411, 448-452, 537-543, 552-555, 556 

DC operating point, 502 

ial gain, 412 

differential input impedance, 413 

differential output scheme, 412. 457 

Aiffetential-mode gain, 358, 360-367, 374,478, 491, 
543 

folded easeode amplifier, 587, 606, 608, 618, 630 

frequency compensation, 434442 

full power bandwidth, 446, 513 

fully differential. See batanced differential 

‘gain-bandwidth-product (GBW), 437, 479-481, 
482-486, 491-497, 507-510, 575, 584, 589, 
595-601, 603, 654, 812 

ideal model, 411414 

input bias current, 450, 507-510, 559 

input impedance, 411, 515-519 


input offset eurrent, 450 
inventing terminal, 411 
noise, 453-456, 460, 523-535, 580-582, 590, 595 
non-ideal performance, 417, 434-455, 500-523, 
812-813, 868-870 
noninverting terminal, 411 
‘open-loop gain, 414 
‘output impedance, 411, 519-522 
power supply rejection ratio (PSRR), 562-57 
‘585-587, 798, 803-808 
practical characteristics, 434-455 
setting time (t,), 442-444, 513-515, 622-627, 812, 
852-858 
single-ended output scheme, 412 
slew rate (SR), 329, 368, 444-448, 510-511, $80, 
91), 394, 595-601 
step response, 442-444, 853 
symbol, 411 
uncompensated, 437 
virtual ground, 415, 765, 779-780, 781 
‘op amp building biock 91, 414134, 
441, 461-463, 781-786 
differential, 461-463 
‘configuration, 414-425, 781 
werting integrator, 422, 461-463, 718-723, 
781-786 
inverting summer configuration, 422, 724 
noninverting configuration, 425-434 
noninverting integrator, 428-430, 461-463, 718-723 


bal 


‘noninverting summer configuration, 430-434, 724 
‘operational current amplifier (OCA), 591-595 
‘operational transconductance amplifier (OTA), 409, 
462-466, 475-535, 563+567, 652-657, 
712-771, 798, 802 
balanced differential schemes (or fully differential). 
466-467, 474, 601-607, 808, 848 
basic CMOS OTA, 477-486, 567-569, 772-774 
bias current (J), 463, 507-510, 657, 772-777, 802 
BICMOS OTA, 500, 582-583, 590-591 
bipolar differential amplifier, 556-61 
‘cascode symmetrical OTA, 583-585 
‘common mode rejection ratio (CMRR), 544-551, 
356-558 
DC offset, 537-543, 552-555. 556 
DC offset drift, 543-544, 552-555 
folded cascode CMOS OTA, 587-590 


operational transconductance amplifier (continued) 
gain bandwidth (GBW), 479-481, 482-486, 
491-497, 507-510, 578, 584, 589, 595-601 
ideal model, 463-464 
input impedance, 515-519 
IFET differential amplifier, 556, 559-61 
linearized scheme, 409, 466, 774-777 
matching components, 535-562 
Miller CMOS OFA, 486-500, 569-575 
noise, 523-535, 580-582, 590, 595 
nonlinearity, 409, 465, 772-774 
‘output impedance, 519-522 
parasitic elements, 466, 777-780 
power supply rejection ratio (PSRR), 56: 
585-587, 798 
phase locked control schemes, 466 
phase margin, 479-481, 491-497, 578-580, S84, 
589, 593 
practical characteristics, 465-466, 772-777 
saturation region operation, 772-774 
second-order characteristics, 500-523 
settling time, 513-515 
single-ended output scheme, 463-465 
slew rate, 510-511, 580, 590, 594, 595-601 
symbol, 464, 477 
symmetrical CMOS OTA,.575-582, 585-587 
temperature effects, 522-523 
transconductance gain (Gm). 409, 463, 478, 654, 
774, 776, 77 
‘optimization, 500 
OTA building block ere 
controlled resistance, 465, 
impedance converter, 465 
noninverting integrator, 465, 654 
output current, 504 
output voltage range, 321, 
oversampling, 745 
overshoot (percent), 209, 210, 211, 442 
oxide capacitances. 6, 43-51, 15 


573, 


357-391, 464-465 


5, 503, S11 


parasitic capacitance, 17-51, 655, 761-764. 
764-161, 777-186, 798-808 
AC couple, 764 
analog switch, 765-766 
‘bottom plate capacitance (Cp), 764-765. 779 
clock feedthrough, 799-802 
drain-to-bulk capacitance (Cp), 763, 766 
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to-drain overlap capacitance (Cis), 163, 
765-766, 799 
-source overlap capacitance (C9). 763, 
3-766, 799 


. 164, 177-786, 83-806 


process, 762-764 
704-105, 766, 779. 780) 
16 (Cy). TOR, 706, 299 
1 154, 705 

ve structures, 73 
$2 

fe RLC filter. 648, 649 
patible, 649 
PCM coxlee chip. 758, 75 
peak detector, 790-791, 797 
Percent total harmonic distortion, 447-148 
rossover frequency (oy). 203 

10r, 794-795 

ion, 673 


‘routing capacitance (C) 


urce-t 


NO, N21. 


was 


S78-SRO, S84, $89, 593, : 
phase response (g(0)), 650 
phase shaping filter, 651, 672-675, 677, O85 
op (PLL), 793, 79 


pin capaci 

pinchoft voltage (JF 

pinch resistor, 149 

pole compensation, 620 

pole splitting, 263, 269, 286, 435, 497, 500 

pole-rero doublet, 481, 492, 579, 622-627 

pole-zero position diagram, 263, 285, 386, 401-107, 
495, 664-665 

poly I-poly 2 capacitor. 762, 764-765 

10 

resistors, 150) 


62 


polysilicon wat 
polysitic 
power bandwidth (Full power bandwidth), 446, $13 
power supply rejection ratio (PSRR). 56: 

S85-S87, 601. 608, 629, 798-808, 


layout practice, 803-806 


‘on-chip bias generation, 807 
(OTA, 562-575, 585-587 


p-well shield, 804-806, color plate 2 
prodistortion, 778 
prewharping, 689 
protection capacitance. 56 
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punchthrough, 58, 139 
powell, 762 


quantization, 734 


radiation detector. See charge amplifier 

random variables, 220-221, 453-456 
average value, 220 
correlation, 
correlation coefficient, 222 
error funetion, 220 
gaussian probability distribution, 22 
joint expected value, 222 
noise, 453-456 
standard deviation, 220, 225, 536 

recombination, 102, 136 

reconstruction, 734, 742-745 

reconstruction filter, 742-745, 745-747, 815 

1-666, 724, 762, 767-772 


bipolar, 655-666 
CMOS, 655-666 
diffusion, 149, 666 
ion-implant, 150, 666 
layout, 147-150, 656-658 
MOST-R, 653, 655-656, 762, 767-772 
parasitie capacitances, 768 
polysilicon, 150, 724 
p-well, 5, 666 
sheet resistance, 147, 655-656 
switched-capacitor equivalent 
thin-film, 150 
voltage-controlled. See MOST-R 

resonant frequency, 206 

rise time, 442 

root locus diagram, 205, 211 


. 661 


sample-and-hold, 742-744 

sample-data filters, 657-666,,666-687, 7: 
ing, 736-737, 739-742 

ti-aliasing, 736, 739-742 

linsing filter, 741, 745-747 
folding frequency, 739 

Nyquist frequency, 739 
oversampling, 745, 
reconstruction. 734, 74: 


145 


reconstruction filler, 742-745. 745-747 
umple-and-hold, 742-744, 745 

sampling, 732-734, 736-742 

sampling frequency, 734, 739-741 

sampling period, 734 

sampling rate, 734 

Sampling Theorem, 741 


transfer functions, 666-687. 750 
36 


waveforms, 704-708, 732 
sransform 666, 667-67: 

sampling, 732-734, 736-742 
sampling frequency (f,), 734, 739-741 
saturation region (MOST), 16, 19. 69, 157, 381 
second-order system, 204-211, 667-687, $15-849 

continuous-time, 667-687 

filter stage, 815-849 

null frequency (wy ), 667 

pole quality factor (Q,,), 206, 667 

resonant frequency (1), 206, 667 

sampled-data, 667-687 

zero quality factor (Q-), 667 
domain pole, zero arguments (#, &x’), 667 
-domain pole, zero moduli (ry, r=). 667 
171, 219-226, 430, 675, 696-703, 780, 
850, 860-862 
n, 860-862 
223, 780, 828-829 
ceaseade design, 850 
ity, 696-703 
itiviny, 223 

semi-relative sensitivity, 223 
series-series feedback, 185-193 
series-shunt feedback, 185-193, 426 
settling time (f,), 209, 442-444, 513-5 
sheet resistance, 14, 18, 147, 655-656 
short-channel effects, 58 
shunt-series feedback, 185-193 
shunt-shunt feedback, 185-193, 415 
signal-flow graph, 177, 862-865 
signal-to-distortion ratio (S/D), 183 
signal-to-noise ratio, 448, 460 
single-ended output op amp, 412 
single-pole compensation, 437 
single-pole double-throw switch, 767, color plate 2 
slew rate (SR), 329, 368, 444148, 510-511, 580, 590. 

594, 595-601 

source follower, 36, 247, 292 


690), 747-756 


relative set 


15 


stability, 171, 200-218, 442-444 
absolutely stable, 201 
‘gain-crossover frequency (oy), 213 
gain margin (GM), 201, 213-219 
instability, 171 
phase-crossover frequency (ap), 213 
phase margin (PM), 201, 243-219, 241 
unconditionally stable, 201 
unstable, 200 
statistical quantities, 220 
substrate pnp, 134 
subthreshold region, 27, 71, 488, 507 
super beta, 559, 610 
super pnp, 392 
switch (MOST), 38-42, 82, 8-42, 82, 657-666, 
765-161, color plate 2 
switched-capacitor, 657-666, 780, 782-786 
discrete-time model, 663, 703-723, 
even-phase, 658-660 
four-port equivalent circuit, 710-712 
odd-phase, 658-660 
parasitic capacitances, 660, 780, 782-786 
periodic-time-invariance, 704-708 
periodic-time-variance, 704-708 
phase-clependent, 707 
phase-independent, 707 
resistor equivalence, 661 
jomain models, 663, 708-723 
‘capacitor with series switch, 716-717 
inverting toggle switched-capacitor, 713-716 
library of models, 717 
toggle switched-capacitar, 717 
tunswitched capacitor, 717 
switched-capacitor equivalent circuits, 703-723 
switehed!-capacitor filter, 409, 462, See also acti 
filter 
‘switched-capacitor integrator, 718-723, 784-786 
inverting backward Euler (~BE), 720-721, 785 
inverting bilinear (~BL), 721-722 
inverting forward Euler (—FE), 720-721, 785 
inverting lossless diserete (—LD), 720-721, 785 
noninverting forward Euler (+FE). 720-721, 785 
noninverting lossless discrete (+LD), 720-721, 785 
imulation, 562 
symmetrical CMOS OTA, 575-587. 605, 


temperature coefficient, 150, 164-169, 278, 522 
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thermal noise, 77, 112. 454, 455, 801 
theta Factor, 55 
third-order system, 211~ 
three-pole system, 211-212 

threshold voltage, 4. 9, 165, 536 

total harmonic distortion (THD), 447448, 651 
transconductance (bipolar), 106 
{ransconductance (MOST), 
transconductance ampli 
transconductance-current ratio, 29, 159, 
transconductance gain (Gy), 409, 463, 
transconductance reduction, $97 
transfer characteristic, 22, 361, 320 
tion, 666-687, 750 
transmission gates, 87, 659 
isresistance amplifier, 187, 408, 59 


24, 78 
1 187, 462-166 
325, 596 


transfer 


ing, 778779, T86-T0R, 846, NAN 
closed-loop, 787-794 

direct, 7 
indirect, 788 

smagnitue locked loop (MLL), 791, 793, 796-78 
notch frequency (oy), 793, 794-796 

Nepole system, 792 

spole system, 789-792 

peak detector, 790-791, 797 

phase detector, 794-795 

phased locked loop (PLL), 798, 794-796 

793, 796-798 


resonant frequency (09). 793. 79-796 


tuned RC product, 791 
voltage-controlled oscillator (VCO), 793, 794-796 
2e10-Q (Q-), 793, 796-798 


system, 208-211, 234-243, $15-822, 853 
Hy-damped, 211 
damping ratio (€). 206, 210 


‘overdamped, 211, 443, 853 


uncompensated op amp, 437 
underdiffusion, 23 


unity gain amplifier, 427, 442. 


variability, 699-703, 842, 850, 860-862 
velocity saturation, 32, 507, 509 

VLSI, 408, 652-666, 758-876 

voltage coefficient, 151 

voltage-controlled current souree, 187, 409, 772 
Voltage-controlled oscillator (VCO), 793, 79 
voltage-controlled voltage source. 187. 811, 779 
voltage follower circuit, 427 


96, 


weak inversion, See subthreshold 
well, 4, 573 

wharping, 689 

work function, 10, 477 


yield, 171, 219, 226-231, 675. 703, 828 


average defect density (D), 
filter circuits, 675, 703 
hhard failures, 226 
Murphy Yiekd Mode!, 228 


zero frequency, 260, 495, 
zero-order-hold. See sampl 
ransform, 666, 667-675, 688-600 
biquadratic function, 667-675 
definition, 747-748 

first-order function, 667. 748-749, 
prewharping, 689 

second order function, 667-675, 749-750, 753-756 
mapping, 688-690, 750-756 

1, 689 


753 


